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UNITS, SYMBOLS,
DIMENSIONS, AND
ABBREVIATIONS
USED IN THIS BOOK

Units, Symbols, and Dimensions

In general, the units and symbols used in this book conform to the International
Standard (SI) System. However, to yield convenient solutions, the equations are
often dimensionally modified to convenient multiples or submultiples. (The
preferred dimensions are shown following each equation.)

The imperial system is used for thermal calculations, because most thermal
information is still presented in this form. Dimensions are in inches (1 in = 25.4
mm) and temperatures are in degrees Celsius, except for radiant heat calculations,
which use the absolute Kelvin temperature scale.

Some graphs and equations in the magnetics sections use CGS units where this
is common practice. Many manufacturers still provide magnetic information in
CGS units; for example, magnetic field strength is shown in oersted(s) rather than
At/m. (1 Atm = 12.57 x 10~° Oe.)

It is industry standard practice to show core loss in terms of milliwatts per
gram, with *‘peak flux density B*’ as a parameter. (Because these graphs were
developed for conventional push-pull transformer applications, symmetrical flux
density swing about zero is assumed.) Hence, loss graphs assume a peak-to-peak
swing of 2 x B. To prevent confusion, when nonsymmetrical flux excursions are
considered in this book, the term ‘‘peak flux density B" is used only to indicate
peak values. The term “‘flux density swing AB" is used to indicate total peak-to-

peak excursion.

Basic Entities

Unit Unit Quantity
symbol name Quantity symbol Dimensions
kg Kilogram Mass m M
m Meter Length i L
s Second Time t T
A Ampere Electric current I ot
K Kelvin Temperature T K
¥/) KiX




%X SYMBOLS
Multiples and Submultiples of Units Are Limited to the Following Range
Symbol Prefix Power
prefix N name multiple
M mega- 108
k kilo- 103
m milli- L) 1073
“ micro- 10-¢
n nano- 102
p PiCO- 10~12
Symbols for Physical Quantities
Quantity Unit Unit
Quantity symbol name symbol Formula
Electric
Capacitance C farads F S-s
Charge Q coulombs C A-s
Current I amperes A viQ
Energy U joules J W-s
Impedance Z ohms 0 -—
Inductance, self- L henries H Wb/A
Potential difference 14 volts \' Whb/s
Power, real (active) P watts w VI cos 6
power, apparent S voltamperes VA V-A
Reactance X ohms [0 —
Resistance R ohms Q VIA
Resistivity, volume ) ohm-centimeters cubed Q-cm? R-A
1
Magnetic
Field strength H amperes per meter A/m —
Field strength (CGS) H oersteds Oe 471073 A/M
Flux o] webers Wb V-s
Flux density B teslas T Wb/m
Permeability m henries per meter H/m V-s/A'm
Other
Angular velocity w radians per second rad/s 2nf
Area A centimeters squared cm? —
Frequency f hertz Hz cycles/s
Length { centimeters cm —_
Skin thickness A millimeters mm —_
Temperature T degrees’ Celsius °C —
Temperature, absolute T kelvins K —
Time t seconds s —_
Winding height ) millimeters mm —

SYMBOLS xxi

Symbols for Mathematical Variables Used in This Book
Variable Parameter Unit
A area cm?
A gain (without feedback) dB
A’ gain (with feedback) dB
A minimum cross-sectional arta of pole (transformer) cm?
A area of center pole (of core) cm?
ac alternating current A
A, effective area (of core) cm?
A, area of air gap (in core) cm?
Az inductance factor (inductance of a single turn) nH
An minimum area of core cm?
An attenuation factor
A, area of ceater pole (of core) cm?
A’ area of primary winding cm?
AP area product of core (4,, X A,) cm*
Ape effective area product (4,,, X A,) cm*
A, resistance factor (bobbin); also attenuation factor
A, winding window area (of core) cm?
Ay winding window area (of bobbin) cm?
A effective area of copper in winding (total) cm?
Awp primary winding window area cm?
A, surface area cm?
A, area of copper (for a single wire) cm?
B magnetic flux density mT
B peak magnetic flux density mT
B feedback factor - —_
AB small change in B mT
AB,. magnetic flux density swing (p—p) mT
By steady-state magnetic flux density (due to Hy,) mT
Bopt optimum flux density swing (for minimum loss) mT
B, remanence flux density mT
B, saturation flux density mT
B, peak (working) value of flux density mT
b, useful winding width (of bobbin) mm
o capacitance uF
C. leakage (parasitic) capacitance pF
cfm cubic feet per minute (of air flow) cfm
Ch heat (storage) capacity (joules/in®/°C) Ws/°C)
Cy interelectrode capacitance pF
Cp parasitic coupling capacitance -pF
D duty ratio (t,n/t;)
d duty cycle (ton/tom)
D’ D' (1 — D) = *“off” time
dB logarithmic ratio (voltage 20 log;e V)/V> or power 10 logo dB

P,/P,y)
dB,, logarithmic power ratio with respect to 1 mW (10 log;o dB
P,/1 mW)

DC direct (nonvarying) current or voltage AorV
dildt rate of change of current with respect to time Als
dipldt rate of change of primary current with respect to time Als

rate of change of secondary current with respect to time Als

dildt
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Symbols for Mathematical Variables Used in This Book {cont.)

Variable Parameter Unit
dvldt rate of change df voltage with respect to time Vis
d, wire diameter mm
e emf, induced electromotive force (vector quantity) v
e’ radiant emissivity of surface

lel emf (magnitude of emf only) \"
E electrical energy J
f frequency Hz
F, layer factor (copper)

F, ratio of ac/DC resistance (of winding)

H magnetic field strength Oe
)4 peak value of effective magnetic field strength Oe
h conductor thickness (strip) or wire diameter mm
H,. magnetic field strength swing, p—p Oe
Hy magnetic field strength due to DC current Oe
Hoyp, optimum value of magnetic field strength Oe
H, saturating value of magnetic field strength Oe
AH small change in magnetic field strength Oe
I current flow (DC) A

i rms current (ac) A
I peak current A
I, current density (in wire) Alem?
Iy average value of current for a defined period A
1, peak collector current A
Iy direct current (dependent variable) A
1, effective input current A
I; harmonic interference current A
I, inductor or choke current (average) A
ir ac inductor current A
Ity ripple current p—p in choke or inductor A
Trax maximum value of current A
Inean time-averaged current value A
Tin minimum value of current A
I, primary current (in transformer) A
I secondary current (also snubber current) A
Al small change in current A
PR resistive power loss w
Jwe capacitive reactance, 1/2 7 fC (complex #) (¢}
Jwit inductive reactance, 2 7 fL (complex #) Q
KX copper utilization factor (topology factor)

K, material constant

K, primary area factor

K, primary rms current factor

K, packing factor (of wire) %
K., utilization factor of bobbin

L inductance (self-inductance of wound component) H

! length (length of magnetic path) cm
l cm

effective path length

SYMBOLS xxiii
Symbols for Mathematical Variables Used in This Book (cont.)
Variable Parameter Unit
Iy total length of air gap (in core) cm
Lip primary leakage inductance xH
L, secondary leakage inductance rH
Lyt total (transformer) leakage inductance uH
I mean length of wire or magnetic path (or core) cm
L, primary inductance mH
L, secondary inductance mH
M, mean length per turn cm
mmf magnetomotive force (magnetic potential ampere-turns) At
N number of turns
Npg, number of turns of feedback winding
Nuia minimum number of turns (to prevent core saturation)
Nopp minimum primary turns for p-p operation
N, primary turns (of transformer)
N; secondary turns (of transformer)
N, turns per volt (on transformer) TV
N, number of turns (or wires) per layer
P power w
P period (of time) us
P, power dissipated in core w
P power factor (ratio true power/VA) —
Pi, input power w
Py total internal dissipation w
Pou output power w
P, power dissipated in transistor QI - W
P, heat energy (joules) j
P, total internal dissipation w
P,IN primary volts per turn viT
P, winding copper loss w
Q rate of heat flow (in watts by conduction or in w
J/sfin? by radiation) Jis
R resistance (9]
r radius (or wire) mm
Ry DC resistance of wound component at specified temperature Q
R, effective DC resistance of transformer winding Q
Ry thermal resistance, case to heat exchanger °C/IwW
R, thermal resistance, heat exchanger to free air °CIW
Ry thermal resistance of heat exchanger “CIW
R; thermal resistance, junction to case °CIW
rms square root of the mean of the square of all the harmonic Vorl
components
R, total thermal resistance °C/IwW
R, effective resistance of prime source or network Q
Ry effective source resistance factor (R = R, X W,,,;) Q
RT temperature coefficient of resistance (copper = 0.00393 at QiQrc
0°C)
RT., resistance of wire in {M/cm at temp T, °C Q/em
Ry thermal resistance (of heat-conducting path) » °CIW
Ryjq thermal resistance, hot spot to free air _°CIw
)
L
—— e J J J J
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Symbols for Mathematical Variables Used in This Book {cont.)

Variable Parameter Unit
R, thermal resistance °CIwW
R, effective resistance of wound component at frequency f Q
R, resistance factor of bobbin

Sy scaling factor

T temperature in degrees Celsius °C
t time s
Tomb ambient temperature (of air) °C
T. temperature of copper (winding) °C
ty time delay period s
Tus temperature of surface (diode) °C
ty fall time (time required for voltage or current decay) us
T, temperature of heat exchanger surface °C
1, total period (of time), i.e., duration of single cycle uS
tog nonconducting ‘‘off”’ time period us
ton conducting ‘‘on’’ time period us
AT small change in temperature °C
AT, small temperature rise (above ambient) °C
At small increment of time us
7, temperature rise (above ambient) °C
VA volt-ampere product (apparent power) VA
V. transistor collector voltage v
Vee supply line (voltage) v
Vee voltage, collector to emitter v
Veeo collector-to-emitter breakdown voltage (base open circuit) A"
Veer collector-to-emitter breakdown voltage (with speciﬁed base- v

to-emitter resistance)

Veex collector-to-emitter breakdown voltage (base reverse-biased) A%
A effective volume of core cm?
Vo feedback voltage v
Vi header voltage (voltage at input of regulator) \'
Vi harmonic interferance voltage, rms Vrms
Vin input voltage v

| 7] voltage across inductor v
Von mean voltage v
V. nominal (average normal) voltage \"
VIN volts per turn viT
v, ripple voltage v
Vour output voltage \"
v, peak voltage or primary voltage v
Voo ripple voltage. peak—peak value v
Vieer reference voltage v
Vems root mean square voltage Vrms
Viar saturation voltage v
Win true input power (VI cos 6, or VA X Py, heating effect) w
Woue true output power (VI cos 6, or VA X P, heating effect) w
W; heat dissipation at junction, J/s w
X, capacitive reactance (1/2 = fC) 0
X, inductive reactance (2 w fL) . (0]

-.’ - SYMBOLS L Xxv
re’ S
}
f Symbols for Mathematical Variables Used in This Book (cont.}
: Variable Parameter Unit
p volume resistivity of copper (at 0°C = 1.588 uQ/cm?) pQ-cm®
Pre resistivity of copper at 1. °C (R, = PchI pQ-cm®
Ho magnelic field constant (4 = x 107 H/m) Vs/Am
1y relative permeability (of core)
e effective permeability (after gap is introduced)
n efficiency (power output/power input X 100%) %
A a small increment (change); also skin thickness, mm mm
Ad a small change in total flux [}
@ effective conductor height mm
(1] total magnetic flux, Wb Vs
= approximatly equal to
. a ' proportional to
w angular velocity (w = 2 7 f) rad/s
oV zero voltage reference line (often the common output) v
1-D 1 — duty ratio (the “‘off ** period) s
T physical constant (3.1416)
Ixl magnitude of function (x) only
ABBREVIATIONS
ac alternating current
AIEE  American Institute of Electrical Engineers
AWG  American wire gauge
B/H-  (curve) hysteresis loop of magnetic material.
CISPR  Comité International Spécial des Perturbations Radxoélecmques
CSA Canadian Standards Association
; dB decibels (logarithmic ratio of power or voltage)
DC direct (nonvarying) current or voltage
DCCT direct-current current transformers
e.g. exemplia gratis
emf electromotive force
EMI electromagnetic interference
ESL effective series inductance
ESR effective series resistance
FCC Federal Communications Commission
FET field-effect transistor
HCR heavily cold-reduced
HRC  high rupture capacity
IEC International Electrotechnical Commission
IEEE Institute of Electrical and Electronics Engineers
LC (filter) a low-pass filter consisting of a series inductor and shunt capacitor
LED light-emitting diode
LISN line impedance stabilization network
mmf magrietomotive force (magnetic potential, ampere-turns)
MLT mean length (of wire) per turn
S’ —
p—_



MOV
MPP
MTBF
NTC
“on"
“Soff
OVP
PARD
pcb
PFS
p-p
PTFE
PVC
PWM
RF
RFI

RHP
+s
~$

SCR

SMPS

SOA

SR

UL
UPS
UvP
VDE

SYMBOLS

metal oxide varistor

molybdenum Permalloy powder

mean time before/between failure(s)

negative temperature coefficient

conducting (working),state of device (circuit)
nonconducting (nonwbrking) state of device (circuit)
overvoltage protection (circuit)

periodic and random deviations (see glossary)
printed circuit board

power failure sense/signal

peak-to-peak value (ripple voltage/current)
polytetrafiuoroethylene

polyvinyl chloride

pulse-width modulation

radio frequency

radio-frequency interference

root mean square

right-half-plane (zero), a zero located in the right half of the complex s-plane

positive remote sensing (terminal, line)
negative remote sersing (terminal, line)
silicon controlled rectifier

switchmode power supply

safe operating area

saturable reactor (see glossary)
transistor-transistor logic
Underwriters’ Laboratories
uninterruptible power supply
undervoltage protection (circuit)
Verband Deutscher Elektrotechnikér

SWITCHMODE
POWER SUPPLY
HANDBOOK




P+« A +«R T - 1

FUNCTIONS AND
REQUIREMENTS
COMMON TO MOST
DIRECT-OFF-LINE
SWITCHMODE POWER
SUPPLIES



~

CHAPTER 1

COMMON REQUIREMENTS:
AN OVERVIEW

1.1 INTRODUCTION

The “‘direct-off-line’’ switchmode supply is so called because it takes its power
input directly from the ac power lines, without using the rather large low-
frequency (60 to 50 Hz) isolation transformer normally found in linear power sup-
plies. ’

Although the various switchmode conversion techniques are often very differ-
ent in terms of circuit design, they have, over many years, developed very similar
basic functional characteristics which have become generally accepted industry
standards.

Further, the need to satisfy various national and international safety, electro-
magnetic compatibility, and line transient requirements has forcéd the adoption
of relatively standard techniques for track and component spacing, noise filter
design, and transient protection. The prudent designer will be familiar with all
these agency needs before proceeding with a design. Many otherwise sound de-
signs have failed as a result of their inability to satisfy safety agency standards.

Many of the requirements outlined in this section will be common to all
switching supplies, irrespective of the design strategy or circuit. Although the
functions tend to remain the same for all units, the circuit techniques used to ob-
tain them may be quite different. There are many ways of meeting these needs,
and there will usually be a best approach for a particular application.

The designer must also consider all the minor facets of the specification before
deciding on a design strategy. Failure to consider at an early stage some very
minor system requirement could completely negate a design approach—for ex-
ample, power good and power failure indicators and signals, which require an
auxiliary supply irrespective of the converter action, would completely negate a
design approach which does not provide this auxiliary supply when the converter
is inhibited! It can often prove to be very difficult to provide for some minor ne-
glected need at the end of the design and development exercise.

The remainder of Chap. 1 gives an overview of the basic input and output
functions most often required by the user or specified by national or international
standards. They will assist in the checking or development of the initial specifi-
cation, and all should be considered before moving to the design stage.

P (SN [ [’



14 PART 1

1.2 INPUT TRANSIENT VOLTAGE PROTECTION

Both artificial and naturally occurring electrical phenomena cause very large
transient voltages on all but fully conditioned supply lines from time to time.

IEEE Standard 587-1980 shows the results of an investigation of this phenom-
enon at various locations. These are classified as low-stress class A, medium-
stress class B, and high-stress class C locations. Most power sup;;ies will be in
éoov(\)'(-] Td medium-risk locations, where stress levels may reach 6000 V at up to

Power supplies are often required to protect themselves and the end equip-
ment from these stress conditions. To meet this need requires special protection
devices. (See Part 1, Chap. 2.)

1.3 ELECTROMAGNETIC COMPATIBILITY

Input Filters

Switching power supplies are electrically noisy, and to meet the requirements of
the various national and international RFI (radio-frequency interference) regula-
tions for conducted-mode noise, a differential- and common-mode noise filter is
normally fitted in series with the line inputs. The attenuation factor required from
this noise filter depends on the power supply size, operating frequency, power
supply design, application, and environment.

For domestic and office equipments, such as personal computers, VDUs, and
so on, the more stringent regulations apply, and FCC class B or similar limits
would normally be applied. For industrial applications, the less severe FCC class
A or similar limits would apply. (See Part 1, Chap. 3.)

. It is important to appreciate that it is very difficult to cure a badly designed
supply by fitting filters. The need for minimum noise coupling must be considered
at all stages of the design; some good guidelines are covered in Part 1, Chaps. 3
and 4. '

1.4 DIFFERENTIAL-MODE NOISE

Differential-mode noise refers to the component of high-frequency electrical
noise between any two supply or output lines. For example, this would be mea-
sured between the live and neutral input lines or between the positive and nega-
tive output lines.

1.5 COMMON-MODE NOISE

For the line input, common-mode noise refers to that component of electrical
noise that exists between both supply lines (in common) and the earth (ground)
return.

For the outputs, the position is more complicated, as various configurations of

1. COMMON REQUIREMENTS 1.5

isolated and nonisolated connections are possible. In general, output common-
mode noise refers to the electrical noise between any output and some common
point, usually the chassis or common return line.

Some specifications, notably those applying to medical electronics, severely
limit the amount of ground return current permitted between either supply line
and the earth (ground) return. A ground return current normally flows through
the filter capacitors and leakage capacitance to ground, even if the insulation is
perfect. The return current limitation can have a significant effect on the design
of the supply and the size of input filter capacitors. In any event, capacitors in
excess of 0.01 uF between the live line and ground are not permitted by many
safety standards.

1.6 FARADAY SCREENS

High-frequency conducted-mode noise (noise conducted along the supply or out-
put leads) is normaily caused by capacitively coupled currents in the ground
plane or between input and output circuits. For this reason, high-voltage switch-
ing devices should not be mounted on the chassis. Where this cannot be avoided,
a Faraday screen should be fitted between the noise source and the ground plane,
or at least the capacitance to the chassis should be minimized.

To reduce input-to-output noise coupling in isolating transformers, Faraday
screens should be fitted. These should not be confused with the more familiar
safety screens. (See Part 1, Chap. 4.)

1.7 INPUT FUSE SELECTION -

This is an often neglected part of power supply design. Modern fuse technology
makes available a wide range of fuses designed to satisfy closely defined param-
eters. Voltages, inrush currents, continuous currents, and let-through energy Pt
ratings) should all be considered. (See Part {, Chap. 5.)

Where units are dual-input-voltage-rated, it may be necessary to use a lower
fuse rating for the higher input voltage condition. Standard, medium-speed glass
cartridge fuses are universally available and are best used where possible. For
line input applications, the current rating should take into account the 0.6 to 0.7
power factor of the capacitive input filter used in most switchmode systems.

For best protection the input fuse should have the minimum rating that will
reliably sustain the inrush current and maximum operating currents of the supply
at minimum line inputs. However, it should be noted that the rated fuse current
given in the fuse manufacturer’s data is for a limited service life, typically a thou-
sand hours operation. For long fuse life, the normal power supply current should
be well below the maximum fuse rating; the larger the margin, the longer the fuse
life.

Fuse selection is therefore a compromise between long life and full protection.
Users should be aware that fuses tend to age and should be replaced at routine
servicing periods. For maximum safety during fuse replacement, the live input is
normally fused at a point after the input switch.

To satisfy safety agency requirements and maintain maximum protection,
when fuses are replaced, a fuse of the same type and rating must be used.
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1.8 LINE RECTIFICATION AND CAPAC
INPUT FILTERS ToR

Rectifier capacitor input filters have become almost universal for direct-off-line
§w1tchmode power sqpphes. In such systems the line input is directly rectified
mt(}j tliargv:. electrolytic reservoir capacitor.

ough this circuit is small, efficient, and low-cost, i i

0 ¢ , - it has the disadvantage
demz_mdmg sho_rt, l}lgh-;:urrem pulses at the peak of th’e applied sink-wave it%puc:f
causing excessive line Ir losses, harmonic distortion, and a low power factor ’
notIges?;?e atp;(alllcatéons (eﬁ.l, shipboard equipment), this current distortion. can-

erated, and special low-distortion input circui

e put circuits must be used. (See Part

1.9 INRUSH LIMITING

"Inrush limiting reduces the current flowing i i i
: : g into the input terminals when th -
ply is first switched on. It should not be confused with “‘soft start,” whicilsil;pa
:%parate function controlling the way the power converter starts its switching ac-
ion.
In the interests of minimum size and weight i i
e i : , most switchmode supplies will
use §em1conductor rectlﬁqrs and low-impedance input electrolytics inpg capaci-
tive input filter configuration. .Such systems have an inherently low input resis-
tance; also, because the capacitors are initially discharged, very large surge cur-
;‘::nts£ would occur at switch-on if such filters were switched directly to the line
put.
Hence, it is normal practice to provide some form : i imiti
>t ] ) prov of current inrush limiting on
power supplies that ha\"e ‘capacitive input filters. This inrush limiting typifally
takes the form of a resistive _hmltmg device in series with the supply lines. In
high-power systems, the llmlpng resistance would normally be removed (shorted
g:;)bl;y a? ISICRI'; tnacé, (I>r 1swntch when the input reservoir and/or filter capacitor
1as been fully charged. In low-power systems, NTC thermi
e istors are often used as
The selection of the inrush-limiting resistance value i
| ue is usually a compromise
between acceptablq inrush current amplitude and start-up delay time. I\?egative
temperature coefficient thermgstors are often used in low-power applications, but
it should b.e noted that thermistors will not always give full inrush limiting.’For
example, if, after the power su;?ply has been running long enough for the
therm;stor to hez_lt up, the input is turned rapidly off and back on again, the
thermistor will still be hot and hence low-resistance, and the inrush current will
be large. T!le published spec_lﬁgation should reflect this effect, as it is up to the
user to.dec1de whether th.lS limitation will cause any operational problems. Since
elvent;vuh a ltlot NTC the allnrush current will not normally be damaging to the sup-
ply, thermistors are usually acceptable and ‘are often used fo - i
cations. (See Part 1, Chap. 7.) F low-power appli-

1.10 START-UP METHODS

In direct-off-line switchmode supplies, the elimination of the
, ow-frequency (50 t
60 Hz) transformer can present problems with system start-up. The di)éﬁ(cult;

{ Fe
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usually stems from the fact that the high-frequency power transformer cannot be
used for auxiliary supplies until the converter has started. Suitable start-up cir-

cuits are discussed in Part 1, Chap. 8.

1.11 SOFT START

Soft start is the term used to describe a low-stress start-up action, normally ap-
plied to the pulse-width-modulated converter to reduce transformer and output
capacitor stress and to reduce the surge on the input circuits when the converter
action starts.

Ideally, the input reservoir capacitors should be fully charged before con-
verter action commences; hence, the converter start-up should be delayed for
several line cycles, then start with a narrow pulse and a progressively increasing
pulse width until the output is established.

There are, in fact, a number of reasons why the puise width should be narrow
when the converter starts and progressively increase during the start-up phase.

_ There will often be considerable capacitance on the output lines, and this should
be charged slowly so that it does not reflect an excessive transient back to the
supply lines. Further, where a push-pull action is applied to the main trans-
former, flux doubling and possible saturation of the core may occur if a wide
pulse is applied to the transformer for the first half cycle of operation. (See Part
3, Chap. 7.) Finally, since an inductor will invariably appear somewhere in series
with the current path, it may be impossible to prevent voltage overshoot on the
output if this inductor current is allowed to rise to a high value during the start-up

phase. (See Part 1, Chap. 10.)

1.12 START-UP OVERVOLTAGE PREVENTION

When the power supply is first switched on, the control and regulator circuits are
not in their normal working condition (unless they were previously energized by
some auxiliary supply).

As a result of the limited output range of the control and driver circuits, the
large-signal slew rate may be very nonlinear and slow. Hence, during the start-up
phase, a *‘race’ condition can exist between the establishment of the output volt-
ages and correct operation of the control circuits. This can result in excessive
output voltage overshoot. '

_ Additional fast-acting voltage clamping circuits may be required to prevent
overshoot during the start-up phase, a need often overlooked in the past by de-
signers of both discrete and integrated control circuits. (See Part 1, Chap. 10.)

1.13 OUTPUT OVERVOLTAGE PROTECTION

Loss of voltage control can result in excessive output voltages in both linear and
switchmode supplies. In the linear supply (and some switching regulators), there
is a direct DC link between input and output circuits, so that a short circuit of the
power control device results in a large and uncontrolled output. Such circuits

— J j
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require a powerful overvoltage clamping technique, and typically an SCR “‘crow-
bar’* will short-circuit the output to clear a series fuse.
_ In the direct-off-line SMPS, the output is isolated from the input by a well-
insulated transformer. In such systems, most failures result in a low or zero out-
put voltagc;. The need for crowbar-type protection is less marked, and indeed is
often gonsxdered incompatible with size limitations. In such systems, an indepen-
dent _51gnal level voltage clamp which acts on the converter drive circuit is often
considered .satisfactory for overvoltage protection. A

The design aim is that a single component failure within the supply will not
cause an overvoltage condition. Since this aim is rarely fully satisfied by the sig-
nal level clamping techniques often used (for example, an insulation failure is not
fully protec}ed), the crowbar and fuse technique should still be considered for the
most exacting switchmode designs. The crowbar also provides some protection

against externally induced overvoltage conditions. b4

s

1.14 OUTPUT UNDERVOLTAGE PROTECTION

Output undervoltages can be caused by excessive transient current démands and
power outages. In switchmode supplies, considerable energy is often stored in
the input capacitors, and this provides ‘‘holdup™ of the outputs during short
power outages. However, transient current demands can still cause under-
voltages as a result of limited current ratings and output line voltage drop. In sys-
tems (hat are subject to large transient demands, the active undervoltage preven-
tion circuit described in Part 1, Chap. 12 should be considered.

1.15 OVERLOAD PROTECTION (INPUT POWER
LIMITING)

Power limiting is usually applied to the primary circuits and is concerned with
limiting the maximum throughput power of the power converter. In multiple-
output converters this is often necessary because, in the interest of maximum
versatility, the sum of the independent output current limits often has a total VA
rating in excess of the maximum converter capability.

Primary power limiting is often provided as additional backup protection, even
where normal output current limiting would prevent output overloading condi-
tions. Fast-acting primary limiting has the advantage of preventing power device
failure under unusual transient loading conditions, when the normal secondary
current limiting may not be fast enough to be fully effective. Furthermore, the
risk of fire or excessive power supply damage in the event of a component failure
is reduced. Power supplies with primary power limiting usually have a much
higher reliability record than those without this additional protection.

1.16 OUTPUT CURRENT LIMITING

In highe'r-gower switchmode units, each output line will be independently
current-ht_mte_d. The current limit should protect the supply under all conditions
to short-circuit. Continuous operation in a current-limited mode should not cause
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overdissipation or failure of the power supply. The switchmode unit (unlike the
linear regulator) should have a constant current limit. By its nature, the switching
supply does not dissipate excessive power under short-circuit conditions, and a
constant current limit is far less likely to give the user such problems as
*‘lockout’’ under nonlinear or cross-coupled load conditions. (Cross-coupled
loads are loads that are connected between a positive and a negative output line
without connection to the common line.)

Linear regulators traditionally have reentrant current limiting in order to pre-
vent excessive dissipation in the series element under short-circuit conditions.
Section 14.5 covers the problems associated with cross-coupled loads and reen-
trant current limits more fully.

1.17 BASE DRIVE REQUIREMENTS FOR
HIGH-VOLTAGE BIPOLAR TRANSISTORS

In direct-off-line SMPSs the voltage stress on the main switching device can be
very large, of the order of 800 to 1000 V in the case of the flyback converter.
Apart from the obvious needs for high-voltage transistors, “‘snubber’” net-
works, load line shaping, and antisaturation diodes, many devices require base
drive waveform shaping. In particular, the base current is often required to ramp
down during the turn-off edge at a controlled rate for best performance. (See Part

1, Chap. 15.)

1.18 PROPORTIONAL DRIVE CIRCUITS

-

With bipolar transistors, base drive currents in excess of those required to satu-
rate the transistor reduce the efficiency and can cause excessive turn-off storage

times with reduced control at light loads. .
Improved performance can be obtained by making the base drive current pro-

portional to the collector current. Suitable circuits are shown in Part 1, Chap. 16.

1.19 ANTISATURATION TECHNIQUES

With bipolar transistors, in the switching mode, improved turn-off performance
can be obtained by preventing ‘*hard’’ saturation. The transistor can be main-
tained in a quasi-saturated state by maintaining the drive current at a minimum
defined by the gain and collector current. However, since the gain of the transis-
tor changes with device, load, and temperature, a dynamic control is required.
Antisaturation circuits are often combined with proportional drive techniques.

Suitable methods are shown in Part 1, Chap. 17.

1.20 SNUBBER NETWORKS

This is a power supply engineering term used to describe net_works which provide
turn-on and turn-off load line shaping for the switching device.
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) Loac_i line _shapi.ng is required to prevent breakdown by maintaining the switch-
ing device within its ‘‘safe operating area™ throughout the switching cycle.

In many cases snubber networks also reduce RFI problems as a result of the
reduced dv/dt on switching elements, although this is not their primary function,

1.21 CROSS CONDUCTION

A

h i
In half-bndg_e, fu_ll-bridge, and push-pull applications, a DC path exists between
the supply lines if the ‘““on” states of the two switching devices overlap. This is
called “‘cross conduction’’ and can cause immediate failure. .
. To prevent this condition, 2 *“dead time’ (a period when both devices are off)
is often provided in the drive waveform. To maintain full-range pulse-width con-
trol, a2 dynamic dead time may be provided. (See Part 1, Chap. 19.)

1.22 OQUTPUT FILTERING, COMMON-MODE
NOISE, AND INPUT-TO-OUTPUT ISOLATION

These parameters have been linked together, as they tend to be mutually inter-

de;?endent. In switchmode supplies, high voltages and high currents are being
s_w1tched at very fast rates of change at ever-increasing frequencies. This gives
rise to electrostatic and electromagnetic radiation within the power supply. The
e!ectr:ostatic coupling between high-voltage switching elements and the output
circuit or ground can produce particularly troublesome common-mode noise
problems.

. The problems associated with common-mode noise are not generally recog-
nized, and there is a tendency to leave this requirement out of the power supply
§pec1ﬁcatlons. Common-mode noise is a very real cause of system problems, and
it should be normal practice in good power supply design to minimize the cazpac-
itance between the switching elements and chassis and to provide Faraday
screens between the primary and secondary of the power transformer. Where
switching elements are to be mounted on the chassis for cooling purposes, an in-
sulated Faraday screen should be placed between the switching element z;nd the
mounting surface. This screen and any other Faraday screens in the transformer
should be returned to one of the input DC supply lines so as to return capacitively
coup!ed currents to the source. In many cases, the transformer will require an
additional safety screen which will be connected to earth or chassis. This safety
screen should be positioned between the RF Faraday screen and the output wind-
ings.

In rare cases (where the output voltages are high), a second Faraday screen
may be required between the safety screen and the output windings to reduce
output common-mode current. This screen should be returned to the common
output line, as close as possible to the transformer common-line connection pin.

The screens, together with the necessary insulation, increase the spacing be-
tween the primary and secondary windings, thereby increasing the leakage induc-
tance and degrading transformer performance. It should be noted that the
Faraday screen does not need to meet the high current capacity of the safety

3y
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screens and therefore can be made from lightweight material and connections.

(See Part 1, Chaps. 3 and 4.)

1.23 POWER FAILURE SIGNALS

To allow time for *‘housekeeping’” functions in computer systems, a warning of
impending shutdown is often required from the power supply. Various methods
are used, and typically a warning signal should be given at least 5 ms before the
power supply outputs fall below their minimum specified values. This is required
to allow time for a controlled shutdown of the computer.

In many cases, extremely simple power failure systems which simply recog-
nize the presence or absence of the AC line input and give a TTL low signal
within a few milliseconds of line failure are used. It should be recognized that the
line input passes through zero twice in each cycle under normal conditions; since
this must not be recognized as a failure, there is usually a delay of several milli-
seconds before a genuine failure can be recognized. When a line failure has been
recognized, the normal holdup time of the power supply should provide output
voltage for a further period, allowing time for the necessary housekeeping pro-
cedures.

Two undesirable limitations of these simple systems should be recognized.
First, if a “*brownout’’ condition precedes the power failure, the output voltage
may fall below the minimum value without a power failure signal being generated.
Second, if the line input voltage to the power supply immediately prior to failure
is close to the minimum required for normal operation, the holdup time will be
severely diminished, and the time between a power failure warning and supply
shutdown may not be long enough for effective housekeeping.

For critical applications, more sophisticated power failure warning systems
which will recognize brownout should be used. If additional holdup time is re-
quired, charge dumping techniques should be considered. (See Part 1, Chap. 12.)

1.24 POWER GOOD SIGNALS

“Power good™* signals are sometimes required from the power supply. These are
usually TTL-compatible outputs that go to a ‘‘power good™’ (high state) when all
power supply voltages are within their specified operating window. **Power
good’* and ‘‘power failure’ signals are sometimes combined. LED (light-emitting
diode) status indicators are often provided with the “‘power good™ signals, to
give a visual indication of the power supply status. .

1.25 DUAL INPUT VOLTAGE OPERATION

With the trend toward international trading it is becoming increasingly necessary
to provide switchmode supplies for dual input, nominally 110/220-V operation. A
wide variety of techniques are used to meet these dual-voltage requirements, in-
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cluding single or multiple, manual or automatic, transformer tap changing, and
voltage doubling. If auxiliary transformers and cooling fans are to be used, these
must be considered in the dual-voltage connection.

A useful method of avoiding the need for special dual-voltage fans and auxil-
iary transformers is shown in Part 1, Chap. 23, It should be remembered that the
insulation of the auxiliary transformer and fan must meet the safety requirements
for the highest-voltage input. More recently, high-efficiency “‘brushless’ DC fans
have become available; these can be driven by the supply output, overcoming
insulation and tap change problems. [

The voltage doubler technique with one or two link changes is probably the
most cost-effective and is generally favored in switchmode supplies. However,
when this method is used, the design of the filter, the input fuse, and inrush lim-
iting should be considered. When changing the input voltage link arrangements,
the _l9w-voltage tap position gives higher current stress, whereas the higher tap
position gives a greater voltage stress. The need to meet both conditions results
in more expensive filter components. Therefore, dual-voltage operation should
not be specified unless this is a real system requirement.

1.26 POWER SUPPLY HOLDUP TIME

One of the major advantages of switchmode supplies is their ability to maintain
the output voltages constant for a short period after line failure. This *‘holdup
time”” is typically 20 ms minimum, but depends on the part of the input cycle
where the power failure occurs and the loading and the supply voltage before the
line failure.

A major factor controlling the holdup time is the history and amplitude of the
supply voltage immediately prior to the failure condition. Most specifications de-
fine holdup time from nominal input voltage and loading. Holdup times may be
considerably less if the supply voltage is close to its minimum value immediately
prior to failure.

Power supplies that are specified for long holdup times at minimum input volt-
ages are either expensive because of the increased size of input capacitors, or
less efficient because the power converter must now maintain the output voltage
constant for a much lower input voltage. This usually results in less efficient op-
eration at nominal line inputs. Charge dumping techniques should be considered
when long holdup times are required at low input voltages. (See Part 1, Chap. 12.)

1.27 SYNCHRONIZATION

Synchronization of the switching frequency is sometimes called for, particularly
when the supply is to be used for VDU (visual display unit) applications. Al-
though synchronization is of dubious value in most cases, as adequate screening
and filtering of the supply should eliminate the need, it must be recognized that
systems engineers often specify it.

The constraints placed on the power supply design by specifying synchroni-
zation are severe; for example, the low-cost variable-frequency systems cannot
be used. Furthermore, the synchronization port gives access to the drive circuit
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of the main converter and provides a means whereby the operating integrity of
the converter can be disrupted.

The possibility of badly defined or incorrect synchronization information must
be considered in the design of synchronizable systems. The techniques used
should be as insensitive as possible to abuse. The user should be aware that it is
difficult to guarantee that a power supply will not be damaged by incorrect or
badly defined synchronization signals. Because of the need to prevent saturation
in wound components, most switchmode supplies use oscillator designs which
can be synchronized only to frequencies higher than the natural oscillation fre-
quency. Also, the synchronization range is often quite limited.

1.28 EXTERNAL INHIBIT

For system control, it is often necessary to turn the power supply on or off by
external electronic means. Typically a TTL high signal will define the ‘‘on’’ con-
dition and a TTL low the “‘off’”’ condition. Activation of this electronic inhibit
should invoke the normal soft-start sequence of the power supply when it is
turned on.:Power supplies for which this remote control function is required will

- often need internal auxiliary supplies which are common to the output. The aux-

iliary supply must be present irrespective of main converter operation. This ap-
parently simple requirement may define the complete design strategy for the aux-
iliary supplies.

1.29 FORCED CURRENT SHARING

Voltage-controlled power supplies, by their very nature, age low-output-
impedance devices. Since the output voltage and performance characteristics of
two or more units will never be identical, the units will not naturally share the
load current when they are operated in parallel.

Various methods are used to force current sharing (see Part 1, Chap. 24).
However, in most cases these techniques force current sharing by degrading the
output impedance (and consequently the load regulation) of the supply. Hence
the load regulation performance in parallel forced current sharing applications
will usually be lower than that found with a single unit.

A possible exception is the master-slave technique which tends to a voltage-
controlled current source. However, the master-slave technique has fallen out of .
favor because of its inability to provide good parallel redundant operation. A fail-
ure of the master system usually results in a complete system failure.

More recently, interconnected systems of current-mode control topologies
have shown considerable promise. The technique should in theory be quite good;
however, the tendency for noise pickup on the P-terminal link between units
makes it somewhat difficult to implement in practice. Further, if one unit is used
to provide the control signal, failure of this unit will shut down the whole system,
which is again contrary to the needs of a parallel redundant system.

The forced current sharing system described in Part 1, Chap. 24 does not suf-
fer from these difficulties. Although the output regulation is slightly degraded, the
variation in output voltage in normal circumstances is only a few millivolts,
which should be acceptable for most practical applications.

Failure to provide current sharing means that one or more of the power sup-
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plies will be operating in a maximum current limited mode, while others are
hardly loaded. However, so long as the current limits for the units are set at a
value where continuous operation in the current limited mode gives reasonable
power supply life, simple direct parallel connection can be used and should not
be ignored. .

1.30 REMOTE SENSING A

If the load is situated some distance from the power supply, and the supply-lead
voltage drops are significant, improved performance will be obtained if a remote
voltage sense is used for the power supply. In principle, the reference voltage and
amplifier comparator inputs are connected to the remote load by separate voltage
sensing lines to remove the line-drop effects. These remote sense leads carry neg-
ligible currents, so the voltage drop is also negligible. This arrangement permits
the power supply to compensate for the voltage drops in the output power leads
by increasing the supply voltage as required. In low-voltage, high-current appli-
cations, this facility is particularly useful. However, the user should be aware of
at least three limitations of this technique:

1. The maximum external voltage drop that can be tolerated in the supply leads
is typically limited to 250 mV in both go and return leads (500 mV overall). In
a 100-A 5-V application, this would represent an extra 50 W from the power
supply, and it should be remembered that this power is being dissipated in the
supply lines.

2. Where power supplies are to be connected in a parallel redundant mode, it is
common practice to isolate each supply with a series diode. The principle here
is that if one power supply should short-circuit, the diode will isolate this sup-
ply from the remaining units.

If this connection is used, then the voltage at the terminals of the power
supply must be at least 0.7 V higher than the load, neglecting any lead losses,
and the required terminal voltage may exceed the power supply’s design max-
imum unless the supply is specifically designed for this mode of operation.
Furthermore, it must be borne in mind that in the event of power supply fail-
ure in this parallel redundant mode, the amplifier sense leads will still be con-

‘nected to the load and will experience the load voltage. The remote sense cir-
cuit must be able to sustain this condition without further damage.

It is common practice to link the remote sense terminals to the power sup-
ply output terminals with resistors within the supply to prevent loss of control
and voltage overshoot in the event of the sense leads being disconnected.
Where such resistors are used in the parallel redundant connection, they must
be able to dissipate the appropriate power, V.2, /R, without failure in the event
of the main terminal output voltage falling to zero.

3. Remote sense terminals are connected to a high-gain part of the power ampli-
fier loop. Consequently, any noise picked up in the remote sense leads will be
translated as output voltage noise to the power supply terminals, degrading
the performance. Further, the additional phase shifts caused by lead induc-
tance and resistance can have a destabilizing effect. Therefore, it is recom-
mended that remote sense leads be twisted to minimize inductance and noise
pickup.

Unless they are correctly matched and terminated, coaxial leads are not

:\
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recommended, as the distributed capacitance can degrade the transient per-
formance.

1.31 P-TERMINAL LINK

In power supplies where provision is made to interlink one or more units in a
parallel forced current sharing mode, current sharing communication between
supplies is required. This link is normally referred to as the P-terminal link. In
master-slave applications this link allows the master to control the output regu-
lators of the slave units. In forced current sharing applications this link provides
communication between the power supplies, indicating the average load current
and allowing each supply to adjust its output to the correct proportion of the total
load. Once again, the P-terminal link is a noise-sensitive input, so the connections
should be routed so as to minimize the noise pickup. (See Part 1, Chap. 24.)

1.32 LOW-VOLTAGE CUTOUT

In most applications, the auxiliary supplies to the power unit will be derived from
the same supply lines as the main converter. For the converter to start up under
controlled conditions, it is necessary that the supply to both the main converter
and the auxiliary circuits be correctly conditioned before the power converter ac-
tion commences. It is normal practice to provide a drive inhibiting circuit which
is activated when the auxiliary supply falls below a value which can guarantee
proper operation. This ‘‘low-voltage inhibit”’ prevents the convert¢r from starting
up during the power-up phase until the supply voltage is sufficiently high to en-
sure proper operation. Once the converter is running, if the supply voltage falls
below a second, lower value, the converter action will be inhibited; this hyster-
esis is provided to prevent squegging at the threshold voltage.

1.33 VOLTAGE AND CURRENT LIMIT
ADJUSTMENTS

The use of potentiometers for voltage and current limit adjustments is not rec-
ommended, except for initial prototype applications. Power supply voltages and
current limits, once set, are very rarely adjusted. Most potentiometers become
noisy and unreliable unless they are periodically exercised, and this causes noisy
and unreliable performance. Where adjustments are to be provided, high-grade
potentiometers must be used.

1.34 INPUT SAFETY REQUIREMENTS

Most countries have strict regulations governing safety in electrical apparatus,
including power supplies. UL (Underwriters Laboratories), VDE (Verband

-
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Deutscher Elektrotechniker), IEC (International Electrotechnic issi
and CSA (Canadian Standards Association) are typical exampleals gto’rgx?lis(:g?e)s’
formul_at_ing these regplations. It should be remembered that these regulations de-
ﬁ_ne minimum insulation, spacing, and creepage distance requirements for printed
circuit boards, transformers, and other wound components.

Meeting these specifications will have an impact on the performance and must
be an integral part of the design exercise. It is very difficult to m dify units to
meet safety regulations after they have been designed. Consequently, drawing of-
fice and design staff should be continually alert to these requirements during the
design phase. Furthermore, the technical requirements for high performance tend
to bc? generally incompatible with the spacing requirements for the safety speci-
fications. Cpnsequently, a prototype unit designed without full attention to the
safgty spacing needs may give an excessively optimistic view of performance
which cannot be maintained in the fully approvable finished product.

A requirement often neglected is that ground wires, safety screens, and screen
connections must be capable of carrying the fuse fault current without rupture, to
prevent loss of safety ground connections under fault conditions. Further, any
removable mountings (which, for example, may have been used to provide an
earth. connection from the printed circuit board to earth or chassis) must have a
provision for hard wiring of the ground of the host equipment main frame.
Mounting screws alone do not meet the safety requirements for some authorities.

CHAPTER 2

AC POWERLINE
SURGE PROTECTION

2.1 INTRODUCTION

With the advent of *‘direct-off-line”* switchmode power supplies using sensitive
electronic primary control circuits, the need for input AC powerline transient
surge protection has become more universally recognized.

Measurements carried out by the IEEE over a number of years have demon-
strated, on a statistical basis, the likely frequency of occurrence, typical ampli-
tudes, and waveshapes to be expected in various locations as a result of artificial
and naturally occurring electrical phenomena. These findings are published in
IEEE Standard 587-1980* and are shown in Table 1.2.1. This work provides a
basis for the design of AC powerline transient surge protection devices.*®

-

2.2 LOCATION CATEGORIES

In general terms, the surge stress to be expected depends on the location of the
equipment to be protected. When equipment is inside a building, the stress de-
pends on the distance from the electrical service entrance to the equipment loca-
tion, the size and length of connection wires, and the complexity of the branch
circuits. IEEE Standard 587-1980 proposes three location categories for low-
voltage AC powerlines (less than 600 V). These are shown in Fig. 1.2.1, and de-

scribed as follows:

1. Category A, Outlets and Long Branch Circuits. This is the lowest-stress cat-
egory; it applies to .

a. All outlets more than 10 m (30 ft) from Category B with #14 to #10 wires.

b. All outlets at more than 20 m (60 ft) from the service entrance with #14 to
#10 wires. In these remote locations, far away from the service entrance,
the stress voltage may be of the order of 6 kV, but the stress currents are
retatively low, of the order of 200 A maximum.

2. Category B, Major Feeders and Short Branch Circuits. This category covers
the highest-stress conditions likely to be seen by a power supply. It applies to
the following locations:

a. Distribution panel devices

*Also issued under ANSIIEEE Standard C64.41-1980 and IEC Publication 664-1980.
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b. Bus and feeder systems in industrial plants
¢. Heavy appliance outlets with *‘short’” connections to the service entrance
d. Lighting systems in commercial buildings
Note: Category B locations are closer to the service entrance. The stress
voltages may be similar to those for category A, but currents up to 3000 A
may be expected.
Category C, Outside and Service Entrance. This location is outside the
building. Very high stress conditions can occur, since the line and insulator
spacing is large and the flashover voltage can be greater than 6 kV. Fortu-
nately, most power supplies will be in category B or A locations within a par-
tially protected environment inside the building, and only protection to cate-
gory A and B stress conditions is normally required.

Most indoor distribution and outlet connectors have sparkover voltages of
6 kV or less, and this, together with the inherent distribution system resis-
tance, limits the stress conditions inside the building to much lower levels.

Where power supplies are to be provided with surge protection, the cate-
gory of the protection should be clearly understood and specified in accor-
dance with the expected location. Since the protection devices for category B
locations can be large and expensive, this protection category should not be
specified unless definitely required.

Where a number of supplies are to be protected within a total distributed
power system, it is often more expedient to provide a single transient surge
protection unit at the line input to the total system.
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FIG. 1.2.1 Circuit location categories, as defined by
IEEE Standard 587-1980.
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2.3 LIKELY RATE OF SURGE OCCURRENCES

Since some transient protection devices (metal oxide varistors, for example) have
a limited life, dependent on the number and size of the stress surges, the likely
exposure level should be considered when selecting protection devices. Figure
1.2.2 (from IEEE Standard 587) shows, statistically, the number of surges that
may be expected per year, as a function of the voltage ampligude, in low-,
medium-, and high-exposure locations.
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FIG. 1.2.2 Rate of surge occurrences versus voltage level at unpro-
tected locations.

For example, in a medium-exposure location, a 5-KV spike can be expected at
least once a year and, perhaps of greater concern, hundreds of transients in the
range of 1 to 2 kV can occur in the same period. Since even these lower stress
levels are quite sufficient to damage unprotected equipment, it is clear that some
form of protection is essential in any electronic equipment to be connected to the
supply lines.
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IEEE Standard 587-1980 describes the exposure locations as follows:

1. Low Exposure. Systems in geographical areas known for low lightning activ-
ity, with little load switching activity.

2. Medium Exposure. Systems in geographical areas known for high lightning ac-
tivity, with frequent and severe switching transients.

3. High Exposure. Rare but real systems supplied by long overhead lines and
subject to reflections at line ends, where the characteristics of the installation
produce high sparkover levels of clearances.

2.4 SURGE VOLTAGE WAVEFORMS

The IEEE investigation found that although surge voltage waveforms can take
many shapes, field measurements and theoretical calculations indicate that most
surge voltages in indoor low-voltage systems (AC lines less than 600 V) have a
damped oscillatory shape, as shown in Fig. 1.2.3. (This is the well-known *‘ring
wave’’ referred to in IEEE Standard 587.) The following quotation from this stan-
dard describes the phenomenon well:

A surge impinging on the (distribution) system excites the natural resonant frequen-
cies of the conductor system. As a result, not only are the surges typically oscilia-
tory, but surges may have different amplitudes and wave shapes at different places in
the system. These oscillatory frequencies of surges range from 5 kHz to more than
500 kHz. A 30 kHz-100 kHz frequency is a realistic measurement of a *‘typical’
surge for most residential and light in-

dustrial ac line networks. -
In category B locations (close to the | 5.5,  n= V PEAK
service entrance), much larger energy T=10s
levels are encountered. IEEE Standard (f = 100KHZ)
587 recommends two unidirectional -~

waveforms for high- and low-impe- 0.1
dance test specimens. These two wave- v PEAK
forms are shown in Fig. 1.2.4a and b. 0.5 S =1
For this category, the transient protec-
tion device must be able to withstand
the energy specified in these two
waveforms (Table 1.2.1). In addition to
the unidirectional pulses, ring-wave os-
cillatory conditions can also occur. For
these, the voltage can be of the order
of 6 kV and the current 500 A. The var-
ious stress conditions are tabulated in Table 1.2.1.

The impedance of the protection circuit is often difficult to define, since a
number of devices operating in different modes and different voltages are often
used in the protection unit. To satisfy both high- and low-impedance conditions,
the test circuitry is usually configured to generate the voltage waveform specified
on an open circuit and the current waveform specified on a short circuit before
being applied to the test specimen.
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FIG. 1.2.3 Proposed 0.5-ps, 100-Hz ring

wave (open-circuit voltage).
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FIG. 1.2.4 Unidirectional waveshapes (ANSI/IEEE Standard
28-1974).

2.5 TRANSIENT SUPPRESSION DEVICES

The ideal transient suppression device would be an open circuit at normal volt-
ages, would conduct without delay at some slight voltage above normal, would
not allow the voltage to increase during the clamping period, would handle un-
limited currents and power, would revert back to an open circuit when the stress
has gone, and would never wear out.

At the time this is written, there is no single transient suppression device that
approaches this ideal for-all the stress conditions specified in IEEE Standard 587.
Heqce, at present efficient transient protection requires the use of a number of
devices, carefully selected to complement each other and thus cover the full
range of voltage and current stress conditions. .

‘For the_ lower-stress category A locations, silicon varistors, in combination
with transient suppressor diodes, filter inductors, and capacitors, are commonly
used. In the higher-power category B locations, these devices are supplemented
w}th much higher-current-rated gas-discharge tubes or spark gaps. When gas-
discharge devices are used, fast-acting fuses or circuit breakers will also be fitted.

For efficient matching of the various suppressor devices, their general perfor-
mance characteristics should be fully understood.

2. AC POWERLINE SURGE PROTECTION 123

2.6 METAL OXIDE VARISTORS (MOVs,
VOLTAGE-DEPENDENT RESISTORS])

As the name implies, varistors (MOVs) display a voltage-dependent resistance
characteristic. At voltages below the turnover voltage, these devices have high
resistance and little circuit loading. When the terminal voltage exceeds the turn-
over voltage, the resistance decreases rapidly and increasing current flows in the
shunt-connected varistor.

The major advantages of the varistor are its low cost and its relatively high
transient energy absorption capability. The major disadvantages are progressive
degradation of the device with repetitive stress and a relatively large slope resis-
tance.

The limitations of the varistor for transient suppressor applications in medium-
and high-risk locations are fairly marked. Under high-exposure conditions, the de-
vice can quickly age, reducing its effective clamping action. This is a somewhat in-
sidious process, as the degradation is not obvious and cannot be easily measured.
Further, the varistor’s relatively high slope resistance means that its clamping action
is quite poor for high-current stress conditions (even low-voltage varistor devices
have terminal voltages over 1000 V at transient currents of only a few tens of
amperés). As a result, damagingly high voltages may be let through to the *‘pro-
tected”’ equipment if MOV are used on their own. However, varistors can be of
great value when used in combination with other suppressor devices.

Figure 1.2.5 shows the typical characteristics of a 275-V varistor. Note that
the terminal voltage is 1250 V at a transient current of only 500 A.
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FIG. 1.2.5 Metal oxide varistor (MOV) performance characteristics.

2.7 TRANSIENT PROTECTION DIODES

Various transient suppressor diodes are available. These may be unidirectional or
bidirectional as required. In general terms, silicon suppressor diodes consist of an
avalanche voltage clamp device, configured for high transient capability. In a bi-

—
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polar protector, two junctions are used in series **back to back.” (A
3 . » . ‘ n
diode exhxbxt.s a normal dlode_characteristic in the forward directic(m.) ayelanche
The_ transient suppressor <}1ode has two major advantages, the first being the
r\;;;}; s}ucgg s(g;ee,;l'hclampm%l acz!txon—the avalanche condition is established in a few
econds. The secon vantage is the very | i i
. 3 g ry low slope resistance in the con-
In the active region, the slope resistance can b i i
{ : , e very low; with terminal voli-
age increasing by only a few volts at transient currents rufming ipto hundrggs
of amperes. Consequently,_ the transient suppressor diode provides very hard
and effective \{_qltage.clampmg at any transient stress up to the diode’s maximum
c;l:rent cégpgbmty. '{;he characteristics of a typical 200-V bipolar transient sup
pressor diode are shown in Fig. 1.2.6. Note thal i i .
pessor dode t the terminal voltage is only
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FIG. 1.2.6 Transient suppressor diode performance characteristics.

The major disadvantages of the transient suppressor diode i \

) dis: t ode are its relativel
gugh cost and hmxted current cppal?mty. However, if the diode is overstressed, Et/
is designed to fail to a short-circuit condition; this would normally clear the ex-
ternal fuse or circuit breaker, while maintaining protection of the equipment.

2.8 GAS-FILLED SURGE ARRESTERS

Much larger transient currents can be handled by the various gas-discharge sup-
pressor d.ev’!ces. In such suppressors, two or more electrodes are accurately
spaced within a sealed high-pressure inert gas environment. When the striking
voltage of the gas tube is exceeded, an ionized glow discharge is first developed
between the electrodes. As the current increases, an arc discharge is produced

proyldmg a low-impedance path between all internal electrodes. In this mode th'e:
device has an almost constant voltage conduction path with a typical arc drc;p of
25 V. The characteristics of the gas arrester are shown in Fig. 1.2.7. Note the
large striking voltage and low arc voltage.

r
4
2. AC POWERLINE SURGE PROTECTION 1.25
v ¢ v P 2

T / \
. \

| \

\

6 \

Vs Spark-over voltage
Vo Glow voltage

V, Arcvoltage

V., Extinction voitage
G  Glow mode range
A Arcmode range

FIG. 1.2.7 Gasilled surge arrester (SVT) performance characteristi®. (Courtesy of
Siemens AG.)

When it strikes, the gas arrester effectively short-circuits the supply, with only
a small voltage being maintained across the electrodes. Because of the low inter-
nal dissipation in this mode, a relatively small device can carry currents of many
thousands of amperes. With this type of suppressor, protection is provided not so
much by the energy dissipated within the device itself, but by the device's short-
circuit action. This forces the transient energy to be dissipated in the series re-
sistance of the supply lines and filter.

A disadvantage of the gas arrester is its relatively slow response to an
overvoltage stress. The plasma development action is relatively slow, and the
striking voltage is dv/dt-dependent. Figure 1,2.8 shows the striking voltage as a
function of dv/dr for a typical 270-V device. The effect is quite marked at tran-
sient edge attack rates as low as 10 V/ps. Hence, for fast transients, the gas ar-
rester must be backed by a filter or faster-action clamp device.

A major disadvantage of the arrester is its tendency to remain in a conducting
state after the transient condition has ceased. On ac lines, the recovery (blocking
action) should normally occur when the supply voltage falls below the arc voltage
at the end of a half cycle. However, the line source resistance can be very low,
and if the current rating of the device is exceeded, the high internal temperature
may prevent normal extinction of the arc, so that the device remains conduct-
ing. The follow-on current, provided by the line supply after the transient has
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y finished, \yill soon destroy the arrester.
600 Hence., with this type of device, it is
essential to provide some form of cur-
1400 rent limiting, fast-acting fuse or fast-
Vs , acting (magnetic) circuit breaker in the

T 1200 f supply line.
000 f Many mar}ufactufers and designers
ad\:ocate fitting a limitiAg resistor in
500 series with the gas tube. This will re-
[ 7 duce the follow-on current after the gas
soo VS =1/ tube has struck. This technique satis-
fies the need to limit the follow-on cur-
400 B vsi| | rent, and allows plasma extinction as
Vede |4 -Vsdc_| the supply voltage passes through
200 ===} zero. However, the series resistance
!L degrades the tfdnsient suppressor per-
0 formance, since even a small (say 0.3-

56 4 12 .00 02 104 p

167 107 10 107 10 d"zdt"/l’vs Q) resistor would develop a voltage

- drop of 1000 V for the 3000-A IEEE

FIG. 1.2.8 Variation in sparkover voltage S}andard 587 high-current stress condi-

with applied dvidt for gas-illed SVPs. (Cour- 100~ The author prefers not to fit se-

tesy of Siemens AG.) ries resistors, but to rely on filter and

external circuit resistances to limit the

suppressor current; this retains the ex-

) cellent clamping capability of the gas

device. For extended stress conditions, a fast circuit breaker or fuse will finally
clear the line input if the gas device remains conducting.

The gas arrester is still undergoing development at the time this is written

and many ingenious techniques are being developed to improve its perfor:

mance.

2.9 LINE FILTER, TRANSIENT SUPPRESSOR
COMBINATIONS

As mentioned above, the various transient suppressor devices have limited cur-
rent capability.

Because the line impedance can be extremely low, it is often necessary to in-

clude some limiting resistance in series with the supply lines to reduce the stress
ont_the shunt-connected suppressors. This also permits efficient voltage clamping
action.
i Although the series limiting may be provided by discrete resistors, in the
interest of efficiency, inductors should be used. If inductors are used i’t is ex-
pedlen} to provide additional filtering in the transient suppressor circ1’1it at the
same time. This will help to reject line-borne noise and filter out power supply-
generated noise. Also, the winding resistance and inductance can provide the
necessary series impedance to limit the transient current for efficient transient
suppression. Consequently, transient suppression is ofien combined with the
EMI noise filtering circuits typically required with switchmode supplies.

[ ‘Y
oy
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2.10 CATEGORY A TRANSIENT SUPPRESSION
FILTERS

Figure 1.2.9 shows a typical combination of line filter and transient suppressor
devices that may be found in a category A protection unit.

L FS1 Li{a) L
’? -L c1 -LCZ
(IHOV T D1
L N

N Tl _L_L zozIFos
Mov2 Mov3 Tca —F4+ "

6
FIG. 1.2.9 Line-to-line and line-to-ground transient over-
voltage protection circuit with noise filter, using MOV and
SVP protection devices (low- to medium-power applications).

The inductors L1(a) and L1(b) and capacitors C1 through C4 form the normal
noise filter network. At the input to this filter network, varistors MOV1 through
MOV?3 provide the first level of protection from line-borne transient stress. For
very short lived high-voltage transients, the clamping action of the varistors, to-
gether with the voltage dropped across the series inductance, h$ids off the ma-
jority of the transient voltage from the output.

For more extended stress conditions, the current in L1(a) and L1(b) will in-
crease to the point where the output capacitors C2 and C3 are charged to a volt-
age at which suppressor diodes ZD1, ZD2, and ZD3 are brought into conduction.
These diodes prevent the output voltage from exceeding their rated clamp values
for all stress currents up to the failure point of the suppression diodes. If this
level is reached, the diodes fail to a short circuit, clearing the protection fuse
FS1, and the unit fails to a safe condition. However, this very high level of stress
should not occur in a category A location.

It should be noted that the suppressor unit also prevents voltage transients
generated within the driven equipment from feeding back into the supply line.
This can be an important advantage when several pieces of equipment in a sys-
tem are connected to the same supply. )

In this example, protection has been provided for differential- (line to neutral)
and common-mode (line and neutral, to ground) stress. It will be shown later that
although differential protection is often the only protection provided, common-
mode stress conditions often occur in practice. Hence protection for this condi-
tion is essential for full system integrity.

The wisdom of common-mode transient suppression has been questioned as
possibly being dangerous, because of the voltage “bump’’ on the earth return line
under transient conditiors. (See Sec. 2.13.) It will be shown later that this effect
is almost inevitable; it should be dealt with in other ways if full protection is to be

provided.
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2.11 CATEGORY B TRANSIENT SUPPRESSION
FILTERS

Although the circuit shown in Fig. 1.2.9 could be used for category B locations if
sujtably large devices were selected, it is more expedient to use the small low-
cost gas-discharge suppressors to provxde the additional protection.

Figure 1.2.10 shows a suitable circuit arrangement. This circuit combines the
advantages of all three types of protection device, and also has a*full common-
and series-mode filter network.
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FIG. 1.2.10 Line-to-line and line-to-ground transient protection circuit with
noise filter, using MOV, SVP, and transient protection diodes (for medium- to
high-power applications).

The common-mode filter inductor L3(a and b) has been supplemented with ad-
ditional series-mode inductors L1 and L2. These inductors, together with capac-
itors C1 through CS, provide a powerful filter for common- and series-mode line-
conducted transient and RFI noise. This unit may be used to supplement or
replace the normal line filter of the switchmode supply.

In addition to the voltage-dependent resistors (varistors) and output transient
suppressor diodes, the three-terminal gas-discharge arrester tube (GT1) is shown
fitted at the interface between the series-mode and common-mode inductors.

This arrangement combines the advantages of all three suppressor devices in a
most effective manner. For very fast transients, once again, the input varistors
V1, V2, and V3, together with L1, L2, and L3(a) and L3(b) and capacitors Cl
through C35, provide efficient attenuation of the transient. For medium-stress con-
ditions of longer duration, the current in the inductors will increase and the out-
put voltage will also increase to the point where the output clamping diodes D1,
D2, and D3 are brought into conduction protecting the load.

The major advantage of this category B suppressor is that for very large and
extended stress conditions, the gas arrester GT1 will be brought to the striking
voltage, effectively short circuiting all lines (and the transient) to ground.

An advantage of the three-terminal gas arrester is that, irrespective of which
line the original stress appears on, all lines are shorted to ground. This tends to
reduce the inevitable ground return ‘*bump’’ voltage.

Extensive stress testing of this circuit has shown that in most cases, the sup-
ply line impedance, combined with the current limiting action of L1 and L2, will
prevent excessive buildup of current in the gas arrester after ignition. As a result,
the arrester recovers to its nonconducting state after the transient has passed,
during the following zero crossover of the supply line. Hence, under the rare con-
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ditions when a gas device is called on to conduct, in most cases the power to the
load is interrupted for less than a half cycle.

Because of the energy storage and holdup ability of the typical switchmode
supply, a half cycle line dropout will not result in an interruption to the DC out-
put to the loads. In the rare event of a gas tube continuing to conduct, the fast-
acting magnetic circuit breaker will operate in less than a cycle, clearing the line
input from the filter.

2.12 A CASE FOR FULL TRANSIENT
PROTECTION

The major cause of high-voltage transients is direct or indirect lightning effects on
the external power system. Irrespective of the initial cause of the transient, be it
a direct strike to one or another of the supply lines or the induced effects of a
near miss, the initial stress attenuation is provided by flashover between lines and
from line to ground at various peints throughout the distribution system.

As a result of these flashovers, the transient that arrives at a remote location
will tend to be common-mode, appearing between both supply lines and ground.
Even if the neutral is connected to ground near the service entrance of the build-
ing, the stress can still tend to be common-mode at the protected equipment be-
cause of flashover in the building cables, distribution boxes, and receptacles. (It
is this flashover that reduces the stress between category C and category A lo-
cations.) Consequently, transient suppressors which provide protection between
line and neutral only are not protecting the equipment or common-mode capaci-
tors against the line ground, neutral ground stress conditions.

2.13 THE CAUSE OF “GROUND RETURN
VOLTAGE BUMP” STRESS

A voltage stress which appears between both supply lines and the ground return
is called a common-mode transient. When a common-mode transient arrives at
the suppressor unit, the current is diverted to ground through one or more of the
transient suppressor devices. As a result, considerable currents can flow through
the ground return during a transient. Because of the resistance and inductance
between the transient suppressor and the service entrance, this ground current
can elevate the potential of the local system ground with respect to real ground.
Hence, a possible shock hazard now exists between the case of the protected
equipment and real earth. (This voltage is referred to as an earth return *‘bump.’’)

It is possible to argue, therefore, that transient suppressors which return the
stress current to the ground line are a shock hazard and should not be used. This
is a viable argument only if the load can be guaranteed not to break down to
ground during the stress in the absence of a transient suppressor. In practice, the
equipment is likely to fail in this mode, and the hazard of ground return bump will
still exist, even without the suppressor. In addition, the load will not have been
protected and may well be damaged.

The possibility of an earth return voltage bump under high-stress conditions
should be considered an inevitable hazard with or without transient protection.
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Measures should be taken to reduce the voltage by ensuring a very low resistance
ground return path. If an operator has access to the equipment, all equipment
within the operator’s reach must be grounded to the same return. In computer
rooms, the need for a good ground return may include the furniture and very fab-
ric of the building itself. ’

2.14 PROBLEMS

1. Why is it important to provide AC powerline surge protection in direct-off-
line switchmode power supplies?

2. Give some typical causes of AC line transients.

3. Give the number of an IEEE standard which describes the typical amplitudes
and waveshapes to be expected on various line distribution systems in office
and domestic locations.

4. Describe stress locations A, B, and C, as described in IEEE Standard
587-1980.

5. Explain the meaning of exposure locations, as described in IEEE Standard
587-1980.

6. How does IEEE Standard 587-1980 indicate the likely rate of surge occur-
rence and voltagé amplitude at various locations?

7. What would be the typical waveform and transient voltage to be expected in
a class A location?

_ 8. What surge waveforms may be expected in a class B location?

9. Describe three transient protection devices commonly used in input line pro-
tection filters.

10. Describe the advantages and limitations of metal oxide varistors, transient
protection diodes, and gas-filled surge suppressors.

"CHAPTER 3

ELECTROMAGNETIC
INTERFERENCE (EMI)
IN SWITCHMODE
POWER SUPPLIES

3.1 INTRODUCTION

Electromagnetic interference (EMI), otherwise referred to as radio-frequency in-
terference (RFI), the unintentional generation of conducted or radiated energy, is
indefatigable in all switchmode power supplies. The fast rectangular switching ac-
tion required for good efficiency also produces a wide interference spectrum
which can be a major problem.

Further, for proper operation of any electronic system, it is imffdrtant that all

the elements of the system be electromagnetically compatible. Also, the total sys-
tem must be compatible with other adjacent systems.
" As the SMPS can be such a rich source of interference, it is vital that this as-
pect of the design be carefully considered. Normal good design practice requires
that the RF interference allowed to be conducted into the supply or output lines,
or permitted to be radiated away from any power equipment, be minimized to
prevent RF pollution. Further, national, federal, and international regulations
limit by law the permitted interference levels.

These regulations vary according to country of origin, regulatory authority,
and intended application. The power supply designer will need to study the code
relevant to the proposed marketing areas. In Common Market countries, [EC BS
800, or CISPR recommendations apply. The Federal Republic of Germany re-
quires VDE 0871 or VDE 0875, depending on the operating frequency. In the
United States the Federal Communication Commission’s (FCC) rules apply, and
similar limit. are recommended in Canada under CSA, C108.8-M1983.

In general, the range of frequencies covered by the regulations spans from 10
kHz to 30 MHz. Domestic locations have more rigorous regulations than office or
industrial locations.

Figure 1.3.1 shows the FCC and VDE limits for conducted RFI emissions in
force at the time of publication.
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FIG. 1.3.1 Conducted-mode RFI limits as specified by FCC Part 15 (Subpart j) VDE 0871 and 0875.
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3.2 EMI/RFI PROPAGATION MODES

There are two forms of propagation of interest to the power supply designer:
electromagnetic radiated E and H waves and conducted interference on supply
lines and interconnecting wires.

Radiated interference is normally minimized as a natural result of the layout
and wiring practices required to reduce leakage inductance and improve perfor-
mance. Typically the high-frequency current loops will be short, and twisted
pairs will be used where possible. Transformers and chokes with air gaps will be
screened to reduce radiated magnetic fields (see Part 1, Chap. 4), screened boxes
or equipment enclosures will often be used.

The techniques applied to minimize conducted interference will also reduce
radiated noise. The following sections concentrate on the conducted aspect of
power supply interference, as once the conducted limits have been met, the ra-
diated limits will normally be satisfied as well.

3.3 POWERLINE CONDUCTED-MODE
INTERFERENCE

Two major aspects of conducted interference will be considered: differential-
mode conducted noise and common-mode conducted noise.
These will be considered separately.

Differential-Mode Interference -

Differential- or series-mode interference is that component of RF noise which ex-
ists between any two supply or output lines. In the case of off-line SMPS, this
would normally be live and neutral ac supply lines or positive and gegative output
lines. The interference voltage acts in series with the supply or output voltage.

Common-Made Interference

Common-mode interference is that component of RF noise which exists on any
or all supply or output lines with respect to the common ground plane (chassis,

box, or ground return wire).

3.4 SAFETY REGULATIONS (GROUND RETURN
CURRENTS)

It may seem out of place to be considering safety requirements at this stage; how-
ever, this is necessary because the safety agencies specify the maximum ground
return currents, so as to minimize shock hazard in the event of ground circuit
faults. This requirement not only requires good attention to insulation, but also
puts a severe limitation on the value of capacitors which may be fitted between
the supply lines and ground. This capacitor size limitation has a profound impact
on the design of the line input filters.

The permitted limits for ground return currents vary among the regulatory
agencies and also depend on the intended equipment applications. For example,
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medical equipment, as one might expect, has a very stringent, so-called “‘earth

leakage current” limit.

The ground return current limits, as set by some of the major regulatory agen-
cies, that are in force at the time of printing are shown in Table 1.3.1.

TABLE 1.3.1

and the Recommended Maximum Values for Y Filter Capacitors

Maximum Ground Leakage Currents Permitted by the Safety Regulations,

Ground leakage

Magimum value

Country Specification current limits 1and C2
U.S.A. UL 478 5mA 120V 60 Hz 0.11 pF
UL 1283 0.5-3.5 mA 120 V 60 Hz 0.011-0.077 pF
Canada C222No 1 5mA 120V 60 Hz 0.11 pF
. SEV 1054-1 0.75 mA 250 V 50 Hz 0.0095 pF
Switzerland IEC 335-1 B
Germany VDE 0804 3.5mA 250V 50 Hz 0.0446 nF
0.5 mA 250 V 50 Hz 0.0064 pnF
U.K. BS 2135 0.25-5 mA 250 V 50 Hz 0.0032-0.064 uF
Sweden SEN 432901 0.55mA 250 V 50 Hz 0.0064 pF
0.25-5 mA 250 V 50 Hz 0.0032-0.064 pF

Table 1.3.1 gives the maximum value of decoupling capacitance that may be

fitted in positions C1 and C2 in Fig. 1.3.2, for each specification. These values
assume zero contribution from insulation leakage and stray capacitance. To min-
imize inductor and filter size, the largest decoupling capacitor permitted by the
regulations should be used. Since one side of the input is always assumed to be
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FIG. 1.3.2 Ground leakage current test cirzzuit, as specified by CSA 22.2, part 1.
(Note: CT and RT values depend on the equipment and agency requirements.)
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neutral (connected to the ground at the service entrance), only one capacitor will be
conducting at any time. However, the total leakage current should be checked to
establish the total contribution from all the capacitive and insulation leakage paths.

Figure 1.3.2 shows the method of measurement for ground return currents. It
is assumed that only one side of the supply could be ‘‘hot,”” and hence only one
capacitor will be conducting to ground return at any time.

3.5 POWERLINE FILTERS

To meet the conducted-mode noise specifications, relatively powerful line filters
will normally be required. However, as previously demonstrated, safety regula-
tions severely limit the size of the capacitors fitted between the supply lines and
ground plane.

Because of the limited size of the decoupling capacitors, the filter cannot eas-
ily cure the severe common-mode interference problems which can occur as a
result of poor wiring, bad layout, poor screening, or bad location of the power
switching elements. Hence, good EMI performance demands care and attention
to all these aspects at every stage of the design and development process. There
is no substitute for effective suppression of EMI at the source.

3.6 SUPPRESSING EMI AT SOURCE

Figure 1.3.3 shows several of the more common causes of EMI problems. Failure
to screen the switching devices and failure to provide RF screens in the trans-
former are principal causes of conducted common-mode interference. This com-
ponent of interference is also the most difficult to eliminate in the filter, because
of the limited decoupling capacitor size.

The differential- or series-mode noise is more easily bypassed by the electro-
lytic storage capacitors and the relatively large decoupling capacitors C3 and C4
which are permitted across the supply lines. _

Common-mode RF interference currents are introduced into the local ground
plane (normally the chassis or box of the power supply) by insulation leakage and
parasitic electrostatic and/or electromagnetic coupling, shown as C,,, through C,s
on Fig. 1.3.3. The return loop for these parasitic currents will be closed back to
the input supply lines through the decoupling capacitors C1 and C2.

The prime mover for this loop current tends to a constant-current source, as the
source voltage and source impedance are very high. Hence the voltage across the de-
coupling capacitors C1 and C2 tends to a voltage source proportional to the current
magnitude and capacitor impedance at the interference harmenic frequency:

Vi=Lix X,

where V,; = harmonic interference voltage
I, = interference current at the harmonic frequency
X, = reactance of Cl or C2 at the harmonic frequency

c

(It is assumed that the insulation leakage current is negligible.) This voltage
source V,; will now drive current into the series inductors L1, L2, and L3 and
into the output lines to return via the ground line. It is this external component of
RF current that will cause external interference, and hence it is this that is cov-
ered by the regulations and must be minimized.
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3.7 EXAMPLE

Consider the parasitic current loop A, B, C, D, and back to A, shown in Figure
1.3.3. Point A is the high-voltage switching transistor package.
For a flyback application, the voltage on this transistor may be of the order of

|
o J : ] 600 V and the switching frequency typically 30 kHz. Because of the fast switch-

ing edges, harmonics- will extend up to several megahertz. Parasitic capacitive

z

[
» ﬁ\‘ p5

- § o coupling (shown as C,, in the diagram) will exist between the transistor case A
g iR - 4 and the ground plane B.

«5 g The tenth harmonic of the switching frequency will bé 300 kHz, well inside the
X a ";& RF band laid down in the regulations. If square-wave operation is assumed, the
SYE i amplitude of this harmonic will be approximately 20 dB down on 600 V, or 60 V.
E § § ““"""“ Assuming the leakage capacitance to be 30 pF, a current of 3.4 mA will flow into

the ground plane at 300 kHz.
The current loop is closed back to the transistor by the filter capacitors C1 and C2,
To meet the most stringent safety regulations, the maximum capacitance al-
lowed for C1 and C2 would be, say, 0.01 pF.

z ! If the majority of the ground plane current returns via one of these capacitors,
r_-§ < then the voltage V,; across its terminals, nodes C to D, will be 180 mV. The in-
Sz — ——"" s ductors L1 and L2 now form a voltage divider network between point D and. the
&= simulated; 50-Q supply line resistance RT. If the voltage across R7T is to be less

) than 250 pV (48 dB up on 1 pV, the regulation limit), then L1 and L2 must in-
! troduce an attenuation of more than 50 dB at this harmonic frequency, an almost
impossible task for inductors which must also carry the supply input current.
By fitting an electrostatic screen between the transistor and the ground plane,
; connecting it such that the RF currents are returned to the input source, the ac
i voltage across the parasitic capacitance C,, will be eliminated and the effective
. RF current from point A to ground will be considerably reduced (see Figs. 1.3.4
l' and 1.3.5). The demands now placed on the input filter are not s& stringent.
i Reducing the RF currents in the ground plane at the source is by far the best
approach to EMI elimination. Once these interference currents have been intro-
duced into the ground plane, it is very difficult to predict what path they will
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FIG. 1.3.3 Example of parasitic RFI current paths in a typical off-line switchmode power supply.
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take. Clearly all the high-voltage ac components should be isolated from the
ground plane, or if contact cooling is required, they should be screened (see Fig.
1.3.4). Transformers should have Faraday screens, which should be returned to
the input DC lines, to return capacitively coupled currents to the supply lines (see
Fig. 1.3.5). These RFI screens are in addition to the normal safety screens, which
must be returned to the ground plane for safety reasons.

Capacitor C4 (Fig. 1.3.3) reduces the differential- or series-mode noise applied
to the terminals of L1. The major generator of noise in this part of the circuit is
the input rectifier bridge (as a result of the rectifier reverse recovery current
spikes). The series-mode noise generated by the power switching elements is best
decoupled by a capacitor C5 close to the point where the noise is generated. In
any event, the large electrolytic storage capacitors will usually effectively shunt
away the majority of any series noise that appears between the high-voltage DC
lines. In some cases, additional filter components L4, L5, and C6 (Fig. 1.3.5) are
provided to improve the series-mode filtering.

3.8 LINE IMPEDANCE STABILIZATION
NETWORK (LISN)

Figure 1.3.6 shows the standard LISN, used for the measurement of line-
conducted interference, as specified by CSA C108.8-M1983 Amendment 5, 1983.
(Similar networks are specified by the FCC and VDE.) In principle the wideband
line chokes L1 and L2 divert any interference noise currents from the supply into
the 50-() test receiver via the 0.1-pF capacitors C3 or C4. The line not under test
is terminated in 0.1 pF and 50 2. It is normal to test both supply lines indepen-
dently for common-mode noise, as the user can connect the input in reverse or
may have isolated supplies. .

N—; R
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FIG. 1.3.6 Standard line impedance stabilization network (LISN) as specified for
FCC, CSA, and VDE conducted-mode line interference testing.

3.9 LINE FILTER DESIGN

The design approach used in Secs. 3.4 through 3.8 was to consider the line filter as
an attenuating voltage divider network for common-mode RF noise. This ap-
proach is used in preference to normal filter design techniques, as he source and
load impedances are not definable in the powerline environment.

The interference noise generator, in switchmode supplies, is very often a high-
voltage source in series with a high impedance; this tends to a constant-current
source. To give good attenuation, one of the prime requirements is to convert the
constant-current noise source into a voltage source. This is achieved by provid-
ing a low-impedance shunt path at the power supply end of the filter. Hence,
powerline filters will not be symmetrical or matched networks.

““Network analysis’® shows that the greater the mismatch of the filter imped-
ance to the source or terminating impedance, the more effective the filter is in
attenuating the RF interference.

Referring to Fig. 1.3.3, and assuming a constant current into nodes C and D,
the attenuation into the external 50-Q test receiver would be 12 dB/octave pro-
vided that inductors L1 and L2 and capacitors C1 and C2 have good wideband
impedance characteristics. Although capacitors meeting this criterion can be eas-
ily selected, wideband inductors are not so easily found and are difficult to de-
sign, as they must also carry the supply line currents without significant power
loss.

Finally, as shown in Sec. 3.4, the safety requirements set a limit on the max-
imum size of the decoupling capacitors C1 and C2, so that any further increase in
the attenuation factor of the filter is critically dependent on the value and perfor-
mancé of the series inductors L1 and L2. Some design criteria for the filter in-
ductors will now be considered.

»
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3.10 COMMON-MODE LINE FILTER INDUCTORS

Inductor L1 in Fig. 1.3.3 should be considered a special case. For the best
common-mode attenuation it must have a high common-mode inductance and
also carry the 60-Hz supply*current.

To provide the maximum inductance on the smallest core, a high-permeability
core material will be used. It is normal practice to wind L1 with two windings.
These windings carry large currents at twice the line frequency, as'the rectifier
diodes only conduct at the peak of the input voltage waveforms.

In more conventional choke designs, this operating condition would require a
low-permeability material or air gap in the magnetic path to prevent saturation of
the core. However, in this application, the two windings on L1 are phased such
that they provide maximum inductance for common-mode currents but cancel for
series-mode currents.

) This phasing prevents the core from saturating for the normal 60-Hz differen-
tial line currents, as these flow in opposite phase in each winding, eliminating the
60-_Hz induction. However, this phasing also results in negligible inductance for
series-mode noise currents, and additional noncoupled inductors L2 and L3 will
sometimes be required to reduce series-mode noise currents.

This is one situation in which a large leakage inductance between the two
windings on L1 can be an advantage. For this reason, and to meet safety require-
ments, the windings will normally be physically separated and a bobbin with two
isolated sections will be used. As the low-frequency induction is small, a high-
permeability ferrite or iron core material may be used, without the need for an air
gap.

Where this type of common-mode inductor is used for the output filter in DC
applications, the series-mode DC components will also cancel, and the same con-
ditions prevail.

The performance of L1 for common-mode noise is quite different. Common-
mode noise appears on both supply lines at the same time, with respect to the
ground plane. The large shunt capacitor C2 helps to ensure that the noise ampli-
tude will be the same on both lines where they connect to the inductor. The two
windings will now be in phase for this condition, and both windings behave as
one, providing a large common-mode inductance.

To maintain good high-frequency rejection, the self-resonant frequency of the
filter inductors should be as high as possible. To meet this need, the interwinding
capacitance and capacitance to core must be as low as possible. For this reason
single-layer spaced windings on insulated high-permeability ferrite toroids are of-
ten used. The effective inductance of the common-mode inductors can be quite
large, typically several millihenrys.

When extra series-mode inductors are used (L2 and L3 in Fig. 1.3.3), the
common-mode inductor L1 can be designed to reject the low-frequency compo-
nents only, and so the interwinding capacitance is not so important. For this ap-
plication ferrite E cores can be used; these have two section bobbins, giving good
line-to-line insulation. Inductors L2 and L3 must provide good high-frequency at-
tenuation and would normally be low-permeability iron powder or MPP
Permalloy toroids. Single-layer wound chokes on these low-permeability cores
will not saturate at the line frequency currents.

The inductance and size of the main common-mode choke L1 depends on the
current in the supply lines and the attenudtion required. This is best established
by measuring the conducted noise with capacitors C1 and C2 in place but without
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inductors. The voltage and frequency of the largest harmonic are noted, and the
inductance required to bring this within the limit can be calculated. It then re-
mains to select a suitable core, wire size, and turns for the required inductance,
current rating, and temperature rise.

It should be noted that the losses in L1 are nearly all resistive copper losses
(PRc.), as the core induction and skin effects are negligible. The design of L1 is
an iterative process which is probably best started by selecting a core size for the
current rating and required inductance using the ‘‘area-product’’ approach (see

Part 3, Chap. 1).

3.11 DESIGN EXAMPLE, COMMON-MODE LINE
FILTER INDUCTORS

Assume it has been established by calculation or measurement (Sec. 3.10) that a
100-W power supply operating from a 110-V ac supply requires a common-mode
inductance of 5 mH to meet the EMI limits. Further assume the power loss in the
inductor is not to exceed 1 percent (1 W) and the temperature rise is not to ex-

ceed 30 K (all typical values).
For a temperature rise of 30 K at 1 W, the thermal resistance of the finished

inductor (to free air) R, is 30 K/W. From Table 2.19.1, at R, = 30 K/W, a core

size of E25/25/7 is indicated.
For a 100-W unit with an efficiency of 70% and power factor of 0.63 (typical

values for a flyback SMPS capacitor input filter), the input current will be 2 A

rms at 110 V. )
If the total loss (both windings) is to be 1 W, then I?R = 1 and the resistance
of the total windings R, must not exceed 0.25 Q. -

From the manufacturer’s data, the copper resistance factor A, for the E25
bobbin is 32 Q. The turns to fill the bobbin and give a resistance of 0.25 () can

now be calculated:

Cu 0.25
N = = \/———-=88tums
YA, 32 x 1076

Allowing 10% loss for the split bobbin, there will be 40 turns for each side. )
The A, factor (inductance factor) for the E25 core in the highest permeability
material N30 is 3100 nH. The inductance may now be calculated:

L =N XA = 40% x 3100 X 107 = 4.96 mH

The largest wire gauge that will just fill the bobbin for this number of turns (from
the manufacturer’s data) is AWG 20. Since the inductance is marginal, the pro-
cess can be repeated with the next larger core. :

3.12 SERIES-MODE INDUCTORS

The design of the series-mode ‘iron dust or MPP cored inductors is covered in
Chaps. 1, 2, and 3 of Part 3.
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3.13 PROBLEMS

t

. Explain and give examples of some of the typical causes of conducted and ra-

diated RFTI interference in switchmode power supplies.

. What forms of electrical ,_noise propagation are of most interest to the power

supply designer?

. Describe the difference between differential-mode interference and common-

mode interference.

. Why is it important to reduce interference noise to the minimum?
. At what position in the power supply is RFI interference best eliminated?
- Why are line filters of limited value in eliminating common-mode line-borne

interference?

e
A

CHAPTER 4

FARADAY SCREENS

4.1 INTRODUCTION

One of the most difficult problems in switchmode power supply design is to re-
duce the common-mode conducted RFI current to acceptable limits. This con-
ducted electrical noise problem is mainly caused by parasitic electrostatic and
electromagnetic coupling between the various switching elements and the ground
plane. (The ground plane can be the chassis, cabinet, or ground return wire, de-
pending on the type of unit.)

The designer should examine the layout, identify the areas where such prob-
lems may exist, and introduce at the design stage the correct screening methods.
1t is very difficult to correct for poor RFI design practices at a later stage. Likely
problem areas are shown in Fig. 1.4.1, a diagram of the typical problem areas for
parasitic coupling in a flyback SMPS. Suitable locations for Faraday screens are
shown. -

In most applications, Faraday screens will be required where high-frequency,
high-voltage switching waveforms can capacitively couple to the ground plane or
secondary outputs. Typical positions would be where switching transistors and
rectifier diodes are mounted on heat sinks which are in contact with the main
chassis. Further, where components or wires carry large switching currents,
noise can be coupled by both magnetic and capacitive coupling. Other likely
problem areas are output rectifiers; output chassis-mounted capacitors; and ca-
pacitive coupling between the primary, secondary, and core of the main switch-
ing transformer and any other drive or control transformers.

4.2 FARADAY SCREENS AS APPLIED TO
SWITCHING DEVICES

When components are mounted on heat sinks which are to be thermally linked to
the chassis, the normal way of eliminating undesirable capacitive coupling is to
place an el=ctrostatic screen between the offending component and the heat sink.
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This screen, normally copper, must be insulated from both the heat sink and the
transistor or diode, so that it picks up the capacitively coupled ac currents and
returns them to a convenient *‘star’’ point on the input circuit. For the primary
components, the ‘‘star’’ point will usually be the common negative DC supply
line, close to the switching device. For secondary components, the *‘star” point
will normally be the common return to the transformer. Figure 1.4.1 demon-
strates the principle.

e

=2

FIG. 1.4.1 Return paths for capacitively coupled Faraday screen currents in
primary and secondary circuits.

One example of a TO3 transistor Faraday screen is shown in Fig. 1.4.2. The
primary switching transistor, with its high voltage and high-frequency switching
waveform, would couple a significant noise current through the capacitance be-
tween the transistor case and the main chassis unless a screen is fitted between
them. In the mounting arrangement shown in Fig. 1.4.2, the copper screen will
return this parasitic noise current to the input circuit, thus completing the current
loop without introducing current into the ground plane. The screen will not inject
any significant current through the capacitance to the heat sink, because it has a
relatively small high-frequency ac voltage relative to the chassis or ground plane.
The designer may identify other areas where problems can occur; in that event,
similar screening should be used.
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FIG. 1.4.2 Insulated Faraday screen, positioned bet\:!cen TO3 switching transistor and heat sink.
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4.3 TRANSFORMER FARADAY SCREENS AND
SAFETY SCREENS

To prevent circulation of RF currents between the primary and secondary wind-
ings or between the primary and the grounded safety screen, the main switching
transformer will usually have at least one RFI Faraday screen in the primary
winding. In some applications, an additional safety screen will be required be-
tween the primary and secondary windings. There are major differences in con-
struction, location, and connection between the Faraday RFI screens and the
safety screens. Safety regulations require that the safety screens be returned to
the ground plane or chassis, whereas RFI screens will normally be returned to
the input or output circuits. The EMI screens and connections may be made of
very lightweight copper, as they carry very little current. However, for safety
reasons, the safety screen must be rated for a current of at least three times the
supply fuse rating.

Figure 1.4.3 shows the typical arrangement of safety and RFI screens in a
switchmode transformer for ‘‘off-line’” use. In the fully screened application
shown, the two RFI screens will be adjacent to the primary and secondary wind-
ings, and the safety screen will be between the two RFI screens. If secondary
RFI screens are not required, the safety screen will be between the primary RFI
screen and any output windings. As a further insulation precaution, the primary
RFI screen may be DC isolated from the input powerlines by a series capacitor.
(A value of 0.01 wF at the rated isolation voltage is usually sufficient.)

The RFI screen shown on the secondary side is fitted only when maximum
noise rejection is required or when output voltages are high. This screen would
be returned to the common output line. Transformer screens should be fitted only
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FIG. 1.4.3 Fully screened transformer, showing positions and con-

nections of primary and secondary Faraday screens, with an addi-
tional primary-to-secondary safety screen.
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when essential, as the increased buildup and winding height increase the leakage
inductance and degrade the performance.

To prevent the high-frequency screen return currents (which can be consider-
able during the switching transient) from coupling to the secondary by normal
transformer action, the screen connections should be made to the center of the
screen, rather than one end. In this way, the capacitively coupled screen return
currents flow in opposite directions around each half of the screen, cancelling any
inductive coupling effects. Remember, the ends of the screen mus be insulated
to prevent a closed turn.

4.4 FARADAY SCREENS ON OUTPUT
COMPONENTS

For high-voltage outputs, RFI screens may be fitted between the output rectifiers
and their heat sinks. If the secondary voltages are small, say 12 V or less, the
secondary transformer RFI screen and rectifier screens should not be required.

The need for Faraday screens on output rectifier diodes can sometimes be elim-
inated by making the diode heat sink dead to RF voltages by putting the output filter
choke in the return line. Typical examples are shown in Fig. 1.4.4a and b.

If the diode and transistor heat sinks are completely isolated from the chassis
(for example, mounted on the pcb), Faraday screens are unlikely to be required
on these components.

4.5 REDUCING RADIATED EMI IN GAPPED
TRANSFORMER CORES

Ferrite flyback transformers and high-frequency inductors will usually have a rel-
atively large air gap in the magnetic path, to define the inductance or to prevent
saturation. Considerable energy can be stored in the magnetic field associated
with this air gap. Unless the transformer or choke is screened, an electromagnetic
field (EMI) will be radiated from the gap, and this can cause interference to the
supply itself or to local equipment. Further, this radiated field may exceed the
radiated EMI limits.

The largest field radiation will occur with cores that have a gap in the outer
limbs or a gap that is equally distributed across the pole pieces. This radiation
may be reduced by a factor of 6 dB or more by concentrating the air gap in the
center pole only. With totally enclosed pot cores, the reduction in radiation by
using only a center pole gap would be much greater. However, for off-line appli-
cations, the pot core is not often used because the creepage distance require-
ments at the higher voltages usually cannot be satisfied.

Concentrating the air gap in the center pole alone increases the temperature
rise and reduces efficiency. This increased loss is probably due to magnetic fringe
effects at the edge of the pole pieces in the center of the winding. The disturbance
of the magnetic field within the windings results in additional skin and eddy-
current losses, and a further reduction in efficiency of up to 2%. Also, the in-
creased losses in the region of the gap can cause a hot spot and premature failure
of the insulation in this area. : *

In cores which are gapped in the outer legs, the addition of a copper screen

4. FARADAY SCREENS 1.47

CONVERTER

| \ CHASSIS

NOTE: HEAT SINK 1S RF
COMMON TO CHASSIS

——e e
{a)
| D10DE HEAT SINK MOUNTED
| ON CHASSIS
N L e
L B

I
L4

{b)

FIG. 1.4.4 A methiod of reducing parasitic RFI currents in chassis-mounted output di-
ode heat sinks by fitting the output choke in the common return line. (a) Push-pull appli-

cations; (b) single-ended outputs.

around the outside of the transformer gives a considerable reduction in radiation.
Figure 1.4.5 shows a typical example.

This screen should be a totally closed loop around the nutside of the transformer,
over the outer limbs and windings, and centered on the air gap. The width of the
screen should be approximately 30% of the width of the bobbin and should be in the
same plane as the windings. To be effective, it must have minimum resistance; a
copper screen with a thickness of at least 0.010 in is recommended.

It would appear that this screen is effective because of both eddy-current
losses and the action of the closed loop. The current induced in the closed loop
will generate a back MMF to oppose radiation. In flyback transformers, the
screen should not be more than 30% of the bobbin width, as problems of core
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FIG. 1.4.5 Copper screen fitted to a switching transformer, to reduce RFI
and EMI radiation. (Note: Screen goes around the outside of the core legs.)

saturation have been observed with wide screens. Although the screen is nor-
mally used for cores which are gapped in the outer legs, it will be effective for
transformers with a gap in either the center pole or the outer legs. In either case,
there will be a reduction in magnetic radiation of up to 12 dB.

However the application of a transformer screen results in lower transformer
efficiency. This is due to the additional power losses in the screen, caused by
eddy-current heating effects. If the air gap is in the outer poles, the power loss in
the screen may amount to as much as 1% of the rated output power, depending
on the size of the air gap and the power rating of the unit. For applications in
which the air gap is in the center pole only, there will be little further increase in
power loss from fitting a screen. However, the overall transformer efficiency is
about the same in both cases, as the center pole gap increases the losses in the
transformer windings by about the same amount.

It would seem that effective magnetic screening of the transformer can be ap-
plied only at the expense of additional power losses. Consequently, such screen-
ing should be used only where essential. In many cases, the power supply or host
equipment will have a metal enclosure so that EMI requirements will be met
without the need for extra transformer screening. When open-frame switching
units are used in video display terminals, screening of the transformer will usually
be required to prevent interference with the display by magnetic coupling to the
CRT beam. The additional heat generated by the outer copper screen may be
conducted away using a heat sink or a thermal shunt from the screen to the chas-
sis. Figure 1.4.5 shows a typical example of a copper EMI screen as applied to an
E core transformer with air gaps in the outer legs.

4.6 PROBLEMS

1. Why are Faraday screens so effective in reducing common-mode interference
in high-voltage switching devices and transformers?

2. What is a line impedance stabilization network (LISN)?
. What is the difference between common-mode and series-mode line filter inductors?

4. What is the difference between a Faraday screen and a safety screen in a
switching transformer?

W

CHAPTER 5

FUSE SELECTION

5.1 INTRODUCTION

Fuses (fusible wire links) are one of the oldest and most universally used over-
load protection methods. However, because the function of the fuse is thought to
be elementary, it tends not to get the close attention it deserves for a thorough
understanding of its characteristics.

Modern fuse technology is an advanced science; new and better fuses are con-
tinually being developed to meet the more demanding requirements for protection
of semiconductor circuitry. To obtain the most reliable long-term performance
and best protection, a fuse must be knowledgeably chosen to suit the application.

5.2 FUSE PARAMETERS

From an electrical standpoint, fuses are categorized by three major parameters: cur-
rent rating, voltage. rating, and, most important, “‘let-through” current, or [t rating.

Current Rating

1t is common knowledge that a fuse has a current rating and that this must exceed
the maximum DC or rms current demanded by the protected circuit. However, there
are two other ratings that are equally important for the selection of the correct fuse.

Voltage Rating

The voltage rating of a fuse is not necessarily linked to the supply voltage.
Rather, the fuse voltage rating is an indication of the fuse’s ability to extinguish
the arc that is generated as the fuse element melts under fault conditions. The
voltage across the fuse element under these conditions depends on the supply
voltage and the type of circuit. For example, a fuse in series with an inductive
circuit may see voltages several times greater than the supply voltage during the
clearance transient.

Failure to select a fuse of appropriate voltage rating may result in excessive
arcing during a fault, which will increase the *‘let-through’’ energy during the fuse
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clearance. In particularly severe circumstances, the fuse cartridge may explode
causing a fire hazard. Special methods of arc extinction are utilized in high:
voltage fuses. These include sand filling and spring-loaded fuse elements.

*Let-Through” Current (°f Rating)

This characteristic of the fuse is defined by the amount of energy \hat must be
dissipated in the fuse element to cause it to melt. This is sometimes referred to as
the pre-arcing let-through current. To melt the fuse element, heat energy must be
dissipated in the element more rapidly than it can be conducted away. This re-
quires a defined current and time product.

For very short time periods (less than 10 ms), very little heat is conducted away
from the fuse element, and the amount of energy necessary to melt the fuse is a func-
tion of the fuse element’s specific heat, its mass, and type of alloy used. The heat
energy dissipated in the fuse element is in the form of watt-seconds (joules), or
PR X t for a particular fuse. As the fuse resistance is a constant, this is « I2f, x,xor-
mally referred to as the Pt rating for a particular fuse or the pre-arcing energy.

For longer periods, the energy required to melt the fuse element will vary ac-
cording to the element material and the thermal conduction properties of the sur-
rounding filler and fuse housing.

In higher-voltage circuits, an arc will be struck after the fuse element has
melted and a further amount of energy will be passed to the output circuit while
this arc is maintained. The magnitude of this amount of energy is dependent on
the applied voltage, the characteristic of the circuit, and the design of the fuse
element. Consequently, this parameter is not a function of the fuse alone and will
vary with the application.

The I?t rating categorizes fuses into the more familiar **slow-blow" normal,
and “‘fast-blow" types. Figure 1.5.1 shows the shape of a typical pre-arcing
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FIG. 1.5.1 Typical fuse I’ ratings and pre-arcing fuse clearance times for fast, medium, and
slow fuse links. (Courtesy Littelfuse Inc.)
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current/time let-through characteristic for each of the three types. The curve
roughly follows an I?t law for periods of less than 10 ms. The addition of various
moderators within the fuse package can greatly modify the shape of this clear-
ance characteristic. It should be noted that the I’ energy (and hence the energy
let-through to the protected equipment) can be as much as two decades greater in
a slow-blow fuse of the same DC current rating! For example, a 10-A fuse can
have an I’r rating ranging from A*s 5 for a fast fuse to 3000 A%s for a slow fuse.

The total let-through energy of the fuse (pre-arcing plus arcing) also varies
enormously. Further, it depends on the fusible link material, construction of the
fusible element, applied voltage, type of fault, and other circuit-linked parame-

ters.

5.3 TYPES OF FUSES

Time-Delay Fuse (Slow-Blow)

A time-delay fuse will have a relatively massive fuse element, usually of low-
melting-point alloy. As a result, these fuses can provide large currents for rela-
tively long periods without rupture. They are widely used for circuits with large
inrush currents, such as motors, solenoids, and transformers.

Standard-Blow Fuse

These fuses are low-cost and generally of more conventional construction, using
copper elements, often in clear glass enclosures. They can handle short-term
high-current transients, and because of their low cost, they are widely used. Very
often the size is selected for short-circuit protection only.

Very Fast Acting Fuses (HRC Semiconductor Fuses)

These fuses are intended for the protection of semiconductor devices. As such,
they are required to give the minimum let-through energy during an overload con-
dition. Fuse elements will have little mass and will often be surrounded by some
form of filler. The purpose of the filler is to conduct heat away from the fuse dur-
ing long-term current stress to provide good long-term reliability, and to quickly
quench the arc when the fuse element melts under fault conditions. For short-
term high-current transients, the thermal conductivity of the filler is relatively
poor. This allows the fuse element to reach melting temperature rapidly, with the
minimum energy input. Such fuses will clear very rapidly under transient current
loads.

Other important fuse properties, sometimes neglected, are the long-term reliabil-
ity and power loss of the fuse element. Low-cost fast-clearance fuses will often rely
on a single strand of extremely thin wire. This wire is fragile and is often sensitive to
mechanical stress and vibration; in any event, such fuse elements will deteriorate
over the longer term, even at currents below the rated value. A typical operating life
of 1000 h is often quoted for this type of fuse at its rated current.

The more expensive quartz sand-filled fuses will provide much longer life,
since the heat generated by the thin element is conducted away under normal
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conditions. Also, the mechanical degradation of the fuse element under vibratio,
is not so rapid, as the filling gives mechanical support. 1

Slow-blow fuses, on the other hand, are generally much more robust and wil
have longer working lives at their rated current. However, these fuses, with their
high *‘let-through’ power, will not give very effective protection to sensitive
semiconductor circuits.

This brief description covers only a very few of the ingenious methods that are
used in modern fuse technology to obtain special characteristics. It serves to il-
lustrate the number of different properties that fuses can exhibit, aqd perhaps will
draw a little more attention to the importance of correct fuse selection and re-
placement.

5.4 SELECTING FUSES

Off-Line Switchmode Supplies

The initial fuse selection for off-line switching supplies will be made as follows:

For the line input fuse, study the turn-on characteristics of the supply and the
action of the inrush-limiting circuitry at maximum and minimum input voltages
and full current-limited load. Choose a standard- or slow-blow fuse that provides
sufficient current margin to give reliable operation and satisfy the inrush require-
ments. Its continuous current rating should be low enough to provide good pro-
tection in the event of a genuine failure. However, for long fuse life, the current
rating should not be too close to the maximum rms equipment input current mea-
sured at minimum input voltage and maximum load (perhaps 150% of I,,,,, maxi-
mum). Note: Use meastred or calculated rms currents, and allow for the form
factor (approximately 0.6 for capacitor input filters) when calculating rms cur-
rents.

The voltage rating of the fuse must at least exceed the peak supply voltage.
This rating is important, as excessive arcing will take place if the voltage rating is
too low. Arcing can let through considerable amounts of energy, and may result
in explosive rupture of the fuse, with a risk of fire in the equipment.

55 SCR CROWBAR FUSES

If SCR-type overvoltage protection is provided, it is often supplemented by a se-
ries fuse. This fuse should have an I rating considerably less (perhaps 60% less)
than the SCR I rating, to ensure that the fuse will clear before SCR failure. Of
course, a fast-blow fuse is selected in this case. The user should understand that
fuses degrade with age, and there should be a periodic replacement policy. The
failure of a fuse in older equipment is not necessarily an indication that the equip-
‘ment has developed a fault (other than a tired fuse).

5.6 TRANSFORMER INPUT FUSES

The selection of fuses for 60-Hz transformer input supplies, such as liﬁear regu-
lator supplies, is not as straightforward as may have been expected.

i
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Very often inrush limiting is not provided in linear power supply applications,
and inrush currents can be large. Further, if grain-oriented C cores or similar
cores'are used, there is a possibility of partial core saturation during the first half
cycle as-a result of magnetic memory of the previous operation. These effects
must be considered when selecting fuses. Slow-blow fuses may be necessary.

It can be seen from the preceding discussion that the selection of fuse rating
and type for optimum protection and long life is a task to be carried out with
some care. For continued .optimum protection, the user must ensure that fuses
are always replaced by others of the same type and rating.

5.7 PROBLEMS

1. Quote the three major selection criteria for supply or output fuses.

2. Why is the voltage rating of a fuse so important?

3. Under what conditions may the fuse voltage rating exceed the supply voltage?
4. Why is the I°t rating of a fuse an important selection criterion?

5. Why is it important to replace a fuse with another of the same type and rating?
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CHAPTER 6

LINE RECTIFICATION
AND CAPACITOR
INPUT FILTERS
FOR “DIRECT-OFF-LINE”
SWITCHMODE POWER
SUPPLIES

6.1 INTRODUCTION

As previously mentioned, the “‘direct-off-line” switchmode supply is so called
because it takes its power input directly from the ac power lines, without using
the rather large low-frequency (60-50 Hz) isolation transformer normally found in
linear power supplies. :

In the switchmode system, the input-to-output galvanic isolation is provided
by a much smaller high-frequency transformer, driven by a semiconductor in-
verter circuit so as to provide some form of DC-to-DC conversion. To provide a
DC input to the converter, it is normal practice to rectify and smooth the 50/60-
Hz ac supply, using semiconductor power rectifiers and large electrolytic capac-
itors. (Exceptions to this would be special low-distortion systems, where input
boost regulators are used to improve the power factor. These special systems will
not be considered here.)

For dual input voltage operation [nominally 120/240 V ac], it is common prac-
tice to use a full-bridge rectifier for the high-input-voltage conditions, and various
link arrangements to obtain voltage doubler action for the low-input-voltage con-
ditions. Using this approach, the high-frequency DC-to-DC converter can be de-
signed for a nominal DC input of approximately 320 V for both input voltages.

An important aspect of the system design is the correct sizing of input induc-
tors, rectifier current ratings, input switch ratings, filter component size, and in-
put fuse ratings. To size these components correctly, a full knowledge of the rel-
evant applied stress is required. For example, to size the rectifier diodes, input
fuses, and filter inductors correctly, the values of peak and rms input currents
will be required, while the correct sizing of reservoir and/or filter capacitors re-
quires the effective rms capacitor current. However, these stress values are in
turn a function of source resistance, loading, and actual component values.

A rigorous mathematical analysis of the input rectifier and filter is possible,
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but tedious.®? Further, previous graphical methods®® assume a resistance load
with an exponential capacitor disct.xarge..ln power supply applications, the loacci
applied to the capacitor input filter is the input loading Qf the regulated DC:to-l.)

converter section. This load is a constant-power loac_l in the case of a sw1tchm_g
regulator, or a constant-current load in the case of a linear regulator. Hence, this
previous work is not directly applicable except where ripple voltages are rela-

tively small. ) ) .
Nale:y A constant-power load takes an increasing current as the input voltage

falls, the reverse of a resistive load. B
To meet this sizing need, a number of graphs hav.e been empmcall.y deve!op.ed
from actual system measurements. These will assist the designer in the initial

component selection.

6.2 TYPICAL DUAL-VOLTAGE CAPACITOR
INPUT FILTER CIRCUIT

i .6.1 shows a typical dual-voltage rectifier capacitor .input. ﬁltgr circuit. A
Erlzgku(l;;tlioi LK1 is prozgded which allows the.rectiﬁer capacitor circuit to be cox:;
figured as a voltage doubler for 120-V operation or as a bridge rectlfier_for .24(2:-5
operation. The basic rectifier capacitor input filter and_energy_storage circuit (C5,
C6, and DI through D4) has been supp}emented with an input fuse FS1 ,Lan
inrush-limiting thermistor NTC1, and a high-frequency noise filter (L1, L2, L3,

Cl, C2, C3, and C4).

310 vOC -
pt $03 ’L s
| pC - DC
LK1 CONVERTER
{Constant
LINK Power Load)

irect-off-li ink- -voltage, capaci-
FIG. 1.6.1 Example of a direct-off-line, h'ng selec}ed dual-vo
tive input filter and rectifier circuit, with additional high-frequency conducted-

mode input filter.

For 240-V operation, the link LK1 will not be fitted, ?.nd diodes D1 through ]})14
act as a full-bridge rectifier. This will provide approximately 320 V‘DC to 5 ;
constant-power DC-to-DC com;]erter load. Low-frequtehnc%; Zxcrlxoothmg is provide

i 5 and C6, which act in series across the . )
oy ;'?)gale:gls Speration, the link LK1 is fitted, connegting dlodes_D3 and D4 in
parallel with C5 and C6. Since these diodes now remain ‘reverse-.bgased through-
out the cycle, they are no longer active. Howeyer, durmg‘ a positive half cycle,
D1 conducts to charge CS5 (top positive), and_ during a negative half <_:ycle, DZ con-
ducts to charge C6 (bottom negative), Since C5 and C6 are in series, the

}
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outputvoltage is the sum of the two capacitor voltages, giving the requi

t 2 ) , quired volt-
age doubling. (In this configuration, the voltage doubler can be considered as t“l,:,
half-wave rectifier circuits in series, with alternate half cycle charging for the res
ervoir capacitors.) g

6.3 EFFECTIVE SERIES RESISTANCE R, \

:I‘he eﬁfective series resistance R, is made up of all the various series components
including the source resistance, which appear between the prime power sourcé
and the reservoir capacitors C5 and C6. To simplify the analysis, the various re-
sistances are lumped into a single effective resistance R,. To further reduce peak
currents, additional series resistance may be added to provide a final optimum
eﬁ'eche series resistance. It will be shown that the performance of the rectifier
capacitor input filter and energy storage circuit is very much dependent on this
final optimum effective series resistance.

A simplified version of the bridge circuit is shown in Fig. 1.6.2. In this simpli-
fied circuit, the series reservoir capacitors C5 and C6 are replaced by their equiv-
alent capacitance C,, and the effective series resistance R, has been positioned
on the output side of the bridge rectifier to further ease the analysis.

Al RS et
—AAA-
D1 ana
Ve
° BC - DC
= CONVERTER
Ce == (Constant
Power Load)
D2 fF D4
IBI

FIG. 1.6.2 Simplified capacitive input filter circuit, with
full-wave bridge rectifier and lumped total effective source
resistance R,.

In the example shown in Fig. 1.6.2, the effective series resistance R, is made
up as follows: iy

The prime source resistance R, is the resistance of the power supply line it-
self. Its value will depend on the location of the supply, the size of utility trans-
former, and the distance from the service entrance. Values between 20 and 600
m{) have been found in typical industrial and office locations. Although this may
appear to be quite low, it can still have a significant effect in large power systems.
In any event, the value of the source resistance is generally outside the control of
the power supply designer, and at least this range must be accommodated by any
practical supply design. .
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A second and usually larger series resistance component is usually introduced
by the input fuse, filter inductors, rectifier diodes, and inrush-limiting devices. In
the 100-W example shown in Fig. 1.6.1, the inrush-limiting thermistor NTC1 is
the major contributor, with a *‘hot resistance’’ of typically 1 Q. In higher-power
supplies, the inrush-limiting resistor or thermistor will often be shorted out by 3
triac or SCR after initial start-up, to reduce the source resistance and power loss.

6.4 CONSTANT-POWER LOAD

By design, the switchmode power supply will maintain its output voltage con-
stant for a wide range of input voltages. Since the output voltage is fixed, under
steady loading conditions, the output power remains constant as the input voltage
changes. Hence, since the converter efficiency also remains nearly constant, so
does the converter input power.

In order to maintain constant input power as the input voltage to the converter
falls; the input current must rise. Thus the voltage discharge characteristic VC, of
the storage capacitor C, is like a reverse exponential, the voltage starting at its
maximum initial value V, after a diode conduction period.

2Pn\12
= 2 _ =
VC, (V, C. )

where C, = storage capacitor value, uF
VC, = voltage across the C,
V; = initial voltage on C, at 1, -
P = loading power (on converter)

t = time (p.s) after r, but before ¢,

This characteristic is shown by the solid discharge lines VC,, or VC,, in the pe-
riod t,-15 in Fig. 1.6.3.

6.5 CONSTANT-CURRENT LOAD

To complete the picture, the linear regulator must also maintain the output volt-
age constant as the regulator input voltage falls, between diode conduction peri-
ods. However, in the case of the linear regulator, the input current is the same as
the output current, and it remains constant as the input voltage falls. Hence, for
the linear regulator, the capacitor discharge characteristic is linear rather than an

inverted exponential.

6.6 RECTIFIER AND CAPACITOR WAVEFORMS

Figure 1.6.3a shows the familiar full-wave rectifier waveforms that would be ob-
tained from the circuit shown in Fig. 1.6.2. The dashed waveform is the half

N
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FIG. 1.6.3 .Regtiﬁer and capacitor voltage and current waveforms in a full-
wave capacitor input filter. (a) Capacitor voltage waveform; (b) rectifier diode
current waveform; (c) capacitor current waveform.

sinusoidal rectified voltage across points A-B (assuming zero diode drop). The

solid line shows the capacitor voltage VC,, or VC,; across points C-B as applied’

to t?e l;>ad (in this case the load is the input of the regulated DC-to-DC converter
section). :
When the voltage applied to the bridge rectifier exceeds the i i

t ¢ L _ previous capacitor
voltage (time ?,), the rectifier diodes become forward-biased, and curren?ﬂows
via R, to supply the load and charge capacitor C,. During the conduction period
(t=1;), a large ¢u1'rent flows in the rectifier diodes, input circuit, and reservoir

‘\\.//
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capacitors; hence capacitors C, will charge toward the peak voltage of the sup-
ply. However, at 1,, the applied voltage falls below the capacitor voltage, the rec-
tifier diodes are blocked, and the input current falls to zero. Figure 1.6.3b shows
the input current waveforms, and 1.6.3¢, the capacitor current waveforms.

During the period £,—t;, the load current is supplied entirely from the storage
capacitor C,, partly discharging it. As the voltage falls, the load current in-
creases, increasing the rate of voltage decay. At 13, the supply voltage again ex-
ceeds the capacitor voltage, and the cycle repeats.

It should be noticed that the peak capacitor voltage is always less than the
applied peak voltage as a result of the inevitable voltage drop across R, and the
rectifier diodes. This voltage drop is a function of load current and the value of

o

Figure 1.6.3 shows (dashed line) that increasing the effective series resistance
from its minimum value to some higher value will slightly increase the voltage
drop to VC,,. This will reduce the peak current and increase the conduction angle
of the rectifier diodes. The considerably reduced diode peak currents reduce in-
put wiring and filter J?r losses and improve the power factor.

The peak-peak ripple voltage is mainly a function of the capacitor size and
load current. It is only slightly changed by the increased value of effective series
resistance R,.

The capacitor ripple current is shown in Fig. 1.6.3¢. During the conduction
period (t,-t;), the capacitor C, is charging (shown as a positive current excur-
sion); during the following diode blocking period (1,—t5), C, will discharge. The
peak and rms capacitor currents are a function of load, capacitor size, and the
value of R,. Under steady-state conditions, the area B (under the zero line) must
equal the area A (above the line) to maintain the mean voltage across C, con-

stant.

6.7 INPUT CURRENT, CAPACITOR RIPPLE, AND
PEAK CURRENTS

From Fig. 1.6.3, it will be clear that even if the input voltage remains sinusoidal,
the input current will be very distorted, with large peak values. This distorted
current waveform results in increased input I’ power loss and low input power
factors. Further, a large ripple current will flow in the filter capacitors.

Figures 1.6.4, 1.6.5, and 1.6.6 show how the rms input currents, rms capacitor
currents, and peak capacitor currents are related to input power, with the value
of the effective resistance factor R, as a parameter in typical applications. This
information will be found useful for the correct sizing of the input components.

(See Sec. 6.10.)

6.8 EFFEGTIVE INPUT CURRENT I,, AND
POWER FACTOR

In Figs. 1.6.4, 1.6.5, and 1.6.6, the rms input, peak, and ripple currents are all
given as a ratio to a ‘‘calculated effective input current’’ I.:

P
I =‘—,f—“
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2 [_ . -
- where I, = calculated effective input current, A rms
N P;, = calculated (or measured) input power, W
D Vin = supply voltage, rms
\ T
2 '\§ Ast= 50 Note: 1, is thus the calculated ‘‘real’’ component of input current (the component
Set. 5 Ref = 1 502 v": “{hlch prosiuces the real power). Because of the large harmonic component in the
£ Rsf = 500 0 - W distorted input current, the measured input rms current will be larger by an
\ amount defined by the power factor P, (approximately 0.63 in the case of a ca-
pacitor input filter).
. Note: Although *‘power factor’ P,is normally defined as
0 25 1 P50 . 75 100 _ true input power
NPUT POMER ¥ =5 T
. . . . input V- A product
:‘IG. lefe: RMS input current as a function of loading, with source resistance factor R, asa
in the case of the *‘direct-off-line’’ rectifier capacitor input filter, the low source
resistance of the supply ensures that the input voltage remains near constant and
free of distortion. Hence the power factor may be defined as the ratio of the ef-
. fective input current to the rms input current, i.e.,
1.5 \\‘\\‘1\
\\\ . P.= Ie
~ p———— Rsf= 500 -W ’ T Dintems)
m S ——— Rsf= 1500 +W } BRIDGE i
@ ——
& e~ Rif- 02w 6.9 SELECTING INRUSH-LIMITING
2 sf = . VOLTAGE
Rsf=500% - W { DOUBLER ! RESISTANCE
i . . . . . . -
! As previously mentioned, the effective series resistance R, is made up of a num-
ber of factors, some of which are outside the designer’s control. A large series
0.5 inrush-limiting resistance has the advantage of reducing peak repetitive and in-
0 25 50 75 100 rush currents, reducing the stress on rectifier diodes, storage capacitor, and filter
INPUT POWER % components. This gives a better power factor. However, it also results in a larger

FIG. 1.6.5 RMS filter capacitor current as a function of loading, with source resistance factor R as total power loss, reduced overall efficiency, and reduced output voltage regu la-

a parameter. ﬁon.
: The inrush-limiting resistance is often a compromise selection. In low-power

8 T : applications, where an inrush-limiting thermistor is used, this will usually provide
= j . sufficient **hot resistance’ to limit peak currents and give the required perfor-
g \\\ i : ; mance. In high-power applications, where low-resistance triac or SCR inrush lim-
2 7 : - iting is used, the input filter inductor often becomes the predominant series re-
= \\\A\ sistance and is wound to give the required resistance. The maximum value of this
Sle § AN - inductor resistance will then be limited by the permitted inductor temperature
g \\\ rise. However, this power loss limited approach to the inductor design has the
o s -~ advantage of permitting the maximum number of turns to be wound on the core,
g ~——— e iving the maximum ind he selected core size. (See Chaps. 1, 2, and
Py ——— Rsf = 150 & «W giving the maximum inductance on the selected core (See Chaps. 1, 2, an

4 Rsf= 500 2 -W 3 in Part 3.)

3

0 25 50 75 100 : 6.10 RESISTANCE FACTOR R;

INPUT POJER 1
In Figs. 1.6.4, 1.6.5, and 1.6.6, the effective series resistance R, has been con-

FIG. 1.6.6 Ratio of peak capacitor current to effective input current I i
loading, with source reistance factor R, as a parameter. - as a function of verted to a resistance factor R, for more universal application, where

1.60

N _ -
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Ry = R;. X output power

If specifications call for a power factor better than 0.6, it may be necessary to
supplement the normal sourée resistance with an additional series power resistor.
This has a penalty of increased power loss, with an inevitable decrease in overall
efficiency. For power factors better than 0.7, a low-frequency cho input filter
may be required. (Special continuous conduction boost regulator 1i(gput circuits
may be required in some applications.)

6.11 DESIGN EXAMPLE

The following example will serve to demonstrate the use of the graphs.

Question: For a 110-V 250-W 70% efficient ‘‘off-line”” switchmode power supply
using a rectifier capacitor input filter and a voltage doubler circuit, establish the
fuse rating, minimum capacitor size, rms input current, and peak and rms capac-
itor currents.

Note: For a voltage doubler circuit, Fig. 1.6.1, the recommended minimum ca-
pacitor values are 3 uF/W (see Sec. 6.12), giving a value of 750 w.F minimum for
each capacitor C5 and C6.

Input Power P,,

Assuming an efficiency of 70%, the input power P,, to the converter (and filter)
will be

Effective Input Current I,

For an input voltage of 110 V, the effective input current I, will be

Input Resistance Factor R,,

Assuming a typical total effective input resistance R, of 0.42 {2, the resistance
factor R, will be

Ry=R; X Py =042 X357 =1500-W

“

RMS Input Current I,,,,,...,

Entering Fig. ! 7 4 with 100% load and a resistance factor R of 150 yields the
ratio L, ime) /bz‘AS; hence v Y '
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Iy =325 1.48 = 4.8 A rms

This rms input current will define the continuous-current rating of the input fuse
at 110 V input. It is also used for the selection and losses in the input filter in-
ductors. (Note that if the minimum input voltage is to be less than 110 V, the
calculation will be done for the lowest input voltage.)

RMS Capacitor Current /.o5(rms)

Using the same 100% load and resistance factors in the voltage doubler connec-
tion, Fig. 1.6.5 gives the ratio Io,p(ms /I, = I at full load; hence

Igp =1 3.25 =325 A rms

The capacitors must be chosen to meet or exceed this ripple current requirement.

Peak Input Current /..

From Fig. 1.6.6, at full load, the ratio of I.., /I, = 4.6, giving a peak input cur-

rent of 15 A.
The rectifier diodes will be chosen to meet this peak repetitive current and the

rms input current needs.

6.12 DC OUTPUT VOLTAGE AND REGULATION
FOR RECTIFIER CAPACITOR INPUT FILTERS

It has been shown 2% # that provided that the product X C, X R, > 50, the
DC output voltage of the rectifier capacitor input filter (with a resistive load) will
be defined mainly by the effective series resistance R, and load power. However,
when the ripple voltage is low, this criterion also holds for the nonlinear

converter-type load.
Figures 1.6.7 and 1.6.8 show the mean DC output voltage of the rectifier ca-

pacitive input filter as a function of load power and input rms voltage up to 10600
W, with series resistance R ; as a parameter. ’

To maintain @ X C, X R, > 50, the effective filter capacitor C, must be 1.5
wF/W or greater (3 pF/W for CS and C6 in the voltage doubler connection, re-
member; in this case C, is made up of C5 and C6 in series). In general, this value
of capacitance will also be found to meet ripple current and holdup time require-
ments.

6.13 EXAMPLE OF RECTIFIER CAPACITOR
INPUT FILTER DC OUTPUT VOLTAGE
CALCULATION

Consider the previous example for a 250-W unit. The input power is 357 “and
“a voltage doubler circuit is to be used at 110 V input. The total seriJes ressince
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R, is 0.5 (2, and, as previously shown, two capacitors of at least 750 wF will be
used (in series).

Filter DC Output Voltage V, . oc)

From Fig. 1.6.8, entering with a power of 357 W, the 0.5-Q R; line yield‘s the ratio
Vourncy Vingms) = 2.6. Hence the DC voltage is 0.5-0

2.6 X 110 = 286 VDC

The ratio irpproves at lower powers, and the voltage regulation may be obtained
by calculating the output voltage at lower powers in a similar way.

6.14 SELECTING RESERVOIR AND/OR FILTER
CAPACITOR SIZE

In the above exam_ple, the reservoir and/or filter capacitor values were chosen to
meet the rather simplistic C, = 1.5 WF/W criterion indicated in Sec. 6.12. In
practice, one or more of the following five major factors may control the selec-
tion:

RMS ripple current rating
Ripple voltage

Voltage rating

Size and cost

Holdup time

RMS Ripple Current Rating

This rating must be satisfied to prevent excessive temperature rise in the capac-
itor and possible premature failure. (See Part 3, Chap. 12.)

The problem at this stage is to know what value of rms ripple current applies.
As shown previously, the ripple current is already a function of capacitor value,
total series resistance R,, load, and input voltage.

However, Fig. 1.6.5 shows the measured rms ripple currents as a ratio of the
“*effective input current’ 1, for a range of load and source resistances, assuming
that the capacitor value C, is not less than 1.5 pF/W (3 wF/W for C5 and C6).

Note: The *‘effective input current” is the calculated *‘real”” component of input
current, not the measured (or calculated) rms input current; hence

_ true input power
rms input voltage

The rms input current will be greater than I, because of the low power factor

(approximately 0.63) of the rectifier capacitor input filter circuit.
Although in Fig, 1.6.5 the ratio I/I, appears lower in the voltage-doubled
< ,

! o { 1 L {

i : !
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mode, the actual ripple current will be greater, as I, is approximately twice the
value for the same output power in this mode.

(If in doubt for a particular application, check the capacitor rms current using
a low-resistance true rms current meter with a high crest factor rating. See Part 3,

Chaps. 12, 13, and 14.)

Ripple Voltage

This requirement will often define the minimum capacitor value when holdup
time requirements are short (less than 1 cycle duration).

Large ripple voltages on C, will reduce the range of input voltages that can be
accommodated by the converter. They may also give excessive output ripple (de-
pending on the design).

Typically, switchmode designs aim for a ripple voltage of less than 10% of V¢
(say 30 V). The ripple voltage will be maximum at minimum supply voltage, as
a result of the increase of input current.

Example

Selecting C, so as to satisfy a particular ripple voltage limit:

Consider a requirement where the primary filter ripple voltage is not to exceed
10% of Vipc for a 100-W supply, designed for a minimum input of 170 V rms at 60
Hz when the overall efficiency is 70%, with the effective series source resistance
R, =24.

At 100 W output, with an efficiency of 70% the input power wilk be 143 W.
From Fig. 1.6.7, at 143 W and R, = 2 ( in the bridge-connected mode, the ratio
Voutwe) /Vinemsy = 1.32, and the header voltage Vpc at 170 V rms input will be
1.32 x 170 = 224 V (DC).

The converter input power is 143 W, giving an effective DC converter input
current of P/Vpc = 143/224 or 0.64 A (DC). :

Extrapolating from Fig. 1.6.3, the capacitor discharge period is approximately
6 ms at 60 Hz. Since the ripple voltage is small (10% or 23 V in this example), a
linear discharge will be assumed over the discharge period.

With these approximations, a simple linear equation may be used to establish
the approximate value of C, that will give the required 10% ripple voltage:

At
= X —_—
C, =1 A
where C, = effective capacitor value, pF (effective value of C1 and C2 in series)
I = converter input DC current, A (0.64 A in this example)

At = discharge period, s (6 ms in this example)
Av = peak—peak ripple voltage, V (in this case 10% Vpc = 22.4 V p-p)

Therefore
_0.64 x 6 x 107

2.4 = 171 pF

Ce

Since two capacitors are to be used in series, each capacitor will be 342 pF ~in-

%
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imum. In this example, the capacitors’ values exceed the minimum 3 pF/W cri-
terion but are not clearly oversize. Hence, the ripple voltage needs may not be
the dominant factor, and the ripple current rating and holdup time should also be

checked.

Voltage Rating

This is perhaps an obvious parameter, but remember to consider max‘lmum input
voltages and minimum loads. Also, the voltage margin should include an allow-
ance for temperature derating and required MTBF derating needs.

Size and Cost

High-voltage high-capacity electrolytic capacitors are expensive and large. It is
not cost-effective to use oversize components.

Holdup Time

Holdup time is the minimum time period for which the supply will maintain the
output voltages within their output regulation limits when the input supply is re-
moved or falls below the input regulation limits. Although *‘holdup time’ has
been considered last, it is often the dominant factor and may even be the main
reason that a switchmode supply was chosen.

In spite of its obvious importance, holdup time is often poorly specified. This
parameter is a function of the size of the storage capacitor C,, the applied load,
the voltage on the capacitor at the time of line failure, and the design of the sup-
ply (dropout voltage). Note: It is difficult, inefficient, and expensive to design for
a very low dropout voltage.

It is clearly very important to define the loading conditions, output voltage,
and supply voltage immediately prior to failure when specifying holdup time,

It has become the industry standard to assume nominal input voltage and full-
load operation unless otherwise stated in the specifications. In critical computer
and control applications, it may be essential to provide a specified minimum
holdup time from full-load and minipum input voltage conditions. If this is the
real requirement, then it must be specified, as it has a major impact on the size
and cost of the reservoir capacitors and will become the dominant selection fac-
tor. (Because of the higher cost, very few ‘*standard off-the-shelf”’ supplies meet
this second condition.) :

In either case, if the holdup time exceeds 20 ms, it will probably be the dom-
inant capacitor sizing factor, and C, will be evaluated to meet this need. In this
case, the minimum reservoir capacitor size C ¢y, is calculated on the basis of
energy storage requirements as follows: Let

C = minimum effective reservoir capacitor size, pF
E, = output energy used during holdup time (output power X holdup time)
E, = input energy used during holdup time (E /efficiency)
V, = DC voltage on reservoir capacitor (at start of line failure)
E,, = energy stored in reservoir capacitor (at start of line failure)
V, = voltage on reservoir capacitor (at power supply drop-out)
E_, = energy remaining in reservoir capacitor (at power supply dropout)
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Now:
1
E; = E C(Vs)z
1 2
E,f = '2' C(Vf)
Then:
Energy used E; = energy removed from capacitor
i 2 1
E; =5 CV,F = Z Cvg?
Cvi - v4
- 2
Thus:
_ 2 X E;
Ce(min) - v 2 sz
Example

Calculate the minimum reservoir capacitor value C, to provide 42 ms of holdup
time at an output power of 90 W. The minimum input voltage prior te failure is to
be 190 V.

The supply is designed for 230-V rms nominal input, with the link position se-
lected for bridge operation. The efficiency is 70%, and the power supply drop-out
input voltage is 152 V rms. The effective series resistance in the input filter (R,)
is1Q.

Since the failure may occur at the end of a previous normal half cycle quies-
cent period, the capacitor may have already been discharging for 8 ms, so the
worst-case discharge period can be (42 + 8) = 50 ms. This period must be used
in the calculation.

From Fig. 1.6.7, the DC voltage across the two series storage capacitors C5
and C6 prior to line failure and at drop-out will be

V, = 1.35 X 190 = 256 V DC
Vr=135x152=205V
During this period the energy used by the supply E;

Output power X time X 100 90 x50 x 1073 x 100

Efficiency % 70% = 6433

Therefore
2 X 6.43

=547 pF
2562 — 2052 :

Cemin) =
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Since two capacitors in series are to be used for C,, the value must be doubled,
giving two capacitors of 1094 pF minimum. To allow for tolerance and end-of-life
degrading, two standard 1500-uF capacitors would probably be used in this
example.

It is clear that this is a very large capacitor for a 90-W power supply and that
it is more than adequate to meet ripple current and ripple voltage requirements.
This capacitor choice is clearly dominated by the holdup time needs. \

6.15 SELECTING INPUT FUSE RATINGS

It has been shown in Fig. 1.6.4 that the rms input current is a function of load,
source resistance R,, and storage capacitor value, It is at a maximum at low input
voltages. It is the rms input current that will cause fuse elément heating and
hence defines the fuse’s continuous rating. Further, the fuse must withstand the
inrush current on initial switch-on at maximum input voltage.

Procedure: Select the input fuse continuous rms current rating as defined by Fig.

1.6.4, allowing a 50% margin for aging effects.
Select the I?¢ rating to meet the inrush needs as defined in Part 1, Chap. 7.

6.16 POWER FACTOR AND EFFICIENCY
MEASUREMENTS

From Fig. 1.6.3, it can be seen that the input voltage is only slightly distorted by
the very nonlinear load presented by the capacitor input filter. The sinusoidal in-
put is maintained because the line input resistance is very low. The input current,
however, is very distorted and discontinuous, but superficially would appear to
be a part sine wave in phase with the voltage. This leads to a common error: The
product Vi ime X Linems) is assumed to give input power. This is not so! This
product is the input volt-ampere product; it must be multiplied by the power fac-
tor (typically 0.6 for a capacitor input filter) to get true power.

The reason for the low power factor is that the nonsinusoidal current
waveform contains a large odd harmonic content, and the phase and amplitude of
all harmonics must be included in the measurement.

The input power is best measured with a true wattmeter with a bandwidth ex-
ceeding 1 kHz. Many moving-coil dynamometer instruments are suitable; how-
ever, beware of instruments containing iron, as these can give considerable er-
rors at the higher harmonic frequencies, Modern digital instruments are usually
suitable, provided that the bandwidth is large; they have a large crest factor, and
true rms sensing is provided. Again beware of instruments which are peak or
mean sensing, but only rms calibrated, as these will read correctly only for true
sine-wave inputs. (Rectified moving-coil instruments fall into this category.)

When making efficiency measurements, remember that you are comparing
two large numbers with only a small difference. It is the difference which defines
the power loss in the system, and a small error in any reading can give a large
error in the apparent loss. Figure 1.6.9 shows the possible error range as a func-
tion of real efficiency when the input and ottput measurements have a possible
error in the range of only 2%.

In a multiple-output power supply, many instruments may be used and the po-
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FIG. 1.6.9 Possible range of error of internal power loss and efficiency
calculations as a function of real efficiency, with a measurement error of 2%.

tential for error is large. When using electrodynamic or dynamorgeter wattme-
ters, do not neglect the wattmeter burden, which is always present. This error
cannot be eliminated by calibration, as it depends on the relative ratio of current
to voltage, and this changes with each measurement. It also depends on the way
the instrument is set up. (In general, the current shunt or coil should precede the
voltage terminals for high-current, low-voltage measurements, and the reverse
applies for low-current, high-voltage measurements.)

6.177 PROBLEMS

1. Why are capacitive input filters often used for direct-off-line switchmode
supplies?

2. What are the major disadvantages of the capacitive input filter?

3. What is the typical power factor of a capacitive input filter, and why is it rel-
atively poor?

4. Why must a true wattmeter be used for measuring input power?

5. Why is line inrush-current limiting required with capacitive input filter cir-
cuits? ’

6. Why is the input reservoir capacitor ripple current so important in the selec-
tion of input capacitor types?

7. What parameters are important in the selection of input rectifiers for capac-
itive input filters? J




1.72 L . PART 1

8. How can the power factor of a capacitive input filter be improved?

9. Using the nomograms shown in Sec. 1.6.9, establish the minimum input fuse
rating, reservoir capacitor value, reservoir ripple current, peak current in the
rectifier diodes, filter DC output voltage at full load, and voltage regulation at
10% to full load. (Assume that the total source resistance including the
mr_ush-hx_mtmg resistance is 0.75 €, the supply voltage is 100 V rms, the ef-
ficiency is 75%, and a voltage doubler circuit as shown in Fig. 1.6.8 is used.)

10. Calculate the minimum value of the reservoir capacitor needed to give a
holdup time of one half cycle at 60 Hz if the SMPS is 70% efficicnt and the
output power is to be 200 W. (Assume that the supply voltage just before line
failure is 90 V rms and the dropout voltage is 80 V rms. The supply has a
Kc;ltag)e doubler input as shown in Fig. 1.6.8, and the source resistance R, is

CHAPTER 7
INRUSH CONTROL

7.1 INTRODUCTION

In ‘‘direct-off-line’’ switchmode supplies, where minimum size and cost are a ma-
jor consideration, it is common practice to use direct-off-line semiconductor
bridge rectification with capacitive input filters to produce the high-voitage DC
supply for the converter section.

If the line input is switched directly to this type of rectifier capacitor arrange-
ment, very large inrush currents will flow in the supply lines, input components,
switches, rectifiers, and capacitors. This is not only very stressful on these com-
ponents, it may also cause interference with other equipment sharing a common
supply line impedance.

Various methods of ‘‘inrush current control’’ are used to reduce this stress.
Normally these methods include some form of series limiting resistive device in
one or more of the supply lines between the input point and the reiervoir capac-
itors.

These limiting devices usually take one of the following three forms: series
resistors, thermistor inrush limiting, and active limiting circuits.

7.2 SERIES RESISTORS

For low-power applications, simple series resistors may be used, as shown in Fig.
1.7.1. However, a compromise must be made, as a high value of resistance,
which will give a low inrush current, will also be very dissipative under normal
operating conditions. Consequently, a compromise selection must be made be-
tween acceptable inrush current and acceptable operating losses.

The series resistors must be selected to withstand the initial high voltage and
high current stress (which occurs when the supply is first switched on). Special
high-current surge-rated resistors are best suited for this application. Adequately
rated wirewound types are often used, however. If high humidity is to be ex-
pected, the wirewound types should be avoided. With such resistors, the tran-
sient thermal stress and wire expansion tend to degrade the integrity of the pro-
tective coating, allowing the ingress of moisture and leading to early failure.

Figure 1.7.1 shows the normal positions for the limiting resistors. Where dual
input voltage operation is required, two resistors should be used in positions R1
and R2. This has the advantage of effective parallel operation for low-voltage link -

1.73
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FIG. 1.7.1 Resistive inrush limiting circuit. (Suitable for bridge and voltage doubl ]
maintaining the inrush current at the same value.) # o operation.

positions and series operation for high-voltage link positions. This limits the in-
rush current at similar values for the two conditions.

. Where single-range input voltages are used, then a single inrush-limiting de-
vice may be fitted at position R3 at the input of the rectifiers.

7.3 THERMISTOR INRUSH LIMITING

Negative temperature coefficient thermistors (NTC) are often used in the position
of R1, R2, or R3 in low-power applications. The resistance of the NTCs is high
when the supply is first switched on, giving them an advantage over normal re-
sistors. They may be selected to give a low inrush current on initial switch-on
and yet, since the resistance will fall when the thermistor self-heats under normai
operating conditions, excessive dissipation is avoided.

However, a disadvantage also exists with thermistor limiting. When first
switched on, the thermistor resistance takes some time to fall to its working
value.. If the line input is near its minimum at this time, full regulation may not be
established for the warmup period. Further, when the supply is switched off, then
rapidly turned back on again, the thermistor will not have cooled completely and
some proportion of the inrush protection will be lost.

. Nevprfheless, this type of inrush limiting is often used for small units, and this
is why it is bad practice to switch SMPSs off and back on rapidly unless the sup-
ply has been designed for this mode of operation.

7.4 ACTIVE LIMITING CIRCUITS (TRIAC START
CIRCUIT)

For high-power converters, the limiting device is better shorted out to reduce
losses when the unit is fully operating.

()
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FIG. 1.7.2 Resistive inrush-limiting circuit with triac bypass for improved efficiency. (Note:
Higher inrush current for bridge operation.) ’

Position R1 will normally be selected for the start resistor so that a single triac
or relay may be used. R1 can be shunted by a triac or relay after start-up, as
shown in Fig. 1.7.2. Since the start resistance can have a much higher value in
this type of start-up circuit, it is not normally necessary to change the start re-
sistor for dual input voltage operation. -

Although Fig. 1.7.2 shows an active limiting arrangement in which a resistor is
shunted by a triac, other combinations using thyristors or relays are possible.

On initial switch-on, the inrush current is limited by the resistor. When the
input capacitors are fully charged, the active shunt device is operated to short out
the resistor, and hence the losses under normal running conditions wiil be fow.

In the case of the triac start circuit, the triac may be conveniently energized by
a winding on the main converter transformer. The normal converter turn-on de-
lay and soft start will provide a delay to the turn-on of the triac. This will allow
the input capacitors to fully charge through the start resistor before converter ac-
tion starts. This delay is important, because if the converter starts before the ca-
pacitors are fully charged, the load current will prevent full charging of the input
capacitors, and when the triac is energized there will be a further inrush current.

For high-power or low-voltage DC-to-DC converter applications (where the
power loss in the triac is unacceptable), a relay may be used. However, under
these conditions, it is very important that the input capacitors be fully charged
before the relay is operated. Consequently, converter action must not commence
until after relay contact closure, and suitable timing circuits must be used.

7.5 PROBLEMS

1. What are three typical methods of inrush control used in switchmode supplies?
2. Describe the major advantages and limitations of each method. )
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_CHAPTER 8
START-UP METHODS

8.1 INTRODUCTION

.If tt{e auxiliary supply is used only to power the power supply converter circuits
it will not be required when the converter is off. For this special case, the mair;
con:i/erter transformer can have extra windings to provide the auxiliz,lry power
needs.

i Howeyer, for this arrangement, some form of start-up circuit is required
Since this start circuit only needs to supply power for a short start-up period.
very efficient start systems are possible. ’

8.2 DISSIPATIVE (PASSIVE) START CIRCUIT

Figure 1.8.1 shows a typical dissipative start system. The high-voltage DC supply
will be dropped through series resistors R1 and R2 to charge the auxiliary storage
capacitor C3. A regulating zener diode ZD1 prevents excessive voltage being de-
veloped on C3. The charge on C3 provides the initial auxiliary power to the con-
trol and drive circuits when converter action is first established. This normally
occurs after the soft-start procedure is completed.

The auxiliary supply.is supplemented from a winding on the main transformer
T1 'when the converter is operating, preventing any further discharge of C3 and
mamtainjng the auxiliary supply voltage constant.

A. major requirement for this approach is that sufficient start-up delay must be
provided in the main converter to permit C3 to fully charge. Further, C3 must be
large enough to store sufficient energy to provide all the drive needs for correct
start-up of the converter.

) Ip th.is circuit, R1 and R2 remain in the circuit at all times. To avoid excessive
dissipation the resistance must be high, and hence the standby current require-
ments of the drive circuit must be low, prior to converter start-up. Since C3 may
be quite large, a delay of two or three hundred milliseconds can occur before C3
is fully charged. To ensure a good switching action for the first cycle of opera-
tion, C3 must be fully charged before start-up, and this requires a low-voltage
inhibit and delay on the start-up control and drive circuits.

To its advantage, the technique is very fow cost, and resistors R1 and R2 can
replace the normal safety discharge resistors which are inevitably required across
the large storage capacitors Cl and C2.
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FIG. 1.8.1 Resistive, dissipative start circuit, providing initial low-voltage auxiliary power
needs from the 300-V DC supply.

8.3 TRANSISTOR (ACTIVE) START CIRCUIT

Figure 1.8.2 shows the basic circuit of a2 more powerful and fast-acting start sys-
tem, incorporating a high-voltage transistor Q1. In this arrangeméit, the resis-
tance of R1 and R2 and the gain of Q1 are chosen such that transistor Q1 will be
biased into a fully saturated “‘on” state soon after initial switch-on of the supply.

As C1 and C2 charge, current flows in R1 and R2 to the base of QI, turning Q1
fully on. Zener diode ZD1 will not be conducting initially, as the voltage on C3
and the base of Q1 will be low. With QI turned on, a much larger current can
flow in the low-resistance R3 to charge C3.

In this circuit, resistor R3 can have a much lower value than R1 and R2 in the
circuit shown in Fig. 1.8.1. This will not result in excessive dissipation or degrade
the efficiency, as current will flow in R3 only during the start-up period. Transis-
tor Q1 will turn off after C3 has charged and will be operating in a saturated *‘on”’
state throughout the start-up period; hence its dissipation will also be very low.
R3 should be chosen to have a high surge rating (i.e., it should be wirewound or
carbon composition). ,

After switch-on, capacitor C3 will charge up relatively quickly and the voltage
on Q1 emitter and base will track this rising voltage +V,, until the voltage on the
base of Q1 approaches the zener voltage ZD1. At this point ZD1 starts to con-
duct, tending to pinch off Q1 and reducing the charge current into C3. The volt-
age and dissipation will now build up across Q1. However, once converter action
is established, regenerative feedback from the auxiliary winding on the main
transformer will provide current via D6 and resistor R4 to capacitor C3. Hence
the voltage on C3 will continue to increase until the base-emitter of Q1 is
reversed-biased and it is fully turned off.

At this point, diode D5 is brought into conduction, and the voltage across C3
will now be clamped by the zener diode ZD1 and diode D5. The dissipation in
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FIG. 1.8.2 Lower-dissipation, active transistor start circuit, providing initial low-voltage
auxiliary supply needs from the 300-V DC supply.

ZD! depends on the values of R4 and the maximum auxiliary current. With Q1
off, the current in R3 ceases, and its dissipation and that of Q1 will fall to zero.

As the start-up action is fast, much smaller components can be used for R3
and Q! than would otherwise be necessary, and heat sinks will not be required.
To prevent hazardous dissipation conditions in Q1 and R3 in the event of failure
of the converter, R3 should be able to support continuous conduction, or “fail
safe.” Fusible resistors or PTC thermistors, with their inherent self-protection
qualities, are ideal for this application.

This circuit is able to supply considerably more start-up current and gives
greater freedom in the design of the drive circuit.

8.4 IMPULSE START CIRCUITS

Figure 1.8.3 shows a typical impulse start circuit which operates as follows.

Resistors R1 and R2 (normally the discharge resistors for the reservoir capac-
itors C1 and C2) feed current into capacitor C3 after switch-on. The auxiliary
supply capacitor C4 will be discharged at this time.

The voltage on C3 will increase as it charges until the firing voltage of the diac
is reached. The diac will now fire and transfer part of the charge from C3 into C4,
the transfer current being limited by resistor R3.

The values of capacitors C3 and C4 and the diac voltage are chosen such that
the required auxiliary voltage will be developed across C4 and the converter will
start via its normal soft-start action.

Once again, by regenerative feedback (via D5 and the auxiliary winding), the
auxiliary power is now provided from the main transformer. As C4 is further
charged and its voltage increases, the diac will turn off since the voltage across it
can no longer reach the firing value (because of the clamping action of ZD1 on
C3).

This arrangement has the advantage of supplying a high current during the
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FIG. 1.8.3 Diac impulse start circuit, providing initial low-voltage auxiliary needs from the 300-
V DC supply.

turn-on transient, without excessive dissipation in the feed resistors R1 and R2.
In the rare event of the converter failing to start on the first impulse, the start-up
action will repeat as soon as capacitor C4 has discharged and C3 recharged to the
appropriate firing value for the diac. ) ]

The choice of diac is important. It must be able to deliver the required turn-on
current, and its firing voltage must be less than V; — V.., and greater than
V, — V, ;* otherwise lockout can occur after the ﬁrst impulsc?. It _is pgsstble to
replace the diac with a small SCR and the appropriate gate drive cEcult.

*Where V; is the ZD1 clamp voltage, V., the control circuit start voltage, and V; the voltage on C4
when the converter is running.
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CHAPTER 9

SOFT START AND
LOW-VOLTAGE INHIBIT

9.1 INTRODUCTION

Soft-start action is quite different from the inrush limiting discussed in Sec.
7.1, although the two functions are complementary. Both actions reduce the
inrush current to the supply during the initial switch-on period. However,
whereas inrush limiting directly limits the current into the input capacitors,
soft start acts upon the converter control circuit to give a progressively in-
creasing pulse width. This progressive start not only reduces the inrush cur-
rent stress on the output capacitors and converter components, it also reduces
the problems of transformer ‘‘flux doubling’ in push-pull and bridge topolo-
gies. (See Part 3, Chap. 7.)

It is normal practice with switchmode supplies to take the line input directly to
the rectifier and a large storage and/or filter capacitor via a low-impedance noise
filter. To prevent large inrush currents on initial switch-on, inrush-control. cir-
cuitry is normally provided. In large power systems, the inrush limiting often
consists of a series resistor which is shorted out by a triac, SCR, or relay when
the input capacitors are fully charged. (Part 1, Chap. 7 shows typical inrush-
control circuits.)

To allow the input capacitors to fully charge during start-up, it is necessary to
delay the start-up of the power converter so that it does not draw current from
the input capacitors uritil these are fully charged. If the capacitors have not been
fully charged, there will be a current surge when the inrush-control SCR or triac
operates to bypass the inrush-limiting series resistor. Furthermore, if the con-
verter was allowed to start up with maximum pulse width, there would be a large
current surge into the output capacitors and inductors, resulting in overshoot of
the output voltage because of the large current in the output inductor, and pos-
sibly saturation effects in the main transformer.

To deal with these start-up problems, a start-up delay and soft-start procedure
is usually provided by the control circuit. This will delay the initial switch-on of
the converter and allow the input capacitors to fully charge. After the delay, the
soft-start control circuit must start the converter from a narrow pulse condition
and slowly increase. This will allow the transformer and output inductor working
conditions to be correctly established. This will prevent *‘flux doubling” in push-
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pull circuits (see Part 3, Chap. 7). At the same time, the output voltages will be

more slowly established, reducing the secondary inductor current surge and the
tendency for output voltage overshoot. (See Part 1, Chap 10.)

9.2 SOFT-START CIRCUIT

A typical soft-start circuit is shown in Fig. 1.9.1. This operates as follows:

O ' 300 vDC TO
CONVERTER
. CIRCUIT
01 ¢
(200V)
R1
& (47K)
DI
10V
P — . ; AUXILIARY
i SUPPLY
4 o1 TO VOLTAGE
VOLTAGE CONTROL CCT
CONTROL AMP.
FEF] o
A1 - —— T0 DRIVE
cCTs
< PULSE WIDTH
R2 D3 4 R3<{470K) MODULATOR
(8K7)
o—r COMMON
sy e
INPUT TO
MODULATOR
0

FIG. 1.9.1 Soft-start circuit for duty-cycle-controlied SMPS.

en the supply.is first switched on, C1 will be discharged. Th.e increasing
volg:e on the 1‘())?\/y supply line will take the inverting input of ax_nphﬁer Al pos-
itive, inhibiting the output of the pulse-width modulator. Transistor Q1 will be
turned on via R2, keeping C1 discharged until the 300-V DC line to the converter
circuit has been established to a voltage exceeding 200 V.



\
.

1.82 PART 1

At this point ZD1 will start to conduct and Q1 will be turned off. C1 will now
charge via R3, taking the voltage on the inverting input of Al toward zero and
allowing the output of the pulse-width modulator to provide progressively in-
creasing pulses to the drive circuit until the required output voltage has been de-
veloped.

When the correct output voltage has been established, amplifier A2 takes
over control of the voltage at the inverting input of amplifier A1. C1 will con-
tinue charging via R3, reverse-biasing diode D2 and removing the igfluence of
C1 from the modulator action. When the supply is turned off, C1 will quickly
discharge through D3, resetting C1 for the next start action. D1 prevents Q1
being reversed-biased by more than a forward diode drop when the input volt-
age is high. .

This circuit not only provides turn-on delay and soft stdft, but also gives a
low-voltage inhibit action, preventing the converter from starting until the supply
voltage is fully established.

Many variations of this basic principle are possible. Figure 1.9.2 shows a soft-
start system applied to the transistor start circuit of Fig. 1.8.2. In this example,
the input to ZD2 will not go high and initiate soft start until the auxiliary capacitor
C3 has charged and Q1 turned off. Hence, in this circuit, the input and auxiliary
supply voltages must be correctly established before the soft-start action can be
initiated. This will ensure that the converter starts under correctly controlled
conditions.

9.3 LOW-VOLTAGE INHIBIT

In many switchmode designs it is necessary to prevent power converter action
when the input supply voltage is too low to ensure proper performance.

The converter control, drive, and power switching circuits all require the cor-
rect supply voltage to ensure a well-defined switching action. In many cases, at-
tempts to operate below the minimum input voltage will result in failure of the
power switches because of ill-defined drive conditions and nonsaturated power
switching.

Normally, the same voltage inhibit signal which prevents the initial start-up
action until the supply voltage is high enough to ensure correct operation will also
be used to shut the converter down in a well-defined way should the voltage fall
below a second minimum voltage.

The low-voltage inhibit circuitry is often linked to the soft-start system, so that
the unit will not turn on by normal soft-start action until the correct operating
voltage has been established. This also provides the delay required on the soft-
start action and prevents start-up race conditions.

A typical soft-start circuit with a low-voltage inhibit is shown in Fig. 1.9.2.
In this circuit, Schmitt trigger action is provided by the auxiliary winding with
sufficient hysteresis to prevent squegging at the turn-on threshold. (In this
context, ‘‘squegging’’ refers to the rapid “‘on-off’’ switching action that would
occur at the low-voltage threshold as a result of load-induced input voltage
changes.)
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FIG. 1.9.2 Combined low-dissipation transistor auxiliary start circuit, with duty ratio control (pulse-width

modulator) and soft-start characteristic.
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9.4 PROBLEMS

1. Under what conditions may an impulse-type start circuit, b i i
, be consid -
able start technique? ered a suit

2. [{;lxd:r what conditions would impulse start circuits not be considered suit-
able?

. What is the function of a soft-start circuit as opposed to inrush limjting?
4. What is the function of input low-voltage inhibit in switchmode applications?

w

CHAPTER 10 e

TURN-ON VOLTAGE
OVERSHOOT PREVENTION

10.1 INTRODUCTION

When a power supply is first switched on, either from the line input switch or
by electronic means (say from a TTL logic **high’ signal), there will be a de-
lay while the power and control circuits establish to their correct working con-
ditions. During this period, it is possible for the output voltage to exceed its
correct working value before full regulation is established, giving a ‘‘turn-on
voltage overshoot.”

10.2 TYPICAL CAUSES OF TURN-ON VOLTAGE
OVERSHOOT IN SWITCHMODE SUPPLIES e

In most switchmode power supplies, a controlled start-up sequence is initiated at
switch-on. Should the turn-on be from a line input switch, the first action will be
“inrush limiting,”* where a resistive element in series with the line input reduces
the peak inrush currents for a few cycles while the input capacitors are charged
up.
Following this inrush limiting, there will be a soft-start action. For soft start,
the pulse width to the power switching devices is progressively increased to es-
tablish the correct working conditions for transformers, inductors, and capaci-
tors. The voltage on the output capacitors is progressively increased with the in-
tention of smoothly establishing the required output voltage. However, even
under this controlled turn-on condition, it is possible for the output voltage to
overshoot, as a result of race conditions in the control circuit as follows.

Figure 1.10.1 shows the output filter and control amplifier of a typical duty-
cycle-controlled switchmode power supply. The control amplifier has a simple
pole-zero compensation network to stabilize the loop.

When the input is first applied to this supply, and throughout the start-up
phase, the control amplifier A1 will recognize the output voltage as being low,
and will demand maximum output and hence maximum- pulse width from the
ramp comparator A2. The high-gain-control amplifier A1 will be operating in a
saturated ‘*high’* state, with its output near +5 V. Hence, during this start-up
phase, the compensation capacitor C1 will be charged to +5 V.

1.85
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FIG. 1.10.1 Typical duty ratio control loop, showing voltage control amplifier with compen-
_ sation components R1 and C1.

During this start-up phase, the pulse width and hence the output voltage will
be under the control of the soft-start circuit and amplifier A3. Therefore the con-
trol amplifier will remain in its saturated “high’’ state until the output voltage is
within 1 or 2 mV of the required value. At this point, the output capacitors have
been charged and a considerable current has been established in the output in-
ductor L1. .

As the output voltage passes through the required value, the control amplifier
Al will start to respond. However, a considerable delay will now ensue while the
compensation network R1, C1 establishes its correct DC bias. Since the output
voltage of amplifier Al starts near +5 V (far away from the correct mean working
point of 2.5 V), and the slew rate of the amplifier is defined by the time constant
of R1, Cl, the correct amplifier working conditions are not established for a con-
siderable period. (In this example, the delay will be approximately 500 ps.) Dur-
ing the delay period, the pulse width will not be significantly reduced, as the out-
put of amplifier Al must be close to 2.5 V before it comes within the control
range of the pulse-width modulator A2. This delay, together with the excess cur-

rent now flowing in the output inductor L1, will cause a considerable overshoot.
(The output voltage will go to 7.5 V in this example, as shown in Fig. 1.10.2.)

10.3 OVERSHOOT PREVENTION

The overshoot can be considerably reduced by making the soft-start action very
slow, allowing the amplifier to take over before the overshoot is too large. This
has the disadvantage that the turn-on delay can be unacceptably long.

A much better arrangement is the linear power control circuit shown in Fig.
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FIG. 1.10.2 Output voltage characteristic of the circuit in Fig. 1.10.1 during the
“‘turn-on’’ transient, showing output voltage overshoot.

is circuit the 2.5-V reference voltage for the control gmphfier will be
:lxelagiexl'g ztaillt;e noninverting input to the amplifier when first swxitﬁ:hed ox;,s si?/ e(il
will be discharged prior to initial switch-on. The voltage on C1 will progr: i tg
increase as C1 charges via R1 and R4. Thus the reference voltage is alx;rainhge dto
increase at a rate somewhat slower than the. soft-stalrt action. Asa lifsiuw,e ot
trol amplifier will establish its normal working cor}dmpns ata rg;llcl: “c:l Wer output
voltage so that the latter part of the turn-on action is under

1 amplifier Al. ) o .

VOI'?f: gﬁ?ptﬁg voltgge now increases progressively, as shown in F:igo ; tiloe?:’o ::
response to the increasing referen_ce voltagg, under the fu(lil comlxinﬁa;; | Of the con-
trol amplifier. Since the correct bias conditions for C2 and amp!
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FIG. 1.10.3 Modified controt circuit, showing “turn-on’' overshoot prevention
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FIG. 1.10.4 ““Turn-on" characteristics of modified circuit, showi
overdamped, and optimum response. » Showing underdamped,

tablished at a much lower voltage, there will not be an overshoot wh 1 -
rect voltage has been established. For optimum selection of R1, R4, a‘:ll:ltg? ct(;xre
chan;e in the reference and hence the output voltage is nearly asymptotic to’ the
required 5-V value. The turn-on characteristic can be changed by adjusting R1
th, and C1. Typical turn-on characteristics of this type of circuit are shown ir;
Fig. 1.10.4. Small values of C1 will give underdamped and large values of C1
ove.rdamped performance. The same principle can be applied to any switchmode
or linear control circuit.

10.4 PROBLEMS

1. Givel a typical cause of *‘turn-on’” output voitage overshoot in switchmode
supplies.

2. Give two methods of reducing “‘turn-on’’ output voltage overshoot.

CHAPTER 11

OVERVOLTAGE PROTECTION

11.1 INTRODUCTION

During fault conditions, most power supplies have the potential to deliver higher
output voltages than those normally specified or required. In unprotected equip-
ment, it is possible for output voltages to be high enough to cause internal or ex-
ternal equipment damage. To protect the equipment under these abnormal con-
ditions, it is common practice to provide some means of overvoitage protection

‘within the power supply.

Because TTL circuits are very vulnerable to overvoltages, it is becoming in-
dustry standard practice to provide overvoltage protection on all 5-V outputs.
Protection for other output voltages is usnally provided as an optional extra, to
be specified if required by the systems engineer (user).

11.2 TYPES OF OVERVOLTAGE PROTECTION -

Overvoltage protection techniques fall broadly into three categories:

Type |, simplé SCR “‘crowbar’ overvoltage protection
Type 2, overvoltage protection by voltage clamping techniques
Type 3, overvoltage protection by voltage limiting techniques

The technique chosen will depend on the power supply topology, required
performance, and cost.

11.3 TYPE 1, SCR “CROWBAR” OVERVOLTAGE
PROTECTION

As the name implies, ‘‘crowbar” overvoltage protection requires the short-
circuiting of the offending power supply output in response to an overvoltage
condition on that output. The short-circuiting device, usually an SCR, is acti-
vated when the overvoltage stress exceeds a preset limit for a defined time pe-
riod. When the SCR is activated, it short-circuits the output of the power supply
to the common return line, thus collapsing the output voltage. A typical simple
SCR “‘crowbar’’ overvoltage protection circuit connected to the output of a lin-
ear regulator is shown in Fig. 1.11.1a. It is important to appreciate that under
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fault conditions, the SCR ‘‘crowbar’’ shunt action does
good long-term protection of the load. Either the shun
ciently powerful to sustain the short-
ods, or some external current limit,
remove the stress from the SCR.

With linear regulator-type DC i
1 lin ! power supplies, SCR ‘‘crowbar’’
llarloltectngn is the normal protection method, and the simple circu?trs
.11.1a is often used. The linear regulator and ‘“‘crowbar’’ operate as follows:
The unregulated DC header voltage V, is reduced by a ot

; series tradsi
provide a lower but regulated output voltage V.. Amplifier Al and :éi::;)rQsII{(l’

and R2 provide the regulator volta i
an p > ge control, and transistor Q2 i
iting resistor R1 provide the current limit protection. @2 and current lim-

The most catastrophic failure condition would be a short circuit of the series

not necessarily provide
1. Ei t device must be suffi.
circuit current condition for extended peri-
fuse, or circuit breaker must be actuated to

overvoltage
hown in Fig,
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FIG. 1.11.1 (a) SCR *‘crowbar” overvoltage protection circuit, applied to a simple linear

regulator. (b) A more precise SCR ‘*‘crowbar’® protecti ircuit usi
IC. (c) A specialized control IC driving an SClgl:?cig»:r%I;xsl'{cmt tsing 2 voliage comparator
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regulating device QI, so that the higher unregulated header voltage V,, is now
presented to the output terminals. Under such fault conditions, both voltage con-
trol and current limit actions are lost, and the *‘crowbar’” SCR must be activated
to short-circuit the output terminals.

In response to an overvoltage fault, the **‘crowbar’’ circuit responds as fol-
lows: As the voltage across the output terminals rises above the *‘crowbar’’ ac-
tuation voltage, zener diode ZD1 conducts driving current via R4 into the SCR
gate delay capacitor C1. After a short delay period defined by the values of Cl,
R4 and the applied voltage C1 will have charged to the gate firing voltage (0.6 V),
and the SCR will conduct to short-circuit the output terminals via the low-value
limiting resistor RS. However, a large current now flows from the unregulated
DC input through the shunt-connected ‘‘crowbar’” SCR. To prevent over-
dissipation in the SCR, it is normal, in linear regulators, to fit a fuse FSI or circuit
breaker in the unregulated DC supply. If the series regulator device Q1 has failed,
the fuse or circuit breaker now clears, to disconnect the prime source from the
output before the *‘crowbar’’ SCR is destroyed.

The design conditions for such a system are well defined. It is simply necessary to
select an SCR *“‘crowbar” or other shunt device which is guaranteed to be more pow-
erful than the fuse or circuit breaker’s *‘let-through’” energy. With SCRs and fuses, this
“Jet-through” energy is normally defined in terms of the F*¢ product, where [ is the fault
current and ¢ the fuse or breaker clearance time. (See Part 1, Chap. 5.)

Crowbar protection is often preferred and hence specified by the systems en-
gineer because it is assumed to provide full protection (even for externally caused
overvoltage conditions). However, full protection may not always be provided,
and the systems engineer should be aware of possible anomalous conditions.

In standard, ‘‘off-the-shelf’”” power supply designs, the crowbar SCR is chosen
to protect the load from internal power supply faults. In most such cases, the
maximum let-through power under fault conditions has been defined by a suitably
selected internal fuse. The power supply and load are thus 100% protected for
internal fault conditions. However, in a complete power supply System, there
may be external sources of power, which may become connected to the terminals
of the SCR-protected power supply as a result of some system fault. Clearly, the
fault current under these conditions can exceed the rating of the ‘‘crowbar'' pro-
tection device, and the device may fail (open circuit), allowing the overvoltage
condition to be presented to the load.

Clearly, such external fault loading conditions cannot be anticipated by the
power supply designer, and it is the responsibility of the systems engineer (user)
to specify the worst-case fault condition so that suitable “‘crowbar’’ protection
devices can be provided.

11.4 “CROWBAR” PERFORMANCE

More precise ‘‘crowbar’’ protection circuits are shown in Fig. 1.11.16 and c. The
type of circuit selected depends on the performance required. In the simple
s‘crowbar,” there is always a compromise choice to be made between ideal fast
protection (with its tendency toward nuisance operation) and delayed operation
(with its potential for voltage overshoot during the delay period).

For optimum protection, a fast-acting, nondelayed overvoltage ‘‘crowbar’’ is re-
quired. This should have an actuation voltage level that just exceeds the normal
power supply output voltage. However, a simple fast-acting “‘crowbar”’ of this type

I
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will often give many *‘nuisance’ operations, since it will réspond to the slightest
transient on the output lines. For example, a sudden reduction in the load on a nor-
mal linear regulator will result in some output voltage overshoot. (The magnitude of
the overshoot depends on the transient response of the power supply and the size of
the transient load.) With a Very fast acting ‘‘crowbar,” this common transient
overvoltage condition can result in unnecessary *‘crowbar” operation and shutdown
of the power supply. (The current limiting circuit would normally limit the fault cur-
rent in this type of nuisance operation, so it usually would only require a power
on-off recycling to restore the output.) To minimize such nuisance shutdowns, it is
normal practice to provide a higher trip voltage and some delay time. Hence, in the
simple *‘crowbar’ circuit, a compromise choice must be made between operating
voltage, delay time, and required protection.

Figure 1.11.1d" shows the response of a typical delayed ‘‘crowbar’ to an
overvoltage fault condition in a linear regulator. In this example, the regulator
transistor Q1 has failed to a short circuit at instant ¢,. In this failure mode, the
output voltage is rapidly increasing from the normal regulated terminal voltage V,,
toward the unregulated header voltage Vj, at a rate defined by the loop induc-
tance, the source resistance, and the size of the output capacitors C0. The crow-
bar has been set to operate at 5.5 V, which occurs at instant ¢,; however, because
of the crowbar delay (¢, to #,) of 30 ps (typical values), there is a voltage over-
shoot. In the example shown, the rate of change of voltage on the output termi-
nals is such that the crowbar operates before the output voltage has reached 6 V.
At this time the output voltage is clamped to a low value V_ during the clearance
time of the fuse (¢, to ¢,), at which time the voltage falls to zero. Hence, full pro-
tection of an external IC load would be provided.

In this example the SCR delay time was selected to be compatible with the
20-us transient response typical of a linear regulator. Although this delay will pre-
vent nuisance shutdowns, it is clear that if the maximum output voltage during
the delay period is not to exceed the load rating (normally 6.25 for 5-V ICs), then
the maximum dv/dt (rate of change of output voltage under fault conditions) must
be specified. The power supply designer should examine the failure mode, be-
cause with small output capacitors and low fault source resistance, the dv/dr re-
quirements may not be satisfied. Fortunately the source resistance need is often
met by the inevitable resistance of the transformer, rectifier diodes, and current
sense resistors and the intrinsic resistance of the series fuse element.

11.5 LIMITATIONS OF “SIMPLE” CROWBAR
CIRCUITS

The well-known simple crowbar circuit shown in Fig. 1.11.1a is popular for many
noncritical applications. Although this circuit has the advantages of low cost and
circuit simplicity, it has an ill-defined operating voltage, which can cause large
operating spreads. It is sensitive to component parameters, such as temperature
coefficient and tolerance spreads in the zener diode, and variations in the gate-
cathode operating voltage of the SCR. Furthermore, the delay time provided by
Cl1 is also variable, depending upon the overvoltage stress value, the parameters
of the series zener diode ZD1, and the SCR gate voltage spreads.

When an overvoltage condition occurs, the zener diode conducts via R4, to
charge C1 toward the SCR gate firing voltage. The time constant of this charge
action is a function of the slope resistance of ZD1. This is defined by the device
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Figure 1.11.1 (d) Typical performance characteristic of a delayed *‘crowbar™ circuit. (e} Typical
zener diode characteristic.
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parameters and the current flowing in ZD1, which is a function of the applied
stress vqltage. Hencg, the slope resistance of ZD1 is very variable, giving large
spreads in the operating delay of the SCR. The only saving grace in this circuit is
that the delay time tends to be reduced as the overvoltage stress condition in-
creases. Resistor R1 is fitted, to ensure that the zener diode will be biased into its
:1};1:2{1 :eg;on ?t wipltagels belov‘; the gﬁ}e firing voltage to assist in the definition of
put actuating voltage. A suitable bias point i isti
of the zener diode in Fig.gl.ll.le. pointis shown on the characteristics

A much better arrangement is shown in Fig. 1.11.15. In this circui isi
referenqe is developed by integrated circuit reference ZD2 (TL 43clui11t1 ?lgge:gg:
ple). This, together with comparator amplifier IC1 and the voltage divider net-
work E}Z, R3, defines the operating voltage for the SCR. In this arrangement, the
operating voltage is well defined and independent of the SCR gate voltage v;ria~
tions. Al_so, R4 can have a much larger resistance, and the delay (time constant
R4, C1) is also wpll defined. Because the maximum amplifier output voltage in-
creases with applied voltage, the advantage of reduced delay at high overvoltage
stress cond}tlons is retained. This second technique is therefore recommended
for more critical applications.

S_everal de'dica'ted overvoltage control ICs are also available; a typical exam-
plf: is shqwn in Fig. 1.11.1c. Take care to choose an IC specifically designed for
this requirement, as some voltage control ICs will not operate correctly during
the power-up transient (just when they may be most needed).

11.6 TYPE 2, OVERVOLTAGE CLAMPING
TECHNIQUES

In low—poyer applications, overvoltage protection may be provided by a simple
cl.amp action. In many cases a shunt-connected zener diode is sufficient to pro-
vide tpg re_quired overvoltage protection. (See Fig. 1.11.2a.) If a higher current
cqpabxhty is required, a more powerful transistor shunt regulator may be used
Figure 1.11.2b shows a typical circuit. -
It should be remembered that when a voltage clamping device is employed, it

’ oot S : o +OUTPUT
+QUTPUT
SHUNT REGULATOR
VOLTAGE CLAMF
Vs
0c ZENER oe
SuppLY § DIODE SUPPLY {
VOLTAGE CLAMP
\ - L -
{a) b)

FIG. 1.11.2 Shunt regulator-type voltage clamp circuits.

w m——
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is highly dissipative, and the source resistance must limit the current to accept-
able levels. Hence, shunt clamping action can be used only where the source re-
sistance (under failure conditions) is well specified and large. In many cases
shunt protection of this type relies on the action of a separate current or power
limiting circuit for its protective performance.

An advantage of the clamp technique is that there is no delay in the voltage
clamp action, and the circuit does not require resetting upon removal of the stress
condition. Very often, overvoltage protection by clamp action is better fitted at the load
end of the supply lines. In this position it becomes part of the load system design.

11.7 OVERVOLTAGE CLAMPING WITH SCR
“CROWBAR" BACKUP

It is possible to combine the advantages of the fast-acting voltage clamp with the
more powerful SCR crowbar. With this combination, the. delay required to pre-
vent spurious operation of the SCR will not compromise the protection of the
load, as the clamp circuit will provide protection during this delay period.

For lower-power applications, the simple expedient of combining a delayed
crowbar as shown in Fig. 1.11.1a with a parallel zener clamp diode (Fig. 1.11.2a)
will suffice. .

In more critical high-current applications, simple zener clamp techniques
would be excessively dissipative, but without voltage clamping the inevitable
voltage overshoot caused by the delay in the simple crowbar overvoltage protec-
tion circuit would be unacceptable. Furthermore, nuisance shutdowns caused by
fast-acting crowbars would also be undesirable.

For such critical applications, a more complex protection system can be jus-
tified. The combination of an active voltage clamp circuit and an*SCR crowbar
circuit with self-adjustable delay can provide optimum performance, by eliminat-
ing nuisance shutdowns and preventing voltage overshoot during the SCR delay
period. The delay time is arranged to reduce when the stress is large to prevent
excessive dissipation during the clamping period. (Figure 1.11.3a shows a suit-
able circuit, and Fig. 1.11.3b the operating parameters.)

In the circuit shown in Fig. 1.11.3a, the input voltage is constantly monitored
by comparator amplifier A1, which compares the internal reference voltage ZD1
with the input voltage (V,,, power supply), using the divider chain R, R2.
(Voltage adjustment is provided by resistor R1.) In the event of an overvoltage
stress, Al+ goes high and the output of Al goes high; current then flows in the
network R4, ZD2, Q1 base-emitter, and R6. This current turns on the clamp tran-
sistor QI.

Q1 now acts as a shunt regulator and will try to maintain the terminal voltage
at the clamp value by shunting away sufficient current to achieve this require-
ment. During this clamping action, zener diode ZD2 is polarized, and point A
goes high by an amount defined by the zener diode voltage, the base-emitter volt-
age of Q1, and a further voltage defined by the clamp current flowing in R6. This
total voltage is applied to the SCR via the series network R7, C1, R8 such that C1
will be charging toward the gate firing voltage of the SCR. If the overvoltage
stress condition continues for a sufficient period, C1 will charge to 0.6 V, and
SCR1 will fire to short-circuit the supply to the common line. (Resistor R9 limits
the peak current in SCR1.)

The performance parameters of this circuit are shown in Fig. 1.11.3b. For a
limited stress condition, trace A will be produced as follows: At time ¢, an
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FIG. 1.11.3 (a) OVP combination circuit, showing an active voltage clam

1 1 uit, p com-
b'med. with an _SCR crowbar. (b) Operating characteristics for the OVP combination
circuit shown in (a).

overvoltage_ fault condition occurs and the voltage rises to the voltage clamp point
V,up At this point, Q1 conducts to shunt away sufficient current to maintain the
voltage constant at V,,,, until time ,. At this instant, SCR1 is fired, to reduce the
output voltage to a low value defined by the SCR saturation voltage. At time ts the
external fuse or circuit breaker operates to disconnect the supply. It is clear from this
diagram that if the clamping action were not provided, the voltage could have risen

N
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to an unacceptably high value during the delay period as a result of the long delay
and the rapidly rising edge on the stress voltage condition.

If the current flowing in Q1 during a clamping period is large, the voltage
across emitter resistor R6 will rapidly increase, increasing the voltage at point A.
As a result, the delay time for SCR1 will be reduced to #,, and the shorter delay
reduces the stress and overvoltage excursion on Q1. This is depicted by trace B
in Fig. 1.11.34. .

Finally, for highly stressful conditions where the current during the clamping
period is very large, the voltage across R6 will be high enough to bring zener di-
ode ZD3 into conduction, bypassing the normal delay network. SCR1 will oper-
ate almost immediately at 7,, shutting down the supply. This is shown by trace C
in the diagram.

This circuit provides the ultimate in overvoltage protection, minimizing nui-
sance shutdowns by providing maximum delay for small, low-stress overvoltage
transient conditions. The delay time is progressively reduced as the overvoltage
stress becomes larger, and for a genuine failure, very little delay and overshoot is
allowed. This technique should be considered as part of an overall system strat-
egy, and the components selected to satisfy the maximum stress conditions.

11.8 SELECTING FUSES FOR SCR “CROWBAR”
OVERVOLTAGE PROTECTION CIRCUITS

In the event of an overvoltage stress condition caused by the failure of the series
regulator in a linear power supply, the ‘‘crowbar’ SCR will be required to con-
duct and clear the stress condition by blowing the series protection fuse. Hence,
the designer must be confident that the fuse will open and clear the fgulty circuit
before the SCR is destroyed by the fault current. :

If a large amount of energy is dissipated in the junction of the SCR within a
short period, the resultant heat cannot be conducted away fast enough. As a re-
sult, an excessive temperature rise occurs, and thermal failure soon follows.
Hence, the failure mechanism is not simply one of total dissipation, but is linked
to the time period during which the energy is dissipated.

For periods below 10 ms, very little of the energy generated at the junction
interface will be conducted away to the surrounding package or heat sink. Con-
sequently, for a very short transient stress, the maximum energy limit depends on
the mass of the junction; this is nearly constant for a particular device. For SCRs,
this energy limit is normally specified as a 10-ms Pt rating. For longer-duration
lower-stress conditions, some of the heat energy will be conducted away from the
junction, increasing the Is rating.

In the SCR, the energy dissipated in the junction is more correctly
(? X R, + V; x D) % tjoules, where R; is the junction slope resistance and V, is
the diode voltage drop. However, at high currents, IZRJ- losses predominate, and
since the slope resistance R; tends to be a constant for a particular device, the
failure energy tends to X X Ft.

The same general rules as were considered for the SCR failure mechanism ap-
ply to the fuse clearance mechanism. For very short time periods (less than 10
ms), very little of the energy dissipated within the fuse element will be conducted
away to the case, the fuse clips, or the surrounding medium (air, sand, etc.).
Once again, the fusing energy tends to be constant for short periods, and this is
defined in terms of the 10-ms I’t rating for the fuse. For longer-duration lower-
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stress conditions, some of the heat energy will be conducted away, i i
k t s i y, increasing t

PPt rating. Fl_gure 1.5.1 shows how the I°t rating of a typical fast fuse changesgwixtlﬁ
stress duration.

Modern fuse technology is very sophisticated. The

' I > p . performance of the fu.

can be modified consxdgrably _by its design. Fuses with the same long-term fusisz
current can behave 'entl_rely differently for short transient conditions. For motor
starting and other hlgh-m'rush loa_ding requirements, *‘slow-blow”” fusks are cho-
sen. These fuses are de_sxgned with relatively large thermal mass fuse elements
which can absorb consu':lerable energy in the short term without fuse rupture
rl-;f.nce they have very high I’ ratings compared with their longer-term curreni

ings. ’

At the other end of the scale, fast semiconductor fuses have v

, ery low fus

element mass. These fusqs are often filled with sand or alumina so that the heai
generated by normal lpadmg currents can be conducted away from the low-mass
fuse element, giving higher long:term current ratings. As previously explained, in
the short term, th.e hgat.conductlon effects are negligible, and very small amounts
of total energy, if dissipated rapidly within the fuse element, are sufficient to
lcause fuse rupture. Such fuses have very low I’f ratings compared with their
onger-term current ratings, and will more effectively protect the
external load. P . SCR and the

f‘lguae 1.5.1 shows examples of the clearance current—time characteristics for
typical “‘slow-blow,” *‘normal-blow,” and *‘‘fast-blow"’ fuses. It should be noted

that although the long-term fusing current is 10 A in all cases, the short-term I?r

ratings range from 42 at 10 ms for the fast fuse to over 6000 at 100 ms for the slow
fuse. Sl_nce the “‘crowbar”” SCR P’ rating must exceed the fuse I rating, it is
cleax:ly important to select both with care. It is also important to remember tf’zat in
the l}near regulator, the output capacitor must be discharged by the crowbar SCR
and is not within the fused part of the loop. Since the maximum current and di/dr
of the SCR must also be satisfied, it is often necessary to fit a series limiting in-
ductor or resistor in the anode of the SCR. (See R9 in Fig. 1.11.3a.)

The Pt rating of the SCR must include sufficient margin to dissipate the en-
ergy ECV.2 stored in the output capacitor, in addition to the fuse let-through
energy. Finally, the possibility of a short circuit to other sources of power exter-
nal to the supply must be considered when selecting SCR ratings.

It has been assumed in this example that the fuse is in a noninductive low-
voltage loop. Hence the example has considered only the pre-arcing or melting
energy.

In high-voltage circuits or loops with high inductance, an arc will be drawn
during clearance of the fuse element, increasing the It let-through energy. This
effect must be considered when selecting the fuse and SCR.

11.9 TYPE 3, OVERVOLTAGE PROTECTION BY
VOLTAGE LIMITING TECHNIQUES

In switchmode power supplies, the crowbar or clamp voltage protection tech-
niques tend to be somewhat less favored because of their relatively large size and
dissipation.

. By its nature, the off-line switchmode power supply tends to *‘fail safe’’—that
is, to a zero or lgw-yoltage condition. Most failure modes tend to result in zero

‘;\-.//
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output voltage. Since the high-frequency transformer provides galvanic isolation
between the input supply and the output lines, the need for crowbar-type
overvoltage protection is considerably less than would be the case with the linear
regulator. Hence, in switchmode supplies, overvoltage protection by converter
voltage limiting or shutdown is more usually provided. Normally an independent
voltage control circuit is energized if the main voltage control loop fails. (A pos-
sible exception to this would be the DC-to-DC switchmode regulator, where gal-
vanic isolation may not be provided.)

Many types of converter voltage limiting circuits are used; Fig. 1.11.4 shows a
typical example. In this circuit, a separate optocoupler is energized in the event
of an overvoltage condition. This triggers a small-signal SCR on the primary cir-
cuit to switch off the primary converter. The main criterion for such protection is
that the protection loop should be entirely independent of the main voltage con-
trol loop. Unfortunately, this requirement is often violated; for example, a sepa-
rate amplifier within the same voltage control IC package would not be accept-
able as a control amplifier in the overvoltage control loop. The normal criterion is
that the system should not produce an overvoltage for any single component fail-
ure. In the previous example, this criterion is violated because if the IC package

~ were to fail, both control and protection amplifiers would be lost and overvoltage

protection would not be provided.

— |
DUt CONVERTER “ -T-
|
010
COUPLER
RAMP |
SCR2 OVERVOLTAGE
COMPARATOR % PROTECTION CCT

VOLTAGE
CONTROL CCT

FIG. 1.11.4 Typical overvoltage shutdown protection circuit for SMPS. This circuit
operates on the control circuit of the switchmode supply to shut down the converter

during an overvoltage stress.

Voltage limiting circuitry may either latch, requiring a cycling of the supply
input to reset, or be self-recovering, depending on application requirements. For
example, the circuit shown in Fig. 1.11.4 may be made self-recovering by replac-
ing SCR2 with a clamp transistor. Voltage limiting circuits come in many forms
and must be configured to suit the overall circuit topology. In multiple-outp™* <p-
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plications, where independent secondary current limits or regulators are pro-
vided, the voltage limit circuit may act upon the current limit circuit to provide
the overvoltage protectxon Once again, the criterion is that a single component
failure should not result in an overvoltage condition. Many techniques are used,
and it is beyond the scope of: this book to cover more than the bare essentials.

11.10 PROBLEMS

. Why is output overvoltage protection often considered necessary?
. Name three types of overvoltage protection in common use.
. Explain where the three types of overvoltage protection may be used.
. What is the industry standard criterion for the reliability of overvoltage-
protected circuits?
. Describe what is meant by crowbar overvoltage protection.
. Describe the problems normally encountered with a fast-acting crowbar pro-
tection circuit.
7. List the disadvantages and advantages of a delayed overvoltage protection cir-
cuit.
8. What can be done to reduce the problems of the delayed overvoltage protec-
tion circuit while retaining the advantages? ‘
9. Explain the important criteria in fuse selection for SCR crowbar applications.

W N
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CHAPTER 12
UNDERVOLTAGE PROTECTION

12.1 INTRODUCTION

The need for undervoltage protection is often overlooked in system design. In
most power systems, a sudden and rapid increase in load current (for example,
inrush currents to disk drives) results in a power supply line voltage dip. This is
due to the rapid increase in current during the transient demand and the limited
response time of the power supply and its connections.

Even when the transient performance of the power supply itself is beyond re-
proach, the voltage at the load can still dip when the load is remote from the sup-
ply, as a result of line resistance and inductance.

When the load variations are relatively small and short-lived, 1t is often suffi-
cient to provide a low-impedance capacitor at the load end of the supply lines to
“hold up”’ the voltage during transient loading. However, for largg load varia-
tions lasting several milliseconds, extremely large shunt capacitors would be re-
quired if the voltage is to be maintained close to its nominal value.

It is possible, by fitting an active ‘‘undervoltage suppression circuit,” to pre-
vent the undervoltage dip at the load without needing excessively large storage
capacitors. The following describes a suitable system.

12.2 UNDERVOLTAGE SUPPRESSOR
PERFORMANCE PARAMETERS

Figure 1.12.1a, b, and ¢ shows the typical current and voltage waveforms-that
may be expected at the load end of the DC output lines from a power supply
when a large transient load is applied by the load.

Figure 1.12.1a shows a large transient load current demand during the pe-
riod from ¢, to t,. Figure 1.12.1b shows the undervoltage transient that might
typically be expected at the load during this transient. (Assume that the volt-
age dip is caused by the resistance and inductance of the supply lines in this
example.)

Figure 1.12.1c shows the much-reduced undervoltage transient that would be

1.101



1.102 PART )

. TRANSTENT
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FI(? l.li.; Chamcten'stigs of a typical “‘undervoltage transient protection”’ cir-

g::lt bf-?teeﬁti cclj_rreqtt g‘anzlent. () Typical undervoltage transient éxcursion with-
ircuit fitted. (c i i i i

gt protectio (c) Undervoltage transient excursion with protection

seen at the load when the undervoltage suppres ircui in Fi
pressor circuit show: i
ﬁtt;g at thle llc2.>a2cl c;lnd of the supply lines as shown in Fig. 1.12 g n Fig. L.12.41s
igure 1.12.2 shows how an undervoltage suppressor shé)ul& b
age e connected

the load at tpe end of_ th.e power supply distrjbution lines. This. circuit stores tlﬁ:
gnergy required to 'ehmx.nate: the undervoltage transient in two small capacitors
< 1 and C2. An active circuit supplies the required current during the transient

emand, preventgng any large deviations in the supply voltage at the load. C1 and
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FIG. 1.12.2 Position and method of connection for undervoltage protection
circuit.

C2 can be quite small because in this circuit 75% of the stored energy is available
for use. How this is achieved is shown in principle in Figure 1.12.34, b, and c.

12.3 BASIC PRINCIPLES

Figure 1.12.3a shows the method of energy storage and delivery. When SW1is
open, capacitors C1 and C2 are charged in parallel from the supply lines via re-
sistors R1 and R2. They will eventually charge to the supply voltage V..

If this circuit is now removed from the supply lines and SW1 is closed, C1 and
C2 will be connected in series, and a voltage of 2 X V, will be provided at the
terminals.

In Figure 1.12.35, this circuit (in its charged state) is shown connected to a
linear regulator circuit at the input to the regulator transistor Q1. Now if, during
an undervoltage condition, SW1 is closed, capacitors C1 and C2 will be con-
nected in series and provide a voltage of 2 X V, at point A in the circuit.

Since the header voltage at point A (the input of the linéar regulator) now ex-
ceeds the required output voltage V,, Q1 can operate as a linear regulator, sup-
plying the required transient current and maintaining the output voltage across
the load nearly constant. This can continue until C1 and C2 have discharged to
half their initial voltage.

In the active state, C1, C2, SW1, and Q1 form a series circuit. The position of
individual components in a series chain has no effect on the overall function of
the network; further, SW1 and Q1 can both act as switches, and one of them is
redundant. In this example SW1 is to be made redundant.

Figure 1.12.3¢ shows a practical development of the circuit; SW1 has been re-
moved, and Q1 has been moved to the original position of SW1. Q1 now carries
out both the original switch functions of SW1 and the linear. regulator functions of
Q1. Although it is perhaps not obvious, examination will show that this circuit
has the same properties as the circuit shown in Fig. 1.12.35.

.‘ ) 3
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FIG. 1.12,3 Undervoltage circuit development steps.

As previously stated, voltage regulation can continue as lon !
) ed, v . g as the charge
in C1 and C2 can maintain t!ge required header voltage. Clearly this depencgls
on the load current and the size of C1 and C2. The voltage it point A will not
fall below a va:lue wher_e Q1 goes out of regulation until the voltage across
ie:c;ll: capacltfzr is gpproxunatelzl half itzs original value. Since the energy stored
he capacitors is proportional to V?, three-quarters of t i
In L1 sapacitors q f the stored energy is
Because of the efficient use of the stored ener: i
: gy, very much smaller capaci-
tors can be used (com.pa.red with what would be required if normal shunt cal.’pac-
itors were 'used on their own). Further, the load voltage can be maintained within
a few millivolts of norg1al operation throughout the undervoltage stress period,
even though' the capacitor voltages are falling. Hence much better performance
can be provided with active transient suppression.

It should be: noglc_ed th:at resistors R1 and R2 form undesirable loads on C1 and
C2 when thle ctlircult As };alc;t}llve aSSWI or Q1 closéd); hence their resistance is a com-
promise selection. igh value of resistance presents minim i -
quires a longer charging time. P v loading but re
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12.4 PRACTICAL CIRCUIT DESCRIPTION

Figure 1.12.4 shows a practical implementation of this technique. In this circuit,
switch SW1 or Q1 is replaced by Darlington-connected transistors Q3 and Q4.
These transistors operate as a switch and linear regulator.

4o —

im R3 > 10 n 2
32k 3K 1
IN4148 (F 3=
30—
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“e l 100
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i y 3
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FIG. 1.12.4 Example of an undervoltage protection circuit.

Although Q3 and Q4 are now shown positioned between the two cafacitors C1
and C2, it has been demonstrated above that since they still form a series net-
work, their position in the series chain does not change the function of the circuit.

Q1 and Q2 are part of the drive and linear regulator control circuit. The con-
trol circuit is not easily identified as a linear regulator, because it appears to lack
the normal reference voltage. However, a relative reference voltage which is pro-
portional to the mean (normal) supply voltage V; is set up on C3. An absolute
reference voltage is not what is required here; setting a relative reference voltage
on C3 makes the unit self-voltage-tracking. Hence the circuit responds to any
transient deviation which is below normal; it does not require presetting to a par-

ticular voltage.

12.5 OPERATING PRINCIPLES (PRACTICAL
CIRCUIT)

Initial Conditions

A bias voltage is set up on the base of Q1 by the current in R1, D1, and D2. Q1
conducts to develop a second bias voltage across R2 of approximately one diode
drop (0.6 V). The current flow in R3 is similar to that in R2, and a third bias volt-
age is set up across R3 which is slightly less than that across R2, since the resis-
tance of R3 is lower than that of R2.



1.106 PART 1

Hence, under quiescent conditions, transistor Q2 is close to conducting. At the
same time, capacitor C3 will charge through R4, R2, D3, D1, and D2 so that the voit-
age on its negative terminal will end up at the same value as the emitter voltage of
QL. Also, C1 and C2 will charge up to the input voltage V, via the 10-Q resistors,

12.6 TRANSIENT BEHAVIOR

]

When a transient current demand occurs, it will reduce the voltage across the
load and input terminals 1 to 6. The negative end of C3 will track this change,
taking the emitter of QI negative. After a few millivolts change, Q1 will start to
turn on, bringing Q2 into conduction. Q2 will drive the Darlington-connected lin-
ear regulator transistors Q3 and Q4 into conduction.

This action progressively connects C1 and C2 in series, driving current into
the output terminals 1 to 6 to prevent any further reduction in terminal voltage.
Hence the circuit can be considered to be *‘propping up’’ the voltage by using the
charge on C1 and C2. -

It should be noted that the circuit is self-tracking—during normal operation the
voltage across C3 adjusts to respond to any transient deviation below the normal
working voltage. Because the control circuit is always active and close to conduc-
tion, the response time is very fast. The small shunt-connected. capacitor C4 can
maintain the output voltage during the very short turn-on delay of Q3 and Q4.

Undervoltage clamping occurs as soon as the output voltage has dropped from
its nominal value by a defined margin (typically 30 mYV). This self-tracking ar-
rangement removes the need to set the operating voltage of the undervoltage pro-
tection circuit to suit the power supply output voltage.

This protection circuit can be extremely useful where load transients are a
problem. It is best positioned close to the transient demand, to eliminate the ef-
fects of voltage drop in the supply lines. In some applications, extra capacitors
may be required to extend the holdup time; these can be connected to terminals
2, 3, 4, and 5 across C1 and C2.

A further possible advantage to be gained from this technique is that the peak
current demand on the power supply can be reduced. This may permit a lower
current rating (more cost-effective) power supply to be used.

The decision to use such systems becomes part of the total power system de-
sign philosophy. Since this is not part of the power supply, it is the system de-
signer who should consider such needs.

Figure 1.12.15 and ¢ shows the performance that may be expected at the load
with and without the undervoltage protector. It is clear that even if the power
supply has a very fast transient response, the improvement in performance at the
load with the UVP unit can be very significant.

12.7 PROBLEMS

1. Even if the power supply has an ideal transient response, it is still possible for
undervoltage transients to occur at the load. Under what conditions would this
occur?

2. What advantages does an active undervoltage protection circuit have over a
decoupling capacitor?

.

CHAPTER 13

OVERLOAD PROTECTION

13.1 INTRODUCTION

nd professional-grade power supplies, it i§ normal practice to pro-
f/rildiogﬁuéirex?ioadpprotection. This includes short-circuit protection a}nd lciurrent
limits on all outputs. The protection methods take many forrps, but in al lcases
the prime function is to protect the power supply, u:resgectwe.qf the value or
duration of the overload, even for continuous short-circuit conditions. |
Ideally the load will also be protected. :l‘o this end the current limit vat tlxles
should not exceed the specified current rating of the.load supp}y l?y m'?{lq qﬁ
20%, and the user should choose a supply rating to suit the apphcatnpn. j t1s »;/(1
usually ensure that the power supfplyl, com:le.gtors, cabling, printed circuit tracks,
e fully protected for fault conditions. ) )
andFllﬁ?ii:tlc;ctionyis relatively expensi_ve, and for small, lqw-power units (par::c{;
ularly flyback supplies) full protection is not always essential. Su;l;_ un;‘ts mazsusa l
simple primary power limiting, and have some areas of vulnerability for un

partial overloading conditions.

13.2 TYPES OF OVERLOAD PROTECTION

Four types of overload protection are in general use:

1. Overpower limiting
2. Output constant-current limiting

3. Fuses or trip devices .
4. Output foldback (reentrant) current limiting

13.3 TYPE 1, OVERPOWER LIMITING

e is a power-limiting protection method, often used in ﬂyl?aclg units

Eiu?;ltig I\)avith a gingle output. It is primarily a power supply ShOll’t-CIICll'l[ pro(i
tection tecinique. This and the metho_ds qsed in types 2and 4 are e ectg)mc, ari

depend on the power supply remaining in a serviceable cqndltlon. 'g e supply

may be designed to shut down or self-reset if the .overload. is rem_c:ive f N )
In this type of protection, the power (usually in the primary side of the con
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verter transformer) is constantly monitored. If this ' ¢

‘ trar . power exceeds a predeter-

n;med ln?xt, t}ien the ;;q“;er supply shuts down or goes into a power-limigad r:;f-lre

of operation. In a multiple-output unit, the power would be indi

ity the sum of the indi-
The power limiting action would normally take one of five forms:

. Primary overpower limiting

. Delayed overpower shutdown

. Pulse-by-pulse overpower/overcurrent limiting !
. Constant-power limiting

. Foldback (reentrant) overpower limiting

Hoaow»

13.4 TYPE 1, FORM A, PRIMARY OVERPO
LIMITING WER

In this form of power limiting, the primary power is constantl i
load tries to exceed a defined maximum, the input power is lim}ilt:::lot'g:;)rl:\?énltf;g v
further increase. Y

Usually, thg shape of the output current shutdown characteristic is poorly de-
fined when primary power limiting is used on its own. However, because of its
low cost, primary power limiting has become generally accepted in lower-power,
low-cost units (particularly in multi-output flyback power supplies). ’

_It shou_ld be noted that when a load fault develops in a multiple-output system
a line which has been designed to provide only a small proportion of the totai
power may be expected to support the full output power if it is the only line
which is overloaded.

Often tl}ese_ simple primary power limiting systems give full protection only
for short-circuit conditions. An area of vulnerability can exist when partial over-
load§ are applied, particularly when these are applied to a single output of a
multxple-ou}put system. Under these conditions, partial overloads may result in
eventual failure of the power supply if they persist for long periods; hence it is
better to remove this stress as soon as possible by turning the supply off. For this
reason the delayed overpower trip technique (form b) is recommended.

13.5 TYPE 1, FORM B, DELAYED OVERPOWER
SHUTDOWN PROTECTION

One of t}.xe most effective overload protection methods for low-power, low-cost
supplies is the delayed overpower shutdown technique. This operates’in such a
way that if the load power exceeds a predetermined maximum for a duration be-
yond a short defined safe period, the power supply will turn off, and an input
power off-on cycle will be required to reset it to normal operation.

Not only does this technique give the maximum protection to both power sup-
ply and load, but it is also the most cost-effective for small units. Although this
method seems generally unpopular with most'users, it should not be neglected, as
it makes good sense to turn the power supply off when overloads occur. A ;;er-
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sistent power overload usually indicates a fault within the equipment, and the
shutdown method will provide full protection to both load and supply.

Unfortunately, many specifications eliminate the possibility of using a simple
trip type of protection by demanding automatic recovery from an overload con-
dition. It is possible that the user has specified automatic recovery because of
previous bad experience (e.g., ‘‘lockout™ or nuisance shutdowns) with reentrant
or trip-type systems which did not have a sufficient current margin or a delayed
shutdown. The power supply designer should question such specifications. Mod-
ern switchmode supplies are capable of delivering currents well in excess of their
continuous rated value for short periods of time, and with delayed shutdown they
will not “lock out" even if a shutdown system has been used.

In the delayed trip system, short transient current requirements are accommo-
dated, and the supply will shut down only if the stress exceeds safe amplitudes
for long periods. Short-lived transient currents can be provided without jeopar-
dizing the reliability of the power supply or having a very significant impact on
the cost of the unit. It is the long-term continuous current requirements that af-
fect cost and size. There will usually be some degradation in the performance of
the unit during the high-current transient. Specified voltage tolerances and ripple
values may be exceeded. Typical examples of loads subject to large but short
transients would be floppy disks and solenoid drivers.

13.6 TYPE 1, FORM C, PULSE-BY-PULSE
OVERPOWER/CURRENT LIMITING

This is a particularly useful protection technique that will often be used in addi-
tion to any secondary current limit protection. -

The input current in the primary switching devices is monitored on a real-time
basis. If the current exceeds a defined limit, the *“on’’ pulse is terminated. With
discontinuous flyback units, the peak primary current defines the power, and
hence this type of protection becomes a true power limit for such units.

With the forward converter, the input power is a function of input current and
voltage: hence this type of protection provides a primary current limit in this type
of circuit. However, this technique still provides a useful measure of power limit
protection so long as the input voltage is constant.

A major advantage of the fast pulse-by-pulse current limit is that it provides
protection to the primary switching devices under unusual transient stress, for
example, transformer staircase-saturation effects.

Current-mode control provides this primary pulse-by-pulse current limiting as
a normal function of the control technique, one of its major advantages. (See Part

3, Chap. 10.)

13.7 TYPE 1, FORM D, CONSTANT POWER
LIMITING

Constant input power limiting will protect the primary circuit by limiting the max-
jmum transmitted power. However, in the case of the flyback converter, this
technique does little to protect the secondary output components. For example,
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consider a discontinuous flyback converter for which the peak primary current
has been limited, giving limited transmitted power.

When the load exceeds this limit (load resistance reducing), the output voltage
begins to fall. However, since it is the input (and hence output) volt-ampere prod-
uct that has been defined, as tHe output voltage starts to fall, the output current
will increase. (On short circuit the secondary current will be large and the tota]
power must be dissipated within the power supply.) Hence this form of power
limiting is normally used to supplement some other form of limiting, sudh as sec-
ondary current limits,

13.8 TYPE 1, FORM E, FOLDBACK (REENTRANT)
OVERPOWER LIMITING

This technique is an extension of form d in which a circuit monitors primary cur-
rent and secondary voltage, and reduces the power as the output voltage falls. By
this means, the output current can be reduced as the load resistance falls, pre-
venting excessive stress on secondary components. It has the possible disadvan-
tage of ‘‘lockout’’ with nonlinear loads. (See Part 1, Chap. 14.)

13.9 TYPE 2, OUTPUT CONSTANT CURRENT
LIMITING

Power supplies and loads can be very effectively protected by limiting the max-
imum current allowed to flow under fault conditions. Two types of current lim-
iting are in common use, constant current and foldback current limiting. The first
type, constant current limiting, as the name implies, limits the output current to a
constant value if the load current tries to exceed a defined maximum. A typical
characteristic is shown in Fig. 1.13.1.

From this diagram, it can be seen that as the load current increases from a low
value (R1, high resistance) to its maximum normal current value (R3, median re-
sistance), the current will increase at constant voltage along the characteristic
P1-P2-P3, which are all currents and voltages within the normal working range of
the supply. .

" When the limiting current is reached at P3, the current is not allowed to in-
crease any further. Hence, as the load resistance continues to fall toward zero,
the current remains nearly constant and the voltage must fall toward zero, char-
acteristic P3-P4. The current-limited area is often not well specified, and the
working point will be somewhere in the range P4 to P4 at a load resistance of R4.

Since the current limit is normally provided as a protection mechanism for the
power supply, the characteristic in the current-limited range may not be well de-
fined. The limit current range, P4-P4, may change by as much as 20% as the load
resistance is taken toward zero (a short circuit). If a well-defined constant current
range is required, a ‘‘constant current power supply’’ should be specified (see
Part 2, Chap. 22).

Current limiting will normally be applied’to the secondary of the power con-
verter. In a multiple-output system, each output will have its own individual cur-
rent limiting. The current limits will normally be set at some independent maxi-

(9
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NORMAL
R3  LOAD LINES

INCREASING LOAD
(REDUCING RESISTANCE)

OVERLOAD
LOAD LINE

CURRENT LIMIT
SPREAD

1

0

FIG. 1.13.1 Typical V/I characteristics of a *‘constant-current-limited”’
power supply, showing linear (resistive) load lines.

mum value for each output line, irrespective of the power rating of the supply. If
all outputs are fully loaded simultaneously, the total loading may excaed the max-
imum power rating of the supply. Hence, a primary power limit will oft_en be pro-
vided to supplement the secondary current limits. Under fault conditions, both
primary and secondary components are fully protected, and the loads will all
have limited currents within their design maximums at all times.

This method of current limiting undoubtedly gives the user and the supply the
best protection. Not only are currents limited to values consistent with the design
ratings for each line, but minimum problems occur with nonlinear or cross-
connected loads. The lockout difficulties often associated with foldback limit sys-
tems are completely eliminated. Also, automatic recovery is provided when an
overload is removed. Moreover, such units may be operated in parallel, the only
proviso being that the current limit should be set to some value within the con-
tinuous working range. This method of protection is recommended for pro-
fessional-grade supplies, although it is more expensive.

13.10 TYPE 3, OVERLOAD PROTECTION BY
FUSES, CURRENT LIMITING, OR TRIP DEVICES

Type 3 employs mechanical or electromechanical current protection devices, and
these will normally require operator intervention to be reset. In modern elec-
tronic switchmode power supplies, this type of protection is normally used only
as a backup to the self-recovery electronic protection methods. Hence it is a

i\\ )) |
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*“last ditch’ protection method. It is required to i
tronic protection fails. In some cases aiombinat;?: ﬁ;?tltlx);éfs tr}:;; %lznal s
Incluc.ied in type 3 protection methods are fuses, fusible links t'usiblused.'
,tlgﬁ-s, rzstst'ors, atll}e;mal switches, circuit breakers, PTC thermisto}s andes;e.s)l;-
e v . . ’ .
cat'i::ns.e ices ave their place, and should be considered for specific appli-
Where fuses are used, it should be remembered that curr i
the fuse rating can be taken through the fuse for considerablin;r?:clilsl:eefﬁ:: sfs ox
clearance. Algo, fuses running at or near their rated value have a limited life ind
should be .penodxcally. replaced. Remember also that fuses dissipate power and
have considerable resistance; when used in output circuits, they will often hand
resistance values well above the normal output resistance <’>f the supply ave
However, .fuses do have good applications. For example, when 'a small
amount of logic current (say a few hundred milliamperes) is required from a high
current output, this may be a good application for a fuse. Clearly, it would not b .
sensible to design a printed circuit board and connections to withstand the hi l‘el
current that would flow on this low-power logic board in the event of a short c%r
Zigésas.?;i a f;.ltse cguld be used in .thi's application, providing protection withou;
excessh fh ;':s ::gu: g ;zfr. More sophisticated protection techniques may not be jus-
Fuses or circuit breakers will also be used to back up the electroni
protection, such as, SCR “‘crowbar”” protection in Iinearppower sflpgl‘ilécs c;;e‘;ll::d
applications. In S}!Ch applications the performance of the fuse is critica.l’ and ch
fuse type and rating must be carefully considered. (See Part 1, Chap. 5.’)

13.11 PROBLEMS

l- Wh i 1 p i i i T p i 2T ade W
a‘-]s the n()[l"al over! ()a(l rotection criterion fO IOfCSSlOna.l
. g pO er
2- Gi ve fOl.lI ty Pes Of over load pl Otectiov n in common use.

3. uC'iive the main advantages and limitations of each of the four types of protec-
on.

CHAPTER 14 "

FOLDBACK (REENTRANT)
OUTPUT CURRENT

LIMITING

14.1 INTRODUCTION

Foldback current limiting, sometimes referred to as reeatrant current limiting, is
similar to constant current limiting, except that as the voltage is reduced as are-
sult of the load resistance moving toward zero, the current is also induced to fall.
However, this aparently minor change in the characteristic has such a major im-
pact on the performance that it justifies special attention. To introduce the prin-
ciple, a linear power supply will be considered.

In linear power supplies, the purpose of foldback current limiting is to prevent
damage to the power supply under fault conditions. With foldback limiting, the
current is reduced under overload conditions, reducing the power stress on the
linear regulator transistors. Because of the high dissipation that woyld otherwise
occur, some form of foldback current limiting is almost universal in linear power

supplies.

14.2 FOLDBACK PRINCIPLE

Figure 1.14.1 shows a typical reentrant characteristic, as would be developed
measured at the output terminals of a foldback-limited power supply.

A purely resistive load will develop a straight load line (for example, the 5-)
load line shown in Fig. 1.14.1). A resistive load line has its point of origin at zero,
and the current is proportional to voltage.

As a resistive load changes, the straight line (which will start vertically at zero
‘load—i.e., infinite resistance) will swing clockwise around the origin to become
horizontal for a short circuit (zero resistance). It should be noted that a straight
resistive load line can cross the reentrant characteristic of the power supply at
only one point, for example, point Pl in Fig. 1.14.1 or 1.14.3. Consequently,
“Jockout’’ cannot occur with linear resistive loads, even if the shutdown charac-
teristic is reentrant.

In the example shown in Fig. 1.14.1, as the load current increases from zero,
the voltage initially remains constant at the stabilized 5-V output. However,
when the maximum limiting current I,,,, has been reached at P2, any further at-
tempt to increase the load (reduction of load resistance) results in a reduction in
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FIG. 1.14.1 Current overload reentrant shutdown characteristic
of foldback current-limited supply.

both output voltage anfi current. Hence, under short-circuit conditions, only a
small current I, flows in the output terminals.

14.3 FOLDBACK CIRCUIT PRINCIPLES AS
APPLIED TO A LINEAR SUPPLY

In the .simple linear regulator shown in Fig. 1.14.2a, a typical foldback current
ln_'mt circuit is shown (in dashed outline). The output parameters are shown in
Fig. 1..14.. 1, a.nd the regulation dissipation in Fig. 1.14.25.

. This circuit operates as follows: When the main series regulator transistor Q1
is conducting, a voltage proportional to the output current I, is developed
ac11':)ss th: Sllxqent lulllutd resis;:ozi) R1. This voltage, together with the base-emitter
voltage o , is applied to the base of th imi i

yoltage of Q1 s Rg?R3 e current limit transistor Q2 through the

Since the base-emitter voltage drop V,, of Q1 will be approxima
as that of Q2 at .the point of current limit, 'Eﬁe vc?ltage acrosf I:1)12 isutr;u:t Zl}'a.tr:g ;ssattlxrzliet
across R1 but is level-shifted by +V,,. At the point of transition into current
limit, the current flow in R2 is the same as that in R3 (neglecting small base cur-
rents), and Q2 is on the threshold of conduction. .

Any further increase in the load current at this point will increase the voltage
across R1 and hence across R2, and Q2 will be progressively turned on. As Q2
conducts, it diverts the drive current from Q3 away from Q1 into the output load
Q1 starts to turn off, and the output voltage falls. Note: Q3 is a constant-curreni
source.

As the output voliage falls, the voltage across R3 decreases and the current in
R3 also decreases, and more current is diverted into the base of Q2. Hence, the
current required in Rl to maintain the conduction state of Q2 is also decre%;sed

Consequently, as the load resistance is reduced, the output voltage and cur:
rent fall, and the current limit point decreases toward a minimum when the out-

;
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FIG. 1.14.2 (a) Foldback current limit circuit. (b) Regulator dissipation with re-
entrant proteciton.

put voltage is zero (output short circuit). At short circuit, the current in R1 is
very small, and the voltage across Rl and R2 will also be small.

The short-circuit current is not well defined, as the base current of Q2 depends
on its current gain, which will vary between devices; also, the V. of Q1 and Q2
are temperature-dependent. These variations can be minimized by mounting
Q2 on the same heat sink as Q1 and by using relatively low values for R1 and R2
(typically R1 would be of the order of 100 ) in the example shown).

In Fig. 1.14.1, it should be noted that a current tfoldback’® occurs when the
current tries to exceed I, This characteristic is developed as follows:

If the 5-Q load line is allowed to swing clockwise (resistance being reduced
toward zero), the current path shown in Fig. 1.14.1 will be traced out. From its
initial working current (say 1 A at point P1), the current first rises to its.limiting
value I, then falls toward zero as the load resistance is further reduced. For
short-circuit conditions, the current falls to a low value ..

Since the header voltage of the linear regulator V remains relatively constant
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throughout this foldback current limiting action, the power dissipation i

ries reg.ulat.or transistor QI will initially increase “zth increS:sl'px;laguzmr?tl: s:s-
?h?Wﬂ in flg. 1.14.2b. :I'he dissipation is small for the first part of the charac’ter-
istic, but increases rapidly as the supply moves into current limit. It has a max-
imum value at a current at whith the regulator transistor voltage drop (I ;5.4 prod-
uct) is a maximum [where (Vy; — Vo, X Lg.q is maximum]—in this exaomple at
a current of 2.2 A, where there is 2 maximum dissipation in Q1P of68 V’V

. When the loa_d resistance is reduced further (below this critical Taxh’e) t'he sé—
ries regulator dissipation is progressively reduced as a result of the ’current
folc.:lback. It has a minimum value of P X Q1 = I, X V,, watts in this example
This results in a dissipation of 1.8 W under short-circuit conditions. )

It should be noticed that had the current limit characteristic been a constant-

current type (shown by the vertical dashed path B in Fig. 1.14.1), the maximum
dissipation under short-circuit conditions would have been I,,,, X Vi, 0or12.8 W
in this example. Hence the constant current limit places considerably greater
stress on the regulator transistor than the reentrant characteristic, in the linear
regulator example. ’

14.4 “LOCKOUT” IN FOLDBACK CURRENT-
LIMITED SUPPLIES

With the resistive load (the straight-line loads depicted in Figs. 1.14.1 and 1.14.3),
there can only be one stable point of operation, defined by the intersection of the

R1

f R2
LINEAR
LOAD LINES
R3

P3 -

R3
NON LINEAR

LOAD LINE
(LOCK OUT AT 'P2')

- |

hl

FIG. 1.1.4.§ Overload and start-up wcharacten’stics of a foldback,
;:ur;elx.n-lumted supply, showing performance for linear and nonlinear
oad lines.
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load line for a range of given loads with the power supply characteristic (for ex-
ample, all points P1). Hence, the reentrant characteristic shown would be swept
out as the load resistance is varied from maximum to zero. This characteristic is
swept out without instability or ‘‘lockout’’; however, this smooth shutdown may
not occur with nonlinear loads.

Figure 1.14.3 shows a very nonlinear load line R3 (such as may be encoun-
tered with tungsten filament lamps) impressed on the power supply reentrant cur-
rent limit characteristic.

It should be understood that a tungsten filament lamp has a very low resis-
tance when it is first switched on (because of the low temperature of the filament
wire). Consequently, a relatively large current flows at low: applied voltages. As
the voltage and current increase, the temperature and resistance of the filament
increase, and the working point changes to a higher resistance. A nonlinear char-
acteristic is often found in active semiconductor circuits.

It should be noticed that this nonlinear load line crosses the power supply re-
entrant current characteristic at three points. Points P2 and P3 are both stable
operating points for the power supply. When such a supply-load combination is
first switched on, the output voltage is only partially established to point P2, and
lockout occurs. (It is interesting to note that if the supply is switched on before
the load is applied, it may be expected that the correct working point P3 will be
established.) However, point P3 is a stable operating point only for a lamp that
was previously working. When the lamp is first switched on, lockout will still oc-
cur at point P2, during the lamp power-up phase. This is caused because the slope
resistance of the lamp load line at point P2 is less than the slope of the power
supply reentrant characteristic at the same point. Since P2 is a stable point, lock-
out is maintained, and in this example the lamp would never be fully turned on.

Reentrant lockout may be cured in several ways. The reentrant characteristic
of the power supply may be modified to bring it outside the nonlinear load line of
the lamp, as shown in plots B and C in Fig. 1.14.4, This characterisfic now pro-
vides only one stable mode of operation at point P1. However, modifying the cur-

COMPOSITE
Ly NTC LAMP —
LOAD LINE [/ TUNGSTEN FILAMENT
LAMP LOAD LINE
5V
b PLOT 'A'
=2 - POWER SUPPLY
=} | RE-ENTRANT CURRENT
= I LIMIT CHARACTERISTIC
—
& |
a
3 1
. PLOT 'C'
» I
- |
{
I 1

LOAD CURRENT

FIG. 1.14.4 Nonlinear load line, showing ‘‘lockout’ and modi-
fied characteristics to prevent lockout.
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rent limit characteristic means that under short-circuit conditions the current is
increased, with a corresponding increase in regulator transistor dissipation. This
increase may not be within the design parameters of the power supply. For this
reason, one of the more complex current limit circuits may be preferred. These
change the shape of the limit,characteristic during the turn-on phase, then revert
to the normal reentrant shape.

Other methods of curing lockout include modifying the shape of the nonlinear
load line of the lamp itself—for example, by introducing a nonlineaA resistor in
series with the lamp circuit. NTCs (negative coefficient resistors) are particularly
suitable, as the resistance of the load will now be high when the lamp is first
switched on, and low in the normal operating mode. The NTC characteristic is
the inverse of the lamp characteristic, so that the composite characteristic tends
to be linear or even overcompensated, as shown in Fig. 1.14.4. However, a
slightly higher voltage is now required from the power supply to offset the volt-
age drop across the NTC.

NTCs are the preferred cure, since they not only cure the ‘‘lockout’’ but also
prevent the large inrush current to the lamp which would normally occur when
the lamp is switched on. This limiting action can considerably increase the lamp
life.

Nonlinear loads come in many forms. In general, any circuit that demands a
large inrush current when it is first switched on may be subject to lockout when

reentrant current protection is used.

14.5 REENTRANT LOCKOUT WITH
CROSS-CONNECTED LOADS

Lockout problems can occur even with linear resistive loads when two or more
foldback-limited power supplies are connected in series. (This series connection
is often used to provide a positive and negative output voltage with respect to a
common line.) In some cases series power supplies are used to provide higher
output voltages.

Figure 1.14.5a shows a series arrangement of foldback-limited supplies. Here,
positive and negative 12-V outputs are provided. The normal resistive loads R1
and R2 would not present a problem on their own, provided that the current is
within the reentrant characteristic, as shown by load lines R1 and R2 in Fig.
1.14.5b. However, the cross-connected load R3 (which is connected across from
the positive to the negative output terminals) can cause lockout depending on the
load current magnitude.

Figure 1.14.56 shows the composite characteristic of the two foldback-
protected supplies. The load lines for R1 and R2 start at the origin for each supply
and can cross the reentrant characteristics at only one point. However, the cross-
connected load R3 can be assumed to have its origin at V+ or V—. Hence, it can
provide a composite loading characteristic which is inside or outside of the reen-
trant area, depending on its value. In the example shown, although the sum of the
loads is within the characteristic at point P1, a possible lockout condition occurs
at point P2, when the supplies are first switched on. Once again, one cure is to
increase the short-circuit current for the two power supplies to a point beyond
the composite load line characteristic. .

In Fig. 1.14.5a, shunt-connected clamp diodes D1 and D2 must be fitted to
prevent one power supply reverse-biasing its complement during the power-up
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FIG.1.14.5 (a) Bipolar connection with cross-coupled load. {(b) Composite
characteristic with bipolar load connections.
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phase. With foldback protection, if a reverse voltage bias i i
¢ s ge bias is applied to the
terminals of the power supply, the reentrant characteristic is deepened aggtfrl: X
current is even lgw_er.'Thls effect is shown in the dashed extension to th ;
entrant characteristics in Fig. 1.14.5b. € res
In conclusion, it can be seen that there are man i i
In , nb 2 y possible proble .
plication pf foldback-limited supplies. Clearly, these problen'ﬂs are gl:s:na%ei; pd
by not using the foldback method if it is not essential. ¢
L}

14.6 FOLDBACK CURRENT LIMITS IN
SWITCHMODE SUFPPLIES

The previous limitations would also apply to the application of foldback protec-
tion in switchmode .supplies. However, in switchmode units, the dissipation in
the control element is no longer a function of the output voltage and current, and
the need for foldback current protection is eliminated. o
_ Consequently, foldback protection should not be specified for switching sup-
pl}es.'It is not necessary for protection of the supply and is prone to serious ap-
plication problems, such as “‘lockout.”” For this reason, constant current limiltJ
are preferred in switchmode supplies. ®
.Although the npnlinear reentrant characteristic has little to recommend it for
swntc_:hmode supplies, it is often specified. It is probable that its introduction and
continued use stems from the experience with the linear dissipative regulator
where excessive internal dissipation would occur under short-circuit conditions;
with a constant current limit. However, this dissipative condition does not occur
in switchmode supplies, and since a reentrant characteristic can cause problems
for It_hetl_.lser, Itther:k woltllldl seem to be little reason to specify it for switchmode
applications. It makes little sense to put extra circuitry i ‘ i i
s ke p uitry into the power unit which

14.7 PROBLEMS

1. Explain in simple terms the phenomenon of ‘“‘lockout’ and it i
foldback current-limited supplies. S cawse fn

2. How is it possible to ensure that lockout will not occur with a foldback current
limited power supply?

CHAPTER 15

BASE DRIVE REQUIREMENTS
FOR HIGH-VOLTAGE
BIPOLAR TRANSISTORS

15.1 INTRODUCTION

Where high-voltage bipolar transistors are used in off-line flyback converters,
stress voltages of the order of 800 V may be encountered. Higher-voltage tran-
sistors with V_,, ratings in the range 400 to 1000 V generally behave somewhat
differently from their lower-voltage counterparts. This is due to a fundamental
difference in the construction of high-voltage devices.

To obtain the most efficient, fast, and reliable switching action, it is essential
to use correctly profiled base drive current waveforms. To explain this, a simpli-
fied review of the physical behavior of high-voltage bipolar transisf®rs would be
useful. (A full examination of the physics of high-voltage transistors is beyond the
scope of this book, but excellent explanations are provided by W. Hetterscheid*’
and D. Roark.®)

High-voltage devices will generally have a relatively thick region of high-
resistivity material in the collector region, and low-resistance material in the
base-emitter region. As a result of this resistance profile, it is possible (with an
incorrectly profiled base drive) to reverse-bias the base-emitter region during the
turn-off edge. This reverse-bias voltage effectively cuts off the base-emitter di-
ode, so that transistor action stops. The collector current is now diverted into the
base connection during the turn-off edge, giving diodelike turn-off switching ac-
tion. That is, the collector-base region now behaves in the same way as a
reversed-biased diode. It displays a slow recovery characteristic and has a large

recovered charge.

15.2 SECONDARY BREAKDOWN

The slow recovery characteristic described above is particularly troublesome
during the turn-off edge with inductive collector loads (such as would be pre-
sented by the normal leakage inductance of a power transformer).

As a result of the current forcing action of the collector inductance, any part of
the chip which remains conducting during a turn-off edge must continue to carry

1121
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the previously established collector current. Henc i
) ) ¢ . e, the slow blocking acti
tl}e {eve.rse-blased diodelike cgllector-base recovery not only results iﬁ slfat\l»?l;rg
dissipative turn-off, but glso gives rise to *‘hot spots’” on the chip as the current
is forged into a progressively small conduction area during the turn-off edge
failfltr::s thTﬁse ffho: §pot§t” which overstress the chip and may cause premaiure
. The effect is o “ i
faiure, T en referred to as ‘‘reversed-biased secondary break-

4

15.3 INCORRECT TURN-OFF DRIVE
WAVEFORMS

Surprisingly, it is the application of energetic and rapid reve ; i i
tl}e turn-off edge which is the major cause of secc?ndary J::aizi;in};lgunngf
hlg{l}-vgltage transistors with inductive loads. o
n ervaggressive negative turn-off drive conditions, carri ‘api

n30v_ed from the area immediately adjacent to the base conzl:c?igz:aag}e'r;::
biasing the base-emitter junction in this area. This effectively discon’nects the
emitter from thg rem.ainder of the chip. The relatively small high-resistance area
in the collector junction will now grow relatively slowly (1 or 2 ps) crowding the
collector current into an ever-diminishing portion of the chip. ’

. As a result., not-only will the turn-off action be relatively slow, but progres-
sively Increasing stress is put on the conducting region of the chip. This leads to
;l;:i ‘f:(xi'matlon of the hot spots and possible device failure, as previously ex-

15.4 CORRECT TURN-OFF WAVEFORM

If the base current is reduced more slowly during the turn-o

emitter diode will not be reverse-biased, and transigstor action vffil‘l"%gee&;?ﬁt:ii?d
throughout turn-off. The emitter will continue to conduct, and carriers will con-
tinue to I?e removed from the complete surface of the chip. As a result, all parts
of t’;’llf' chl_p discontinﬁxe conducting at the same instant. AP

) is gives a muc faster turn-off collector-current edge, gi issipa-
tion, and eliminates hot spots. However, the storage timeg(thegl(‘i,:lsairogveetinggzlg?e
Is;irgtec:f base turn-off and the collector-current edge) with this type of drive will be

15.5 CORRECT TURN-ON WAVEFORM

During the turn-on edge, the reverse of the abov i i
, : e turn-off action occurs. It is nec-
essary to get as much of thg hxgh-;esistance region of the collector conducting as
quckly das po;stble. To achieve this, the base current should be large, with a fast-
rising edge; thus carriers are injected into the high-resistance regi "
lector as quickly as possible. R ¢ region of the col
The turn-on current at the beginning of the ‘‘on” period should be consider-

)
()
,
;
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ably higher than that necessary to maintain saturation during the majority of the
remaining *‘on”’ period.

15.6 ANTISATURATION DRIVE TECHNIQUES

To reduce the storage time, it is a good practice to inject only sufficient base cur-
rent toward the end of the *“on’’ period to just ensure that the transistor remains
near but not into saturation. Self-limiting antisaturation networks (‘‘Baker
clamps’’) are recommended for this. (See Part 1, Chap. 17.)

With inductive loads, in addition to the base-current shaping, it is usually nec-
essary to provide *“‘snubber networks’’ between collector and emitter. This snub-
bing also helps to prevent secondary breakdown.** ® (See Part 1, Chap. 18.)

It should be remembered that low-voltage power transistors will not necessar-
ily display the same behavior. These transistors often have a much more heavily
doped collector region, and the resistance is much lower. Applying a rapid
reverse-bias voltage to these devices during turn-off is unlikely to generate a
high-resistarice area. Hence, with low-voltage transistors, fast switching action
and short storage times are best achieved by using fast reverse-biased base drive

during the turn-off edge.

15.7 OPTIMUM DRIVE CIRCUIT FOR
HIGH-VOLTAGE TRANSISTORS

A fully profiled base drive circuit is shown in Fig. 1.15.1a, and the associated
drive waveforms are shown in Fig. 1.15.15. This drive circuit operatgs as follows.

When the drive input to point A goes positive, current will initially flow via C1
and D1 into the base-emitter junction of the switching transistor QI. The initial
current is large, limited only by the source resistance and input resistance to Q1,
and Q1 will turn on rapidly.

As C1 charges, the voltage across R1, R2, C2, and Lb will increase, and cur-
rent will build up in Lb during the remainder of the “‘on” period.

Note: While current is flowing in Lb, C2 will continue to charge until the voltage
across it equals the zener voltage (D2). D2 now conducts, and the drive current
will be finally limited by R1. (R2 has a relatively large resistance, and the current
flow in R2 is small.)

When the drive goes low, D1 blocks, and C1 discharges into R2. The forward
current in Lb decays to zero and then reverses under the forcing action of the
reverse voltage at point B. (C2 is large and maintains its charge during the “off™
period.)

Hence during the turn-off edge current builds up progressively in the reverse
direction in the base-emitter of Q1 until the excess carriers are removed and the
base-emitter diode blocks. At this instant the voltage on Q1 base flies negative
under the forcing action of Lb, forcing the transistor into reverse base-emitter
breakdown. This reverse breakdown of the base-emitter diode is a nondamaging
action and clamps off the base emitter voltage at the breakdown value until the

energy in Lb has been dissipated.
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The base drive current waveforms are shown in Fig. 1.15.15.

Although it is not essential to profile the drive current waveform for all types
of high-voltage transistor, most types will respond well to this type of drive. If the
selected transistor is not rated for reverse base-emitter breakdown, then the val-
ues of Lb and R3 should be selected to prevent this action, or clamp zeners
should be fitted across the base-emitter junctions. , i

Since switching device secondary breakdown is probably the most common
cause of failure in switchmode power supplies, the designer is urged to study ap-
propriate references.*%- 50, 79. 80, 81, 82

15.8 PROBLEMS

1. Why do some high-voltage bipolar transistors require specially profiled base
drive current waveforms?

2. Explain one cause of secondary breakdown in a high-voltage bipolar transis-
tor.

3. Draw the typical ideal base drive current waveform for high-voltage bipolar
transistors with inductive loads.
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PROPORTIONAL
DRIVE CIRCUITS
FOR BIPOLAR TRANSISTORS

16.1 INTRODUCTION

rlxtl ::csebfigrxln sl;.ow? (see Part 1, Chap. 15) that to obtain the most efficient perfor-
mance | ﬁxfo ar power switching transistors, the base drive current must b
co { profiled to suit the characteristics of the transistor and the collect :
car'ren.t oading conditions. If the base drive current remains constant rob;; e
n Wa}x;lse tllr: applications where the collector current (load) is not cons’tf:nt o
. th:: re:n gir::;et;ins'ent h?s bﬁeg c{wsen for optimum performance at fuli load
i ame for light loading conditions, the excessi i il
t ) , ess!
%;g loxi_g storage times, which can lead to a loss of control in the fc:l‘llce)“‘/iirx:vew:ﬂl
timeer llllght loading (when narrow pulses are most required), the long s%‘.oray'
time will gx,\'re an excessively wx.de pulse. The control circuit’ now reverts t %
" :gt;e,g'g;ns gontro} mode.b(’lrhls is the cause of the well-known “‘frying gaz
, ondamaging instabilit i i .
ot y common to many switchmode supplies at light
Hence, to prevent overdrive and i
) nce, to p squegging when the load (collect
;?ozilnz?}t;’el:: cljl beitter to maki{the amplitude of the base dri\fe curre(:{t c;t;gr;gﬁ)
lector current. Many proportional drive circui )
oped to meet this requirement. A typical example foﬂo;l:.cults have been devel-

16.2 EXAMPLE OF A PRO,
ez Ex ROPORTIONAL DRIVE

ggvgzdl clgni s:xtowsla tyPical proportional drive circuit applied to a single-ended
current-transfe er. In this arrangement, a proportion of the collector current is
Surrent- momer—coupled .by T1 into the base-emitter junction of the main
Firas diﬁne dsxgtyoxt'h % lt, prov1d:pg ptgsmve proportional feedback. The drive ratio
;i fin urns ratio of the drive transfo PI/S1 i i
ol Is defined by S ral | g rmer P1/S1 to suit the gain
Cha: of the transistor (typically a ratio of between Vio and ¥s willg be
Because the drive power during most of the ““on’’ period is provided from the

1.126

16. PROPORTIONAL DRIVE CIRCUITS

300 vOC

FIG. 1.16.1 Single-ended forward converter with single-ended ;proportional base
drive circuit.

collector circuit, by the coupling from P1 to S1, the drive requirements from Q2
and the auxiliary drive circuit are quite small.

16.3 TURN-ON ACTION

“off"* period of Q1, energy has been stored in T1, since Q2,
ducting during this period. When Q2 turns off, the drive
transformer T1 provides the initial turn-on of Q1 by transformer flyback action.
Once Q1 is conducting, regenerative feedforward from P1 provides and maintains
the drive to Q1. Hence, Q2 is turned off for the conducting (‘*on’") period of Q1,

and on for the “‘off”” period of Q1.

During the previous
RI1, and P2 have been con

16.4 TURN-OFF ACTION

at the end of a conducting period of Q1, the voltage
by the clamping action of Q2 and D1 across
rtional drive current from P1 is now

together with any reverse recovery
1 (less the current transformed
he base drive is removed, and

When Q2 is turned on again,
on all windings is taken to near zero
the clamp winding S2. The previous propo
transformed into the loop S2, D1, and Q2,
current from the base-emitter junction of Q1 via S
from P2 as a result of conduction in R1). Hence t
Q1 turns off.

As positive fee
must be taken to prevent high

dback from P1 to S1 is provided in this drive circuit, some care
-frequency parasitic oscillation of Q1 during its in-

~
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tended “‘off”’ state. This is achieved by making the *‘off”’

t [ sta state

;r;:gegi;n;ﬁauonc state of Q2, and by making the leakage inductanc::i %étgfe:,og'

and 82 s tl:x oxgsequent!y, any tendency for feedback from P1 to S1 will :
ped by the drive transistor Q2, D1, and S2, which will not all be

an):r winding to go positive. llow the start of
o prevent Q2 from turning off when it should i

{J;n:ls.le ((liegdmg_ to l_oss of control .during input powetx,fdg?vg)lir:;i taf:&&pwer-down

3 e drive circuit must be rr!amtained during the system power-d wh e

arge capacitors may be required on the auxiliary supply lines.) v phase.

16.5 DRIVE TRANSFORMER RESTORATION

For the first part of the **on’’ peri i i
f period of the driver transistor Q2, D1 i
l<):onduct1_ng. Howeyer, when Q1 has turned off and the regv,ery ?Egresnztvym }t:e
ase-emitter junction of Q1 has fallen to zero, S2 and hence D1 will bem e
gi‘v;i's;;ir;gﬁsed ai?l a result of the voltage applied to winding P2 via R1 Thec:tglr:
! ings will now go negative, and current wi i in windi
set:;::g the core back toward negative saturatifm will build up in winding P2, re-
saturation, the current in P2 and Q2 is limifed I i
age ouuration, th d Q; only by resistor R1, the volt-
e ngs is zero, and the circuit has been reset ready for the next “on”
The need for minimum leakage i
1 « ge inductance between S1 and S2 tends t i
:::nnclga%l:;l:c?itthtlhies ?xegg tfor pm_r:iary-to}-lsecondary isolation and cre:p:g:edlig:
tance. ] sed to provide such primary-to-second ircuit i i
in direct-off-line applications, the transforme o eorbl on
, T ma; i
than the power needs alone would dictate. Y need to be considerably larger

16.6 WIDE-RANGE PROPO,
lee WL RTIONAL DRIVE

Where the range of input volta i i
1 ge and load are ve i in Fi
| 1‘6)(' }1 wxllthhaye some limitations, as follows. Ty wide, the circult shown in Fi.
, en the input voltage is low, the duty cycle will be lar
(31 7Y - . ’ e, '
m(i):imfgll; f:;:iogls co:lslndlcle;ablj'l exceeding 50% of the total pelgiodatll“ir?hle;n ?t)"tg:
is small, will be large to maintain conti , ion i
ot e el b nuous conduction in the
o v il ese conditions, the collector current is small, but the ““on”
During the long “‘on’’ period, a m izi i
, agnetizing current builds up i i
transformer T1 as a result of the constant base drive voltage V, p;? (t)k}ew?hr;z;
sgglzagrih al.:r:es; »Xmglmg S1. Since the drive transformer is a cnrrg;n transformer
od, the magnetizing current is subtracted fi
Hence, the intended proporti (i io i ool oot
, portional drive ratio is not maintai
long “‘on”’ period (the drive falls tow. S throughmolzut e
! ard the end of the peri inimi i
eft‘e}&;t, a large inductance is required in the drive transt%r::;?):["fO minimize this
o cé\:lvg;er; hat t};le eng of t’he “pn” pe_riod,“Qz must reset the dx:ive transformer
g the short ““off”” period which now remains. To allow a quick reset
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FIG. 1.16.2 Single-ended forward converter with push-pull proportional base drive circuits.

P2 must be large. This requires either a small number of

the volts per turn on
ge auxiliary voltage. Insgither case,

turns on P2 (with a large reset current) or a lar;
the power loss on R1 will be relatively large.
Hence, a compromise must be made in inductance turns and auxiliary voltage

which is difficult to optimize for wide-range control at high frequencies. This con-

flict can be solved by the circuit shown in Fig. 1.16.2.
In the circuit shown in Fig. 1.16.2, capacitor C1 charges rapidly when Q2 is off

via Rl and Q3. Q3 will be turned on hard by the base drive loop P2, D2, R2 (the
starts of all windings being positive when Q2is “*off”” and Q1 *‘on’’).

16.7 TURN-OFF ACTION

the voltage across P2 is reversed, and the transferred cur-
impedance loop provided by C1, P2, and
Q2. The voltage on all windings is reversed rapidly, turning off Q1. At the same
time, Q3 is turned off, so that as the core is reset and C1 discharges, only a small
current is taken from the supply via R1, which is now much higher resistance
than the similar resistor shown in Fig. 1.16.1.

If Q2 is “‘on" for a long period and C1 is fully discharged, a flywheel action
will be provided by D1, preventing reversal of voltage on P2 by more than 2
diode drop. The turns ratio is such that Q1 will not be turned on under these
conditions. Finally the core will return to a reset point defined by the current

in R1.

When Q2 is turned on,
rent from S1 and Pi flows in the low-
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16.8 TURN-ON ACTION

When Q2 is turned off, the starts of all windings will go positive by flyback ac.
tion, and Q1 will be turned on. Regenerative drive from P1 and S1 maintains the
drive, holding Q1 and Q3 on apd rapidly recharging C1. This action is maintained
until Q2 is turned on again to complete the cycle. The advantage of this arrange-
ment is that the core can be reset rapidly by using a high auxiliary supply voltage
without excessive dissipation in R1 and Q2. 4

Hence, in this circuit the conflict between transformer inductance and reset
requirements is much reduced; however, the inductance will be made only just
large enough to limit the magnetizing current to acceptable limits. Sufficient drive
must be available to ensure correct switching action under all conditions. If the
magnetizing current component in the drive transformer is allowed to exceed the
collector current, then positive feedback action will be lost.

16.9 PROPORTIONAL DRIVE WITH
HIGH-VOLTAGE TRANSISTORS

If Q1 is a high-voltage transistor, it is probable that some shaping of the base drive cur-
rent will be required for reliable and efficient operation, as shown in Sec. 15.1 of Part 1.

Figure 1.16.3 shows a suitable modification to the drive circuit in Figure 1.16.2
for high-voltage transistors; base drive shaping has been provided by R4, D3, C2,
R3, and Lb.

300 vDC .
SUPPLY

LOAD

20V
AUXILIARY &——
é R$

SUPPLY

<

—L!—o-——

1=

COMMON
AUX.

COMMON
SUPPLY

Py —

FIG. 1.16.3 Push-pull-type proportional drive circuit with special drive current shap-
ing for high-voltage transistors.
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16.10 PROBLEMS

1. What are the major advantages of proportional drive?

2. Why does the drive transformer in a proportiopa(li_drivg circuit tend to be
. larger than the power requirements alone would indicate? e et
3. The maximum duty ratio for a transformer:coupl:d proportional drive

. tends to be limited to less than 80%. Why is this?

4. What controls the minimum and maximum inductance of the proportional
drive transformer?



CHAPTER 17

ANTISATURATION
TECHNIQUES
FOR HIGH-VOLTAGE
TRANSISTORS .

———

17.1 INTRODUCTION

In high-voltage bipolar switchin i
t g transistors, whereas the “‘fall time”’
ﬂfé :tftltlhrﬁ (t:ili‘n:i?g’a ectigq) t1.s x(namlcyhdetermined by the shape of the bgs;efi?'i\?;
ent turn- cteristic (see Chap. 15), the storage time (delay b
application of the base turn-off drive and thé T ode) 1t depon
‘the tart of the turn-off edge) i
dent on the minority carrier conc fon in th ion i e.ge) > deper:
St O the mir Yy entration in the base region immediately prior to
cen'?aeti ::lorztilglzttynebwill be x'ninirlr’:ized by minimizing the minority carrier con-
Y , is, by ensuring that the base current is only just i
. . . 3 su
mal(x)lta.m the transistor in a quasi-saturated state prior to tumyo{’f. ffcient to
it lr:aes n:gthog often use;li to %chieve this is the ‘‘Baker (diode) clamp.*’ This cir
e advantage that, because it is an active dri it fve
feedback), it compensates for the inevi tions in pais oD (vith negative
inevitable variations in gain and saturati
age of the various devices. Also, it res o e it e
> of | A . s ponds to changes of parameters withi
switching transistor that occur as a result of temperature alr)xd load variagg:; the

17.2 BAKER CLAMP

Figure 1.17.1 shows a typical Baker clamp circui
r t 2 k p circuit. It operates as foll
o a]c)ildoi(tjif)sn]z; z:}xlad tD2, 1ptsen‘e/s with the base drive to Ql, provide a vg;::'ge drop
t ¢ transistor V,,,, so that the dri ill ri
ap;i:oxénlxately 2 pester ¥ sb o that rive voltage at node A will rise to
S turns on, the voltage on its collector will fall tow:
> ard zero.
vol:age reaches approx1matel)f 1.3 V, diode D3 will conduct and dii?rt Z‘ginctu};‘-3
:ﬁxl;jei‘:,:g rtn‘l:::t .tvheefba‘sig at;(d into the collector of Q1. As this clamping action is
ive feedback, it wi -adju i i
T i egative feodt it will self-adjiist until the collector voltage is effec-
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FIG. 1.17.1 **Baker clamp” antisaturation drive clamp circuit.

As a result, the transistor is maintained in 2 quasi-saturated ‘*on’’ state with
just sufficient base drive current to maintain this condition. This quasi-saturated
state maintains minimum minority carriers in the base region during the “‘on’’ pe-
riod, giving minimum storage time during the turn-off action. During turn-off, D4
provides a path to Q1 base for the reverse turn-off current.

The number of series diodes in the base circuit, D1, D2, ... Dn, will be se-
lected to suit the transistor saturation voltage. The clamp voltage must be above
the normal saturation voltage of the transistor at the working current, to ensure
that true transistor action is maintained in the quasi-saturated ‘‘on” state.

A disadvantage of the technique is that the collector voltage during the *‘on’’
period is somewhat larger than it would be for a fully saturated state, which in-
creases the power loss in the transistor.

The Baker clamp arrangement combines ideally with the low-loss ‘“Weaving
snubber diode’’ shown in Fig. 1.18.3. (See Part 1, Chap. 18.)

17.3 PROBLEMS

1. What would be the main advantage of .using an antisaturation drive technique

in high-voltage switching transistor applications?
2. Describe the action of a typical antisaturation clamp circuit used for bipolar

transistors.



CHAPTER 18
SNUBBER NETWORKS

18.1 INTRODUCTION

Snubber networks (usually dissipative resistor-capacitor diode networks) are of-
ten fitted across high-voltage switching devices and rectifier diodes to reduce
switching stress and EMI problems during turn-off or turn-on of the switching
device.

When bipolar transistors are used, the snubber circuit is also required to give
*‘load line shaping”™ and ensure that secondary breakdown, reverse bias, ‘‘safe
operating area’ limits are not exceeded. In off-line flyback converters, this is
particularly important, as the flyback voltage can easily exceed 800 V when 137-
V (ac) voltage-doubled input rectifier circuits or 250-V (ac) bridge rectifier cir-
cuits (dual input voltage circuits) are used.

182 SNUBBER CIRCUIT (WITH LOAD LINE
SHAPING)

Figure 1.18.1a shows the primary of a conventional single-ended flyback con-
verter circuit P1, Q1 with a leakage inductance energy recovery winding and di-
ode P2, D3. Snubber components D1, C1, and R1 are fitted from the collector to
the emitter of Q1. Figure 1.18.15 shows the voltage and current waveforms to be
expected in this circuit. If load line shaping is required, then the main function of
the snubber components is to provide an alternative path for the inductively
maintained primary current I, as Q1 turns off. With these components fitted, it is
now possible to turn off Q1 without a significant rise in its collector voltage dur-
ing the turn-off edge. (The actual voltage increase on the collector of Q1 during
the turn-off edge depends on the magnitude of the diverted current [,, the value
of the snubber capacitor C1, and the turn-off time ¢, to ¢, of Q1.) Without these
components, the voltage on Q1 would be very large, defined by the effective pri-
mary leakage inductance and the turn-off di/dr. Because the snubber network
also reduces the rate of change of collector voltage during the turn-off edge, it
reduces RFI probiems.
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18.3 OPERATING PRINCIPLES

During the turn-off edge of Q1, under steady-state conditions, the action of the
circuit is as follows.

As Q1 starts to turn off at ¢, (Fig. 1.18.15), the primary and leakage inductance
of T1 will maintain a constant primary current I, in the transformer Primary
winding. This will cause the voltage on the collector of Q! to rise (¢, to t,), and
the primary current will be partly diverted into D1 and C1 (,) (C1 being dis-
charged at this time). Hence, as the current in Q1 falls, the inductance forces the
difference current I, to flow via diode D1 into capacitor Cl.

If transistor Q1 turns off very quickly (the most favorable condition), then the
rate of change of the collector voltage dV/dt will be almost entirely defined by
the original collector current I, and the value of C1.

Hence

av, 1Ip

d Ci

With Q1 off, the collector voltage will ramp up linearly (constant-current charge)
until the flyback clamp voltage (2 X Vp), is reached at £;, when D3 will conduct,
Shortly after this (the delay depends on the primary-to-secondary leakage induc-
tance), the voltage in the output secondary winding will have risen to a value
equal to that on the output capacitor C2. At this point, the flyback current will be
commutated from the primary to the secondary circuit to build up at a rate con-
trolled by the secondary leakage inductance and the external loop inductance
through D2, C2 (15 to ).

In practice Q1 will not turn off immediately; hence, if secondary breakdown is
to be avoided, the choice of snubber components must be such that the voltage
on the collector of Q1 does not exceed V_,, before the collector current has
dropped to zero.

Figure 1.18.24 and b shows the relatively high edge dissipation and secondary
breakdown load line stress, when snubber components are not fitted. Figure
1.18.2¢ and d shows the more benign turn-off waveforms obtained from the same
circuit when optimum snubber values are fitted.

18.4 ESTABLISHING SNUBBER COMPONENT
VALUES BY EMPIRICAL METHODS

Referring again to Fig. 1.18.1a,, unless the turn-off time of Q1 is known (for the
maximum collector current conditions and selected drive circuit configuration),
the optimum choice for C1 will be an empirical one, based upon actual measure-
ments of collector turn-off voltages, currents, and time. :

The minimum value of C1 should be such as to provide a safe voltage margin
between the V.., rating of the transistor and the actual measured collector volt-
age at the instant the collector current reaches zero at £,. A margin of at least 30%
should be provided to allow for component variations and temperature effects.

The design of the drive circuit, collector current loading, and operating tem-
peratures have a considerable influence on the switching speed of QI. A very
large value of 1 should be avoided, since the energy stored in this capacitor at
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the end of the flyback action must be dissi i i
e o teet ot o1 pated in R1 during the first part of the
The value of Rl is a compromise selecti i
; ] < on. A low resistance results in hj

Zu\l;reerym; :;h Qr;s?s‘;:x?g the t?l:n-o?x edge. This gives excessive turn-on dissig:xtlil(l)ih

] s e, on the other hand, will i i i f
4 gumgs ol oiher not provide sufficient discharge of

areful examination of the voltage and current
: . ta ¢ waveforms on the cdlil
I?ult’x z:lu:g:rl; gyninflll:l:l Iloa%mg conditions, is recommended. These should eifli:(;ll;::
-on af -load maximum input voltage, wide and narr: i
. 3 - ow

tions, and output short circuit. The selection of R’l and C1 for this tpués:fcondx-
ber network must always be a compromise. P snub-

18.5 ESTABLISHING SNUBBER COMP:
VALUES BY CALCULATION FONENT

Figure 1.18.1b shows typical turn-off wav
-1b show turn- eforms when the snubber netw:
tCtlll, Rll shown in Fig. 1.18.1 is ﬁttqd. In this example, C1 was chosen st?crll: t]}):zlﬁ
e voltage on the collector V., will be 70% of the V_,, rating of Q1 when th
coli:ctor gurret:]t has dropped to zero at time ¢,. ©
ssuming that the primary inductance maintains the pri
A g T primary current const
gr%?,?f tttcljetm:}!:;()ff egge, and assuming a linear decay of collector current us1 gllt
shownl. o snubber current I, will increase linearly over the same period, as
It is assumed that the fall time of the collect i
1 i or current (f; to £,) is kn
the manufacturer’s data or is measured under active drivé conzc)litionsoav:;n fror_n
mug collector voltage and current. e
uring the collector-current fall time of Q1 (¢, to t) i
I the c 1 , the current in C1 (Z,) will:
bq increasing Imgarly from zero to I,. Hence the mean current over this(;;?:r‘i‘::olfil
:vxilrl;ek{féz. Pr:)hwde(i thatfthe maximum primary current I, and turn-off time ¢, to’
wn, the valu i i i
azs re knos e of the optimum snubber capacitor C1 may be calculated

dVC_ 1 Ip
dt 2CI

(The ¥: factor assumes a linear turn-off ram
- p on the collector current I, h
the mean current flowing into Cl is ¥: the tu G e
) m-off pea i
perﬁ)d, as shown in Fig. 1.18.15.) peak value during the turu-off
ence, if the collector voltage is to be no more th
aj
collector current reaches zero at time ¢,, then 7 70% Of Veep when the

Ip X
Cl=— 274
2 X (70% V..,)

where I, = maximum primary current, A
tr=Q1 collqctor current fall time (¢, to t,), ps
Veeo = V.., rating of selected transistor, V

Cl= snubber capacitance, uF

L<‘J}.
C T o
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18.6 TURN-OFF DISSIPATION IN TRANSISTOR Q1

By the same logic as used above (although the waveform is inverted), C1 and

transistor Q1 both see the same mean current and voltage during the turn-off pe-

riod. Hence, the dissipation in the transistor during the turn-off period ¢, to £, will

be the same as the energy stored in C1 at the end of the turn-off period (z,).
Hence

1

Poiem = 5 Cl1 X (70% Vi eo)* X £

where Pqom = POWer dissipated in Q1 during the off period, mW

C1 = snubber capacitance, pF
Veeo = V.., rating of transistor (70% V.., is the chosen maximum volt-

age at I = 0)
f = frequency, kHz

18.7 SNUBBER RESISTOR VALUES

The snubber discharge resistor R1 is chosen to discharge the snubber capacitor
Cl in the minimum selected “‘on”’ period. The minimum *‘on™ period is given by
the designed minimum load at maximum input voltage and operating frequency.
The CR time.constant should be less than 50% of the minimum “‘on™ period to
ensure that Cl is effectively discharged before the next “‘off”” period. Hence

1 toff, (min)
= s — -

RI 2 C

18.8 DISSIPATION IN SNUBBER RESISTOR

The energy dissipated in the snubber resistor during each cycle is the same as the
energy stored in C1 at the end of the “off"”” period. However, the voltage across
C1 depends on the type of converter circuit. With complete energy transfer, the
voltage on C1 will be the supply voltage V., as all flyback voltages will have
fallen to zero before the next ‘‘on” period. With continuous-mode operation, the
voltage will be the supply voltage plus the reflected secondary voltage.

Having established the voltage across C1 immediately before turn-on (V), the

dissipation in R1 (Pg,) may be calculated as follows:

Cl VS

1
Pri=3

18.9 MILLER CURRENT EFFECTS

When measuring the turn-off current, the designer should consider the inevitable
Miller current that will flow into the collector capacitance during the turn-off
edge. This effect is often neglected in discussions of high-voltage transistor ac-

'”j ! J ‘_J ] \\JJ
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tion. It results in an apparent collector-c i
. urrent conduction, even when i

antumd zg l;)ﬁ‘.t Its mﬁgmtude depends on .the rate of change of collector voltag% idl:/ ﬁ/luy
and co gc or-to-base depletion capacitance. Further, if the switching transist § d't)
to?lg} :2 ! on g l}::at sink, thex:e may be_ cpnsiderable capacitance between theocl; Qul o
tor of € Tﬁxps slt1 o?ﬂ %o:;rtng:clg;% prcciwzc-ltlhngMal:;l additional path for apparent coll‘;c?g;

. 1 sed wi iller current i i
oftglghbe several times greater than the Miller current proper, & s magnitude can

ese capacitive coupling effects result in ar; aj
, ef pparent collect

%‘;ﬁggh?ﬁ t;z at;x;;:gfic' edge,tngmg a plateau on the measured collectgs c‘:;:'ziﬁt

) urrent can never be zero as the collector volt X

. a
213,1;?:152 ‘l’?é,e ::Ealif; 1.1?.2:' fjh'owi the plateau current. This effect altlg:n?gal-f siis
evi » is gene; neglected in the published secondary breakd A -
istics gor switching transistors. Maximum collector dVC/gt values(;:'ven si)h;r??ter-
‘slvl:/(i)tt;he’sagxi tltlns ccl:anhbe satisfied by a suitable selection of C1. When powei igllie:ls‘
sed, the maximum dV/dr values must be satisﬁ.
e I3 . ed to

sitic transistor action; hence, snubber networks must still be used g:event hiah
voltage power FET applications. most high-

18.10 THE WEAVING LOW-
a0 LOSS SNUBBER

As shown above, to reduce second
. Ve, ! ary breakdown stress during th -
hlglluj-:glt-tauge ?1lpolz}r trans:asltors, it is normal practice to use a snibb:rtﬁgtl“?gk()f
nately, in normal snubber circuits, a compromise choi .
between a high-resistance snubber (t ’ ¢ T oureen) s e
\ 0 ensure a low turn-on current) an -
re:;sltlance spubber (to prevent a race condition at light loads where x)larrgwaggl‘:e
;v;_ tts require a low CR tm‘l‘e constant). This paradox often results in a barely sat-
s a'lc_hoerz ;g:;{);on?tsl.e. ThebbWeavmg snubber diode” provides an ideal solution
or this arral i in Fi .
L snubber ngement is shown in Fig. 1.18.3. It operates as
Assume that transistor QI is on so that the i
) 1 ) collector voltage is low.
t»_rv:)l:n btehtelzvuv;?lgi af:;)m thci sugfly ILne through the transformer pn%nary P1 a(r:lgrﬁ:g
r supply through resisto i into
from the auxiia y g r R2 and snubber diode DS into the tran-
At the end of the ‘*on’’ period, Q1 will start
riod, to turn off. As the collect: -
serln: falls, t_he transformer primary leakage inductance will cause the cocl)lreggr
l0 ageI to rise. Howpver, when the collector voltage is equal to the auxiliary sup-
?ﬂy voltage, the primary current will be diverted into the snubber diode D5
« jc/)v:/ﬁ;)g ulghﬂll;;e;ﬁ;se recovery direction in D5) and back into the auxiliary sup-
This . . . .
D amoEn, reverse current flow in D5 will continue for its reverse re-
During this reverse recovery peri i i
L 0 period, Q1 will continue to turn off, its
:?l:e\l:l flz:lh:rﬁ St,o f’;ll?ti Whll:le the I;:ollector stress voltage remains cla’lmp:c;) ltlglcgg
slightly above the auxiliary supply voltage.
turns off under negligible stress conditions. P ge. Consequently, Q1
The reverse recovery time of the snubber diode must be longer than the turn-

*The “*snubber diode™ was patented by Rodney J. Weaving in 1979.
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FIG.1.18.3 The **Weaving snubber diode™ low-loss switching stress reduction (snubber) circuit.

off time of transistor Q1. Special medium-speed soft recovery diodes are manu-

factured for this purpose (for example, Philips® Type #BYX 30 SN).

During the turn-off action, the recovered charge from the snubber diode D5 is
stored in the auxiliary capacitor Cl1, to be used to polarize D5 during the next
*on” period; consequently, very little turn-off energy is lost to the Hstem.

When QI turns on again, very little charge will be extracted from the cathode
of D5 during the turn-on edge, because the diode depletion layer is wide and the
capacitance low (the normal variable-capacitance behavior of the diode). Hence
the turn-on stress of QI is not significantly increased.

When QI is in its saturated “‘on’ state, a current will flow from the auxiliary
supply and capacitor C1 to reestablish the forward-bias condition of the snubber
diode D5, part of this energy being the previous recovered charge. As soon as the
snubber diode is conducting, it is conditioned for a further turn-off cycle.

18.11 “IDEAL” DRIVE CIRCUITS FOR
HIGH-VOLTAGE BIPOLAR TRANSISTORS

Figure 1.18.4 shows a combination of the “‘snubber diode” and ‘‘Baker clamp™
circuits, with a push-pull base drive to Q1.

This arrangement is particularly suitable for high-voltage flyback converters
where the collector voltage may be of the order of 800 V or more during the

flyback period. It operates as follows.
When the drive voltage goes high, Q2 is turned on and Q3 off. Current flows
via R3, Q2, C2, and D7 to the base of the power transistor Q1. The overdrive

provided by the low-impedance R3, C2 network turns Q1 on rapidly.
_ As Q1 turns on, the collector voltage falls. When this reaches 12 V (the aux-
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FIG. 1.18.4 Snubber diode and Baker antisaturation clamp combination.

iliary supply voltage), the snubber diode D5 wi i
willellow vi_a R2, D5 into the collector of Q1. Will be forward-biased and current
continues to turn on, taking the collector voltage t i
: ) oward
Barl?ar clamp voltage is reached. At this value D3 bec%)mes forw:g?l;i::;:il tcllli‘E
ve Al?%h part qf the ba§e drive current into D3, D5, and the collector of Q1 ’
bo o r:: gc‘),lix;t ]()312 ‘Blél ha\‘rje Lc‘:iw..rged ﬂ:o ia) voltage such that the drive currer'xt will
t , D2, an into the base of Q1. The vol th
of Q2 will now be defined by the sum of th e OF (o
¢ voltage drops across Q1
326, \%ll(tla SCZ c(;/;;;t};ls'ggs, lz)g \;’).S’I‘he colllec‘gor clamp voltage will be t%is (\";‘ilel)e’ llgsls:
) 2 , D5—say, . This voltage can be inx i
troducing more diodes i i i q o L i
e g todes in series with DI and D2. (The voltage across L1 is neg-
Hence, during the remainder of the ‘‘on’’ peri i
. , d, the main driv
is via R3, Q2, D1, D2, L1, int Ftter D aot pach
e iy DL 1 into the base emitter of Q1. Baker clamp action is
At the end of the *‘on” period, the drive v
t y oltage goes low, turni
8; 3211 ar];d clamping the cathode of D4 to the —5-V b%as line, Dilc;g:al:%)gzgff :Eg
o e reverse-biased, anc.i the turn-off current path is via D4 and I:l '
and “cmi\;?t,h{:lle \z’asmcc_mglixcg'g E.urrentd in the forward direction before £um-off
aintain this forward (but now decaying)
part of the turn-off action. Hence the turn-off in L1 Al G o first
ren sevoras v B action. He : current in L1 will decay to zero and
\ , g the ideal turn-off current r i i
e reverse g ! 1 amp specified for high-
riod.g sistors in Chap. 15. Resistor R4 fixscharges C2 during the **off”’ pe-
When all carriers have been removed fro itter j
) 1 L m the base-emitte i
Junction will block, and the flyback action of L1 will force t;gu;:st;?grgiigll"ig:g

",
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reverse breakdown. The breakdown voltage (approximately ~7.5 V) is less than
the —5-V bias, and this breakdown action stops when the energy in L1 is dissi-
pated. Note: Many high-voltage transistors are designed for this breakdown
mode of operation during turn-off.

At the same time, as Q1 turns off, the collector voltage will be rising toward
the flyback voltage (800 V). However, when the collector voltage reaches 12 V
(the auxiliary voltage), the snubber diode D5 will be reversed-biased, and the col-
lector current will be diverted into D5, D6, and the auxiliary line. The reverse
recovery time of D5 is longer than the turn-off time of Q1, and Q1 turns off under
low-stress conditions with only 12 V on the collector. When Q1 has turned off
and D5 blocks, the collector voltage will rise to the flyback value. The recovered
charge of D5 is stored on C1 for the next forward drive pulse.

Although this circuit does not provide proportional drive current in the con-
ventional way, the Baker clamp adjusts the current into the base of the power
device to suit the gain and collector current. Hence the action is similar to that of
the proportional drive circuit except that the drive power needs are greater.

In conclusion, this drive circuit combines most of the advantages of the pro-
portional drive circuit, the snubber diode, and the Baker clamp. It also provides
a correctly profiled drive current to give low stress and fast and efficient switch-
ing action in high-voltage, high-power bipolar switching applications.

18.12 PROBLEMS

1. Explain what is meant by the term ‘“‘snubber network.”

Explain the two major functions of a typical snubber network.

3. Discuss the criteria for selecting snubber components, for a bipolar transistor
with an inductive load, if secondary breakdown is to be avoided.

4. Why is a large snubber capacitor -undesirable?

5. Describe a low-loss snubber technique that may be used in place of the con-
ventional RC snubber network.

6. Using the snubber network shown in Fig. 1.18.1, calculate the minimum snub-
ber capacitance required to prevent the collector voltage on Q1 exceeding 70%
of V..., during Q1 turn-off. (Assume that the fall time of Q1 is 0.5 ps, the col-
lector current Ip is 2 A, and the V,,, rating is 475 \'S)
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CHAPTER 19
CROSS CONDUCTION

19.1 INTRODUCTION

The term *‘cross conduction’ is used to describe a potentially damaging condi-
tion that can arise in half-bridge and full-bridge push-pull converters.

The problem is best explained with reference to the circuit shown in Fig.
1.19.1. It can be clearly seen that in this half-bridge configuration, if Q1 and Q2
are both turned on at the same time, they will provide a direct short circuit across
the supply lines (transformers T1 and T2 are current transformers and have little
resistance). This will often result in immediate failure, as a result of the
damagingly high currents that will flow in the switching devices.

Clearly the transistors would not normally be driven such that they would
both be on at the same time. The cause of cross conduction can normally be
traced to excessive storage time in the switching transistors. Figure 1.19.2 shows
typical base drive and collector-current waveforms for the two half-bridge tran-
sistors Q1 and Q2 under square-wave (100% duty cycle), full-conduction condi-
tions. As may be expected, because of the storage time z,~t;, cross conduction
occurs.

In the top waveform, the base drive to Q1 is shown being removed at time
t; (the beginning of the ‘‘off”’ period for Q1 and the ‘‘on’’ period for Q2).
However, because of the inevitable storage time of transistor Q1, its collector
current is not blocked until a somewhat later time z,. At the same time, the
lower transistor Q2 is turning on, as shown in the lower waveform. In bipolar
transistors, the turn-on delay is typically less than the storage time; hence,
with a full 100% duty cycle (push-pull base drive), there will be a short period
(2, to t;) when both devices will be conducting. Since these are directly across
the supply lines, the low source impedance allows very large collector cur-
rents to flow. This effect is shown as current spikes on the waveforms for Q1
and Q2 in Fig. 1.19.2.

If the source impedance of the supply lines is very low, and no series current
limiting is provided, damagingly large cross-conduction currents will flow be-
tween Q1 and Q2 under the above conditions, and the excessive stress may cause
failure of the transistors.
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19.2 PREVENTING CROSS CONDUCTION

Traditionally, the method used to prevent cross conduction is to provide a
**dead” time (both transistors o0ff), between alternate on drive pulses. This ““dead
time”” must be of sufficient duration to ensure that the ‘“‘on” states of the two
power transistors do not overlap under any conditions. A

Unfortunately, there is a considerable variation in the storage times of appar-
ently similar devices. Also, the storage time is a function of temperature, drive
circuit, and collector-current loading. Hence, to ensure an adequate safety mar-
gin, the *‘dead time'’ will need to be considerable, and this will reduce the effi-
ciency and the range of pulse-width control.

Clearly, a system which permits 100% pulse width without any risk of cross
conduction would be preferred. The dynamic control provided by the cross-
coupled inhibit technique described below admirably meets this requirement.

19.3 CROSS-COUPLED INHIBIT

Figure 1.19.3 shows the basic elements of a dynamic cross-coupled, cross-
conduction inhibit technique, applied in this example to a push-pull converter.

In a similar way to the previous example, if, in the push-pull converter, tran-
sistors QI and Q2 are turned on at the same instant, the primary winding of the
transformer T2 will be short-circuited and very large collector currents will flow
in the transistors, probably with catastrophic results.

In Figure 1.19.3, cross conduction is prevented by the AND gates U2 and U3.
(These gates are often part of the main control IC.) The circuit is shown operating
with full duty cycle square-wave base drive. Previously, this would result in se-
vere cross-conduction problems. However, in this circuit, cross conduction is
prevented by the cross-coupled inhibit input to the gates, provided by resistors
R3 or R4 (depending on the state of conduction Q1 and Q2).

19.4 CIRCUIT OPERATION

Consider Figs. 1.19.2 and 1.19.3 for the initial condition when Q2 is just about to
turn on (point ¢, in the drive waveform). At this instant, input 1 of gate U3 is
enabled for an ‘‘on’ state of Q2. However, as a result of its storage time, Q1 will
still be conducting and its collector voltage will be low. Hence, input 2 of U3 will
be low. As a result of the gating action of U3, the turn-on of Q2 is delayed until
the voltage on the collector of Q1 goes high. This does not occur until the end of
its storage period, when Q1 turns fully off. As a result, cross conduction is ac-
tively prevented; Q2 turns on only after Q1 has fully turned off. The same action
occurs when the drive is applied to U2, except that in this case the turn-on of Q1
is delayed until Q2 turns off.

It should be noted that this gating action is self-adjusting and will accommo-
date variations in the storage times of the two switching devices. Being dynamic,
it always permits full conduction angle, while entirely eliminating the possibility
of cross conduction.
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FIG. 1.19.3 Example of a cross-coupled cross-conduction inhibit circuit.

In principle the same technique can be applied to the half-bridge and full-
bridge converters, although the drive circuits are somewhat more complex, as the

switching devices do not share a common line.

Because the collector voltage swing of Q1 and Q2 would normally exceed the

voltage rating of the control circuit, some form of voltagt_z clamping is normally
required. In this example, zener diodes ZD1 and ZD2 provide the required clamp-
ing action. L )

Not all control ICs provide the necessary inhibit inputs. In this case, the func-
tion may be provided externally to the IC; otherwise a dead band must be pro-
vided. :

The major advantage of the cross-coupled inhibit .techni_que. i§ that it extequ
the pulse-width control range from zero to 100%, while maintaining complete in-
tegrity as far as cross-conduction problems are concerned. Its advantages should

not be overlooked.
J
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19.5 PROBLEMS

1. Explain the meaning of the term ‘‘cross conduction®’ i .
full-bridge, and push-pull converters, on’ as applied to half-bridge,

2. Descnbe a method used to reduce the pos lty Of Cro. [o]
Slbll
TOSS OndUCtlon m push-

3. What is the disadvantage of the ‘‘dead time”
conduction?

4. Describe a method of preventing cross i i
built-in dead time. g conduction which does not rely on a

approach to preven%ing Cross

CHAPTER 20

OUTPUT FILTERS

20.1 INTRODUCTION

Undoubtedly, one of the most objectionable properties of switchmode supplies is
their predilection for high-frequency radiated and conducted ripple and noise (RF
interference).

To keep this interference within reasonable bounds, there must be strict at-
tention to noise reduction techniques throughout the.electrical and mechanical
design. Faraday screens would be used in transformers and between high-
frequency high-voltage components and the ground plane. (These screening
methods are more fully covered in Part 1, Chap. 4.) In addition, to reduce
conducted-mode noise, low-pass input and output filters will be required.

20.2 BASIC REQUIREMENTS

Output Low-Pass Filters

The following section on output-filter design assumes that normal good design
practice has already been applied to minimize conducted-mode noise and that
RF] filters have been fitted to the input supply lines, as specified in Sec. 3.1.

To provide a steady DC output, and reduce ripple and noise, LC low-pass fil-
ters (as shown in Fig. 1.20.1a) will normally be provided on switching supply out-
puts. In forward converters, these filters carry out two main functions. The prime
requirement is one of energy storage, so as to maintain a nearly steady DC output
voltage throughout the power switching cycle. A second, and perhaps less obvi-
ous, function is to reduce high-frequency conducted series and common-mode
output interference to acceptable limits.

Unfortunately, these two requirements are not compatible. To maintain a
nearly constant DC output voltage, the current in the output capacitor must also
be nearly constant; hence a considerable inductance will be required in the output
inductor. Since the inductor must also carry the DC output current, it is often
large and may have many turns. This results in a large interwinding capacitance,
giving a relatively low self-resonant frequency. Such inductors will have a low
impedance at frequencies above self-resonance and will not provide very effec-
tive attenuation of the high-frequency components of the conducted interference
currents.
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(6) and high frequency (o). q ircuits at low frequency

Further, the filter capacitors will have been cho imari
: : sen primarily for energy stor-
age capab_xhty and ripple rating, rather than for high-frequency impedanceg.yOften
; e effective series resistance (ESI?) and effective series inductance (ESL) of
lzzvgeE eSl;cg'olytl.(; capacitors can bde significant. Hence, unless the more expensive
-ESR capacitor types are used, the output-capacitor high- i
tenuation can be very poor. P i igh-frequency noise at-
These unwanted, and hence “‘parasitic,”” ESR, ESL. and i indi
itance effects deserve further examination. ' » and interwinding capac-
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20.3 PARASITIC EFFECTS IN SWITCHMODE
OUTPUT FILTERS

Figure 1.20.1a shows a single-stage LC output filter (such as might be found ina
typical forward converter. It includes the parasitic elements C¢, R,, ESL, and
ESR.

The series inductor arm L1 shows an ideal inductor L in series with the in-
evitable winding resistance R,. The parasitic distributed interwinding capaci-
tance is included as lumped equivalent capacitor Ce.

The shunt capacitor C1 includes the effective series inductance ESL and the
effective series resistance ESR.

The equivalent circuit of this network at low and medium frequencies is shown
in Fig. 1.20.1b. The effect of C, ESL, and ESR is small at low frequencies and
may be neglected. From this equivalent circuit, it is clear that the filter will be
effective as a low-pass filter for the low and medium end of the frequency range.

A second equivalent circuit for high frequencies is shown in Fig. 1.20.1c. At
high frequencies, the ideal inductance tends to high impedance, taking out the
L-R, arm, and the ideal capacitor C tends to zero, taking out C. Thus, the para-
sitic components become predominant, changing the single-stage low-pass LC fil-
ter to an effective high-pass filter. This occurs at some high frequency, where the
interwinding capacitance C and effective series inductance ESL become pre-
dominant. Hence, this type of power output filter is not very effective in attenu-
ating high-frequency conducted-mode noise.

20.4 TWO-STAGE FILTERS

-

As shown above, attempts to satisfy all the voltage averaging and noise rejection
requirements in a single LC filter would require the selection of expensive com-
ponents, particularly in flyback converters. Even then, only mediocre high-
frequency performance would be obtained.

Figure 1,20.2 shows how a far more cost-effective wideband filter can be pro-
duced, using a second-stage, much smaller, LC filter to reject the high-frequency
noise. The second stage L2, C2, may be quite small and inexpensive because
only small inductance and capacitance values are required in this second stage.
At the same time, much lower cost standard electrolytic capacitors and inductors
may be used in the first stage (L1, Cl), thus reducing the overall cost and im-
proving the performance.

In Fig, 1.20.2, the first capacitor C1 is selected for the required ripple current

LOAD
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rating and energy storage needs. (This depends on the load current and the op-
erating frequency.) C1 will often be quite large, but does not need to be a low-
ESR type when a two-stage filter is used.

The first inductor L1 is designed to carry the maximum load current with min-
imum loss and without saturation. To obtain the maximum inductance and
minimum resistance in the smallest size, L1 will have a multiple-turn multilayer
winding. Although this gives the maximum inductance, it results in a relatively
large interwinding capacitance and low self-resonant frequency. Suithble core
materials for L1 include gapped ferrites, Permalloy, iron-dust toroids, or gapped
silicon iron in ““E-I"* shapes. L1 will have the majority of the inductance required
for energy storage considerations. )

The second inductor L.2 is designed to have the maximum impedance at high
frequency, and requires a low interwinding capacitance. This will provide a high
self-resonant frequency. L2 may take the form of a small ferrite rod, a ferrite bob-
bin, small iron-dust toroids, or even an air-cored coil. Since the AC voltage
across L2 is small (of the order of 500 mV), the magnetic radiation from an in-
complete magnetic path will be quite small and should not present an EMI prob-
lem. Normal ferrite materials may be used for a ferrite rod inductor, as the large
air gap will prevent DC saturation of the core.

The second capacitor C2 is much smaller than Cl1. It is selected for low im-
pedance at the switching and noise frequencies (rather than for its energy storage
ability). In many cases C2 will consist of a small electrolytic shunted by a low-
inductance foil or ceramic capacitor. Since L1 and L2 conduct a large DC current

component, the term ‘‘choke’” is more correctly applied to these items. A design
example follows.

20.5 HIGH-FREQUENCY CHOKE EXAMPLE

To get the best performance from the high-frequency choke L2, the interwinding
capacitance should be minimized.

Figure 1.20.3a shows a 1-in-long ferrite rod choke with a %e-in diameter,
wound with 15 turns of closely packed #17 AWG wire. Figure 1.20.35 shows a
plot of phase shift and impedance as a function of frequency for this choke. The
phase shift is zero at the self-resonant frequency, which in this case is 4.5 MHz.

The impedance plot in Fig. 1.20.3¢c shows the improvement obtained by re-
ducing the interwinding capacitance. This plot was obtained from the same choke
after spacing the windings and insulating them from the rod with 10-mil Mylar
tape. .

In this second example, 15 turns of 20-gauge wire are used, with a space
between each turn. The plot shows that the reduction in interwinding capaci-
tance has increased the impedance and shifted the self-resonant frequency to
6.5 MHz. This will result in a reduction in high-frequency noise in the final
filter.

A small proportion of the high-frequency interference will bypass the filter by
inductive and capacitive coupling in the pcb or supply leads. The effect of this
will be reduced by fitting the smaller capacitor C2 as close as possible to the out-

put terminals of the supply.
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20.6 RESONANT FILTERS

By selecting capacitors such that their
] self-re i i
ing 1\f';-equer;‘c%;, the best perforfnance will be gg?:lpn;g‘equency 1s near the switch-
any of the small, low-ESR electrolytic capaci ‘ i
» 10 S pacitors have a seri -

gleeq;eé_lcy near the typical operating frequencies of switchmodeesos:li:fesro AL
the scl -vl:tsl?l:ﬁrelt :ﬁgqlzgncy, the parasitic internal inductance of the cap! cito: 'ref:t

ective capacitance to form a serie ircui is
fre%qency, the capacitor irqpedance tends to the residflaﬁelsSOSnRam cireuit: At this
aa ;‘tg.ll;nl;f) .20.; fl.«'thows the 1mpedance plot of a typical 470-pF low-ESR capacit
3safur ‘1, errly o‘go :‘;;ugncly. T!'us capacitor has a minimum impedance of 19 mQ glt.

-V ripple rejection can b i i

tage oF this o Z000 ripple ejec e obtained at 30 kHz by taking advan-

! 1 !
100 { [ ! P :
| ! 1 T +90°
t 4 ' @ '
| ' L S !
g 10 : ‘ — :
I ! !
g % ' ! ' l
I ! [ | ll
-— 10PN —— e L !
S | T — b L0 PHASE S
W \ ! ! ! I
= 1 ! :
z i z !
g o ; - / 12/ l
z ! ' / ;
t 1 I
0.0t %J § ! !
: ! ] | ! -90°
1 1 1 lL L
300 3K 331( 300K 3M
FREQ

SERIES RESONANT FREQUENCY (29 kHz)

FIG. 1.20.4 Impedance and phase shift of i i
I I a typical commerical-grade 470- i
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20.7 RESONANT FILTER EXAMPLE

Figure 1.20.5 shows a typical out;
: put stage of a small 30-kHz, 5-V, 10-
;:f;:;;t::ew;‘l:i act;:c_/tg-stagtzle1 ottl_tput filter. (In flyback converters tf;elg;?lgggiit
1 orm the first stage of the J. ) S
hlgl;fre%qency filter L2, C2 has beeng added.e € power filter.) A second stage
or this example, the same 1 in, ¥ie-in-diameter ferri i
¢ Xample, ¢ s errite rod
ﬁ‘l:jtz::r:a ;:-.lgé cc') t1_nlg‘1g.Hl .2033‘ 1sl used for L2. The 15 spaced turr?s) onint‘liulxlsc :-?)rd lgf'g ;g
: #H and a low interwinding capacitance. The 470- -
capacitor used for the impedance plot in Fig. 1.20.4 is fitted in posiggnh()l“zl ESR

Note: The minimum impedance of this capaci
te: um C pacitor occurs at 30 kHz, wh 1
shift is zero. Thls is the series self-resonant frequency for this ;:apagfoxt-h elgh;ss
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FIG. 1.20.5 Example of resonant output filter applied to a flyback converter secondary.

pedance will be predominately resistive with a value of 19 m{}, as shown in Fig.

1.20.4.
The attenuation provided by this LC network at 30 kHz (the switching fre-
e the capacitor C2 looks

quency) may now be very easily calculated, sinc
predominately resistive and forms a simple divider network with the series im-
pedance of inductor L2. (The small phase shift can be neglected, as X;, =

ESR, C2.)
The ratio of the outpu

capacitor Cl is

t voltage ripple (V) to the ripple voltage across the first

Vo _BSR
V, XL, + ESR

As X;, = ESR, the attenuation ratio A, tends to <
Xy,
Ar = ESR

where X; = inductive reactance, 2ufL
ESR = effective series resistance of capacitor at resonance

At 30 kHz, X, will be
X, = 2mfl = 2w X 30 X 10°x 10X 10°6=190

From Fig. 1.10.4, the ESR of C2 at 30 kHz is 0.019 Q. Hence, the attenuation

ratio A, will be
1. .
= —"- = 1:100 rat
0.019 ratio
n ratio of 100:1 at the switching frequency.
y ripple is normally the predominant ripple compo-
By making use of the self-resonant properties of

the electrolytic capacitor, an extremely good ripple rejection of 40 dB is ob-
tained with very small, low-cost components. Further, the improved high-
frequency noise rejection is obtained without compromise to the medium-
frequency transient response, because the series inductance has not been

increased significantly.

4,

This gives a ripple rejectio
The switching frequenc
nent in flyback converters.

\
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20.8 COMMON-MODE NOISE FILTERS

The discussion so far has been confi i
: s 1 ined to series-mode ¢ i
;er desgnbed will not be effective for common-mode noisg ngal:;?sd g ioe v fil-
P}g;:nng between the output lines and the ground plane ’ - noise voltages
oling ;ec;g/rgg:lotni;mode noise component is caused by capacitive or inductive
Py e musteb?:elgfx gg;:tms an_d_the ground plane within the povler supcpc;u-
desinn stage. 0 a minimum by correct screening and layout at tg’e.
Further reduction of the commo
. F n-mode output noise may be obtaj
. tal t

;u;% lgdxitg;x%i a?r L2 into two parts to form a balanced ﬁ)l,ter, as sl?:v?': g,nsl’;liu-
(206 pdd dcapacntors C3 and C4 are then required between each out .
ne and tgrclnm plane to provide a return path for the residual common- pc? X
ot L;l(l;) r;sgf%:‘t;, kﬁ)&x;dfgg fot{m a low-pasg filter from the positivén :ute-
Flane a5 the Tt poth er for the negative output, with the ground

o

Y\ . .
L1 (a) l e
c3
c2
JL. N gLOAD
l 777 ca
O~ Y'Y Y . ) I Ot

L1(b)
FIG. 1.20.6 Common-mode output filter.

Because of the decoupling provided by the much larger capacitor C2, accept-

able results will often be obtained b i i
Sapaciior i mosior 0y oAl y fitting a single common-mode decoupling

20.9 SELECTING COMPONENT
OUTPUT FILTERS VALUES FoR

The size and value of the main output i
nduct i i
1.20.1a) depends on a number of fgctors: ctor L1 and storage capacitor C1 (Fig

Type of converter

Operating frequency
Maximum load current
Minimum load current

Mark space ratio (duty cycle)
Ripple enrrent

20, OUTPUT FILTERS 1.9

Ripple voltage
Transient response
Output voltage

The requirements of L1 will now be considered in terms of the requirement for
this type of converter.

20.10 MAIN OUTPUT INDUCTOR VALUES
{BUCK REGULATORS)

In general, the main inductance L1 in the output of a buck regulator filter circuit
should be as small as possible to give the best transient response and minimum
cost. If a large inductance is used, then the power supply cannot respond rapidly
to changes in load current. At the other extreme, too low an inductance will re-
sult in very large ripple currents in the output components and converter circuits
which will degrade the efficiency. Further, discontinuous operation will occur at
light loads.

One approach is to select L1 such that the inductor will remain in continuous
conduction for the minimum load current (often specified as 10% of I,,..).

Keeping the inductance in continuous conduction has two advantages. First,
the control circuit is only required to make small changes in pulse width to con-
trol the output voltage as the load changes {provided the inductor remains in con-
duction throughout the operating cycle). Second, the output ripple voltage will
remain small over this range of load changes.

The main disadvantage of this approach is that the inductance can be quite
large; moreover, the rule cannot be used if the load current must be controlled
right down to zero. -

A second, more universal rule is to choose the inductance value such that the
ripple current has an acceptable peak-to-peak limit, say 10% to 30% of the max-
imum load current at nominal input voltages.

Note: In flyback converters, the main inductance Ll is integral to the trans-
former, and its value is defined by the power transfer requirements. In this type
of converter, high ripple currents must be accommodated in the filter compo-

nents, particularly for complete energy transfer systems.

20.11 DESIGN EXAMPLE

Assume that a design is required for the main output inductor L1 for a sing}e-
ended forward converter and filter, as shown in Fig. 1.20.1a. The specification

for the converter is as follows:
Output power = 100 W
Output voltage = 5V
Output current = 20 A
Operating frequency = 30 kHz
Minimum load = 20%
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The design approach will assume that the output ri ple curre
t rip §
! ; ; o). P 1 nt must not exceed
Also, to allow for a range of control, the wi i i i
. r ) 5 pulse width at nominal mput will be
To provide an output of 5 V'at a pulse wi 7%
: 1 Ise width of 30%, the transformer second-

Vou Xtp _ 5 x33.33
ton 10
total period (at 30 kHz), ps

ton = “‘on’ time, ps
V, = secondary voltage

V= = 16.66 V '

where 1,

The voltage V, across the inductor L1 duri
uring the forward “‘on’’ period i
?a‘;g:rzn‘éotl;:g‘e/ cfﬁss thehoutput vc:_)ltage, assuming that the outpur: ca;géist;?ecsle;
ge an age change during the ‘‘on’" period is negligible.
V=V, = Vou = 16.66 — 5 = 11.66 V

For steady-state conditions, the curre

: ions, nt change for the “‘on’’ period mu
the c%rrent change dunng the “‘off”’ period (in this example,pﬁ A) Neztlcec‘z;jal
second-order effects, the inductance may be calculated as follows: ' "

_ Vp x At
Ai
where L = required inductance, pH
A{ = "on’’ time, ps
Ai = current change during ‘“‘on’’ time
V. = voltage across inductor

Therefore
- 10
L =11.66 X r3 = 19.4 uH

Note: A simple linear equation can be uséd

2 ! , as the voltage across the i

is aIssT;ged not to changq during the “‘on’’ time and di/d! is constant. nductance

storgd dxs _examplf, t,lze m.ductance.ls I.arge because sufficient energy must be

-y pullllrtl‘gfv:g:d on p:tnod t};) maintain the current during the ‘‘off”’ period. In
- converters the ‘‘off’’ period is much smaller Y

ondary voltage and hence the inductance value would also be s,nf):llg;at the sec-

20.12 OUTPUT CAPACITOR VALUE

It is normally assumed that the out i i i

t T put capacitor size will be determi
gggﬁt%xé?}i zaxngquple \éoltage s};:icigf;cations only. However, if a se'c]g:dtizt;g:

L ,» C2 is used, a much higher ripple voltage could b

terminals of C1 without compromisin; i eation Tronoere

; g the outpw ripple specificati i
ripple voltage were the only criterion , a much s Fettor soud be e

ion , maller capacitor could b
For example, assume that the ripple voltage at the terminals of C1 'canebl;sggf)
/

—— e -
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mV. The current change in L1 during the *‘on” period will mainly flow into C1,
and hence the capacitance value required to give a voltage change of 500 mV can
be calculated as follows (the following equation assumes a perfect capacitor with

zero ESR):
Al X 1oy

AV,

C=

where C = output capacitance value, pF
A = current change in L1 during *‘on’” period, A
t,n = “on” time, ps
AV, = ripple voltage, V p-p
Therefore

6 x 10
C= 03 = 120 pF

Hence, just to meet the ripple voltage requirements, a very small capacitor of
only 120 pF would be required. However, in applications in which the load
current can change rapidly over a large range (transient load variations), a sec-
ond transient load variation criterion may define the minimum output capaci-
tor size.

Consider the condition when the load suddenly falls to zZero after a period of
maximum load. Even if the control circuit responds immediately, the energy
stored in the series inductor (V2 LI?) must be transferred to the output capacitor,
increasing its terminal voltage. In the above example, with an output capacitor of
only 120 wF, a series inductance of 19.4 pH, and a full-load current of 20 A, the
voltage overshoot on load removal would be nearly 100%. This would probably
be unacceptable, and hence the maximum acceptable voltage overshoot on load
removal may become the controlling factor.

The minimum output capacitor value to meet the voltage overshoot require-
ments using the transferred energy criteria can be calculated as follows:

Energy in output inductor when full load is suddenly removed:

1.
2LI

The energy change in the output capacitor after the event will be

1 1
-2- C(Vp)z - 5 C(Vo)z

where Vp = maximum output voltage = 6V
V, = normal output voltage = 5V

Hence

1 1
3 LE = 3 C(sz - Voz)

Rearranging for C,
LP

VI’2 - voz -

C=
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- If the maximum volfége in this example is n V.
11 the 1 ini
v . ; S ple 1s not to exceed 6 V, then the minimum

_19.5 x (20
" 36 ~25

Further, the ripple currént requirements 1
, » may demand that-a 1 i
gvﬁghsv?:uni naiice);vstn:l:esg;;lld alslc:a be r];latfb for the effects of t?x:g ce;pc:g?::tgrsae

le voltage by about 20% typicall i .
ESR and ESL of the capacitor and the size, shape, ailc)l ﬁ'egﬂe(xla?en?ltnhg o the
current (Part 3, Chap. 12). y of fhe ripple

n conclusion, it has been shown that ve fecti i
; has | ry. effective series- <
cggflpcted ripple rejection can be. obtained by the addition ogdr:?al.ltli?;n :w(ail?
:ip pllt;oax:iil nchx:s:li'?mtmt'e: _ngtw%rk.,. This relatively simple change a.llow}; grgod
: r jection to be obtained using | - edium-

lytic capacitors and conventional inductor deiigc:lvs:'.e rreost medium-grade electro-

= 709 pF

20.13 PROBLEMS

1. Discuss the major disadvantage of swi i i
the older linear resmiotor tyt:egs. of switchmode power supplies compared with

2. Is the design of the output filter th i i i
outorst s waises P e only most important factor in reducing

3. Explain the meaning of the teri *‘chioke” as applied to output filters.

4. Why are power output filters oft i i e . N
frequency noise? p en relatively ineffective in dealing with high-

5. Why are two-stage filters sometimes used in output filter applications?

6. What is the di 5 .
rors ifference between common-mode and differential-mode noise fil-

7. In what way does the design of = iff
o vhat way does t gn of a common-mode choke differ from that of a

CHAPTER 21

POWER FAILURE
WARNING CIRCUITS

21.1 INTRODUCTION

Many instrument and computer systems require early warning of imminent power
failure, to provide sufficient time for an organized system shutdown. To maintain
the output voltages above the minimum specified values: during this *‘house-
keeping’’ process, sufficient energy must be stored in the power supply. A min-
imum holdup time (after power failure warning) of between 2 and 10 ms is usually

specified.

21.2 POWER FAILURE AND BROWNOUT -

Line failure can, of course, take many forms, but it will normally fall into one of
the following three. categories.
1. Total Line Failure: Instantaneous and catastrophic failure to zero or near Zero

voltage.
2. Partial Brownout: A fall in line voltage to a value below the normal minimum

(but not zero), followed by a recovery to normal.
3. Brownout failure: A brownout condition followed by eventual failure.

21.3 SIMPLE POWER FAILURE WARNING
CIRCUITS _.

Figure 1.21.1 shows a simple opticaily coupled circuit typical of those often used
for power failure warning. However, it will be shown that this type of circuit is
suitable only for type 1 failures, that is, total line failure conditions. It operates as

follows. ) Lo
The ac line input is applied to the network R1 and bridge rectifier D1 such that
flow in the optical coupler diode. This maintains a

unidirectional current pulses 0 :
pulsating conduction of the optical coupler transistor QL. While this pulsating

1.161
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FIG 1.21.1 Simple optocoupled power failure warning circuit.

condition continues, C2 will be “‘pumped’’ low and maintain Q2 “‘on.” Hence the
output power failure signal will remain high all the time the ac supply voltage is
high enough to drive current into D1.

When the ac line input fails, D1 no longer provides current to OC1, and Q1
turns off. C2 will charge via R2, and Q2 turns off. The power failure signal then
goes low.

Because this circuit does not have a defined threshold voitage, it will give the
required advance warning correctly only for condition 1 (a complete or nearly
complete line failure). It will not necessarily give the advance warning correctly
for condition 2 or 3 because during brownout the voltage may still be high enough
to maintain D1 conducting. Further, there is a delay between line failure and a
warning signal as C2 charges.

During a line failure, the energy stored in the power supply will maintain the
output voltage for a time period that depends on the input voltage prior to failure,
the part of the cycle in which the failure occurs, the loading conditions, and the
design of the supply. This holdup time can be more, but must not be less, than the
power failure warning period required plus the delay period of the warning cir-
cuit.

With the simple circuit of Fig. 1.21.1, during a brownout condition as specified
for condition 2, the voltage may fall low enough for power supply output regula-
tion to be lost, but not low enough for a power failure signal to be given. For
brownout (condition 3), even if the power supply maintains the required output
voltages, at the end of the brownout period, when the line voltage eventually
fails, the circuit will respond with a failure signal, and there will not be sufficient
energy remaining in the power supply to maintain the output voltage for the pre-
scribed warning period. Hence this type of circuit is not always fully satisfactory
for brownout conditions.

Since brownout conditions occur most often, the simple type of power failure
warning shown in Fig. 1.21.1, although often used, may be of little value.

21. POWER FAILURE WARNING CIRCUITS 1.163

21.4 DYNAMIC POWER FAILURE WARNING
CIRCUITS

omplex dynamic power failure warning circuits are able to respond.to
Erlfw[::;f c(c:mdixt’ions. I{Iany tyggs of circuit are in use, and it may be useful to examine

some of the advantages and disadvantages of some of the more common techmqu;s.
Figures 1.21.2 and 1.21.3 show twgo circuits that will ensure that sufficient

i ailure is given for all conditions.

wali‘rlt“tlgeotglrfst exampﬁel, a fraction of the D(:,‘ voltage on the power converter res-
ervoir capacitors C1 and C2 is compared with a r;ference voltage by comparator
amplifier Al. If this voltage falls to a value at which the power supply (f it wetxl'e
operating at full load) would only just provide the prescribed hold time, then the

AYAW
N 150 vDC - -
05 R4 %rzs%n
R1 10K <
01703 § 47¢ -ﬁoz
ci T1 |
z T oUTPUT oy
H— T CONVERTER “{ CIRCUIT
e
« POWER
e | V7 pzy FAIL
- T T """ 71" : 113'1 21 s1enaL
S U IR My L
oct ;g
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10K COUPLER
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FIG. 1.21.2 Power failure warning circuit with ‘‘brownout’’detection.
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FIG. 1.21.3 More precise *‘brownout” power failure warning circuits.
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output of amplifier Al goes high, energizing the optical coupler, and a failure
wamipg will be generated; the output signal goes low (*‘true low"’ logic).

This is a well-defined and reliable warning system, but it requires that the power
supply be designed to provide syfficient holdup time from a minimum defined input
voltage (below the normal minimum working voltage), to ensure that the specified
warning period is satisfied before the output voltage falls. To meet this need, a larger
and more expensive supply is required for the following reasons.

] Since a warning must not be given at or above the specified minimun’ working

line voltage for the power supply, the selected warning voltage value must be
lower than the minimum DC voltage normally found on C1 and C2 under fully
loaded minimum line input voltage conditions.

To provi@e the required holdup time under fully loaded conditions, from this
lower capacitor voltage, the converter must continue to give full output for a sup-
ply voltage which is even lower than normal; hence larger reservoir capacitors
and larger-current-rated input components will be required. This makes the
power supply larger and more expensive.

-Moreover, even this more complex arrangement can still give a false power
failure warning for a brownout condition of type 2. If the brownout continues for
a period and then the supply recovers, a spurious failure warning can be caused
by the capacitor voltage falling below the minimum warning value before the line
recovers, initiating a failure signal. It is clear that in this case there is no option
but to indicate a failure signal when the stored energy on the storage capacitors
reaches the critical value. Although the line may recover before eventual failure
of the outputs, a failure signal must be given at this time because the system can-
not know that the line will recover in time.

The arrangement has the advantage that short transient variations in input
voltage below the critical limit will not cause a failure warning, since the reser-
voir capacitors will not discharge to the critical voltage very rapidly. A further
advantage is that at lower loads or higher input voltages, there will be a longer
delay before the capacitors discharge to the critical voltage and a power failure
warning is generated.

This system provides the maximum rejection of input transient conditions,
eliminating spurious and unnecessary failure warnings. The delay time adjusts
“‘dynamically’’ in response to the loading and input voltage conditions; hence the
name.

Figure 1.21.3 shows a circuit that has advantages similar to those of the pre-
vious dynamic system, but does not require an auxiliary supply or comparator
amplifier. This circuit can be used in the rectified supply to the main converter,
as shown, or, with appropriate component adjustments, in the supply to the aux-
iliary converter. It operates as follows.

The bridge rectifier DI-D4 will provide a unidirectional half-sine-wave input
to the divider chain R1, ZD1. At the same time, this input is applied to diode D5.

The peak ac input voltage is rectified by D5 and stored on capacitor C1. The
DC voltage on C1 is monitored via ZD2 and QI and would normally bias Q1
Gton”. .

The rectifier diode D5 blocks the DC voltage on C1 and allows the voltage
across R1, OC1, and Q1 to fall to zero each half cycle; that is, the voltage across
R1, OC1, and QI follows the input voltage. Hence, OC1 must turn off for a short
period each cycle, even if the DC voltage on C1 is high and Q1 is on.

A failure warning will be given if OC1 turns off for more than 3 ms. This oc-
curs if the voltage on C1 falls to a value at which Q1 and hence OC1 turns off; this
critical voltage is defined by ZD1. Also, if the input supply fails completely for

S

21. POWER FAILURE WARNING CIRCUITS 1.165

more than 3 ms, a power failure warning will be given irrespective of the state of
charge on C1 (the main reservoir capacitor in the supply). In:this case OCl is off
because the supply to R1 and OCl is missing if the input supply is missing.

As long as the voltage on Cl is above the minimum value required to give the
required minimum holdup time, the zener diode ZD2 will be conducting and QI
will be on. During each half cycle, when the supply voltage to R1 exceeds a few
volts, OC1 will turn on, providing a discharge pulse to C2 and preventing C2 from
charging to the 2.5-V reference voltage PZ1. (At 2.5 V, PZ1 and Q2 would turn
on, giving a fail signal.) This discharge ‘‘pumping’’ action will continue as long as
the supply voltage on C1 is above the minimum value and the supply does not
fail.
If the line input fails or the voltage on Cl1 falls below the minimum value re-
quired to maintain ZD2 conducting (brownout), QI and OC! will remain off and
the pulse discharge of C2 will stop. C2 will now charge, turning PZ1 and QI on
and giving a power failure warning. This warning will be given if OCl is off for
more than 3 ms. The delay period is well defined. When OC1 is off, C2 charges
via R4 until the threshold voltage of PZ! is reached (2.5 V). At this voltage PZ1
conducts, turning on Q2 and generating a power failure *‘high™ signal.

If the line input fails, even if Cl remains charged and Q! remains on, there is
no supply to R1 and OC1 and a failure indication is given. This fast response pro-
vides and earlier warning of line failure so that the power supply holdup time

need not be so long.

21.5 INDEPENDENT POWER FAILURE
WARNING MODULE

-

The previous two power failure circuits must be part of the power sur{ply, as they
depend on the internal DC header voltage for their operation. Figure 1.21.4
shows a circuit that will operate directly from the line input and is independent of
any power supply. ) .
This circuit has its own bridge rectifier D1-D4, which again provides a unidi-
rectional half-sine-wave input to the feed resistor R1, ZD1, and the optical cou-

+5Y
0ct
(OPTICAL
| COUPLER)_
= POMER
————— S FAIL
R7 SIGNAL
=1

FIG. 1.21.4 Independent power failure module for direct operation from ac line in-
puts.
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pler diode OC1 and IC1. Provided that the DC voltage on C1 is above the critical
minimum value, IC1 (a TL431 shunt regulator IC) will be turned on, regulating
tire voltage at point A at 5 V. (Note: Diode D6 conducts, clamping the voltage
across R3, R4 and maintaining point A at 5 V.)

When the rectified input to*R1 rises above 5 V, during each half cycle, the
OC1 diode will conduct, turning the OC1 transistor Q1 on and providing a dis-
charge pulse to C2. This *‘pumping’* action prevents C2 from charging; RS and
R6 will be conducting, and Q2 will be on. The output warning signal wlll remain
**high,”" in this case the normal power good indication state.

As before, a failure (low) signal will be given if OCI is off for more than 3 ms,
allowing C2 to charge. This occurs if the voltage on C1 falls below the critical
value required to maintain IC1 *‘on”" or if the line input fails.

This circuit is more precise than the previous systems, with a better temper-
ature coefficient. The shunt regulator IC1 has a more precise internal voltage ref-
erence. Otherwise the function is similar to that shown for Fig. 1.21.3.

The time constant for the divider network R2, R3, R4, and C1 should be much
less than the discharge time constant of power supply primary capacitors, to en-
sure that a warning is given for brownout conditions before the power supply
drops out of regulation.

21.6 POWER FAILURE WARNING IN FLYBACK
CONVERTERS

Very simple power failure warning circuits can be fitted to flyback converters,
because in the forward direction the flyback transformer is a true transformer,
providing an isolated and transformed output voltage which is proportional to
the applied DC.

Figure 1.21.5 shows the power section of a simple single-cutput flyback sup-
ply providing a 5-V output. Diode D1 conducts in the flyback mode of T1 to
charge C2 and deliver the required 5-V output. The control circuit adjusts the
duty cycle in the normal way to maintain the output voltage constant.

An extra diode and capacitor D2, C3 have been added such that D2 conducts
in the forward mode of T1, developing a voltage V,on C3 of V/n, which is pro-
portional to the line input.

The divider network R2, R3 is selected such that the SCR will turn on when
the input voltage is at the critical minimum value. Note: This method gives good
input transient undervoltage rejection, as a warning will not be generated until the
header capacitor C1 has discharged to the critical value required for minimum
warning of dropout. Under light loading conditions, or when the input voltage has
previously been high, a longer delay is provided.

In this example an option is provided for a “‘true high™* or ‘‘true low™* power
failure signal (PFS) output.

Resistor R1 limits the charge current into C3 and prevents peak rectification of
leakage inductance spikes. Its low value prevents any race condition at switch-on
and gives fast response. After a failure signal has been given, the supply must be
turned off to reset the SCR. The circuit is simple but gives good performance.

S
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VP = 300 vDC T D1 . 5y
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FIG. 1.21.5 A simple power failure warning circuit for flyback converters.

21.7 FAST POWER FAILURE WARNING
CIRCUITS o

wn in this section respond quite slowly to brownout
sensing peak or mean voltages. The fﬂter ca.pacxtor
elay. Its value is a compromise, being low
e holdup time of the power supply anq the
but large enough to give acceptable ripple

The previous systems sho
conditions, because they are
in the warning circuit introduces a d
enough to prevent a race between thy
time constant of the filter capacitor,

¢ reduction. . . .
VOI;?gis possible to detect the imminent failure of the line before. this has fullzl'
developed by looking directly at the rectified l}ne mpult. Th)e c1;<.:u111t oc;:u;:s-ﬁotge

jon in the dv/dr (rate of change of input voltage), whic
e e ofa half ( if the peak voltage is going to be low. Hence

beginning of a half cycle of operation C : i e
'thglsnystegm is able to give more advanced warning of impending low-voltage con

ditions. ) i

ircui i t voltage is

The circuit recognizes very early that the rate of change of inpu

below the value necessary to generate the correct peak ac voltage. If !:he d'v/dt as
the supply passes through zero is low, failure is assun{ed, and a warning signal ills
generated before the half cycle is complete. This provides a useful extra few mil-
i ds of warning. o )
hse;;)gr:m 1.21.6a sﬁows a simulated line brownout characteristic, in which the
applied sine-wave input suffers a sudden reduction in voltage on the second cycle.
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When the rectified waveform is compared to a reference voltage, the change in
supply voltage shows up as an increase in the time At taken: for the rectified volt-
age to exceed the reference value. This change can be used to indicate a probable
failure before the full half cycle has been established. This method gives the ear-
liest possible warning of power brownout or failure. Figure 1.21.6b shows a suit-
able circuit.

This circuit operates as follows. The line input is bridge-rectified by diodes D1
through D4. A divider network of resistors R1, R2, and R3 is placed across the
bridge output, and this load ensures a clean rectified half-cycle waveform at point
A, as shown in Fig. 1.21.6a. This waveform is applied to the input of the com-
parator amplifier of PZ1 by the network R1, R2, and R3. As the supply voltage at
A passes through 50 V during the falling second haif of a half cycle, the veltage
applied to PZ1 passes through 2.5 V and the shunt regulator PZ1 and optical cou-
pler OC1 will turn off.

This starts a timing sequence on C2 such that unless the supply voltage rises
through 50 V once again during the next positive-going edge of a half cycle within

- a prescribed time, then PZ2 and Q1 are turned on, giving a power failure signal.

The timing is defined by C2, RS, and the secondary voltage (5 V in this exam-
ple). During each half cycle, OC1 turns off and C2 will be charged from the time
the input supply falls below 50 V to the time it returns above 50 V. If the “‘off”’
time of OCI1 gets longer (as would be the case for a low input voltage, as shown
in Fig. 1.21.6a), the voltage ramp across C2 will exceed 2.5 V, and PZ2 will be
turned on. Q1 then indicates a power failure. An optocoupler is incorporated to
isolate the sensing circuit from the output signal.

In this circuit the operating voltage is well defined. It may be adjusted so that
a failure will be indicated only for line voltage variations which fall below the
critical value required to provide the power supply holdup time.

The circuit is very fast and will give a brownout power failure waining within
1 to 8 ms, depending on where in a cycle a failure occurs.

21.8 PROBLEMS

1. Explain the purpose of a power failure warning circuit.

2. How is a power failure warning signal developed in a flyback switchmode sup-
ply?

3. What is meant by brownout power failure warning?

4. Describe the principle employed in a fast power failure warning circuit.



CHAPTER 22

~ CENTERING —
(ADJUSTMENT TO CENTER)
OF AUXILIARY OUTPUT,
'VOLTAGES
ON MULTIPLE-OUTPUT
CONVERTERS

22.1 INTRODUCTION

When more than one winding is used on a converter transformer to provide aux-
iliary outputs, a problem can sometimes arise in obtaining the correct output volt-
ages. Because the transformer turns can only be adjusted in increments of one
turn (or in some cases a half turn; see Part 3, Chap. 4) it may not be possible to
get exact voltages on all outputs.

When output auxiliary regulators (often three-terminal series regulators) are to
be used, the secondary output voltage error is generally not a problem. However,
in many cases additional regulation is not provided, and it is desirable to
‘“‘center’’ the output voltage (set it to an absolute value).

The following method describes a way of achieving this voltage adjustment in
a loss-free manner, using small saturable reactors.

22.2 EXAMPLE

Consider the triple-output forward-converter secondary- circuit shown in Fig.
1.22.1. Assume that the 5-V output is a closed-loop regulated output, fully stabi-
lized and adjusted.

There are two auxiliary 12-V outputs, positive and negative, which are now
semiregulated as a result of the closed-loop.control on the 5-V line. Assume that
the regulation performance required from the 12-V outputs is such that additional
series regulators would aot normally be required (say, +6%).

Further assume that to obtain 12 V out, the transformer in this example re-
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FIG. 1.22.1 Saturating-core *‘centering inductors'" applied to
a Multiple-output push-pull converter.

i i i Ifi2
i 1.5 turns and the half turn is not possible for flux balancing reasons.
?x:lrlrrlzsalre used on the transformer, the output voltage on the lg-V lmgs will be
high by approximately 0.7 V. (Remember, this output is obtained with a pre-
defined pulse width which was set by the main control loop for the 5-V output.)
Assume also that under these conditions, the pulse width is 15 ps on and 18 s
jving a total period of 33 ps.. . ] )

Off’ltgi‘:lr?gt possib’lI:a to reduce the overall pulse width to obtain the correct output
on the 12-V lines, as this will also reduce the 5-V output. If, on the other hand,
the pulse width to the 12-V outputs could be reducedeuhout changing the pulse
width to the 5-V line, then it would be possibl-e to produce the required output
voltage on all lines. It is possible to achieve this with a saturable ri?ctor.

223 SATURABLE REACTOR VOLTAGE
ADJUSTMENT

' i i ibed in Part 2,
ider the effect of placing a saturable reactor toroid (as descri A
ggg;l.dze{) on the output lines from the transformer to the 12-V rectifiers D1 and

Dz.:l‘hese reactors L1 and L2 are selected and desighied so that they take a time-

delay period #, to saturate, specified by

reqitired Vou X fon

fa = fon = actual Vo,
In this case,
1215 .
=15 - = (0,827 ps
tg= 15 1277 1%

i is i ing edge of the output power
he extra time delay ¢, is introduced on the leading e )
guﬁe by the saturable :e'actor, and the 12:7-V output would be adjusted back to
12 V. This action is more fully explained in Part‘z, Chap. 21. -
It remains only to design the reactors to obtain the above conditions.
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22.4 REACTOR DESIGN

Step 1, Selection of Material

From Fig. 1.22.1, it is clear that the cores will b i
<1, t € set to saturatio i
::rt‘lil :c;:::ili?ond()f t?e ogtput diodes D1 and D2 and to providentggzgxgntehgézr}:
on the leading edge for the next “‘on’’ period, the cores must reset i
Dgft’ period. When D1 agd D2 are not conducting the **flywheel diod:sl?'rigjag ;hg
are normally cox_aductmg. If a square loop material with a low remanenc P
g&l?ggg;:l:g cm'astdmg'l often self-reset, the recovered charge of D1 and D2 beeinl;
C - to provide the reset action. However, r i
reqxlred in some applications. eect resistors R1 and R2 may be
number of small square-loop ferrite toroids meet th i
| sq) I ese requ
the TDK H5B2 material in a toroidal form is chosen for this ex:m;:nems’ and

Step 2, Obtaining the Correct Delay Time

Prior to saturation, the wound toroid will :

n, conduct only magnetizati
anc'lI,‘hthex_'efore, will be considered in its “‘off’ state. Y magnetization current
e time taken for the core to saturate when the “‘on’’ i i

; ) 2 on’’ period starts (dio
gzma‘.lrcgsla;ed) .vtvnll deper}d on the applied voltage, the number of turns (theizs
¢ X density excursion, and the area of the core, Y y
e ] re, as defined by the follow-

_NyxABXAe
Vs

7]

where ¢, = required time delay, ps
AB = change in flux density from B, to B,,,, T
, = flux remanence at H = 0
B, = flux density at saturation, T
A, = effective area of core, mm?
V, = secondary voltage, V

In this example, the secondary volta i
In this ex: , ge V. applied to the core at the start of
lo(:\[/ls- period may be calculated from the cfuty ratio and the output voltage gs ftgﬁ

Vout(tcm + toﬁ)
tOn

where V,,, = required output voltage, V
“‘on”’ period, us
“off”” period, ps

V=

ton
toﬂ‘

In this example,
12.7(15 +
V: = _(———1_8:). =
15

There are now two variables available for final voltage adjustments: turns and

279V
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core area. Assume, for convenience, that a single primary turn is to be used; that
is, the output wire from the transformer is simply passed through the toroid.
There is now only one variable, the core area, and the required core cross-
sectional area may be calculated as follows:

V,xtd
N X AB

A, =

In this example,

27.9 x 0.827

- 2
Tx0.4 57.7 mm’

A=

This is a relatively large core, and for economy in low-current applications more
primary turns may be used. For example, 5 turns on the primary and a core of ¥s
of the previous area will give the same delay. The area would now be A, = 11.4
mm?, and a TDK T7-14-3.5 or similar toroid would be suitable.

It may be necessary to fit a resistor (R1, R2) across the rectifier diodes D1 and
D2 to allow full restoration of the core during the *‘off”” period, as the leakage
current and recovered charge from D1 and D2 may not be sufficient to guarantee
full recovery of the core during the nonconducting (reverse-voltage) period.

Note: This method of voltage adjustment will hold only for loads exceeding the
magnetizing current of the saturable reactor; hence the voltage tends to rise at
light loads. Where control is required to a very low current, it is better to use a
small, high-permeability core with more turns, as the inductance increases as N°
while the delay is proportional to N (giving lower magnetization curgent and con-

trol to lower currents).
A further advantage of the saturable reactor used in this way is that it reduces

the rectifier diode reverse recovery current, an important advantage in high-
frequency forward and continuous-mode flyback converters.

225 PROBLEMS

1. What is meant by the term *‘centering’’ as applied to multiple-output converters?

2. Why is centering sometimes required in multiple-output applications?

3. Describe a method of nondissipative voltage centering commonly used in
ratio-controlled converters.

4. Explain how saturable reactors L1 and L2 in Fig. 1.22.1 reduce the output
voltages of the 12-V outputs.

5. Assume that the single-ended forward converter shown in Fig. 1.22.1 gives the

required 5-V output when the duty ratio is 40% at a frequency of 25 kHz. The
5-V secondary has 3 turns, the 12-V secondaries have 9 turns each, and the

rectifier drop is 0.7 V.
If L1 and L2 have 3 turns on a T8-16-4 H5B2 toroid core (see Fig. 2.15.4 and

Table 2.15.1), calculate the output voltage with and without L1 and L2). Is
there a better turns selection for 12 V?
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CHAPTER 23
AUX' Ll ARY S large, as it must be designed to meet the insulation and creepage requirements of
UP P LY SYSTEMS the various safety specifications. Hence, the size, cost, and weight of a 60-Hz
auxiliary supply transformer tends to make it less attractive for the smaller
switchmode applications.

. In larger power systems, where the auxiliary transformer size would not have
’ a very dramatic effect on the overall size and cost of the supply, the 60-Hz trans-

former can be an expedient choice.
Some advantages of the transformer approach are that fully isolated auxiliaries
' can easily be provided. Hence, the control circuitry may be connected to input or
output lines, and the need for further isolation may be eliminated. Further, the
auxiliary supply is available even when the main switching converter is not op-

erating.

23.3 -AUXILIARY CONVERTERS

23.1 INTRODUCTION

Very small, lightweight auxiliary power supplies can be made using self-
oscillating high-frequency flyback converters. The output windings on the con-
verter can be completely isolated and provide both input and output auxiliary
needs, in the same way as the previous 60-Hz transformers.

Very oftenz an a}uxiliary power supply will be required, to provide power for con-
trol and drive circuits within the main switchmode unit.

Deper}ding on the chosen design approach, the auxiliary supply will be com-
mon to either input or output lines, or in some cases will be completely isolated.
A number of ways of meeting these auxiliary requirements are outlined in the fol-
lowing sections.

The method chosen to provide the auxiliary needs should be considered very
carefully, as this choice will often define the overall design strategy. For exam-
p_le, in “pff-line" supplies, if the internal auxiliary supply to the control and drive
circuits is common to the input line, then some method is required to isolate the
control signal developed at the output from the high-voltage input. Often optical
couplers or transformers will be used for this purpose.

Alternatively, if the internal auxiliary supply is common to the output circuit,
theq the Sirive transformer to the power transistors may be required to provide
the isolation. For this application, it must meet the creepage distance and isola-
tion requirements for the various safety specifications. This makes the design of
the drive transformers more difficult.

When the specification requires power good and power failure signals or re-
mote cpntrol functions, it may be necessary to have auxiliary power even when
tl_le main converter is not operating. For these applications, impulse start tech-
niques and auxiliary supply methods that require the power converter to be op-
erating would not be suitable. Hence, all the ancillary requirements must be con-
sidered before choosing the auxiliary supply method. }

23.2 60-Hz LINE TRANSFORMERS

Yery often small 60-Hz transformers will be used to develop the required auxil-
iary power. Although this may be convenient, as it allows the auxiliary circuits to
be energized before the main converter, the 60-Hz transformer tends to be rather
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Because auxiliary power requirements are usually very small (5 W or less),

extremely small and simple converters can be used. A typical example of a

nonregulated auxiliary converter is shown in Fig. 1.23.1. In this circuit, a self-
oscillating flyback converter operates from the 150-V center tap of the voltage
doubler in the high-voltage DC supply to the main converter.

-
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FIG. 1.23.1 Auxiliary power supply converter of the single-uanstormer, self-oscillating flyback
type, with energy recovery catch diode D3.
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23.4 OPERATING PRINCIPLES

Initially, Q1 starts to turn on as a result of the base drive current j i
3vn1fl R2._ t:shsoon as Ql starts to turn on, regenerative feedback \;?arfvﬁcti?;z 11%
state:«.lssxs the turn-on action bf the transistor, which will now latch to an “on”’

With QI on, current will build up linearly in the primary windi
fined by the pr@mary inductance and applied voltagep (dIzg; V“Dill.nﬁ “i: :‘:;e e
rent builds up in the collector and emitter of Q1, the voltagecacrgs's R3 wmcgr-
créase. The voltage on the base of Q1 will track the emitter voltage (plus V, o
ar!d \yhen the base voltage approaches the voltage developed across the feedb be)lé
winding P2, t_he current in R2 will fall toward zero, and Q1 will start to turn a%
) Regenerative feec_iback from P2 will now reverse the base drive voltage tuc:-n'
ing _Ql off more rapidly. By flyback action, the collector of Q1 will fly pc’)sitiv .
unql the clamp diode D3 is brought into conduction. Flyback action will contim.l(=
Engl most of the energy stored in the transformer is returned to the 300-V suppI;

ne.

However, at the same time, a small amount of energy will be
output via D§ and DQ. Because D3 conducts throughgzt theglytt::g;f;?;gdm;:g
the same primary winding is used for both forward and flyback actions, the
flyback voltage will be equal to the forward voltage, and the output voltage’ will
be defined b'y the -supply voltage. Also, the flyback period will be the same as the
forward period, giving a 50% mark space ratio, that is, a square-wave output

The inductance of the transformer primary should be chosen by gapping t‘he
core suc_h that the stored energy at the end of an on period ¥; LI2 is at least three
or four times greater than that required for the auxiliary outputs, so that clamping
diode D3 will always be brought into conduction during the flyback period. This
way, the secondary flyback voltage will be defined by the turns ratio and the pri-
mary voltagt_a. This can be an advantage when the auxiliary voltage is to be used
foxt'.power failure/power good indications and to provide low-input-voltage inhibit
actions.

_ Asthe pnma.ry turns are very large (300 to 500 turns typically), there is a con-
s:derablg dlstr_xbuted interwinding capacitance in the primary. The relatively
small primary inductance, given by the large air gap in the transformer core, im-
proves the switching action in these small converters. ’

Although the current in the primary may appear quite large for the transmitted
power, the overall efficiency remains high, as the majority of the energy is re-
:!;med to th:t supply il‘ine d:lrinzg the3 flyback period. The mean off-load current of

ese converters is often o or 3 mA, althou; i
by y gh the peak primary current may

Because a DC current is taken from the center tap of the input capacitors C1 and
C2, this simple converter is suitable only for voltage doubler applications. If full-
wave input rectification is used, a DC restoration resistor is required across C1.

23.5 STABILIZED AUXILIARY CONVERTERS

Many variations of this basic sel_f-oscillating converter are possible. By using a
high-voltage zener on th_e input side, it is possible to provide stabilized auxiliary
outputs and also maintain a constant operating frequency.
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FIG. 1.23.2 Stabilized auxiliary power converter of the self-oscillating flyback type, with en-
ergy recovery winding P3 and synchronization input Q2.

Figure 1.23.2 shows one such modification to the basic circuit. This circuit is
also more suitable for dual-voltage operation, as the flyback energy is returned to
the same input line as the primary load.

The input voltage is stabilized by ZD1 and gives constant-frequency opera-
tion. This auxiliary converter may be used as the basic clock for the control cir-
cuit, providing drive directly to the power switching transistors. Very simple and
effective switchmode supplies may be designed using this principle.

An energy recovery winding P3 and diode D6 have been added to the trans-
former so that the spare flyback energy is returned to the same supply capacitor
as the primary winding P1 (C3). This makes the mean loading current on ZD!1
very low, allowing simple and efficient zener diode preregulation. Both forward
and flyback voltages are regulated by ZD1, providing a regulated flyback voltage
and hence regulated outputs. It is important to use bifilar windings for P1 and P3
and to fit the energy recovery diode D6 in the top end of the flyback winding P3.
In this position it isolates the collector of the switching transistor from the
interwinding capacitance in T1 during the turn-on edge of Q1.

The DC supply to the auxiliary converter is taken from the main 300-V line via
R1 and R2, which have been selected so that input link changes for dual input
voltage operation will not affect the operating conditions of ZD1. Further, an ex-
tra transistor Q2 has been added to the base of the converter transistor Q1 to
permit external synchronization of the converter frequency.

It should be noted that the frequency may only be synchronized to a higher
value, as Q2 can terminate an “‘on’ period early, but cannot extend an “‘on” pe-
riod. Turning on Q2 results in immediate flyback action for each sync pulse, giv-

ing higher-frequency operation.

23.6 HIGH-EFFICIENCY AUXILIARY SUPPLIES

Figure 1.23.3 shows a more efficient version of the previous circuit, in which the
Joss incurred in the feed resistors R1 and R2 has been eliminated by using a sep-
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FIG. 1.23.3 Auxiliary power converter of the self-oscillatin; i
I i ! g flyback type with -
ing fan supply, suitable for use with 110-V ac fans in dual input voltagyz:pl;lic:ﬁlollzv a¢ cool

arate bridge rectifier D5-D8 to supply the converter. This arran i ic-
u}arly useful' for dual 110-220-V applications, as the rectifiers 52“332:5:&1;2-
tively fed with 110 V for both positions of the voltage selector link, that is, for
both 110- and 220-V operation. This effective 110-V ac line is also used in’this
example to supply the 110-V cooling fan. Hence, the same fan may be used for
both input voltages. (To meet the safety requirements, the insulation rating for
the fan must be suitable for the higher-voltage conditions.)

Note: 'When operating from 220-V line inputs, the link to the center of is re-
movgd. Unde}' this condition, the load on the 300-V DC line must excgedct}'n—ecfzaxllsal:d
a.uxi]xary logdmg, to ensure DC restoration of the center point of C1-C2. Hence this
circuit is suitable only for applications in which a minimum load is maintained on the
output. Capacitors C1 and C2 must be selected to accommodate the additional ripple
current loading provided by the fan and the auxifiary converter, although this will prob-
ably be a small percentage of the total loading in most applications.

23.7 AUXILIARY SUPPLIES DERIVED FROM-
MAIN CONVERTER TRANSFORMER

When the main converter is operating, it is clear that a winding on the main con-
verter _transfqrmer can provide the auxiliary supply needs. However, some
means is required to provide the auxiliary power to the control circuits du;ing the
start-up phase. The following chapter describes a number of starting methods.

23.8 PROBLEMS

1. Explain why the characterictics of the auxiliary
: 1 power supply systems are
sometimes fundamental to the operation of the main power section.

2. What is the major disadvantage of using small 60-Hz transformers for auxiliary
power systems?

{
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CHAPTER 24

PARALLEL OPERATION
OF VOLTAGE-STABILIZED
POWER SUPPLIES

24.1 INTRODUCTION

Stabilized-voltage power supplies, both switching and linear, have extremely low
output resistances, often less than 1 mQ. Consequently, when such supplies are
connected in parallel, the supply with the highest output voltage will supply the
majority of the output current. This will continue until this supply goes into cur-
rent limit, at which point its voltage will fall, allowing the next highest voltage
supply to start delivering current, and so on.

Because the output resistance is so low, only a very small difference in output
voltage (a few millivolts) is required to give large current differences,Hence, it is
impossible to ensure current sharing in parallel operation by output voltage ad-
justment alone. Generally any current imbalance is undesirable, as it means that
one unit may be overloaded (operating all the time in a current-limited mode),
while a second parallel unit may be delivering only part of its fuil rating.

Several methods are used to make parallel units share the load current almost

equally.

24.2 MASTER-SLAVE OPERATION

In this method of parallel operation, a designated master is selected, and this is
arranged to provide the voltage control and drive to the power sections of the
remainder of the parallel units. :

Figure 1.24.1 shows the general arrangement of the master-slave connection.
Two power supplies are connected in parallel. (They could be switching or linear
supplies.) Both supplies deliver current to a common load. An interconnection is
made between the two units via a link (this is normally referred to as a P-terminal
link). This terminal links the power stages of the two supplies together.

The master unit defines the output voltage, which may be adjusted by VR2.
The slave unit will be set to a much lower voltage. (Alternatively, the reference
will be linked out, LK1.) The output of amplifier A1’ will be low, and diode D1’
is reversed-biased. Q3’ will not be conducting, and the drive to Q2 will be pro-
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fi'f’(j. 1.24.1 Linear voltage-stabilized power supplies in master-sfave connec-

vided by Q3 in PSU1 via the P-terminal link. The drive transis

sufﬁc19nt spare drive current to provide the needs of all the p;:gﬁe?ztg;:?thg:g
there is a lm}lt to the number of units that can be connected in parallel, Drive
accommodation is normally provided for a minimum of five parallel suppiies.

In this arrangement, the- slaye supplies are operating as voltage-controlled cur-
rent sources. Current sharing is provided by the voltage drop across the emitter
sharing resistors R, and R,’. The current-sharing accuracy is not good because of
the rather variable base-emitter voltages of the power transistors. A sharing ac-
cur%;:ly of Z'O%dwmcllld be typical for this type of connection.

_The major disadvantage of master-slave operation is that if the “uni
fails, then all outputs will fail. Further, if a power section fails, the tg?r?:tr clg::f
3e<_:ttxon between the two units via the P terminal tends to caus,e a failure in all

nits.

24.3 VOLTAGE-CONTROLLED CURRENT
SOURCES

This method of parallel operation relies on a principle simil

master-slaye, except that the current-sharing P—tle)rming.[ con:e;l;otr:)i;}::;df;th :
much earlier signal level in the control circuit. The control circuit is configured as
a voltage-controllied current source. The voltage applied to the P terminal will de-
ﬁn; the current from each unit, the total current being the sum of all the parallel
;il:rl;sihzhe vqltage on the P1 tertmé::al, and hence the total current, is adjusted to

required output voltage from the i
theIgeneral principle.p g the complete system. Figure 1.24.2 shows
n this arrangement the main drive to the power transisto: '
the voltage-controlled current amplifiers Alpand AY’. This cl;;gr;t;:ar;da‘sQ ;‘olllf)fv;gm
Assume that a reference voltage REF has been set up by one of the,ampliﬁer.s

(REF2 apd REF2’ must be equal, as they are connected by the P terminals.) The:
conduction of transistors Q1 and Q1’ will be adjusted by the amplifiers so th.at the
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FIG. 1.24.2 Parallel operation of current-mode-controlled linear power sup-
plies, showing natural current-sharing ability.

currents in the two current-sensing resistors R1 and R1’ will be well defined and
equal. The magnitude of the currents depends on the reference voltage on P and
the resistor values.

The dominant tontrol amplifier; A2 or A2’ (the one set to the highest volt-
age), will now adjust the current to obtain the required output voltage. The other
amplifier will have its output diode reverse-biased.

The major advantage of this arrangement is that a failure in the power section
is less likely to cause a fault in the P-terminal interconnection, and the current

sharing is well defined. -
This circuit lends itself well to parallel redundant operation. See Sec. 24.5.

244 FORCED CURRENT SHARING

This method of parallel operation uses a method of automatic output voltage ad-
justments on each power supply to maintain current sharing in any number of
parallel units. This automatic adjustment is obtained in the following way.

Because the output resistance in a constant-voltage supply is so low (a few
milliohms or less), only a very small output voltage change is required to make
large changes in the output current of any unit.

With forced current sharing, in principle any number of units can be con-
nected in parallel. Each unit compares the current it is delivering with the aver-
age current for the total setup and adjusts its output voltage so as to make its own
output current equal to the average current. ’

Figure 1.24.3 shows the principle used for this type of system. Amplifier Al is
the voltage control amplifier of the supply. It operates in the normal way, com-
paring the output voltage from the divider network R3, R4 with an internal ref-

erence voltage V..; and controlling the power stage so as to maintain the output

voltage constant. However, Vy¢ is made up of the normal reference voltage V ¢

in series with a small adjustable reference V2 developed by the divider network
R1, R2 from the current sense amplifier A2. V2, and hence V., may be in-



FIG. 1.24.3 Paralle] operation of voltage-stabilized linear power supplies, show-
ing forced current-sharing circuit.

creased or decreased in response to the output of amplifier A2. The maximum
range of adjustment is limited, being typically 1% or less.

Amplifier A2 compares the output current of its own power supply with the
average output current of all the power supplies by comparing the voltage an-
alogue across the internal current shunt R1 with the average voltage analogue
generated by all the shunts and averaged by the interconnection resistors Rx.
A2 will increase or decrease the second reference voltage V2, and hence the
output voltage of its supply, so as to maintain its current on a par with the
average.

An interconnection between the power supplies must be provided to carry the
information on the average current, (This is sometimes known as a P-terminal link.)

Any number of such supplies can be directly connected in parallel. All that
will be required from the supplies is that their output voltages must be adjusted to
be within the voltage capture range (better than 1% of the required output voltage
in this example).

The major advantage of this technique for parallel redundant operation is that
in the event of one power supply failing, the remaining working units will redis-
tribute the load current equally among them without interruption to the output.

The output voltage of the combination will adjust itself to the average value of
the independent units.

A more practical arrangement of this circuit principle is demonstrated in Fig.

1.24.4, This circuit has the advantage that the reference voltage can be increased
or decreased as required.

The output voltage of amplifier A2 (node A) will normally be equal to the ref-
erence voltage V,... Hence there will be no corrective action so long as the output
current is equal to the average current of the combination. Under these condi-
tions, the voltages at node B and node C are the same. If the current is not bal-
anced, then the voltage at node B will not be the same as that at node C, and the
output of amplifier A2 will change to adjust the reference voltage. This will result
in a change in output voltage and a correction in the output current, to recover a
balanced condition. *
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FIG. 1.24.4 Example of a forced current-sharing circuit.

24.5 PARALLEL REDUNDANT OPERATION

The purpose of parallel redundant operation is to ensure maintenance of power
even in the event of one power supply failure. In principle, n supplies (where n is
two or more) are connected in parallel to supply a load that has a maximum de-
mand that is n — 1 of the total combination rating. Hence, if a $upply fails, the
remainder of the units will take up the load without an interruption in the service.

In practice, the failed supply may short-circuit (for example, the SCR
overvoltage crowbar may fire). To prevent this supply from overloading the re-
mainder of the network, the power supplies will usually be rectifier-diode OR-
gated into the output line. Figure 1.24.5 shows a typical arrangement.

Remote voltage sensing is not recommended for paraliel redundant operation,
as the remote connections provide alternative current paths in the event of a
power supply failure. If line voltage drops are a problem, then the diodes should
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FIG. 1.24.5 Parallel redundant connection of stabilized voltage power supplies.
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be mounted at the load end and remote sensing taken up to the diode anode only,
as shown in Fig. 1.24.6.

Power supplies of the forced-current-sharing type are most suitable for this
type of parallel redundant mode operation, as the P-terminal link provides cur-
rent sharing and does not compromise the operation if a supply fails. In fact, the
technique ensures that the remainder of the supplies share the load equally, in-
creasing their output currents as required to maintain a constant output voltage.

24.6 PROBLEMS

1. Why does operating constant-voltage power supplies in parallel present a
problem?

. What is meant by parallel master-slave operation?

Explain the major disadvantage of master-slave operation.

. What is meant by forced current sharing for parallel operation?

. What is the major disadvantage of forced current sharing?

. What is meant by parallel redundant operation?

S nh W
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CHAPTER 1

MULTIPLE-OUTPUT FLYBACK
SWITCHMODE POWER

SUPPLIES

1.1 INTRODUCTION

Figure 2.1.1 shows the basic circuit of a triple-output flyback power supply.

The flyback unit combines the actions of an isolating transformer, an output
inductor, and a flywheel diode in a single transformer. As a result of this mag-
netic integration, the circuit provides extremely cost-effective and efficient sta-
bilized DC outputs.

The technique is particularly useful for multiple-output applications, where
several semistdbilized outputs are required from a single supply. Ihe major dis-
advantage is that high ripple currents flow in transformer and output compo-
nents, reducing their efficiency. As a result of this limitation, the flyback con-
verter is usually restricted to power levels below 150 W.

1.2 EXPECTED PERFORMANCE

In the example shown in Fig. 2.1.1, the main output is closed-loop-controlled and
is thus fully regulated. The auxiliary outputs are only semiregulated and may be
expected to provide line and load regulation of the order of +6%. Where better
regulation is required, additional secondary regulators will be needed.

In flyback supplies, secondary regulators are often linear dissipative types, al-
though switching regulators may be used for higher efficiency. For low-current
outputs, the standard three-terminal IC regulators are particularly useful. The
dissipation in the linear regulators is minimized as a result of the preregulation
provided by the closed-loop control of the main output. In some applications, the
closed-loop control regulation may be shared between two or more outputs.

Since the most cost-effective flyback converters will not have additional sec-
ondary regulators, overspecifying the requirements is a mistake. The essential at-
tractions of of this type of converter—simplicity and low cost—will be lost if ad-
ditional circuitry is required to meet very critical specifications. For such

23 W/
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applications, the designer might do well to consider one of the more sophisticated
multiple-output topologies with their inherently higher performance.

MAIN
OUTPUT

Tu
~—0

1.2.1 Output Ripple and Noise

Where very low levels of output ripple are required, the addition of a small LC
noise filter near the output terminals will often eliminate the need for expensive
low-ESR capacitors in the main secondary reservoir positions.

For example, a typical 5-V 10-A supply may use the highest-quality low-ESR
capacitors in positions Cf, C2, and C3 of the single-stage filter shown in Fig.
2.1.1, but this will rarely give a ripple figure of less than 100 mV. However, it is
relatively easy to keep ripple figures below 30 mV whenlow-cost standard elec-
trolytic capacitors are used in positions Cl, C2, and C3 by adding a high-
frequency LC output filter. This approach can be very efficient and cost-

T ’ ’
01
1
l CONTROL
CCTS.
F

S

[ NAAAAAL - -
° - a < - effective. (See Part 1, Chap. 20.) It should be understood that in a flyback
- = « converter the inductor can be quite small, since it is not required for energy stor-
age (as it would be in a forward converter).
e 5 =
= § g g 1.2.2 Synchronization
=] 2aod
s £23 In fixed-frequency flyback units, some means of synchronizing the switching fre-
quency to an external clock is often provided. This synchronization can lead to
fewer interference problems in some applications.

—
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1.3 OPERATING MODES

f a typical triple-output, direct-off-line flyback (buck-

—{I— O_TﬂF

<—e -I S — Two modes of operation are clearly identifiable in the flyback converter:
I 1. “Complete energy transfer’” (discontinuous mode), in which all the energy
< < that was stored in the transformer during an energy storage period (‘“‘on”’ pe-

riod) is transferred to the output during the flyback period (*‘off* period).

2. *““Incomplete energy transfer’’ (continuous mode), in which a part of the en-
ergy stored in the transformer at the end of an “‘on™ period remains in the
transformer at the beginning of the next ““on’" period.

1.3.1 Transfer Function

The small-signal transfer functions for these two operating modes are quite dif-
ferent, and they are dealt with separately in this section. In practice, when a wide
range of input voltages, output voltages, and load currents is required, the fly-
back converter will be required to operate (and be stable) in both compiete and
incomplete energy transfer modes, since both modes will be encountered at some
R point in the operating range.

As a result of the change in transfer function at the point where there is a
move from one mode to the other, together with the merging into one component

RFI
FILTER

FIG. 2.1.1 Power rectifier and converter section o

E O—

boost) switchmode power supply.
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of the transformer, output inductor, and flywheel diode acti
! ons, flyback co -
ers can be among the most difficult to design. Y nvert

1.3.2 Current-Mode Control,

The introduction of current-mode control to the pulse-width mo i i

has very much reduced the control-loop problemsl,) particularly fo?’utll?;l::grﬁ;tl?t:
energy transfer mode. Hence current-mode control is recommended for flyback
systems. How_ever, current-mode control does not eliminate the stability prob-
lems mherex}t in the incomplete energy transfer mode, because of the *‘right-half-
plane zero™ in the transfer function. This will require the gain of the contro] loop to
roll off at a low frequency, degrading the transient response. (See Part 3, Chap. 9.)

1.4 OPERATING PRINCIPLES

Copsider Fig. 2.1.1. In this circuit, the high-voltage-rectified 300-V DC line is
swngched across the primary winding of a transformer P1, using a single switching
deylce QL. The control circuit has a fixed frequency, and the duty ratio of Qlis
adjusted to maintain the output voltage constant on the main output line. It will
be shown that the unit may operate in a complete or incomplete energy transfer
mode, depending on the duty ratio and load.

1.5 ENERGY STORAGE PHASE

’I:he energy storage phase is best understood by considering the action of the ba-
sic smgle-outpyt flyback converter shown in Fig. 2.1.2.
When transistor Q1 is turned on, the start of all windings on the transformer

Vee= 300D n:1 Vs
o D 0
D1
L]
P1 ” St
SUPPLY *
L —)
L 1
r_JT_ P Is g C1 § LOAD
n o

O * Q

FIG. 2.1.2 Simplified power section of a flyback (buck-boost) converter.
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will go positive. The output rectifier diode D1 will be reverse-biased and will not
conduct; therefore current will not flow in the secondary while Q1 is conducting.
During this energy storage phase only the primary winding is active, and the
transformer may be treated as a simple series inductor; hence the circuit can be
further simplified to that shown in Fig. 2.1.3a.
From Fig. 2.1.3a it is clear that when QI turns on, the primary current [, will

increase at a rate specified by

di, Ve

t P

supply voltage

where V.
primary inductance

LP
This equation shows that there will be a linear increase of primary current during
the time Q1 is conducting, (#.). During this period the flux density in the core
will increase from the residual value B, to its peak working value B,,. The corre-
sponding current waveforms and flux density changes are shown in Fig. 2.1.3b.

{a) . (b)

FIG. 2.1.3 (a) Equivalent primary circuit during the energy storage phase. (b) Primary current
waveform and magnetization during the energy storage phase.

1.6 ENERGY TRANSFER MODES (FLYBACK PHASE)

When Q1 turns off, the primary current must drop to zero. The transformer
ampere-turns cannot change without a corresponding change in the flux density
—~AB. As the change in the flux density is now negative-going, the voltages will

o/
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reverse on all windings (flyback action). The second rectifi i H
condpct, and the magnetizing current will now transf::}t'o the sl::-:o(:llg::yDIIt 3‘11}
continue to flow from start to finish in the secondary winding. Hence tixe sel
pndary_(ﬂyback) current flows in the same direction in the windings as’ the oric:
inal primary current, but has a magnitude defined by the turns ratio (Tt%e
am%ers-tun:s [:]roductt rema‘,jins constant.) '

nder steady-state conditions, the second induced emf
must have a value in excess of the voltage on Calr{the output voltz(zgg)b ctlsorv: gi?)g;g
Pl can gonduct. At this time the flyback current will flow in the secondary wind-
ing starting at a maximum value I,, where I, = n X L. (n is the transformer turns
ratio and 1 is the primary current at the instant of turn-off of Q1.) The flyback
current wﬁ fall toward zero during the flyback period. Since during the flyback
period Q1 is ““off’’ and the primary is no longer conducting, the primary winding
can now be neglected, and the circuit simplifies to that shown in Fig. 2.1.4a. The
flyback secondary current waveform is shown in Fig. 2.1.45. ’

n:1

1
VT

P1 S1

c1

i

(a}

{b)

FIG. 2.1.4 (a) Equivalent secondary circuit during the energy transfer phase (flyback period
(b) Secondary current waveform and magnetization during the flyback pel:'iod. @ period).

For complete energy transfer conditions, the flyback period is always less than
the ““off”” period, and the flux density in the core will fall from its peak value B,, to
its residual value B, during the flyback period. The secondary current will also decay
at a rate specified by the secondary voltage and secondary inductance; hence

5,

N
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where V, = secondary voltage
= inductance of transformer referred to secondary

'S

1.7 FACTORS DEFINING OPERATING MODES

1.7.1 Complete Energy Transfer

If the flyback current reaches zero before the next ‘“‘on’’ period of Q1, as shown
in Fig. 2.1.5a, the system is operating in a complete energy transfer mode. That

I i [
p2 - —m - ——— - {--——‘ ——————

ip

‘<———t'0n'1——>l l
«————t'0n'2 50% PERIOD

y
Ip2

Y

ettt
|

y |

(a4

FIG. 2.1.5 (a) Primary current waveform I, and secondary current
waveforms I, (discontinuous-mode) operation. (b) Primary and secon;lary
waveforms for incomplete energy transfer (continuous-mode) operation.

is, all the energy that was stored in the transformer primary inductance during the
““on” period will have been transferred to the output circuit during the flyback
period, before the next storage period starts. If the flyback current does not reach
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zero before the next *‘on’’ period (Fig. 2.1.55), then the system is operating in the
incomplete energy transfer mode.

1.7.2 Incomplete Energy Transfer

If, in the circpit example shown in Fig. 2.1.2, the *‘on’’ period is increased and
the “‘off™’ ppnod correspondingly decreased, more energy is stored in%he trans-
former during the ‘‘on’’ period. For steady-state operation, this extra energy
must b.e extracted during the *‘off’” period. If the input and output voltages are to
be maintained constant, it will be shown that the load current must be increased
to remove the extra energy.

The slopc.e of the input and output current characteristics cannot change, be-
cause the primary and secondary voltages and inductances are constant. Further
the equality of the forward and reverse volt-seconds applied to the transforme;
must be maintained for steady-state conditions. Hence, for the increased “‘on’’
period, a new working condition will be established, as shown in Fig. 2.1.5b.

1_=‘or this condition, the current will not be zero at the beginning of an “‘on”
period, and an equal value will remain at the end of the ‘‘off”* period (with due
allowance for the turns ratio). This is known as continuous-mode operation or
incomplete energy transfer, since a portion of the energy remains in the magnetic
field at thq end of a flyback period. Since the area under the secondary-current
waveform is now greater by the DC component, the load current must be greater
to maintain steady-state conditions.

Note: The behavior of the overall system should not be confused by the term
““incomplete energy transfer,’’ since, under steady-state conditions, all the en-
ergy input to the transformer during the “‘on’’ period will be transferred to the
output during the flyback period.

In this example, a transition from complete to incomplete energy transfer was
caused by increasing the ‘‘on’’ period. However, the following equation shows
that the mode of operation is in fact controlled by four factors: input and output
voltage, the mark space ratio, and the turns ratio of the transformer.

As previ_ously mentioned, under steady-state conditions, the change in flux
density during the ‘‘on’ period must equal the return change in flux density dur-
ing the flyback period. Hence

AD = Vcc'ton= Vs tog
Np N,

It will be seen from this equation that the primary volt-seconds per turn must be
equa! to.the secondary volt-seconds per turn if a stable working point for the flux
density is to be established.

In the forward direction, the “‘on” period can be adjusted by the control cir-

cuit to define the peak primary current. However, during the flyback period, the .

output voltage and secondary turns are constant, and the active flyback period
must self-adjust until a new stable working point for the transformer flux density
is estabhsh.ed. It can continue to do this until the flyback period extends to meet
the beginmqg of the next *‘on”" period (Fig: 2.1.5b). .

At the cnthal point where the flyback current has just reached zero before the
next ‘‘on” period, any further increase in duty ratio or load will result in the unit

e e - i ° !
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moving from the complete to the incomplete energy transfer mode. At this point,
no further increase in pulse width is required to transfer more current, and the
output impedance becomes very low. Hence, the transfer function of the con-
verter changes to a low-impedance two-pole system.

1.8 TRANSFER FUNCTION ANOMALY

The flyback converter operating in open loop and in the complete energy transfer
mode (discontinuous mode) has a simple single-pole transfer function and a high
output impedance at the transformer secondary. (To transfer more power re-
quires an increase in pulse width.)

When this system reverts to the incomplete energy transfer mode (continuous-
mode operation), the transfer function is changed to a two-pole system with a low
output impedance (the pulse width is only slightly increased when more power is
demanded). Further, there is a ‘‘right-half-plane zero’’ in the transfer function,
which will introduce an extra 180° of phase shift at high frequency; this can cause
instability. The loop stability must be checked for both modes of operation if it is
possible for both modes to occur in normal use. To determine the need for this,
consider light loading, normal loading, and short-circuit conditions. In many
cases, although complete energy transfer may have been:the design intention, in-
complete transfer may occur under overload or short-circuit conditions at low in-
put voltages, leading to instability. (See Part 3, Chap. 9 and Sec. 10.6.)

1.9 TRANSFORMER THROUGHPUT CAPABILITY

&

It is sometimes assumed that a transformer operating in the complete energy
transfer mode has greater transmissible power than the same transformer oper-
ating in an incomplete transfer mode. (It sounds as if it should.) However, this is
true only if the core gap remains unchanged.

Figure 2.1.6a and b shows how, by using a larger air gap, the same trans-
former may be made to transfer more power in the incomplete transfer mode than
it did previously in the complete transfer mode (even with a smaller flux excur-
sion). In applications in which the transformer is *‘core loss limited” (usually
above 60 kHz for typical ferrite transformers), considerably more power may be
transmitted in the incomplete energy transfer mode, because the reduced flux ex-
cursion results in lower core losses and reduced ripple currents in both primary
and secondary.

Figure 2.1.6a shows the B/H curve for a core with a small air gap and a large
flux density change. Figure 2.1.65 shows the B/H curve for the same core with a
larger air gap and a smaller flux density change.

In general, the power available for transfer is given by

P=f v,fB"HdB
B,

where f = frequency
, = effective volume of core and air gap
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This power is proportional to the shaded area to the left of the B/H curve in Fig.
2.1.6; it is clearly larger for the example in Fig. 2.1.6b (the incomplete energy
transfer case). Much of the extra energy is stored in the air gap; consequently,
the size of the air gap will have a considerable effect upon the transmissible
power. Because of the very high reluctance of the air gap, it is quite usual to have
[ more energy stored in the gap than in the transformer core itself.

At the end of the “*on’* period, energy of \2LP - 132 will have been stored in
the transformer magnetic field. This energy, less the energy remaining in the core

(aLP - T4} is transferred to the output circuit each cycle.
In conclusion, the designer must choose the mode of operation depending on

the performance required and the power to be transferred, be aware of the need
to check the mode of operation under all possible loading conditions, and be pre-
pared to design the control loop to deal with all realistic conditions.

(b}

1.10 SPECIFICATION NOTES

The designer should be alert to the tendency for specifications to escalate. When
a flyback converter is to be considered and potential requirements are large,
costs are often particularly sensitive. The designer should establish with the cus-
tomer the real limitations of the application. It may well be that a typical perfor-
mance of 6% regulation on the auxiliary outputs of a multiple-output unit would
be acceptable. This allows a semiregulated flyback system to be used. To guar-
antee a result of 5% (hardly better), a secondary regulator would be required,
with consequent loss of efficiency and increased cost.

Very often specifications call for fixed frequency, or even a syfithronized op-
erating condition. This synchronization is often specified when a power supply is
to be used for video display terminals or computer applications. Very often, in
specifying such requirements, the user is making an assumption that the switch-
ing noise or magnetic field generated by the power supply will in some way in-
terfere with the system performance. However, in a well-designed, well-filtered,
and well-screened modern switching supply, the noise level is unlikely to be suf-

ath). (b) Magnetization loop and energy transferred iflnat?l;;::;

gy transferred in a flyback converter transformer wh
large air gap is used in the core.

e e
e
-é’ g ficiently high to cause interference. Moreover, in many cases,.syn_chrgnization
SE makes the noise even more noticeable. In any event, synchronization is a poor
2> substitute for eliminating the noise problem altogether. ] )
=Ee If the specification calls for a fixed frequency or synchronization, the designer
£8e would do well to check this requirement with the user. Have available for dem-
-5 §§ onstration a well-screened- variable-frequency unit. This should have a copper
%.:' 5 screen on the transformer and a second-stage output LC filter. If poss_ible, try the
’ & é" g sample in the actual application. The author has found that the user is often well
s = & - - == ’g satisfied with the result, and of course the cost of the supply would be much
g = & @ ~E 8 lower.
§> ok In some applications in which a number of switching supplies are to be oper-
3] © wek ated from the same input supply (more usual with DC-to-DC converters), the in-
E?, g og put filter requirements can be reduced by using synchronized and phase-shifted
. Es8 clock systems. This approach also eliminates low-frequency intermodulation
components, and in this application the extra cost of a synchronized unit may
well be justified.
Having fully researched the application, the designer is in a position to confi-
e 1
N’
S~

212



2.14 PART 2

dently select the most effective approach to mect the final specification require-
ments.

Y
"

1.11 SPECIFICATION EXAMPLE FOR A 110-W
DIRECT-OFF-LINE FLYBACK POWER SUPPLY ]

For the following example, a fixed-frequency single-ended bipolar flyback unit
with three outputs and a power of 110 W is to be considered. It will be shown
later that the same design approach is apphcable to variable-frequency self-
oscillating units.

Although most classical design approaches assume that the mode of operation
will be cither entirely complete energy transfer (discontinuous mode) or entirely
incomplete energy transfer (continuous mode), in practice a system is unlikely to
remain in either of these two modes for the complete range of operation. Conse-
quently, in the simplified design approach used here, it will be assumed that both
modes of operation will exist at some point within the working range. This ap-
proach also tends to yield higher efficiency, as the peak primary and secondary
currents are reduced.

1.11.1 Specification

Output power: 10w
Input voltage range: 90-137/180-250 (user selectable)
Operating frequency: 30 kHz
Output voltages: SV,10A
12V,3A
-12V,2A

Line and load regulation:

Output current range:
Output ripple and noise:

Output voltage centering:

Overload protection:

Overvoltage protection:

1.11.2 Power Circuit

1% for main 5-V output

6% typical for a 40% load change (from 60% nom-
inal)

20% to full load

1% maximum

* 1% on 5-V lines

+ 3% on 12-V lines

By primary power limit and shutdown requiring
power on/off reset cycle

5-V line only by converter shutdown, i.e., crowbar
not required

The above specification requirements can be met using a single-ended flyback
system without secondary regulators (see Fig. 2.1.1). To meet the need for dual
input voltage by a link change, voltage doubling techniques can be employed for
the input line rec*’“=rs when they are set for 110-V operation. Consequently, the

S S GRS SRS S GO S
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rectified DC line will be approximately 300 V for either 110-V or 220-V nominal
inputs.
A voltage analogue of the primary current for primary power limiting is avail-

" able across the emitter resistor R1. This waveform may also be used for control

purposes when current-mode control is to be used. (See Part 3, Chap. 10.) A sep-
arate overvoltage protection circuit monitors the 5-V output and shuts the con-
verter down in the event of a fajlure in the main control loop.

To meet the requirements for low output ripple, a two-stage LC filter will be
fitted in this example. This type of filter will allow standard medium-grade elec-
trolytic output capacitors to be used, giving a lower component cost. (A suitable
filter is shown in Part 1, Chap. 20.) The control circuit is assumed to be closed to
the 5-V output to give the best regulation on this line. The details of the drive
circuitry have been omitted; suitable systems will be found in Part 1, Chaps. 15

and 16.

1.11.3 Transformer Design
The design of the transformer for this power supply is shown in Part 2, Chap. 2.

1.12 PROBLEMS

1. From what family of converters is the flyback converter derived?
2. During which phase of operation is the energy transferred to the secondary in
a flyback converter?
. Describe the major advantages of the flyback technique.
. Describe the major disadvantages of the flyback technique.
5. Why is the transformer utilization factor of a flyback converter often much
lower than that of a push-pull system?
6. Under what operating conditions will the flyback converter give a core utili-
zation factor similar to that of a forward converter?
7. Why is an output inductor not required in the flyback system?
. Describe the two major modes of operation in the flyback converter.
9. What are the major differences in the transfer functions between continuous-
and discontinuous-mode operation?
10. Why would an air gap normally be required in the core of a flyback trans-
former when ferrite core material is used?

11. Why is primary power limiting alone usually inadequate for full short-circuit
protection of a flyback converter?

& W
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CHAPTER 2

FLYBACK TRANSFORMER
DESIGN

For a Direct-Off-Line
Flyback Switchmode Power Supply .

2.1 INTRODUCTION

Because the flyback converter transformer combines so many functions (energy
storage, galvanic isolation, current-limiting inductance), and also because it is often
required to support a considerable DC current component, it can be rather more dif-
ficult to design than the more straightforward push-pull transformer. For this reason,
the following section is entirely devoted to the design of such transformers.

To satisfy the design requirement, many engineers prefer to use an entirely
mathematical technique. This is fine for the experienced engineer. However, be-
cause it is difficult to get a good working feel for the design by using this ap-
proach, it will not used here.

In the following transformer design example, the chosen process will use an
iterative technique. No matter where the design is started, a number of approx-
imations must be made initially. The problem for the inexperienced designer is to
get a good feel for the controlling factors. In particular, the selection of core size,
the primary inductance, the function of the air gap, the selection of primary
turns, and the interaction of the ac and DC current components within the core
are often areas of much confusion in flyback transformer design.

To give the designer a better feel for the controlling factors, the following de-
sign approach starts with an examination of the properties of the core material
and the effect of an air gap. This is followed by an examination of the ac and DC
core polarization conditions. Finally, a full design example for a 100-W trans-
former is given.

2.2 CORE PARAMETERS AND THE EFFECT OF
AN AIR GAP

Figure 2.2.1a shows a typical B/H (hysteresis) loop for a transformer-grade ferrite
core, with and without an air gap. It should be noted that although the perme-
ability (slope) of the B/H loop changes with the length of the air gap, the satura-
tion flux density of the combined core and gap remains the same. Further, the
magnetic field intensity H is much larger, and the residual flux density B, much
lower, in the gapped case. These changes are very useful for flyback transform-
ers, which use only the first quadrant of the B/H loop.

Figure 2.2.15 shows only the first quadranpt of the hysteresis loop, the quad-
rant used for flyback converter transformers. It also shows the effect of introduc-
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ing an air gap in the core. Finally, this diagram demonstrates the difference be-
tween the effects of the ac and DC polarizing conditions.

2.2.1 AC Polarization .

From Faraday's law of induction,

emf = Ndd
dr
It is clear that the flux density in the core must change at a rate and amplitude
such that the induced (back) émf in the winding is equal to the applied emf (losses
are assumed to be negligible).

Hence, to support the ac voltage applied to the primary (more correctly, the
applied volt-seconds), a change in flux density AB,_ is required. (This is shown
on the vertical axis in Fig. 2.2.15.) The amplitude of AB,. is therefore propor-
tional to the applied voltage and the ‘*on’’ period of the switching transistor QI;
hence B, is defined by the externally applied ac conditions, not by the trans-
former air gap. .

Therefore, the applied ac conditions may be considered as acting on the ver-
tical B axis of the B/H loop, giving rise to a change in magnetizing current AH,_.
Hence H may be considered the dependent variable.

2.2.2 The Effect of an Air Gap on the AC Conditions

It is clear from Fig. 2.2.1b that increasing the core gap results in a decrease in the
slope of the B/H characteristic but does not change the required AB,.. Hence
there is an increase in the magnetizing current AH, .. This corresponds to an ef-
fective reduction in the permeability of the core and a reduced primary induc-
tance. Hence, a core gap does not change the ac flux density requirements or
otherwise improve the ac performance of the core.

A common misconception is to assume that a core which is saturating as a
result of insufficient primary turns, excessive applied ac voltages, or a low oper-
ating frequency (that is, excessive applied volt-seconds AB, ) can be corrected by
introducing an air gap. From Fig. 2.2.1b, this is clearly not true; the saturated
flux density B,,, remains the same, with or without an air gap. However, intro-
ducing an air gap will reduce the residual flux density B, and increase the working
range for AB,,., which may help in the discontinuous mode.

2.2.3 The Effect of an Air Gap on the DC Conditions

A DC current component in the windings gives rise to a DC magnetizing force
Hpc on the horizontal H axis of the B/H loop. (Hpc is proportional to the mean
DC ampere-turns.) For a defined secondary current loading, the value of Hp is
defined. Hence, for the DC conditions, B may be considered the dependent vari-
able. .

It should be noted that the gapped core can support a much larger value of H
(DC current) without saturation. Clearly, the higher value of H, Hpc,, would be
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sufficient to saturate the ungapped core in this example (even without any ac
component). Hence an air gap is very effective in preventing core saturation that
would be caused by any DC current component in the windings. When the
flyback converter operates in the continuous mode, a considerable DC current
component is present, and an air gap must be used.

Figure 2.2.1b shows the flux density excursion AB, (which is required to sup-
port the applied ac voltage) applied to the mean flux density B,. developed by the
DC component Hy, for the nongapped and gapped example. For the nongapped
core, a small DC polarization of Hpc; will develop the flux density Bgy.. For the
gapped core, a much larger DC current (Hp,) is required to produce the same
flux density By.. Further, it is clear that in the gapped example the core will not
be saturated even when the maximum DC and ac components are added.

In conclusion, Fig. 2.2.15 shows that the change in flux density AB, . required
to support the applied ac conditions does not change when an air gap is intro-
duced into the core. However, the mean flux density By, (which is generated by
the DC current component in the windings) will be very much less if a gap is
used.

The improved tolerance to DC magnetization current becomes particularly im-
portant when dealing with incomplete energy transfer (continuous-mode) opera-
tion. In this mode the current in the core never falls to zero, and clearly the
ungapped core would saturate,

Remember, the applied volt-seconds, turns, and core area define the required
ac change in flux density AB,_ applied to the vertical B axis, while the mean DC
current, turns, and magnetic path lengrh set the value of Hpc on the horizontal
axis. Sufficient turns and core area must be provided to support the applied ac
conditions, and sufficient air gap must be provided in the core to prevent satura-
tion and support the DC current component.

2.3 GENERAL DESIGN CONSIDERATIONS

In the following design, the ac and DC conditions applied to the primary are dealt
with separately. Using this approach, it will be clear that the applied ac voltage,
frequency, area of core, and maximum flux density of the core material control
the minimum primary turns, irrespective of core permeability, gap size, DC cur-
rent, or required inductance.

It should be noted that the primary inductance will not be considered as a
transformer design parameter in the initial stages. The reason for this is that the
inductance controls the mode of operation of the supply; it is not a fundamental
requirement of the transformer design. Therefore, inductance will be considered
at a later stage of the design process. Further, when ferrite materials are used at
frequencies below 60 kHz, the following design approach will give the maximum
inductance consistent with minimum transformer loss for the selected core size.
Hence, the resulting transformer would normally operate in an incomplete energy
transfer mode as a result of its high inductance. If the complete energy transfer
mode is required, this may be obtained by the simple expedient of increasing the
core gap beyond the minimum required to support the DC polarization, thereby
reducing the inductance. This may be done without compromising the original
transformer design. _

When ferrite cores are used below 30 kHz, the minimum obtainable copper
loss will normally be found to exceed the core loss. Hence maximum (but not

\J
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optimum) efficiency will be obtained if maximum flux density is used. Making B
large resuits in minimum turns and minimum copper loss. Under these condi-
tions, the design is said to be ‘‘saturation limited.”” At higher frequencies, or
when less efficient core materials are used, the core loss may become the pre-
dominant factor, in which case lower values of flux density and increased turns
would be used and the design is said to be ‘‘core loss limited.”” In the first case
the design efficiency is limited; optimum efficiency cannot be realized, since this
requires core and copper losses to be nearly equal. Methods of calculafing these
losses are shown in Part 3, Chap. 4.

2.4 DESIGN EXAMPLE FOR A 110-W FLYBACK
TRANSFORMER

Assume that a transformer is required for the 110-W flyback converter specified
in Part 2, Sec. 1.11.

24.1 Step 1, Select Core Size

The required output power is 110 W. If a typical secondary efficiency of 85% is
assumed (output diode and transformer losses only), then the power transmitted
by the transformer would be 130 W.

We do not have a simple fundamental equation linking transformer size and
power rating. A large number of factors must be considered when making this
selection. Of major importance will be the properties of the core material, the
shape of the transformer (that is, its ratio of surface area to volume), the emissive
properties of the surface, the permitted temperature rise, and the environment
under which the transformer will operate.

Many manufacturers provide nomograms giving size recommendations for
particular core designs. These recommendations are usually for convection cool-
ing and are based upon typical operating frequencies and a defined temperature
rise. Be sure to select a ferrite that is designed for transformer applications. This
will have high saturation, low residual flux density, low losses at the operating
frequency, and high curie temperatures. High permeability is not an important
factor for flyback converters, as an air gap will always be used with ferrite ma-
terials.

Figure 2.2.2 shows the recommendations for Siemens N27 Siferrit material at
an operating frequency of 20 kHz and a temperature rise of 30 K. However, most
real environments will not be free air, and the actual temperature rise may be
greater where space is restricted or less when forced-air cooling is used. Hence
some allowance should be made for these effects. Manufacturers usually provide
nomograms for their own core designs and materials. For a more general solu-
tion, use the ‘‘area-product’’ design approach described in Part 3, Sec. 4.5.

In this example an initial selection of core size will be made using the nomo-
gram shown in Fig. 2.2.2. For a flyback converter with a throughput power of 130
W, an ““E 42/20” is indicated. (The nomogram is drawn for 20-kHz operation; at
30 kHz the power rating of the core will be higher.)

The static magnetization curves for the N27 ferrite (a typical transformer ma-
terial) are shown in Fig. 2.2.3.

2. FLYBACK TRANSFORMER DESIGN

W
o)
fr 7
1
2 ; 1 M186/150/30-
: (2x093)
i
103 ! 1
8 $y93/150/30
6 i 93/105/30
4 :
1

2 ! PUSHPULL -FEEDTHROUGH]
T NVERTER
i o130 N CONVERTE '

102 _RM10 I £400mT]
8 ——+H —tN\__
6 [—RMS |4 BLOCKING FLYBACK! —

} CONYERTER —
4 : N L
! y, £200mT_
2 ! SINGLE PHASE FORMARD ]
4 FEEDTHROUGH CDNVE'RTER

N X

10! EF25 L/\szoom_
8 Pt
6 1 { | A T

2 46810 2

4 6810° 2 4 8810

2cm3

FIG. 2.2.2 Nomogram of transmissible power P as a function of core size (vol-
ume), with converter type as a parameter. (Courtesy of Siemens AG.)

tesy of Siemens AG.)

500 A O O I |
B-
400 o
e e —— |
[ 1
P
300 A7
/]
i
200
]
100 I
L
L]
N
0
20 0 400 500
—

FIG. 2.2.3 Static magnetization curves for Siemens N27 ferrite material. (Cour-




2.22 o PART 2

2.4.2 Step 2, Selecting “on” Period

The maximum ‘‘on™ period for the primary power transistor Q1 will occur at
minimum input voltage and maximum load. For this example, it will be assumed
that the maximum ‘‘on”’ period cannot exceed 50% of a total period of operation.
(It will be shown later that it is ‘possible to exceed this, using special control cir-
cuits and transformer designs.)

Example

Frequency 30 kHz
Period 33 us
Half period 16.5 ps

Allow a margin so that control will be well maintained at minimum input voltage;
hence, the usable period is say 16 ps.

Hence

ton (max) = 16 ps

2.4.3 Step 3, Calculate Minimum DC Input Voitage to Converter Section

Calculate the DC voltage V__ at the input of the converter when it is operating at
full load and minimum line input voltage.

For the input capacitor rectifier filter, the DC voltage cannot exceed 1.4 times
the rms input voltage, and is unlikely to be less than 1.2 times the rms input volt-
age. The absolute calculation of this voltage is difficult, as it depends on a num-
ber of factors which are not well defined—for example, the source impedance of
the supply lines, the rectifier voltage drop, the characteristics and value of the
reservoir capacitors, and the load current. Part 1, Chap. 6 provides methods of
establishing the DC voltage.

For this example, a fair approximation of the working value of V. at full load
will be given by using a factor of 1.3 times the rms input voltage. (This is again
multiplied by 1.9 when the voltage doubling connection is used.)

Example

At a line input of 90 V rms, the DC voltage V_. will be approximately
90X 13x19=222V,

2.44 Step 4, Select Working Flux Density Swing

From the manufacturer’s data for the E42/20°core, the effective area of the center
leg is 240 mm?. The saturation flux density is 360 mT at 100°C.

{ L
i 4
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The selection of a working flux density is 2 compromise. It should be as high
as possible in medium-frequency flyback units to get the best utility from the core
and give minimum copper loss.

With typical ferrite core materials and shapes, up to operating frequencies of
30 kHz, the copper losses will normally exceed the core losses for flyback trans-
formers, even when the maximum flux density is chosen; such designs are ‘‘sat-
uration limited.”” Hence, in this example maximum flux density will be chosen;
however, to ensure that the core will not saturate under any conditions, the low-
est operating frequency with maximum pulse width will be used.

With the following design approach, it is likely that a condition of incomplete
energy transfer will exist at minimum line input and maximum load. If this oc-
curs, there will be some induction contribution from the effective DC component
in the transformer core. However, the following example shows that as a large air
gap is required, the contribution from the DC component is usually small; there-
fore the working flux density is chosen at 220 mT to provide a good working mar-
gin. (See Fig. 2.2.3.)

Hence, for this example the maximum peak-to-peak ac flux density B, will be
chosen at 220 mT.

The total ac plus DC flux density must be checked in the final design to ensure
that core saturation wil not occur at high temperatures. A second iteration at a
different flux level may be necessary.

245 Step 5, Calculate Minimum Primary Turns

The minimum primary turns may now be calculated using the volt-seconds ap-
proach for a single “‘on’’ period, because the applied voltage is a square wave:
V-t -

Nein = 3B, 4.

where N_;, = minimum primary turns
V = V__ (the applied DC voltage)
t = ‘“‘on’’ time, ps
AB,. = maximum ac flux density, T
A, = minimum cross-sectional area of core, mm?

Example

For minimum line voltage (90 V rms) and maximum pulse width of 16 ps

= 89 turns

N oYt 22X 16
min < 34, 0.220 X 181

Hence Np(min) = 89 turns

2.4.6 Step 6, Calculate Secondary Turns

During the flyback phase, the energy stored in the magnetic field will be trans-
ferred to the output capacitor and load. The time taken for this transfer is, once
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again, determined by the volt-seconds equation. If the flyback voltage referred to
the primary is equal to the applied voltage, then the time taken to extract the en-
ergy will be equal to the time to input this energy, in this case 16 us, and this is
the criterion used for this example. Hence the voltage seen at the collector of the
switching transistor will be twjce the supply voltage, neglecting leakage induc-
tance overshoot effects.

Example

At this point, it is more convenient to convert to volts per turn.

v
Primary Viurn = == = % =2.5VIN

14

The required output voltage for the main controlled line is 5 V. Allowing for a
voltage drop of 0.7 V in the rectifier diode and 0.5 V in interconnecting tracks and
the transformer secondary, the voltage at the secondary of the transformer
should be, say, 6.2 V. Hence, the secondary turns would be

v
N; = s 82 2.48 turns

where V, = secondary voltage
N, = secondary turns
VIN = volts per turn

For the low-voltage, high-current secondaries, half turns are to be avoided unless
special techniques are used because saturation of one leg of the E core might oc-
cur, giving poor transformer regulation. Hence, the turns should be rounded up
to the nearest integer. (See Part 3, Chap. 4.)

In this example the turns will be rounded up to 3 turns. Hence the volts per
turn during the flyback period will now be less than during the forward period (if
the output voltage is maintained constant). Since the volt-seconds/turn are less
on the secondary, a longer time will be required to transfer the energy to the out-
put. Hence, to maintain equality in the forward and reverse volt-seconds, the
“on”’ period must now be reduced, and the control circuitry is able to do this.
Also, because the “‘on’’ period is now less than the ‘‘off’’ period, the choice of
complete or incomplete energy transfer is left open. Thus the decision on oper-
ating mode can be made later by adjusting primary inductance, that is, by adjust-
ing the air gap.

It is interesting to note that in this example, if the secondary turns had been
adjusted downward, the volts per turn during the flyback period would always
exceed the volts per turn during the forward period. Hence, the energy stored in
the core would always be completely transferred to the output capacitor during
the flyback period, and the flyback current would fall to zero before the end of a
period. Therefore, if the ‘“‘on’’ time is not permitted to exceed 50% of the total
period, the unit will operate entirely in the complete energy transfer mode, irre-
spective of the primary inductance value. Further, it should be noted that if the
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turns are rounded downward, thus forcing operation in the complete energy
transfer mode, the primary inductance in this example will be too large, and this
results in the inability to transfer the required power. In the complete energy
transfer mode, the primary current must always start at zero at the beginning of
the energy storage period, and with a large inductance and fixed frequency, the
current at the end of the ‘‘on’’ period will not be large enough to store the re-
quired energy (vALI?). Hence, the system becomes self power limiting, a some-
times puzzling phenomenon. The problem can be cured by increasing the core air
gap, thus reducing the inductance. This limiting action cannot occur in the in-
complete energy transfer mode.

Hence N, = 3 tumns

2.4.7 Step 7, Calculating Auxiliary Turns

In this example, with three turns on the secondary, the flyback voltage will be -
less than the forward voltage, and the new flyback volts per turn V,/N is

Vp Vs 6.2
—=—=——=20 Vi
N 3 3 6 turn

The mark space ratio must change in the same proportion to maintain volt-
seconds equality:

P X Vo/N
by = PN _ 38 x206 _ 46,
VN + VIN 206 + 2.5

where ¢, = “‘on” time of Q1
P = total period, ps
Vp/N = new secondary flyback voltage per turn
VIN = primary forward voltage per turn

The remaining secondary turns may then be caiculated to the nearest half turn.

Example

For 12-V outputs, N, = —— = —— = 6.3 turns

where V, = 13 V for the 12-V output (allowing 1 V for the wiring and rectifier
drop)
V/N = adjusted secondary volts per turn

Half turns may be used for these additional auxiliary outputs provided that the
current is small and the mmf is low compared with the main output. Also, the gap
in the outer limbs will ensure that the side supporting the additional mmf will not
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saturate. If only the center leg is gapped, half turns should be avoided unless spe-
cial techniques are used. (See Part 3, Sec. 4.14.)

In this example, 6 turns are used for the 12-V outputs, and the output will be
high by 0.4 V. (This can be corrected if required. See Part 1, Chap. 22.)

2.4.8. Step 8, Establishing Core Ie
Gap Size 1

p
General Considerations.  Figure 2.2.1a
shows the full hysteresis loop for a typ- Tave
ical ferrite material with and without

an air gap. It should be noted that the o
gapped core requires a much larger
value of magnetizing force H to cause
core saturation; hence, it will with-
stand a much larger DC current com-
ponent. Furthermore, the residual flux
density B, is much lower, giving a
larger usable working range for the
core flux density, AB. However, the
permeability is lower, resulting in a
smaller inductance per turn (smaller
A, value) and lower inductance.

With existing ferrite core topologies
and materials, it will be found that an
air gap is invariably required on fly-
back units operating above 20 kHz.

In this design, the choice between
complete and incomplete energy trans-
fer has yet to be made. This choice
may now be made by selecting the ap-
propriate primary inductance, which

(b}

may be done by adjusting the air gap
size. Figure 2.2.1% indicates that in-
creasing the air gap will lower the per-
meability and reduce the inductance. A
second useful feature of the air gap is

FIG. 2.2.4 Primary current waveforms in
flyback converters. {(a) Complete energy trans-
fer mode; (b) incomplete energy transfer mode
(maximum primary inductance); (c) incomplete
energy transfer mode (optimum primary induc-
tance).

that at H = 0, flux retention B, is

much lower in the gapped case, giving

a larger working range AB for the flux density. Finally, the reduced permeability
reduces the flux generated by any DC component in the core; consequently, it
reduces the tendency to saturate the core when the incomplete energy transfer
mode is entered.

The designer now chooses the mode of operation. Figure 2.2.4 shows three
possible modes. Figure 2.2.4a is complete energy transfer. This may be used;
however, note that peak currents are very high for the same transferred energy.
This mode of operation would result in maximum losses on the switching tran-
sistors, output diodes, and capacitors and maximum IR (copper) losses within
the transformer itself. Figure 2.2.4b shows the result of having a high inductance
with a low current slope in the incomplete transfer mode. Although this would
undoubtedly give the lowest losses, the large DC magnetization component and

-t

=

}
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high core permeability would result in core saturation for most ferrite matenais.
Figure 2.2.4c shows a good working compromise, with acceptable peak currents
and an effective DC component of one-third of the peak value. This has been
found in practice to be a good compromise choice, giving good noise margin at
the start of the current pulse (important for current-mode control), good utiliza-
tion of the core with reasonable gap sizes, and reasonable overall efficiency.

249 Step 9, Core Gap Size (The Practical Way)

The following simple, practical method may be used to establish the air gap.

Insert a nominal air gap into the core, say, 0.020 in. Run up the power supply
with manual control of pulse width and a current probe in the transformer pri-
mary. Nominal input voltage and load should be used. Progressively increase the
pulse width, being careful that the core does not saturate by watching the shape
of the current characteristic, until the required output voltage and currents are
obtained. Note the slope on the current characteristic, and adjust the air gap to
get the required slope. )

This gives a very quick method of obtaining a suitable gap that does not re-
quire Hanna curves. Even when gaps are calculated by other methods, some ad-
justment similar to the preceding will probably be required. This check is recom-
mended as a standard procedure, as many supplies have failed at high
temperature or under transient conditions because the transformer did not per-
form as intended.

2.4.10 Calculating the Air Gap
Using Fig. 2.2.4, the primary inductance may be established fromThe slope of the
current waveform (Ai/A?) as follows:

Ai,
Vee = Lp . E
Example
From Fig. 2.2.4,
i = 3iy (by choice)
Therefore F F
I, (mean current during the “‘on’” period) = 2 - iy,

The input power is 130 W, and therefore the average input current for the total
period I, may be calculated:
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_ I, X total period 0,586 x 33
= ‘‘on'’ time - 14.9 =134

m

The change of current Ai during the ‘“‘on” period is 2 - i, = I,, = 1.3 A and the
primary inductance may be ¢alculated as follows:

= Yee X A 222 x 14.9 X 1076

Al 13 = 2.54 mH

L,

Once the primary inductance L, and number of turns N, are known, the gap may
be obtained using the Hanna curves (or A,/DC bias curves) for the chosen core,
if these are available. Remember,

L,

N;

If no data is available and the air gap is large (more than 1% of magnetic path
length), assume that all reluctance is in the air gap, and calculate a conservative
gap size using the following formula:

e X Np XA,

a Lp

where o = total length of air gap, mm
B, = 4w x 1077
N, = primary turns
A, = area of core, mm®
L, = primary inductance, mH

Example

o = 4 X 1077 x 897 x 181
2.54

Note: Use af2 if the gap goes right across the core. (In some cases, the area of
the outer limbs is not equal to the area of the center core, in which case an ad-
justment must be made for this.)

= 0.7 mm or 0.027 in

2.4.11 Step 10, Check Core Flux Density and Saturation Margin

It is now necessary to check the maximum flux density in the core, to ensure that
an adequate margin between the maximum working value and saturation is pro-
vided. It is essential to prevent core saturation under any conditions, including
transient load and high temperature. This may be checked in two ways: by mea-
surement in the converter, or by calculation.

NS
2. FLYBACK TRANSFORMER DESIGN ~ 2.29

Core Saturation Margin by Measurement

Note: 1t is recommended that this check be carried out no matter what design
approach was used, as it finally proves all is as intended.

1. Set the input voltage to the minimum value at which control is still main-
tained—in this example, 85 V.

2. Set output loads to the maximum power limited value.

3. With a current probe in séries with the primary winding P1, reduce the oper-
ating frequency until the beginning of saturation is observed (indicated by an
upturn of current at the end of the current pulse). The percentage increase in
the “‘on’’ time under these conditions compared with the normal “‘on’’ time
gives the percentage flux density margin in normal operation. This margin
should allow for the reduction in flux level at high temperatures (see Fig.
2.2.3), and an extra 10% should be allowed for variations among cores, gap
sizes, and transient requirements. If the margin is insufficient, increase the air

gap..
Core Saturation Margin by Calculation

1. Calculate the peak AC flux contribution b, , using the volt-seconds equation,
and calculate or measure the values of ‘‘on’’ time and applied voltage, with
the power supply at maximum load and minimum input voltage, as follows:

V-t
B..=
¥ Nyt A,
where V=V_,V
t = ‘“‘on” time, ps -
N, = primary turns
A, = area of core, mm?

€

B, = peak flux density change, T

Note: B,_is the change in flux density required to sustain the applied voltage
pulse and does not include any DC component. It is therefore independent of

gap size.
Example
222 x 14.9
= =———= = 205 mT
Ba = g9 181 "

2. Calculate the contribution from the DC component Bpc, using the s_olenoid
equation and the effective DC component I indicated by the amplitude of

the current at the beginning of an ‘“on’’ period. .
By assuming that the total reluctance of the core will be concentrated in the

air gap, a conservative result showing an apparently higher DC flux density
will be obtained. This approximation allows a simple solenoid equation to be

used.
o - Np - Inc

B = H=
pc = Fo a % 1073
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“where o =4m X 1077 H/m
: N, = primary turns
Ipc = effective DC current, A
o = air gap, mm
B = DC flux density, T

Example

_ 4m x 1077 x 89 x 0.65

Bpc
0.7 x 1073

=193 mT

The sum of the ac and DC flux density gives the peak value for the core.

Check the margin against the core material characteristics at 100°C.

Example

Byax = By + Bpe = 205 + 103 = 308 mT maximum

2.5 FLYBACK TRANSFORMER SATURATI
AND TRANSIENT EFFECTS N

Note:  The core flux level has been chosen for minimum input v.

imum pulse width cpnd_itions. It can be seen that this lea&s a(z}:lalrgl:rzg?li?;a?o
core saturation at hlgh input voltages. However, under high-voltage conditions
the pulse width required for the transmitted power will be proportionatel nar-’
row[?r,d and the transformer will not be saturated. Y

_ Under trapsient load conditions, when the power supply has i
light loads wqh a high ipput voltage, if a sudden increasg.pirz] load l:se figrfxggfiitcllngt:;
control amplifier w::ll immediately widen the drive pulses to supply this e’xtra
power. A short period will now ensue during which both input voltage and pulse
width will be maximum and the transformer could saturate, causing failure

The following options should be considered to prevent this condition. .

1. The transformer may be designed for the highe i i
ra ler m < gher-voltage maximum-pulse-
condmon_. This will require a lower flux density and more primary%ums.w ’;‘(tiltlg
has the disadvantage of reducing the efficiency of the transformer.

2. The control circuit can be made to recogni i
e €O, : ognize the high-stress condition and
;nl':‘l)nstzm th; ptulsedw@tli, iat a safe value during the transient condition. This is
mewhat undesirable, since the response time to the appli
mand will be relatively slow. pplied current de-

3. A third option is to provide a pulse-b imi i
\ I vide a pulse- y-pulse current limit on the drive tran-
sistor Ql. .Thxs cuxrent-hmltmg circuit will recognize the onset of core satura-
tion resulting from the sudden increase in primary current and will prevent any
further increase in pulse width. This approach will give the fastest response
,-:',4 s

i

o

= * - —~
l\ .. 2 N
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time and is the recommended technique. Current-mode control automatically
provides this limiting action.

2.6 CONCLUSIONS

The preceding sections gave a fast and practical method for flyback transformer
design. Many examples have shown that the results obtained by this simple ap-
proach are often-close to the optimum design. The approach quickly provides a
working prototype transformer for further development and evaluation of the
supply.

In this design example, no attempt has been made to specify wire sizes, wire
shapes, or winding topology. It is absolutely essential that these be considered,
and the designer should refer to Part 3, Chap. 4, where these factors are dis-
cussed in more detail. It is important to realize that just filling the available bob-
bin area with the largest gauge of wire which will fit simply will not do for these
high-frequency transformers. Because of proximity and skin effects (see App.
4.B on p. 3.99), the copper losses obtained in this way can quite easily exceed the
optimum design values by a factor of 10 or more.

2.7 PROBLEMS

1. Calculate the minimum number of primary turns required on a complete en-
ergy transfer (discontinuous-mode) flyback transformer if the optimum flux
density swing is to be 200 mT. (The core area is 150 mm, the grimary DC volt-
age is 300 V, and the maximum ‘‘on”’ period is 20 ps.)

2. For the conditions in Prob. 2.7.1, calculate the secondary turns required to
give an output voltage of 12 V if the flyback voltage is not to exceed 500 V
(neglecting any overshoot). Assume the rectifier diode drop is 0.8 V.

3. Calculate the maximum operating frequency if complete energy transfer
(discontinuous-mode) operation is to be maintained.

4. Calculate the required primary inductance, and hence the air gap length, if the
transferred power is to be 60 W. (Assume maximum operating frequency,
complete energy transfer, and no transformer loss. A transformer-grade ferrite
core is used, and all reluctance is concentrated in the air gap.)
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CHAPTER 3

REDUCING TRANSISTOR
SWITCHING STRESS

3.1 INTRODUCTION

There are two major causes of high switching stress in the
Both are associated with the turn-off behaviorgof the transistoxt:l \}a,v??lfl;ncg::i‘fcftti?;
load. The. most obvious effect is the tendency for the collector voltage to over-
shoot during the turn-off edge, caused mainly by the transformer leakage induc-
tance.-The second., less obvious effect is the high secondary breakdown stress
that will occur during the turn-off edge if load line shaping is not used
. The voltz}ge overshoot problem is best dealt with by ensuring that tf;e {eakage
lqdqctapce is as small as possible, then clamping the tendency to overshoot by
dls§1pat1ve or energy recovery methods. The following section describes a dissi-
pa}wg cl_amp system. A more efficient energy recovery method using an extra
wuigmf is described in Part 2, Sec. 8.5.

the energy recovery winding method is to be used with the -
verter, the clamp voltage should be at least 30% higher than the rgggc?g:l ‘;g.::l-
H;gari vollt;ge, to ensure gfﬁci:imt transfer of energy to the secondary. (The extra

ack voltage is required to driv i .

flyback volt cgtance).q ¢ current more rapidly through the secondary

RYs

3.2 SELF-TRACKING VOLTAGE CLAMP

When a transistor in a circuit with an inductive or tran i

: é sformer load is turned o
the collectqr will tend to .ﬂy to a high voltage as a result of the energy stored i:t;;
the magnetic field of the inductor or leakage inductance of the transformer.

. In the flyback converter, the majority of the energy stored in the transformer
will be transfer;ed to the secondar)f during the flyback period. However, because
:)(f :)he_leialkafe tm:l:xclt)ance, there will still be a tendency for the collector voltage

vershoot at the eginning of the flyback period unle
o e y p ss some form of voltage
In Fig. 2.3.1, the cumulative effects of transformer le: i i
, : ) akage inductance, the in-
ductance of output capacitor, and loop inductance of the secondary circuit lfalwll'le
peen l_umpqd togethex: as L; 7 and referred to the primary side of the transformer
in series with the main primary inductance L,.
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vce (300VDC).

V clamp

(a) (b)
FIG. 2.3.1 (a) Stress-reducing self-tracking collector voltage clamp applied to the pri-
mary of a flyback converter. (b) Collector voltage waveform, showing voltage clamp ac-
tion.

Consider the action during turn-off following an *‘on”’ period during which a
current has been established in the primary winding of T1. When transistor Q1
turns off, all transformer winding voltages will reverse by flyback action. The
secondary voltage V will not exceed the output V., except by the output rectifier
diode drop D1. The collector of Q1 is partly isolated from this clamp action by
the leakage inductance L, and the energy stored in L, will take the collector
voltage more positive.

If the clamp circuit, D2, C2, were not_provided, then this flyback voltage
could be damagingly high, as the energy stored in L, ¢ would be redistributed into
the leakage capacitance seen at the collector of Q1.

However, in Fig. 2.3.1, under steady-state conditions, the required clamping
action is provided by components D2, C2, and R1, as follows.

C2 will have been charged to a voltage slightly more positive than the reflected
secondary flyback voltage. When Q1 turns off, the collector voltage will fly back
to this value, at which point diode D2 will conduct and hold the voltage constant
(C2 being large compared with the captured energy). At the end of the clamping
action, the voltage on C2 will be somewhat higher than its starting value.

During the remainder of the cycle, the voltage on C1 will return to its original
value as a result of the discharge current flowing in R1. The spare flyback energy
is thus dissipated in R1. This clamp voltage is self-tracking, as the voltage on C2
will automatically adjust its value, under steady-state conditions, until all the
spare flyback energy is dissipated in R1. If all other conditions remain constant,
the clamp voltage may be reduced by reducing the value of R1 or the leakage
inductance L, 7.

It is undesirable to make the clamp voltage too low, as the flyback overshoot
has a useful function. It provides additional forcing volts to drive current into the
secondary leakage inductance during the flyback action. This results in a more
rapid increase in flyback current in the transformer secondary, improving the
transfer efficiency and reducing the losses incurred in R1. This is particularly im-
portant for low-voltage, high-current outputs, where the leakage inductance is
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relatively large. Therefore, it is a mistake to choose too low a
hqnce a low clamp voltage. The maximum permitted pﬁmary-\ygilt‘;z:o;vl::s’hiﬁ
will be controlled by the transistor Vg rating and should not be less than 30%
above the reflected secqndary voltage. If necessary, use fewer secondary turns
If the energy stored in L, 7 is large and excessive dissipation in R1 is to bé
:Z(:lifjdlétgls net:lvgrk ufxay be cli'eplaced by an energy recovery winding and diode
e used in a forward c is wi !
e e onverter. This will return the spal"e flyback en-
. It will be clear that for high efficiency and minimum stre
mducfance L,z should be made as small as possible. Thissfrv(i)ltl1 Sel ligllxeiel\?:gage
good interleaving of the primary and secondary of the transformer. It is also nec}:
essary to choose minimum inductance in the output capacitor, and, most impor-
tant, minimum lo'op 1n51uctance in the secondary circuits. The l;mer mayp be
achlqved by ke_epmg wires from the transformer as closely coupled as possible
and ideally twisted. The tracks on the printed circuit board should run as a
closely coupled parallel pair, and distances should be kept small. It is attention to
these Qetal}s that will provide high efficiency, good regulation, and good cross
regulation in the flyback-mode power supply. ’

3.3 FLYBACK CONVERTER “SNUBBER"”
NETWORKS

The turn-off secondary breakdown stress i i
T d ¢ ) problem is usually dealt with
snubber networlgs ; a typical circuit is shown in Fig. 2.3.2. The design lof tlt;}e,
snubber network is more fully covered in Part 1, Chap. 18.

Snubber networks will be required across the switching transistor in off-line

Ycc (300 vDC)
+ 0 * — ' —0
Pt ” S1 b ct
VOLTAGE CLAMP —» g A
2 X vec o ‘
Is

Rs
K3y Us

Ic
B I Q1 ve
Cs
T7509F
o 13

FIG. 2.3.2 Dissipative ‘*snubber’’ circuit applied to the coll i
e, pp e collector of an off-line

‘/-\_ T‘/ . :,/\\
{ L
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flyback converters to reduce secondary breakdown stress. Also, it is often necessary
to snub rectifier diodes to reduce the switching stress and RF radiation problems.

In Fig. 2.3.2, snubber components D,, C,, and R, are shown fitted across the col-
lector and emitter of Q! in a typical flyback converter. Their function is to provide
an alternative path for the inductively driven primary current and reduce the rate of
change of voltage (dv/dt) on the collector of Q1 during the turn-off action of Q1.

The action is as follows: As Q1 starts to turn off, the voltage on its collector
will rise. The primary current will now be diverted via diode D, into capacitor C..
Transistor Q1 turns off very quickly, and the dv/dt on the collector will be defined
by the original collector current at turn-off and the value of C;.

The collector voltage will now ramp up until the clamp value 2 X V) is
reached. Shortly after this, because of leakage inductance, the voltage in the output
secondary winding will have risen to V. (equal to the output voltage plus a diode
drop), and the flyback current will be commutated from the primary to the second-
ary via D1 to build up at a rate controlled by the secondary leakage inductance.

VCA

2 x VeC o —-— —— o — —

T COLLECTOR

Vceo—¢ — — —— —— — ~——-——— VOLTAGE
Vs (VCE)

|
|
L

oy
Ic l
l COLLECTOR
.}__ _— CURRENT
(1c)
|
|
|
o t
Is A
SNUBBER
CURRENT

(1)

0— t

FIG. 2.3.3 Collector voltage and collector current waveforms,
showing phase shift when dissipative snubber components are fitted.
Also snubber current waveform during Q! turn-off edge.

o
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In practice, Q1 will not turn off immediately, and if secondary brea i

?:eac\gﬁde:l, th;‘: Sl;oic:ﬁ of snubbeg components must be such tli,at thekgglt“g;;s;g
ector o will not exceed V,_, before
o 200, oS P33 ceo re the collector current has dropped

Unles§ the turn-off time of QI is known, the optimum choice for these com-
ponents is an empirical one, based upon measurements of collector turn-off volt-
age and current. Part 1, Chap. 18 and Fig. 1.18.2a, b, ¢, and d show typical turn-
off waveforms and switching stress with and without snubber networks.

A safe voltage margin should be provided on the collector voltdse when the
current is zero, say at least 30% below V,,,, as there is a considerable influence
on these parameters from operating temperatures, loads, the spread of transistor
parameters and the drive design. Figure 2.3.3 shows the limiting condition; in this
‘e‘J;ua_xtmgl%, the collector current has just dropped to zero as the collector voltage

S ceo*

On t_he o'ther hand, too large a value of C3 should be avoided, since the energy
stored in this capacitor at the end of the flyback period must be dissipated in R2
during the first part of the ‘‘on’’ period.

The. value of R2 is a compromise selection. A very low resistance resuits in
excessive current in Q1 during the turn-on edge and will result in excessive dis-
sipation during the ‘‘on’’ transient. Too large a resistance, on the other hand, will
not provide sufficient discharge of C3 during the minimum “‘on’’ period. ’

The values shown are a good compromise choice for the 100-W example.
However, a careful examination of the voltage and current waveforms on the Q1
collector, under narrow pulse conditions, is recommended. The selection must
always be a compromise for this type of snubber. The optimum selection of snub-
ber components is more fully covered in Part 1, Chap. 18, and more effective
snubber methods may be used which avoid a compromise. (See ““The Weaving
Low-Loss Snubber Diode,’’ Part 1, Sec. 18.10.)

3.4 PROBLEMS

1. Why is thq switching transistor particularly susceptible to high-voltage switch-
ing stress in the flyback converter?

2. Why does the flyback voltage often exceed the value which would be indi-
cated by the turns ratio between the primary and secondary circuits?

3. De§cribe two methods used to reduce the high-voltage stress on the flyback
switching element.

N

CHAPTER 4

SELECTING POWER
COMPONENTS
FOR FLYBACK CONVERTERS

4.1 INTRODUCTION

In general, a flyback converter is much more demanding on component ratings
than would be a forward converter of the same power. In particular, the ripple
current requirements for output rectifiers, output capacitors, transformers, and
switching transistors are much larger. However, the increased cost incurred for

‘the larger components will be offset by a reduction in circuit complexity, since

output inductors will not be required and there is only one rectifier diode for each
output line.

In flyback applications, components will be selected to meet the particular
voltage and current needs of each unit. The designer must remember, however,
that even for the same output power rating, different modes of operation impose
different stress conditions on the components. The recommendations for the se-
lection of power components in the following section, although particularly suit-
able for the flyback converter shown in Part 2, Chaps. 1 and 2, generally apply to
all flyback converters.

The graphs and components shown are included for illustration only; it is not
intended to suggest that they are necessarily the most suitable. Similar suitable
components are available from many manufacturers.

4.2 PRIMARY COMPONENTS

4.2.1 Input Rectifiers and Capacitors

There are no special requirements imposed on the input rectifiers and storage ca-
pacitors in the flyback converter. Hence these will be similar to those used in
other converter types and will be selected to meet the power rating and hold-up

requirements. (See Part 1, Chap. 6.)
4.2.2 Primary Switching Transistors
The éwitching transistor in a flyback supply is very highly stressed. The current

rating depends on the maximum load, efficiency, input voltage, operating mode,

B 2.37
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and converter design. It will be established b i
erl sign. y calculating the peak coll -
rent at minimum input voltage and maximum load. In thegexam!;)les :l?o:/??; gxr
2.2.4, tl:le peak collector current ranges from three to six times the mean curre %
degﬁrl\dmg on the operating mode. e
e maximum collector voltage is also quite hi i i
€ gh. It is defined by th -
mum input voltage (off load), the flyback factor, the transformer des}i'gn et}rlx;a;( )
ducPt‘lve overshoot, and the snubbing method. ’ "
or example, when working from a nominal 110-V ac supply lin axim
. . . . e’ t
input is typically specified as 137 V rms. For this input voltagiage maxiﬁlx oif-lc;lar:l1
DC header voltage V. (using the voltage doubler input circuit) will be

Vee=Via X V2 x2

where V. = DC header voltage
Vin = maximum ac input voltage, rms

In this example,

Vee =137 %X 142%x2=38V

Typically the flyback voltage is at least twice V.., or 778 in thi 3
allowing a 25% ma'rgin for inductive overshoot,cfhe peak colltelt:stgx)'( ?/?Ilt)all;}\}v?lc;,
972V, and a transistor with V_, rating of 1000 V would be selected ©
Iq addition to meeting these stressful conditions, the flyback trarisistor must
prpvxde ggod switching perfgrmance, low saturation voltage and have a useful
gain margin at the peak working current. Since the selection of the transistor will
also qualify the gain, it defines the requirements of the drive circuit. Hence, the
selectlog of a suitable power transistor is probably the most importar.lt aran;et
for efficiency and long-term reliability in flyback converters. P o

Note: To avoid secondary breakdown, current taili d issipation i
high-voltage bipolar transistors, it is ess’ i e oyerdxssmanon- "
o age bipx s ential that the correct drive and load line
Suitable drive circuits, waveforms, secondary b ili
S 1 , , reakd,
lems are discussed in Part 1, Chaps. 15, 16, 172,1an f& own, and tailing prob-

4.3 SECONDARY POWER COMPONENTS

4.3.1 Rectifiers

The output rectifier diodes in flyback converters are subj

rms current stress. The'actual values depend on the load,J::':;:lé?lc?ti{)a;gaengleeaklef:;ll:E

Zgn?r mctluc;ﬁnce, operating mode, and output capacitor ESR. Typically th,e rms

o ent will be 1.6to2 X Ipc, while peak currents may be as high as 6 X I, ..
ecause the precise conditions are often unknown, the calculation of diode ur

ren;; 1stg1ﬁ?cpl;,1 and empirical methods are recommended. o

or the initial prototype breadboarding, selec: diode
peak rating. Fast diodes with a reverse recovery time nos e(;fc:‘:s?r:l; El? rrrllse Zgoﬁg
be used. The final selection of the optimum rectifier diodes should be made after
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measurement of the prototype secondary rectifier currents. Attempts to calculate
the rms and peak diode currents are generally not very accurate, as it is difficult
to predict the various effects of leakage inductance, output loop inductance, pcb
track and wiring resistance, and the ESR and ESL of the output capacitors.
These parameters have a very significant effect on the rectifier rms and peak cur-
rent requirements, particularly at low output voltages, high frequency, and high
currents. These measurements can be made in the following way.

4.3.2 Rectifier Ripple Current Measurement Procedure

1. Connect a current probe of adequate rating in series with the output rectifier
to be measured. (See Part 3, Chaps. 13 and 14 for suitable current probe
design.) i

2. Using the oscilloscope, observe the current waveform and note the peak cur-
rent value.

3. Transfer the current probe to a true rms ammeter (e.g., a thermocouple instru-
_ment or true rms-reading instrument with a crest factor of at least 10/1) and
measure the rms current, making due allowance for the current probe and
meter multiplying factors. These measurements should be carried out at max-
imum input voltage and maximum load. ’

Select diodes with appropriate peak and rms ratings.

4.3.3 Rectifier Losses

The actual power loss in the output rectifier diode of a flyback suRply depends on
a number of factors, including forward dissipation, reverse leakage, and recovery
losses. The forward dissipation depends on the effective forward resistance of the
diode throughout its forward conduction and the shape of the current pulse, both
of which are nonlinear. (In practice the secondary current waveform is often very
different from the ideal triangular shape normally assumed in calculations.) Con-
sequently, it is often more expedient to measure the temperature rise of the diode
in the prototype, and from this calculate the junction temperatures and heat sink

requirements for worst-case conditions.
From temperature rise measurements carried out on rectifiers in several

flyback supplies (comparing the temperature rise caused by DC stress with ac
stress conditions), it has been found that an approximate rectifier dissipation may
be calculated, using the measured rectifier rms current (approximately 1.6 Ipc)
and an assumed forward voltage drop of 800 mV for silicon diodes or 600 mV for
Schottky diodes. Adequate heat sinks based on these calculations should be pro-

vided for initial prototypes. (See Part 3, Chap. 16.)

4.4 OUTPUT CAPACITORS

Output capacitors are also highly stressed in flyback converters. Normally the
output capacitors will be selected for three major parameters: absolute capaci-
tance value, capacitor ESR and ESL, and capacitor ripple current ratings.

J
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4.4.1 Absolute Capacitance Value

When ESR and ESL are low, the capacitance value will control the peak-to-peak
ripple voltage at the switching frequency. Because the ripple voltage is normally
small compared with the mean output voltage, a linear decay of voltage across
the output capacitors may be assumed during the “‘off”’ period. During this pe-
riod, the capacitor must deliver all the output current, and the voltage across the
capacitor terminals will decay at approximately 1 V/us/A (for a 1-wF capacitor).
Hence, when the maximum *‘off"” time, the load current, and the required peak-to-
pea;kuripple voltage are known, the minimum output capacitance may be calculated
as follows:

tog X IDC

VP‘P

where C = output capacitance, uF
toer = Off time, ps
Inc = load current, A
V,—, = ripple voltage p—p

For example, for a 5-V, 10-A output line and an output ripple of 100 mV,

_18x 1076 x 10

¢ 0.1

= 1800 pF

Note: Attempts to keep the peak-to-peak ripple .voltage below 100 mV in a
single-stage output filter will not be cost-effective. To obtain a lower output rip-
ple, an extra LC stage should be fitted.

4.4.2 Capacitor ESR and ESL

Figure 2.4.1a and b shows the effect of the ESR and ESL (effective series resis-
tance and inductance) of the output capacitor on the output ripple. In practice,
the ripple voltage will be much greater than would be expected from the selection
of the output capacitance alone, and an allowance for this effect should be made
when selecting capacitor size. If a single-stage output filter is used (no extra series
choke), then the ESR and ESL of the output capacitors will have a significant effect
on the high-frequency ripple voltage, and the best low-ESR capacitors should be
used.

The beneficial effects of an additional output LC filter should not be neglected
in flyback systems. Such filtering reduces output noise and allows the use of
much lower cost ordinary-grade electrolytics of adequate ripple rating as the ma-
jor energy storage elements. (See Part 1, Chap. 20.)

4.4.3 Capacitor Ripple Current Ratings

In a flyback converter, the typical rms ripple current in the output capacitors will
be 1.2 to 1.4 times the DC output current. (See Part 1, Chap. 20.) The output
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capacitors must be capable of conducting the output ripple current without ex-

cessive temperature rise. . . -
Fora mol:'e accurate assessment of the ripple current, the following _measu;;

ment proéedure is recommended. Using a current probe of adequate rating, n;

he output capacitor leads under full load at maximum line

the rms current in t ] °
isnu;flt (A true rms meter should be used with the current probe.) Select a capac
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itor to meet the ripple requirements, making due allowance for frequency and
temperature multiplying factors. (See Part 3, Chap. 12.)

4.5 CAPACITOR LIFE *

Although the preceding measurements and calculations will give a ood starting
point for the selection of the optimum components, the most important parameter
for long-term reliability is the temperature rise of the comporients in the working
environment, and this should be measured in the finished product.

The temperature rise is a function of the stress in the component, heat sink
design, air flow, and the proximity effects of surrounding components: Radiated
and convected heat from nearby components will often cause a greater tempera-
ture rise in a component than internal dissipation. This is particularly true for
electrolytic capacitors. o ST ‘ : . :

The maximum temperature rise permitted in'the capacitor, as a result of ripple
current and peak working temperature, varies with different capacitor types and
manufacturers. In the component examples used here, the maximum rise permit-
ted for ripple current is 8°C in free air, and it is this limitation that the manufac-
turer uses to establish the ripple current rating. The rating applies up to an am-
bient air temperature of 85°C, giving a maximum case temperature of 93°C,

Irrespective of the cause of the temperature rise, the absolute limit of case
temperature (in this example, 93°C) must be used to establish the limits of oper-
ation of the unit. This should be measured at maximum rated temperature and
load, in its normal environment. The life of the capacitor at its maximum temper-
ature is not good, and lower operating temperatures are recommended. If in
doubt as to the temperature rise caused by internal ripple current (this can be
very difficult to calculate with complex flyback waveforms), proceed as follows:

1. Measure the temperature rise of the capacitor under normal operating condi-
tions away from the influence of other heating effects. (If necessary, mount
the capacitor on a short length of twisted cable, inserting a thermal barrier be-
tween the unit and the capacitor.) Measure the temperature rise of the capac-
itor resulting from the ripple component alone, and compare this with a man-
ufacturer’s limiting values. The permitted temperature rise is not always given
on the data sheets, but it can be obtained from the manufacturer’s test and QA
departments. The temperature rise allowed is typically between 5 and 10°C.

2. If the temperature rise resulting from ripple current is acceptable, mount the
capacitor in its normal position and subject the power supply to its highest-
temperature stress and load conditions. Measure the surface temperature of
the capacitor, and ensure that it is within the manufacturer's rating. This way
you:can be sure to avoid thermal runaway, a possibility with electrolytic ca-
pacitors.

4.6 GENERAL CONCLUSIONS CONCERNING
FLYBACK CONVERTER COMPONENTS

o

The power elements of a flyback system have been discussed in considerable de-
tail. Careful attention to the ratings and operating conditions for every compo-

& o
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nent is essential for good performance and reliable operation. To the power sup-
ply engineer, this will become second nature. The selectx.on isa labqnous process
that cannot be avoided if the most cost-effective and reliable selections are to be
made. Calculations can take the designer only part of the way, as much. of the
information critical to these selections is just not available without making the
appropriate measurements. )
pgrﬁg leakage inductarice of the transformer, the track layout and size, the \(al-
ues of ESR and ESL of the output components, component laygut, and cooling
arrangements have a considerable influence on the stress and ratings of the com-
ponents. These effects cannot be reliably predicted. When actual measurements
are not made, a wide safety margin must be applied to the calculated values in the
selection of component ratings. )
Much of the optimization and proving measurements can be more easily car-
ried out at the design approval stage and will be limited to those prototypes which
ined for final production. ) )
arelg‘fggg-tgrm reliabll; operation and cost-effective design are to be 'achle.ve.d, it
is incumbent upon the cognizant engineer to ensure that the desngn_ is c.;ptlmlz'ed
before the product is finalized and that all necessary approval testing is carried

out.

4.7 PROBLEMS

1. Explain the major parameters that control the selection of the switching tran-

sistor in a flyback converter. -
2. What controls the selection of secondary rectifier diodes if®a flyback con-

verter? .
3. Which parameters of the flyback converter control the selection of the output

capacitors?

———
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CHAPTER 5

THE DIAGONAL HALF-BRIDG
FLYBACK CONVERTER .

5.1 INTRODUCTION

This converter, also known as the tw i

, | o-transistor converter, is parti it-
a:le fox: power field-effect transistor (FET) operation. Hence, IgE'I‘lCélefsircl:)éssglrte
shown in the exa_mple used here, but the same design procedure would ly f
transistor operation. appyTor
thaglse tf(_l)xp:éogz qaliso lends it_s%llf t? all the previous modes of flyback operation—

, ency, variable frequency, and complete or incomple

, ’ te
transfer operation. quever, there are cost penalties incurred for thl:: add??’ ergi
power device and its isolated drive. on

5.2 OPERATING PRINCIPLE

In the circuit shown in Fig. 2.5.1, the high-vol ine i i
. 2.5.1, -voltage DC line is switched to the pri-
mary of a tran_sformer by two power FET transistors, FT1 and FT2 'I?hgl:e
‘s‘vzxntgh:: .a‘n'% c’irttvent 1?y t%? lc;ontrol circuitry such that they will both b;e either
‘o ogether. Flyback action takes pl i “off”” i
theT;;:-ewous By eramen, place during the “‘off”" state, as in
e control, isolation, and drive circuit i imi

,, , ry will be very similar to th i-
ously used for sgngle-ended flyback converters. A small drive transfo(;meitis? ll;es‘:d
to provide the simultaneous but isolated drives to the two FET switches
q ;t should be noted that the_ cross-connected diodes DI and D2 retum. excess
F);'z a:tkaeegffy t? ttlllcla suppl‘)i'.ggesdand provide hard voltage clamping of FT1 and

alue of only one diode drop above and below the supply-line v
g;r;;:: g.;“;let:gmgt d«;}rlces witl;l a 400-V rating may be conﬁderft?yyused :rllf'la%le)fs
A s itself very well to power FETs. Moreover, th "
action of diodes D1 and D2 eliminates the need t:or Y recovers winding or
¢ ] an energy recovery windin;
excessively large snub S e
excessive Fyig. Zg.5.2. bing components. The voltage and current waveforms are
Because the transformer leakage inductance i

. the t. mer i plays an important role i -
tion of the circuit, the dlstnbt_lted primary and secondary leakage inductllpv;h:o?r(::-
pl:ments have been luEn‘.ped into effective total inductances L;, and L,, and
shown external to the ‘‘ideal’”” transformer for the purpose of thi: explanafision
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FIG. 2.5.1 Diagonal half-bridge (two-traasistor) single-ended flyback converter using
power FET primary switches.

The power section operates as foilows: When FT1 and FT2 are on, the supply
voltage will be applied across the transformer primary L, and leakage inductance
L,,. The starts of alt windings will go positive, and the output rectifier diode D3
will be reverse-biased and cut off; therefore secondary current will not flow dur-
ing the ‘“on’” period and the secondary leakage inductance L, cag be neglected.

During the *‘on”* period current will increase linearly in the transformer pri-

mary (see Fig. 2.5.2) as defined by the equation:

d, V.

ot 4
dt L,

Energy of 2L, - 1,2, will be stored in the coupled magnetic field of the trans-
former, and energy of ¥z L, - If, in the effective leakage inductances.

At the end of the ‘‘on’" period, FT1 and FT2 will turn off simultaneously, and
the primary supply current in the FET will fall to zero. However, the magnetic
field strength cannot change without a corresponding change in the flux density,
and by flyback action all voltages on the transformer will reverse. Initially diodes
D1 and D2 are brought into conduction clamping the primary flyback voltage (de-
veloped by the primary leakage inductance) to the supply-line voltage. Since the
polarity is reversed on all windings, the secondary emf V; will also bring the out-
put rectifier diode D3 into conduction, and current 7, builds up in the secondary
winding, as defined by the secondary leakage inductance L, .

When the secondary current has built up to a value of n X I,, where n is the
turns ratio and the energy stored in the primary leakage inductance L, has been
transferred back to the supply line, the energy recovery clamp diodes D1 and D2
will cease conduction, and the primary voltage V,, will fall back to the reflected
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FIG. 2.5.2 Primary and secondary waveforms for diagonal half-bridge flyback converter,
showing ‘“‘recovered” energy (energy returned to the supply). .

secondary voltage. At this time the voltage across the primary will be the voltage
across C3 (as referred to the primary by normal transformer action). This
clamped flyback voltage must by design be less than the supply voltage V., ; oth-
erwise the flyback energy will all be returned to the supply. However, under nor-
mal conditions, in a complete energy transfer system, the remaining energy
stored in the transformer magnetic field will be transferred to the output capacitor
and load during the remaining ‘‘off”’ period of FT1 and FT2. At the end of the
*““off’” period, a new power cycle will start, and the process continues.

5.3 USEFUL PROPERTIES

iI‘hili tc)j/pe of converter has a number of useful properties that should not be over-
ooked. -

First (and particularly important for power FET operation), the voltages on
the two power devices cannot exceed the supply voltage by more than two diode

¥a
s
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drops for any operating condition, provided that fast-action clamping diodes are
used for D1 and D2. This very hard voltage clamping action is ideal for power
FET operation, as these devices are particularly vulnerable to overvoltage stress.

Second, any energy stored in primary leakage inductance will be returned to
the supply line by D1 and D2 at the beginning of the flyback period and is not lost
to the system. :

Third, under transient loading conditions, if excessive energy has been stored
in the transformer primiary during the previous *‘on’’ period, this will also be re-
turned to the supply line during the flyback period.

Fourth, compared with the single-ended flyback converter, the power devices
may be selected for a much lower operating voltage, since the doubling effect
which occurs with a single-ended system is absent in this topology.

Finally, a major advantage of this technique is that a bifilar-wound energy re-
covery winding will not be required; hence the cost and a possible source of
unreliability are eliminated.

54 TRANSFORMER DESIGN

The hard voltage clamping action of the cross-connected primary energy recov-
ery diodes (D1 and D2), and the preference to operate at higher frequency with
FET devices, means that the primary and secondary leakage inductances of the
transformer will play an important role in the operation of the supply.

The energy stored in the primary leakage inductance L,, cannot be trans-
ferred to the output circuit; it gets returned to the supply. Hence the leakage in-
ductance results in a useless (loss-generating) interchange of energy in the pri-
mary circuit. Also, the secondary leakage inductance results in*4 slow buildup of
current in the secondary rectifiers during the flyback period. This delay means
that an additional proportion of the stored energy is returned to the primary cir-
cuit and will not be transferred to the output. This proportion increases if the fre-
quency is increased, and clearly the leakage inductance must be minimized for
best performance.

A further basic difference between the performance of this arrangement and
that of the normal single-ended flyback converter must be considered in the
transformer design. In the single-ended flyback converter, it is common practice
to allow the flyback voltage to be as large as possible so as to drive the secondary
current more rapidly through the output leakage inductance. In the diagonal half-
bridge flyback converter, the flyback voltage cannot exceed the forward voltage,
since the same primary winding carries out the forward polarization and reverse
flyback energy return functions. Hence, because of the hard clamping provided
by the primary diodes D1 and D2, it is not possible to increase the primary
flyback voltage above the supply lines, and for this application, it is particularly
important to design the transformer for minimum leakage inductance.

When selecting secondary turns, the transferred secondary flyback voltage as
applied to the primary should be at least 30% lower than the minimum applied
primary voltage; otherwise an excessive proportion of the stored energy will be
returned to the input line via D1 and D2 at the beginning of the flyback period.

In all other respects, the transformer design procedure is identical to that in
the single-ended flyback case, Part 2, Chap. 2, and the same procedure should be
adopted.
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5.5 DRIVE CIRCUITRY

N

CHAPTER 6

To ensure rapid and efficient switching of the power FETs, the drive circuit must
be capable of charging and discharging the relatively large gate input capacitance
of ti;e FETs quickly. Special low-resistance drive circuitry should be used for this
application.

5.6 OPERATING FREQUENCY

The use of power FETSs permits efficient high-frequency operation of the primary
power switches. The size of the transformer and output capacitors may be re-
duced at high frequencies, but the leakage inductance of the transformer, the
ESR of the output capacitors, and fast recovery of the rectifiers now becomes
particularly important. Therefore, for high-frequency operation, not only must
the transformer be correctly designed, but the external components must also be
selected correctly.

5.7 SNUBBER COMPONENTS

Because power FET devices are not subject to the same secondary breakdown
mechanisms that occur with bipolar devices, from a reliability standpoint, it is
often considered that snubber components are not essential. However, 