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UNITS, SYMBOLS, 
DIMENSIONS, AND 
ABBREVIATIONS 

USED IN THIS BOOK 

Units, Symbols, and Dimensions 

In general, the units and symbols used in this book conform to the International 
Standard (SI) System. However, to yield convenient solutions, the equations are 
often dimensionally modified to convenient multiples or submultiples. (The 
preferred dimensions are shown following each equation.) 

The imperial system is used for thermal calculations, because most thermal 
information is still presented in this form. Dimensions are in inches (1 in = 25.4 
mm) and temperatures are in degrees Celsius, except for radiant heat calculations, 
which use the absolute Kelvin temperature scale. 

Some graphs and equations in the magnetics sections use CGS units where this 
is common practice. Many manufacturers still provide magnetic information in 
CGS units; for example, magnetic field strength is shown in oersfkd(s) rather than 
At/m. (1 A t h  = 12.57 x Oe.) 

It is industry standard practice to show core loss in terms of milliwatts per 
gram, with "peak flux density B" as a parameter. (Because these graphs were 
developed for conventional push-pull transformer applications, symmetrical flux 
density swing about zero is assumed.) Hence, loss graphs assume a peak-to-peak 
swing of 2 x B. To prevent confusion, when nonsymmetrical flux excursions are 
considered in this book, the term "peak flux density B" is used only to indicate 
peak values. The term "flux density swing AB" is used to indicate total peak-to- 
peak excursion. 

', 

Basic Entities 

Unit Unit 
symbol name 

Quantity 
Quantity symbol Dimensions 

ki Kilogram Mass m M 
m Meter Length I L 
s Second Time t T 
A Ampere Electric current I QlT ' 
K Kelvin Temperature T 0 - - wix 
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Multiples and Submultiples of Units Are Limited t o  the  Following Range 

Symbol Prefix Power 
prefix name multiple 

M mega- 
k 

1 O6 
kilo- 

m 
1 03 

milli- 4 lo-3 
P micro- 
n nano- 
P pico- 10-l2 

Symbols for Physical Quantities 

Quantity Unit Unit 
Quantity symbol name symbol Formula 

Electric 
Capacitance 
Charge 
Current 
Energy 
Impedance 
Inductance, self- 
Potential difference 
Power, real (active) 
power, apparent 
Reactance 
Resistance 
Resistivity, volume 

Magnetic 
Field strength 
Field strength (CGS) 
Flux 
Flux density 
Permeability 

Other 
Angular velacity 
Area 
Frequency 
Length 
Skin thickness 
Temperature 
Temperature, absolute 
Time 
Winding height w 

farads 
coulombs 
amperes 
joules 
ohms 
henries 
volts 
watts 
voltamperes 
ohms 
ohms 
ohm-centimeters cubed 

amperes per meter 
oersteds 
webers 
teslas 
henries per meter 

radians per second 
centimeters squared 
hertz 
centimeters 
millimeters 
degreeS'Celsius 
kelvins 
seconds 
millimeters 

F 
C 
A 
J 
R 
H 
v 
W 
V A 
R 
R 
R-cm3 

A h  
Oe 
Wb 
T 
Hlm 

rad$ 
cm- 
Hz 
cm 
mm 
"C 
K 
S 

mm 

S - s  
A . s  
VIR 
W . s  - 
WbIA 
Wb/s 
VI cos e 
V . A 
- 
VIA 
R A - 

I 
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Symbols for Mathematical Variables Used in This Book 

Variable Parameter Unit 

area 
gain (without feedback) 
gain (with feedback) 
minimum cross-sectional arka of pole (transformer) 
area of center pole (of core) 
alternating current 
effective area (of core) 
area of air gap (in core) 
inductance factor (inductance of a single turn) 
minimum area of core 
attenuation factor 
area of center pole (of core) 
area of primary winding 
area product of core (Aw X A,) 
effective area product (Awb x A<) 
resistance factor (bobbin); also attenuation factor 
winding window area (of core) 
winding window area (of bobbin) 
effective area of copper in winding (total) 
primary winding window area 
surface area 
area of copper (for a single wire) 

magnetic flux density 
peak magnetic flux density 
feedback factor 
small change in B 
magnetic flux density swing ( p p )  
steady-state magnetic flux density (due to HdJ 
optimum flux density swing (for minimum loss) 
remanence flux density 
saturation flux density 
peak (working) value of flux density 
useful winding width (of bobbin) 

capacitance 
leakage (parasitic) capacitance 
cubic feet per minute (of air flow) 
heat (storage) capacity (jouleslin3PC) 
interelectrode capacitance 
parasitic coupling capacitance 

duty ratio (to,,ltp) 
duty cycle (tonlto~) 
D' (1 - D) = "off' time 
logarithmic ratio (voltage 20 loglo VIIV2 or power 10 loglo dB 

PlIP2) 
logarithmic power ratio with respect to 1 mW (10 log,, dB 

Pill mW) 
direct (nonvarying) current or voltage A or V 
rate of change of current with respect to time N s  
rate of change of primary current with respect to time N s  
rate of change of secondary current with respect to time Ah 
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I Symbols for Mathematical Variables Used in This Book (cont.) 

Variable Parameter Unit ! I= total length of air gap (in core) cm 
! LLP primary leakage inductance CLH 

L L ~  secondary leakage inductance PH 
LLT total (transformer) leakage inductance pH 
1, mean length of wire or magnetic path (or core) cm 
L~ primary inductance mH 
LS secondary inductance mH 

Symbols for Mathematical Variables Used in This Book (cont.) 

Variable Parameter I Jnit 

rate of change &voltage with respect to time 
wire diameter 

emf, induced electromotive force (vector quantity) 
radiant emissivity of surface I 
emf (magnitude of emf only) V 
electrical energy J 

MI, mean length per turn cm 
mmf magnetomotive force (magnetic potential ampere-turns) At 

frequency 
layer factor (copper) 
ratio of ac/DC resistance (of winding) number of turns 

number of turns of feedback winding 
minimum number of turns (to prevent core saturation) 
minimum primary turns for p-p operation 
primary turns (of transformer) 
secondary turns (of transformer) 
turns per volt (on transformer) T N  
number of turns (or wires) per layer 

magnetic field strength . 
peak value of effective magnetic field strength 
conductor thickness (strip) or wire diameter 
magnetic field strength swing, p p  
magnetic field strength due to DC current 
optimum value of magnetic field strength 
saturating value of magnetic field strength 
small change in magnetic field strength power 

period (of time) 
power dissipated in core 
power factor (ratio true powerNA) 
input power 
total internal dissipation 
output power 
power dissipated in transistor QI 
heat energy (joules) 
total internal dissipation 
primary volts per turn 
wihding copper loss 

current flow (DC) 
rms current (ac) 
peak current 
current density (in wire) 
average value of current for a defined period 
peak collector current 
direct current (dependent variable) 
effective input current 
harmonic interference current 
inductor or choke current (average) 
ac inductor current 
ripple current p p  in choke or inductor 
maximum value of current 
time-averaged current value 
minimum value of current 
primary current (in transformer) 
secondary current (also snubber current) 
small change in current 
resistive power loss 

Q rate of heat flow (in watts by conduction or in 
Jlslin2 by radiation) 

R resistance R 
r radius (or wire) mm 
Rcu DC resistance of wound component at specified temperature R 
Re effective DC resistance of transformer winding 0 
Rc-h thermal resistance, case to heat exchanger "CIW 
Rh-o thermal resistance, heat exchanger to free air "C/W 
Rho thermal resistance of heat exchanger W W  
R~ thermal resistance, junction to case "CIW 
m s  square root of the mean of the square of all the harmonic V or I 

components 
RO total thermal resistance "CIW 
RS effective resistance of prime source or network R 
Rsf effective source resistance factor (Rsf = R, x W,,,,) R 
RT temperature coefficient of resistance (copper = 0.00393 at RIRPC 

0•‹C) 
RTcm resistance of wire in Rlcm at temp T. "C Rlcm 
Re thermal resistance (of heat-conducting path) "CIW 

- .  Rob thermal resistance, hot spot to free air "CIW 
i 

1 
", J 

capacitive reactance, 112 rr fC (complex #) 
inductive reactance. 2 ?rjZ (complex #) 

copper utilization factor (topology factor) 
material constant 
primary area factor 
primary rms current factor 
packing factor (of wire) 
utilization factor of bobbin 

L inductance (self-inductance of wound component) H 
I length (length of magnetic path) cm 
1, effective path length cm 
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Variable Parameter Unit 

thermal resistance "CIW 
effective resistance of wound component at frequency f n 
resistance factorpf bobbin 

scaling factor 

temperature in degrees Celsius 
time 

"C 
s 

ambient temperature (of air) 
temperature of copper (winding) 
time delay period 
temperature of surface (diode) 
fall time (time required for voltage or current decay) 
temperature of heat exchanger surface 
total period (of time), i.e., duration of single cycle 
nonconducting "off' time period 
conducting "on" time period 
small change in temperature 
small temperature rise (above ambient) 
small increment of time 
temperature rise (above ambient) 

volt-ampere product (apparent power) 
transistor collector voltage 
supply line (voltage) 
voltage, collector to emitter 
collector-to-emitter breakdown voltage (base open circuit) 
collector-to-emitter breakdown voltage (with specified base- 

to-emitter resistance) 
collector-to-emitter breakdown voltage (base reverse-biased) 
effective volume of core 
feedback voltage 
header voltage (voltage at input of regulator) 
harmonic interferance voltage, rms 
input voltage 
voltage across inductor 
mean voltage 
nominal (average normal) voltage 
volts per turn 
ripple voltage 
output voltage 
peak voltage or primary voltage 
ripple voltage. peak-peak value 
reference voltage 
root mean square voltage 
saturation voltage 

true input power (VI cos 8, or VA x P,, heating effect) 
true output power (VI cos 0, or VA x P,, heating effect) 
heat dissipation at junction, Jls 

capacitive reactance (112 T fa 
inductive reactance (2 nf l )  ,. 

"C 
'C 
S 

'C 
Ccs 
"C 
Ccs 
P S  

P S  
'C 
"C 
P S  
"C 

V A 
v 
v 
v 
v 
v 

v 
cm3 
v 
v 
Vrms 
v 
v 
v 
v 
V/T 
v 
v 
v 
v 
v 
Vrms 
v 
W 
W 
W 

n 
R 
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Symbols for Mathematical Variables Used in This Book (cont.) 

Variable Parameter Unit 

P volume resistivity of copper (at 0•‹C = 1.588 filcm3) fi-cm3 

resistivity of copper at tc OC (R,. = 
A 

magnetic field constant (4 a x lo-' Hlm) 
relative permeability (of core) 
effective permeability (after gap is introduced) 
efficiency (power output/power input X 100%) 
a small increment (change); also skin thickness. mm 
a small change in total flux 
effective conductor height 
total magnetic flux, Wb 
approximatly equal to 
proportional to 
angular velocity (o = 2 aj) 
zero voltage reference line (often the common output) 
1 - duty ratio (the "off" period) 
physical constant (3.1416) 
magnitude of function (x) only 

ABBREVIATIONS 

ac 
AIEE 
AWG 

BIH 
CISPR 

CS A 
dB 
DC 

DCCT 
e.g. 
emf 

EM1 
ESL 
ESR 
FCC 
FET 
HCR 
HRC 
IEC 

IEEE 
LC 

LED 
LISN 

mmf 
MLT 

alternating current 
American Institute of Electrical Engineers 
American wire gauge 
(curve) hysteresis loop of magnetic material. e 
ComitC International Special des Perturbations Radioelectriques 
Canadian Standards Association 
decibels (logarithmic ratio of power or voltage) 
direct (nonvarying) current or voltage 
direct-current current transformers 
exemplia gratis 
electromotive force 
electromagnetic interference 
effective series inductance 
effective series resistance 
Federal Communications Commission 
field-effect transistor 
heavily cold-reduced 
high rupture capacity 
International Electrotechnical Commission 
Institute of Electrical and Electronics Engineers 
(filter) a low-pass filter consisting of a series inductor and shunt capacitor 
light-emitting diode 
line impedance stabiliation network 
magnetomotive force (magnetic potential, ampere-turns) 
mean length (of wire) per turn 
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MOV 
MPP 

MTBF 
NTC 
"on" 

"off " 
OVP 

PARD 
pcb 

PFS 
P P  

PTFE 
PVC 

PWM 
RF 

RFI 
rms 

RHP 
+S 
-s 

SCR 
SMPS 

SOA 
SR 

l l -L  
UL 

UPS 
UVP 
VDE 

SWITCHMODE 
POWER SUPPLY 

HANDBOOK 

metal oxide varistor 
molybdenum Permalloy powder 
mean time beforehetween failure(s) 
negative temperature coefficient 
conducting (working),.state of device (circuit) 
nonconducting (nonworking) state of device (circuit) 
overvoltage protection (circuit) 
periodic and random deviations (see glossary) 
printed circuit board 
power failure senselsignal 
peak-to-peak value (ripple voltagelcurrent) 
poly tetrafluoroethylene 
polyvinyl chloride 
pulse-width modulation 
radio frequency 
radio-frequency interference 
root mean square 
right-half-plane (zero), a zero located in the right half of the complex s-plane 
positive remote sensing (terminal, line) 
negative remote sensing (terminal, line) 
silicon controlled rectifier 
switchmode power supply 
safe operating area 
saturable reactor (see glossary) 
transistor-transistor logic 
Underwriters' Laboratories 
unintemptible power supply 
undervoltage protection (circuit) 
Verband Deutscher Elektrotechniker 
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CHAPTER 1 
COMMON REQUIREMENTS: 

AN OVERVIEW 

1.1 INTRODUCTION 

The "direct-off-line" switchmode supply is so called because it takes its power 
input directly from the ac power lines, without using the rather large low- 
frequency (60 to 50 Hz) isolation transformer normally found in linear power sup- 
plies. 

Although the various switchmode conversion techniques are often very differ- 
ent in terms of circuit design, they have, over many years, developed very similar 
basic functional characteristics which have become generally accepted industry 
standards. 

Further, the need to satisfy various national and international safety, electro- 
magnetic compatibility, and line transient requirements has force2 the adoption 
of relatively standard techniques for track and component spacing, noise ftlter 
design, and transient protection. The prudent designer will be familiar with all 
these agency needs before proceeding with a design. Many otherwise sound de- 
signs have failed as a result of their inability to satisfy safety agency standards. 

Many of the requirements outlined in this section will be common to all 
switching supplies, irrespective of the design strategy or circuit. Although the 
functions tend to remain the same for a11 units, the circuit techniques used to ob- 
tain them may be quite different. There are many ways of meeting these needs, 
and there will usually be a best approach for a particular application. 

The designer must also consider all the minor facets of the specification before 
deciding on a design strategy. Failure to consider at an early stage some very 
minor system requirement could completely negate a design approach-for ex- 
ample, power good and power failure indicators and signals, which require an 
auxiliary supply irrespective of the converter action, would completely negate a 
design approach which does not provide this auxiliary supply when the converter 
is inhibited! It can often prove to be very difficult to provide for some minor ne- 
glected need at the end of the design and development exercise. 

The remainder of Chap. 1 gives an overview of the basic input and output 
functions most often required by the user or specified by national or international 
standards. They will assist in the checking or development of the initial specifi- 
cation, and all should be considered before moving to the design stage. 
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1.2 INPUT TRANSIENT VOLTAGE PROTECTION 

Bdth artificial and naturally occurring electrical phenomena cause very large 
transient voltages on all bdt fully conditioned supply lines from time to time. 

IEEE Standard 587-1980 shows the results of an investigation of this phenom- 
enon at various locations. These are classified as low-stress clas A, medium- 
stress class B, and high-stress class C locations. Most power sup$ies will be in 
low- and medium-risk locations, where stress levels may reach 6000 V at up to 
3000 A. 

Power supplies are often required to protect themselves and the end equip- 
ment from these stress conditions. To meet this need requires special protection 
devices. (See Part 1, Chap. 2.) 

1.3 ELECTROMAGNETIC COMPA77BlLITY 

Input Filters 

Switching power supplies are electrically noisy, and to meet the requirements of 
the various national and international RFI (radio-frequency interference) regula- 
tions for conducted-mode noise, a differential- and common-mode noise filter is 
normally fitted in series with the line inputs. The attenuation factor required from 
this noise filter depends on the power supply size, operating frequency, power 
supply design, application, and environment. 

For domestic and office equipments, such as personal computers, VDUs, and 
so on, the more stringent regulations apply, and FCC class B or similar limits 
would normally be applied. For industrial applications, the less severe FCC class 
A or similar limits would apply. (See Part 1, Chap. 3.) 

It is important to appreciate that it is very difficult to cure a badly designed 
supply by fitting filters. The need for minimum noise coupling must be considered 
at all stages of the design; some good guidelines are covered in Part 1, Chaps. 3 
and 4. 

1.4 DIFFERENTIAL-MODE NOISE 

Differential-mode noise refers to the component of high-frequency electrical 
noise between any two supply or output lines. For example, this would be mea- 
sured between the live and neutral input lines or between the positive and nega- 
tive output lines. 

7.5 COMMON-MODE NOISE 

For the line input, common-mode noise refers to that component of electrical 
noise that exists between both supply lhes (in common) and the earth (ground) 
return. 

For the outputs, the position is more complicated, as various configurations of 

1 .  COMMON REQUIREMENTS 

isolated and nonisolated connections are possible. In general, output common- 
mode noise refers to the electrical noise between any output and some common 
point,'usually the chassis or common return line. 

Some specifications, notably those applying to medical electronics, severely 
limit the amount of ground return current permitted between either supply line 
and the earth (ground) return. A ground return current normally flows through 
the filter capacitors and leakage capacitance to ground, even if the insulation is 
perfect. The return current limitation can have a significant effect on the design 
of the supply and the size of input filter capacitors. In any event, capacitors in 
excess of 0.01 pF between the live line and ground are not permitted by many 
safety standards. 

1.6 FA RADA Y SCREENS 

High-frequency conducted-mode noise (noise conducted along the supply or out- 
! put leads) is normally caused by capacitively coupled currents in the ground 

plane or between input and output circuits. For this reason, high-voltage switch- 
ing devices should not be mounted on the chassis. Where this cannot be avoided, 
a Faraday screen should be fitted between the noise source and the ground plane, 
or at least the capacitance to the chassis should be minimized. 

To reduce input-to-output noise coupling in isolating transformers, Faraday 
screens should be fitted. These should not be confused with the more familiar 
safety screens. (See Part 1, Chap. 4.) 

1.7 INPUT FUSE SELECTION ~r 

This is an often neglected part of power supply design. Modem fuse technology 
makes available a wide range of fuses designed to satisfy closely defined param- 
eters. Voltages, inrush currents, continuous currents, and let-through energy (z2t 
ratings) should all be considered. (See Part 1, Chap. 5.) 

Where units are dual-input-voltage-rated, it may be necessary to use a lower 
fuse rating for the higher input voltage condition. Standard, medium-speed glass 
cartridge fuses are universally available and are best used where possible. For 
line input applications, the current rating should take into account the 0.6 to 0.7 
power factor of the capacitive input filter used in most switchmode systems. 

For best protection the input fuse should have the minimum rating that will 
reliably sustain the inrush current and maximum operating currents of the supply 
at minimum line inputs. However, it should be noted that the rated fuse current 
given in the fuse manufacturer's data is for a limited service life, typically a thou- 
sand hours operation. For long fuse life, the normal power supply current should 
be well below the maximum fuse rating; the larger the margin, the longer the fuse 
life. 

Fuse selection is therefore a compromise between long life and full protection. 
Users should be aware that fuses tend to age and should be replaced at routine 
servicing periods. For maximum safety during fuse replacement, the live input is 
normally fused at a point after the input switch. 

To satisfy safety agency requirements and maintain maximum protection, 
when fuses are replaced, a fuse of the same type and rating must be used. 
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1.8 LINE RECTIFICA TION AND CAPACITOR 
INPUT FlL TERS 

Rectifier capacitor input filters have become almost universal for direct-off-line 
switchmode power supplie~. In such systems the line input is directly rectified 
into a large electrolytic reservoir capacitor. 

Although this circuit is small, efficient, and low-cost, it has the disadvantage of 
demanding short, high-current pulses at the peak of the applied sid-wave input, 
causing excessive line 1'r losses, harmonic distortion, and a low power factor. 

In some applications (e.g., shipboard equipment), this current distortion can- 
not be tolerated, and special low-distortion input circuits must be used. (See Part 
1, Chap. 6.) 

1.9 INRUSH LIMITING 

Inrush limiting reduces the current flowing into the input terminals when the sup- 
ply is first switched on. It should not be confused with "soft start," which is a 
separate function controlling the way the power converter starts its switching ac- 
tion. 

In the interests of minimum size and weight, most switchmode supplies will 
use semiconductor rectifiers and low-impedance input electrolytics in a capaci- 
tive input filter configuration. Such systems have an inherently low input resis- 
tance; also, because the capacitors are initially discharged, very large surge cur- 
rents would occur at switch-on if such filters were switched directly to the line 
input. 

Hence, it is normal practice to provide some form of current inrush limiting on 
power supplies that have capacitive input fdters. This inrush limiting typically 
takes the form of a resistive limiting device in series with the supply lines. In 
high-power systems, the limiting resistance would normally be removed (shorted 
out) by an SCR, triac, or switch when the input reservoir andor filter capacitor 
has been fully charged. In low-power systems, NTC thermistors are often used as 
limiting devices. 

The selection of the inrush-limiting resistance value is usually a compromise 
between acceptable inrush current amplitude and start-up delay time. Negative 
temperature coefficient thermistors are often used in low-power applications, but 
it should be noted that thermistors will not always give full inrush limiting. For 
example, if, after the power supply has been running long enough for the 
thermistor to heat up, the input is turned rapidly off and back on again, the 
thermistor will still be hot and hence low-resistance, and the inrush current will 
be large. The published specification should reflect this effect, as it is up to the 
user to decide whether this limitation will cause any operational problems. Since 
even with a hot NTC the inrush current will not normally be damaging to the sup- 
ply, thermistors are usually acceptable and are often used for low-power appli- 
cations. (See Part 1, Chap. 7.) 

1.10 START-UP METHODS 

In direct-off-line switchmode supplies, the elimination of the low-frequency (50 to 
60 Hz) transformer can present problems with system start-up. The daculty 
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usually stems from the fact that the high-frequency power transformer cannot be . used for auxiliary supplies until the converter has started. Suitable start-up cir- ' cuits are discussed in Part 1, Chap. 8. 

1.1 1 SOFT START 

Soft start is the term used to describe a low-stress start-up action, normally ap- 
plied to the pulse-width-modulated converter to reduce transformer and output 
capacitor stress and to reduce the surge on the input circuits when the converter 
aciion starts. 

Ideally, the input reservoir capacitors should be fully charged before con- 
verter action commences; hence, the converter start-up should be delayed for 
several line cycles, then start with a narrow pulse and a progressively increasing 
pulse width until the output is established. 

There are, in fact, a number of reasons why the pulse width should be narrow 
when the converter starts and progressively increase during the start-up phase. - There will often be considerable capacitance on the output lines, and this should 
be charged slowly so that it does not reflect an excessive transient back to the 
supply lines. Further, where a push-pull action is applied to the main trans- 
former, flux doubling and possible saturation of the core may occur if a wide 
pulse is applied to the transformer for the first half cycle of operation. (See Part 
3, Chap. 7.) Finally, since an inductor will invariably appear somewhere in series 
with the current path, it may be impossible to prevent voltage overshoot on the 
output if this inductor current is allowed to rise to a high value during the start-up 
phase. (See Part 1, Chap. 10.) 

1.12 START-UP OVERVOLTAGE PREVENTION 

When the powe; supply is first switched on, the control and regulator circuits are 
not in their normal working condition (unless they were previously energized by 
some auxiliary supply). 

As a result of the limited output range of the control and driver circuits, the 
large-signal slew rate may be very nonlinear and slow. Hence, during the start-up 
phase, a "race" condition can exist between the establishment of the output volt- 
ages and correct operation of the control circuits. This can result in excessive 
output voltage overshoot. 

. Additional fast-acting voltage clamping circuits may be required to prevent 
overshoot during the start-up phase, a need often overlooked in the past by de- 
signers of both discrete and integrated control circuits. (See Part 1, Chap. 10.) 

1.13 OUTPUT OVERVOLTAGE PROTECTION 

Loss of voltage control can result in excessive output voltages in both linear and 
switclimode supplies. In the linear supply (and some switching regulators), there 
is a direct DC link between input and output circuits, so that a short circuit of the 
power control device results in a large and uncontrolled output. Such circuits 
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require a powerful overvoltage clamping technique, and typically an SCR "crow- 
bar" will short-circuit the output to clear a series fuse. 

In the direct-off-line SMPS, the output is isolated from the input by a well- 
insulated transformer. In such systems, most failures result in a low or zero out- 
put voltage. The need for yowbar-type protection is less marked, and indeed is 
often considered incompatible with size limitations. In such systems, an indepen- 
dent signal level voltage clamp which acts on the converter drive circuit is often 
considered satisfactory for overvoltage protection. 4 The design aim is that a single component failure within the supply will not 
cause an overvoltage condition. Since this aim is rarely fully satisfied by the sig- 
nal level clamping techniques often used (for example, an insulation failure is not 
fully protected), the crowbar and fuse technique should still be considered for the 
most exacting switchmode designs. The crowbar also provides some protection 
against externally induced overvoltage conditions. t 

1.14 OUTPUT UNDERVOLTAGE PROTECTION 

Output undervoltages can be caused by excessive transient current demands and 
power outages. In switchmode supplies, considerable energy is often stored in 
the input capacitors, and this provides "holdup" of the outputs during short 
power outages. However, transient current demands can still cause under- 
voltages as a result of limited current ratings and output line voltage drop. In sys- 
tems that are subject to large transient demands, the active undervoltage preven- 
tion circuit described in Part 1, Chap. 12 should be considered. 

1.15 OVERLOAD PROTECTION (INPUT POWER 
LIMITING) 

Power limiting is usually applied to the primary circuits and is concerned with 
limiting the maximum throughput power of the power converter. In multiple- 
output converters this is often necessary because, in the interest of maximum 
versatility, the sum of the independent output current limits often has a total VA 
rating in excess of the maximum converter capability. 

Primary power limiting is often provided as additional backup protection, even 
where normal output current limiting would prevent output overloading condi- 
tions. Fast-acting primary limiting has the advantage of preventing power device 
failure under unusual transient loading conditions, when the normal secondary 
current limiting may not be fast enough to be fully effective. Furthermore, the 
risk of fue or excessive power supply damage in the event of a component failure 
is reduced. Power supplies with primary power limiting usually have a much 
higher reliability record than those without this additional protection. 

1.16 OUTPUT CURRENT LIMITING 

In higher-power switchmode units, each output line will be independently 
current-limited. The current limit should protect the supply under all conditions 
to short-circuit. Continuous operation in a current-limited mode should not cause 

I .  COMMON REQUIREMENTS 1 .S 

overdissipation or failure of the power supply. The switchmode unit (unlike the 
linear regulator) should have a constant current limit. By its nature, the switching 
supply does not dissipate excessive power under short-circuit conditions, and a 
constant current limit is far less likely to give the user such problems as 
"lockout" under nonlinear or cross-coupled load conditions. (Cross-coupled 
loads are loads that are connected between a positive and a negative output line 
without connection to the common line.) i Linear regulators traditionally have reentrant current limiting in order to pre- i vent excessive dissipation in the series element under short-circuit conditions. 
Section 14.5 covers the problems associated with cross-coupled loads and reen- 
trant current limits more fully. 

1.17 BASE DRIVE REQUIREMENTS FOR 
HIGH-VOLTAGE BIPOLAR TRANSISTORS 

In direct-off-line SMPSs the voltage stress on the main switching device can be 
very large, of the order of 800 to 1000 V in the case of the flyback converter. 

Apart from the obvious needs for high-voltage transistors, "snubber" net- 
works, load line shaping, and antisaturation diodes, many devices require base 
drive waveform shaping. In particular, the base current is often required to ramp 
down during the turn-off edge at a controlled rate for best performance. (See Part 
1, Chap. 15.) 

1.18 PROPORTIONAL DRIVE CIRCUITS 
4. 

With bipolar transistors, base drive currents in excess of those required to satu- 
rate the transistor reduce the efficiency and can cause excessive turn-off storage 
times with reduced control at light loads. 

Improved pefformance can be obtained by making the base drive current pro- 
portional to the collector current. Suitable circuits are shown in Part 1. Chap. 16. 

1.19 ANTISATURA TlON TECHNIQUES 

With bipolar transistors, in the switching mode, improved turn-off performance 
can be obtained by preventing "hard" saturation. The transistor can be main- 
tained in a quasi-saturated state by maintaining the drive current at a mipimum 
defined by the gain and collector current. However, since the gain of the transis- 
tor changes with device, load, and temperature, a dynamic control is required. 

Antisaturation circuits are often combined with proportional drive techniques. 
Suitable methods are shown in Part 1, Chap. 17. 

1.20 SNUBBER NETWORKS 

This is a power supply engineering term used to describe networks which provide 
turn-on and turn-off load line shaping for the switching device. 
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Load line shaping is required to prevent breakdown by maintaining the switch- 
ing device within its "safe operating area" throughout the switching cycle. 

In many cases snubber networks also reduce RFI problems as a result of the 
reduced dvldt on switching elements, although this is not their primary function. 

7.27 CROSS CONDUCTION 
7 

In half-bridge, full-bridge, and push-pull applications, a DC path exists between 
the supply lines if the "on" states of the two switching devices overlap. This is 
called "cross conduction" and can cause immediate failure. 

To prevent this condition, a "dead time" (a period when both devices are off) 
is often provided in the drive waveform. To maintain full-range pulse-width con- 
trol, a dynamic dead time may be provided. (See Part 1, Chap. 19.) 

7.22 OUTPUT FILTERING, COMMON-MODE 
NOISE, AND INPUT-TO-OUTPUT ISOLA TION 

These parameters have been linked together, as they tend to be mutually inter- 
dependent. In switchmode supplies, high voltages and high currents are being 
switched at very fast rates of change at ever-increasing frequencies. This gives 
rise to electrostatic and electromagnetic radiation within the power supply. The 
electrostatic coupling between high-voltage switching elements and the output 
circuit or ground can produce particularly troublesome common-mode noise 
problems. 

The problems associated with common-mode noise are not generally recog- 
nized, and there is a tendency to leave this requirement out of the power supply 
specifications. Common-mode noise is a very real cause of system problems, and 
it should be normal practice in good power supply design to minimize the capac- 
itance between the switching elements and chassis and to provide Faraday 
screens between the primary and secondary of the power transformer. Where 
switching elements are to be mounted on the chassis for cooling purposes, an in- 
sulated Faraday screen should be placed between the switching element and the 
mounting surface. This screen and any other Faraday screens in the transformer 
should be returned to one of the input DC supply lines so as to return capacitively 
coupled currents to the source. In many cases, the transformer will require an 
additional safety screen which will be connected to earth or chassis. This safety 
screen should be positioned between the RF Faraday screen and the output wind- 
ings. 

In rare cases (where the output voltages are high), a second Faraday screen 
may be required between the safety screen and the output windings to reduce 
output common-mode current. This screen should be returned to the common 
output line, as close as possible to the transformer common-line connection pin. 

The screens, together with the necessary insulation, increase the spacing be- 
tween the primary and secondary windings, thereby increasing the leakage induc- 
tance and degrading transformer performance. It should be noted that the 
Faraday screen does not need to meet the high current capacity of the safety 
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screens and therefore can be made from lightweight material and connections. 
(See Part 1, Chaps. 3 and 4.) 

7.23 POWER FAILURE SIGNALS 

To allow time for "housekeeping" functions in computer systems, a warning of 
impending shutdown is often required from the power supply. Various methods 
are used, and typically a warning signal should be given at least 5 ms before the 
power supply outputs fall below their minimum specified values. This is required 
to allow time for a controlled shutdown of the computer. 

In many cases, extremely simple power failure systems which simply recog- 
nize the presence or absence of the AC line input and give a TTL low signal 
within a few milliseconds of line failure are used. It should be recognized that the 
line input passes through zero twice in each cycle under normal conditions; since 
this must not be recognized as a failure, there is usually a delay of several milli- 
seconds before a genuine failure can be recognized. When a line failure has been 
recognized, the normal holdup time of the power supply should provide output 
voltage for a further period, allowing time for the necessary housekeeping pro- 
cedures. 

Two undesirable limitations of these simple systems should be recognized. 
First, if a "brownout" condition precedes the power failure, the output voltage 
may fall below the minimum value without a power failure signal being generated. 
Second, if the line input voltage to the power supply immediately prior to failure 
is close to the minimum required for normal operation, the holdup time will be 
severely diminished, and the time between a power failure warning and supply 
shutdown may not be long enough for effective housekeeping. 

For critical applications, more sophisticated power failure warning systems 
which will recognize brownout should be used. If additional holdup time is re- 
quired, charge dumping techniques should be considered. (See Part 1, Chap. 12.) 

7.24 POWER GOOD SIGNALS 

"Power good" signals are sometimes required from the power supply. These are 
usually TTL-compatible outputs that go to a "power good" (high state) when all 
power supply voltages are within their specified operating window. "Power 
good" and "power failure" signals are sometimes combined. LED (light-emitting 
diode) status indicators are often provided with the "power good" signals, to 
give a visual indication of the power supply status. 

7.25 DUAL INPUT VOLTAGE OPERA TION 

With the trend toward international trading it is becoming increasingly necessary 
to provide switchmode supplies for dual input, nominally 1101220-V operation. A 
wide variety of techniques are used to meet these dual-voltage requirements, in- 



PART I 

cluding single or multiple, manual Or automatic, transformer tap changing, and 
voltage doubling. If auxiliary transformers and cooling fans are to be used, these 
must be considered in the dual-voltage connection. 

A useful method of avoiding the need for special dual-voltage fans and auxil- 
iary transformers is shown in Part 1, Chap. 23. It should be remembered that the 
insulation of the auxiliary trpsformer and fan must meet the safety requirements 
for the highest-voltage input. More recently, high-efficiency "brushless" DC fans 
have become available; these can be driven by the supply output, overcoming 
insulation and tap change problems. 4 

The voltage doubler technique with one or two link changes is probably the 
most cost-effective and is generally favored in switchmode supplies. However, 
when this method is used, the design of the filter, the input fuse, and inrush lim- 
iting should be considered. When changing the input voltage link arrangements, 
the low-voltage tap position gives higher current stress, whereas the higher tap 
position gives a greater voltage stress. The need to meet both conditions results 
in more expensive filter components. Therefore, dual-voltage operation should 
not be specified unless this is a real system requirement. 

1.26 POWER SUPPLY HOLDUP TIME 

One of the major advantages of switchmode supplies is their ability to maintain 
the output voltages constant for a short period after line failure. This "holdup 
time" is typically 20 ms minimum, but depends on the part of the input cycle 
where the power failure occurs and the loading and the supply voltage before the 
line failure. 

A major factor controlling the holdup time is the history and amplitude of the 
supply voltage immediately prior to the failure condition. Most specifications de- 
fine holdup time from nominal input voltage and loading. Holdup times may be 
considerably less if the supply voltage is close to its minimum value immediately 
prior to failure. 

Power supplies that are specified for long holdup times at minimum input volt- 
ages are either expensive because of the increased size of input capacitors, or 
less efficient because the power converter must now maintain the output voltage 
constant for a much lower input voltage. This usually results in less efficient op- 
eration at nominal line inputs. Charge dumping techniques should be considered 
when long holdup times are required at low input voltages. (See Part 1, Chap. 12.) 

Synchronization of the switching frequency is sometimes called for, particularly 
when the supply is to be used for VDU (visual display unit) applications. Al- 
though synchronization is of dubious value in most cases, as adequate screening 
and filtering of the supply should eliminate the need, it must be recognized that 
systems engineers often specify it. 

The constraints placed on the power supply design by specifying synchroni- 
zation are severe; for example, the low-cost variable-frequency systems cannot 
be used. Furthermore, the synchronization port gives access to tlie drive circuit 

1. COMMON REQUIREMENTS 

of the main converter and provides a means whereby the operating integrity of 
the converter can be disrupted. 

The possibility of badly defined or incorrect synchronization information must 
be considered in the design of synchronizable systems. The techniques used 
should be as insensitive as possible to abuse. The user should be aware that it is 
difficult to guarantee that a power supply will not be damaged by incorrect or 
badly defined synchronization signals. Because of the need to prevent saturation 
in wound components, most switchmode supplies use oscillator designs which 
can be synchronized only to frequencies higher than the natural oscillation fre- 
quency. Also, the synchronization range is often quite limited. 

1.28 EXTERNAL INHIBIT 

For system control, it is often necessary to turn the power supply on or off by 
external electronic means. Typically a TTL high signal will define the "on" con- 
dition and a TTL low the "off' condition. Activation of this electronic inhibit 
should invoke the normal soft-start sequence of the power supply when it is 
turned on.!Power supplies for which this remote control function is required will 
often need internal auxiliary supplies which are common to the output. The aux- 
iliary supply must be present irrespective of main converter operation. This ap- 
parently simple requirement may define the complete design strategy for the aux- 
iliary supplies. 

1.29 FORCED CURRENT SHARING 

Voltage-controlled power supplies, by their very nature, a&e low-output- 
impedance devices. Since the output voltage and performance characteristics of 
two or more units will never be identical, the units will not naturally share the 
load current when they are operated in parallel. 

Various methods are used to force current sharing (see Part 1, Chap. 24). 
However, in most cases these techniques force current sharing by degrading the 
output impedance (and consequently the load regulation) of the supply. Hence 
the load regulation performance in parallel forced current sharing applications 
will usually be lower than that found with a single unit. 

A possible exception is the master-slave technique which tends to a voltage- 
controlled current source. However, the master-slave technique has fallen out of 
favor because of its inability to provide good parallel redundant operation. A fail- 
ure of the master system usually results in a complete system failure. 

More recently, interconnected systems of current-mode control topologies 
have shown considerable promise. The technique should in theory be quite good; 
however, the tendency for noise pickup on the P-terminal link between units 
makes it somewhat difficult to implement in practice. Further, if one unit is used 
to provide the control signal, failure of this unit will shut down the whole system, 
which is again contrary to the needs of a parallel redundant system. 

The forced current sharing system described in Part 1, Chap. 24 does not suf- 
fer from these difficulties. Although the output regulation is slightly degraded, the 
variation in output voltage in normal circumstances is only a few millivolts, 
which should be acceptable for most practical applications. 

Failure to provide current sharing means that one or more of the power sup- 
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plies will be operating in a maximum current limited mode, while others are 
hardly loaded. However, so long as the current limits for the units are set at a 
value where continuous operation in the current limited mode gives reasonable 
power supply life, simple direct parallel connection can be used and should not 
be ignored. 

1.30 REMOTE SENSING 4 

If the load is situated some distance from the power supply, and the supply-lead 
voltage drops are significant, improved performance will be obtained if a remote 
voltage sense is used for the power supply. In principle, the reference voltage and 
amplifier comparator inputs are connected to the remote load by separate voltage 
sensing lines to remove the line-drop effects. These remote sense leads carry neg- 
ligible currents, so the voltage drop is also negligible. This arrangement permits 
the power supply to compensate for the voltage drops in the output power leads 
by increasing the supply voltage as required. In low-voltage, high-current appli- 
cations, this facility is particularly useful. However, the user should be aware of 
at least three limitations of this technique: 

1. The maximum external voltage drop that can be tolerated in the supply leads 
is typically limited to 250 mV in both go and return leads (500 mV overall). In 
a 100-A 5-V application, this would represent an extra 50 W from the power 
supply, and it should be remembered that this power is being dissipated in the 
supply lines. 

2. Where power supplies are to be connected in a parallel redundant mode, it is 
common practice to isolate each supply with a series diode. The principle here 
is that if one power supply should short-circuit, the diode will isolate this sup- 
ply from the remaining units. 

If this connection is used, then the voltage at the terminals of the power 
supply must be at least 0.7 V higher than the load, neglecting any lead losses, 
and the required terminal voltage may exceed the power supply's design max- 
imum unless the supply is specifically designed for this mode of operation. 
Furthermore, it must be borne in mind that in the event of power supply fail- 
ure in this parallel redundant mode, the amplifier sense leads will still be con- 
nected to the load and will experience the load voltage. The remote sense cir- 
cuit must be able to sustain this condition without further damage. 

It is common practice to link the remote sense terminals to the power sup- 
ply output terminals with resistors within the supply to prevent loss of control 
and voltage overshoot in the event of the sense leads being disconnected. 
Where such resistors are used in the parallel redundant connection, they must 
be able to dissipate the appropriate power, v&, IR, without failure in the event 
of the main terminal output voltage falling to zero. 

3. Remote sense terminals are connected to a high-gain part of the power ampli- 
fier loop. Consequently, any noise picked up in the remote sense leads will be 
translated as output voltage noise to the power supply terminals, degrading 
the performance. Further, the additional phase shifts caused by lead induc- 
tance and resistance can have a destabilizing effect. Therefore, it is recom- 
mended that remote sense leads be twisted to minimize inductance and noise 
pickup. 

Unless they are correctly matched and terminated, coaxial leads are not 
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recommended, as the distributed capacitance can degrade the transient per- 
formance. 

1.31 P-TERMINA L LINK 

In power supplies where provision is made to interlink one or more units in a 
parallel forced current sharing mode, current sharing communication between 
supplies is required. This link is normally referred to as the P-terminal link. In 
master-slave applications this link allows the master to control the output regu- 
lators of the slave units. In forced current sharing applications this link provides 
communication between the power supplies, indicating the average load current 
and allowing each supply to adjust its output to the correct proportion of the total 
load. Once again, the P-tenninal link is a noise-sensitive input, so the connections 
should be routed so as to minimize the noise pickup. (See Part 1, Chap. 24.) 

1.32 LOW-VOLTAGE CUTOUT 

In most applications, the auxiliary supplies to the power unit will be derived from 
the same supply lines as the main converter. For the converter to start up under 
controlled conditions, it is necessary that the supply to both the main converter 
and the auxiliary circuits be correctly conditioned before the power converter ac- 
tion commences. It is normal practice to provide a drive inhibiting circuit which 
is activated when the auxiliary supply falls below a value which can guarantee 
proper operation. This "low-voltage inhibit" prevents the converRr from starting 
up during the power-up phase until the supply voltage is sufficiently high to en- 
sure proper operation. Once the converter is running, if the supply voltage falls 
below a second, lower value, the converter action will be inhibited; this hyster- 
esis is provided to prevent squegging at the threshold voltage. 

1.33 VOLTAGE AND CURRENT LIMIT 
ADJUSTMENTS 

The use of potentiometers for voltage and current limit adjustments is not rec- 
ommended, except for initial prototype applications. Power supply voltages and 
current limits, once set, are very rarely adjusted. Most potentiometers become 
noisy and unreliable unless they are periodically exercised, and this causes noisy 
and unreliable performance. Where adjustments are to be provided, high-grade 
potentiometers must be used. 

1.34 INPUT SAFETY REQUIREMENTS 

Most countries have strict regulations governing safety in electrical apparatus, 
including power supplies. UL (Underwriters Laboratories), VDE (Verband 
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Deutscher Elektrotechniker), IEC (International Electrotechnical Commission), 
and CSA (Canadian Standards Association) are typical examples of the bodies 
formulating these regulations. It should be remembered that these regulations de- 
fine minimum insulation, spacing, and creepage distance requirements for printed 
circuit boards, transformers, and other wound components. 

Meeting these specifications will have an impact on the performance and must 
be an integral part of the design exercise. It is very difficult to m dify units to 
meet safety regulations after they have been designed. ~onsequentlf, drawing of- 
fice and design staff should be continually alert to these requirements during the 
design phase. Furthermore, the technical requirements for high performance tend 
to be generally incompatible with the spacing requirements for the safety speci- 
fications. Consequently, a prototype unit designed without full attention to the 
safety spacing needs may give an excessively optimistic view of performance 
which cannot be maintained in the fully approvable fmished product. 

A requirement often neglected is that ground wires, safety screens, and screen 
connections must be capable of carrying the fuse fault current without rupture, to 
prevent loss of safety ground connections under fault conditions. Further, any 
removable mountings (which, for example, may have been used to provide an 
earth connection from the printed circuit board to earth or chassis) must have a 
provision for hard wiring of the ground of the host equipment main frame. 
Mounting screws alone do not meet the safety requirements for some authorities. 

CHAPTER 2 
AC POWERLINE 

SURGE PROTECTION 

2.1 INTRODUCTION 

With the advent of "direct-off-line" switchmode power supplies using sensitive 
electronic primary control circuits, the need for input AC powerline transient 
surge protection has become more universally recognized. 

Measurements carried out by the IEEE over a number of years have demon- 
strated, on a statistical basis, the likely frequency of occurrence, typical ampli- 
tudes, and waveshapes to be expected in various locations as a result of artificial 
and naturally occurring electrical phenomena. These findings are published in 
IEEE Standard 587-1980* and are shown in Table 1.2.1. This work provides a 
basis for the design of AC powerline transient surge protection devices.40 

4 

2.2 LOCATION CATEGORIES 

In general terms', the surge stress to be expected depends on the location of the 
equipment to be protected. When equipment is inside a building, the stress de- 
pends on the distance from the electrical service entrance to the equipment loca- 
tion, the size and length of connection wires, and the complexity of the branch 
circuits. IEEE Standard 587-1980 proposes three location categories for low- 
voltage AC powerlines (less than 600 V). These are shown in Fig. 1.2.1, and de- 
scribed as follows: 

1. Category A, Outlets and Long Branch Circuits. This is the lowest-stress cat- 
egory; ii applies to 
a. All outlets more than 10 m (30 ft) from Category B with #14 to #lo wires. 
b. All outlets at more than 20 m (60 ft) from the service entrance with #I4 to 

#I0 wires. In these remote locations, far away from the service entrance, 
the stress voltage may be of the order of 6 kV, but the stress currents are 
relatively low, of the order of 200 A maximum. 

2. Category B, Major Feeders and Short Branch Circuits. This category covers 
the highest-stress conditions likely to be seen by a power supply. It applies to 
the following locations: 
a. Distribution panel devices 

'Also issued under ANSI/IEEE Standard C64.41-1980 and IEC Publication 664-1980. 
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b. Bus and feeder systems in industrial plants 
c. Heavy appliance outlets with "short" connections to the service entrance 
d. Lighting systems in commercial buildings 
Note: Category B locations are closer to the service entrance. The stress 
voltages may be similar to those for category A, but currents up to 3000 A 
may be expected. 

3. Category C, Outside and Service Entrance. This location is outside the 
building. Very high stress conditions can occur, since the line and insulator 
spacing is large and the flashover voltage can be greater than 6 kV. Fortu- 
nately, most power supplies will be in category B or A locations within a par- 
tially protected environment inside the building, and only protection to cate- 
gory A and B stress conditions is normally required. 

Most indoor distribution and outlet connectors have sparkover voltages of 
6 kV or less, and this, together with the inherent distribution system resis- 
tance, limits the stress conditions inside the building to much lower levels. 

Where power supplies are to be provided with surge protection, the cate- 
gory of the protection should be clearly understood and specified in accor- 
dance with the expected location. Since the protection devices for category B 
locations can be large and expensive, this protection category should not be 
specified unless definitely required. 

Where a number of supplies are to be protected within a total distributed 
power system, it is often more expedient to provide a single transient surge 
protection unit at the line input to the total system. 

FIG. 1.2.1 Circuit location categories, as defined by 
IEEE Standard 587-1980. 
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2,3 LIKELY RATE OF SURGE OCCURRENCES 

Since some transient protection devices (metal oxide varistors, for example) have 
a limited life, dependent qn the number and size of the stress surges, the likely 
exposure level should be considered when selecting protection devices. Figure 
1.2.2 (from IEEE Standard 587) shows, statistically, the number of surges that 
may be expected per year, as a function of the voltage ampl$ude, in low-, 
medium-, and high-exposure locations. 

SURGE CREST - KV 

FIG. 1.2.2 Rate of surge occurrences versus voltage level at unpro- 
tected locations. 

For example, in a medium-exposure location, a 5-kV spike can be expected at 
least once a year and, perhaps of greater concern, hundreds of transients in the 
range of 1 to 2 kV can occur in the same period. Since even these lower stress 
levels are quite sufficient to damage unprotected equipment, it is clear that some 
form of protection is essential in any electronic equipment to be connected to the 
supply lines. 

i 
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IEEE Standard 587-1980 describes the exposure locations as follows: 

1 .  Low Exposure. Systems in geographical areas known for low lightning activ- 
ity, with little load switching activity. 

2. Medium Exposure. Systems in geographical areas known for high lightning ac- 
tivity, with frequent and severe switching transients. 

3. High Exposure. Rare but real systems supplied by long overhead lines and 
subject to reflections at line ends, where the characteristics of the installation 
produce high sparkover levels of clearances. 

2.4 SURGE VOLTAGE WAVEFORMS 

The IEEE investigation found that although surge voltage waveforms can take 
many shapes, field measurements and theoretical calculations indicate that most 
surge vokages in indoor low-voltage systems (AC lines less than 600 V) have a 
damped oscillatory shape, as shown in Fig. 1.2.3. (This is the well-known "ring 
wave" referred to in IEEE Standard 587.) The following quotation from this stan- 
dard describes the phenomenon well: 

A surge impinging on the (distribution) system excites the natural resonant frequen- 
cies of the conductor system. As a result, not only are the surges typically oscilla- 
tory, but surges may have different amplitudes and wave shapes at diierent places in 
the system. These oscillatory frequencies of surges range from 5 kHz to more than 
500 kHz. A 30 kHz-100 kHz frequency is a realistic measurement of a "typical" 
surge for most residential and light in- 
dustrial ac line networks. e. 

In category B locations (close to the ;gK 
service entrance), much larger energy 
levels are encountered. IEEE Standard 
587 recommends two unidirectional 
waveforms for high- and low-impe- 0.1 
dance test specimens. These two wave- PEAK - 
forms are shown in Fig. 1.2.4~ and b. 0.5 PS -' - h 

For this category, the transient protec- 
tion device must be able to withstand 
the energy specified in these two 60% OF v PEAK 
waveforms (Table 1.2.1). In addition to 
the unidirectional pulses, ring-wave 0s- FIG. 1.2.3 Proposed 0 . 5 ~ .  100-Hz ring 
cillatory conditions can also occur. For wave (open-circuit 

these, the voltage can be of the order 
of 6 kV and the current 500 A. The var- 
ious stress conditions are tabulated in Table 1.2.1. 

The impedance of the protection circuit is often difficult to define, since a 
number of devices operating in different modes and different voltages are often 
used in the protection unit. To satisfy both high- and low-impedance conditions, 
the test circuitry is usually configured to generate the voltage waveform specified 
on an open circuit and the current waveform specified on a short circuit before 
being applied to the test specimen. 
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0.9 I PEAK 

FIG. 1.2.4 Unidirectional waveshapes (ANSWEEE Standard 
28-1974). 

2.5 TRANSIENT SUPPRESSION DEVICES 

The ideal transient suppression device would be an open circuit at normal volt- 
ages, would conduct without delay at some slight voltage above normal, would 
not allow the voltage to increase during the clamping period, would handle un- 
limited currents and power, would revert back to an open circuit when the stress 
has gone, and would never wear out. 

At the time this is written, there is no single transient suppression device that 
approaches this ideal for all the stress conditions specified in IEEE Standard 587. 
Hence, at present efficient transient protection requires the use of a number of 
devices, carefully selected to complement each other and thus cover the full 
range of voltage and current stress conditions. 

For the lower-stress category A locations, silicon varistors, in combination 
with transient suppressor diodes, filter inductors, and capacitors, are commonly 
used. In the higher-power category B locations, these devices are supplemented 
with much higher-current-rated gas-discharge tubes or spark gaps. When gas- 
discharge devices are used, fast-acting fuses or circuit breakers will also be fitted. 

For efficient matching of the various Suppressor devices, their general perfor- 
mance characteristics should be fully understood. 

2.6 METAL OXIDE VARISTORS (MOVs, 
VOLTAGE-DEPENDENT RESISTORS) 

As the name implies, varistors (MOVs) display a voltage-dependent resistance 
characteristic. At voltages below the turnover voltage, these devices have high 
resistance and little circuit loading. When the terminal voltage exceeds the turn- 
over voltage, the resistance decreases rapidly and increasing current flows in the 
shunt-connected varistor. 

The major advantages of the varistor are its low cost and its relatively high 
transient energy absorption capability. The major disadvantages are progressive 
degradation of the device with repetitive stress and a relatively large slope resis- 
tance. 

The limitations of the varistor for transient suppressor applications in medium- 
and high-risk locations are fairly marked. Under high-exposure conditions, the de- 
vice can quickly age, reducing its effective clamping action. This is a somewhat in- 
sidious process, as the degradation is not obvious and cannot be easily measured. 
Further, the varistor's relatively high slope resistance means that its clamping action 
is quite poor for high-current stress conditions (even low-voltage varistor devices 
have terminal voltages over 1000 V at transient currents of only a few tens of 
amperes). As a result, damagingly high voltages may be let through to the "pro- 
tected" equipment if MOVs are used on their own. However, varistors can be of 
great value when used in combination with other suppressor devices. 

Figure 1.2.5 shows the typical characteristics of a 275-V varistor. Note that 
the terminal voltage is 1250 V at a transient current of only 500 A. 
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FIG. 1.2.5 Metal oxide varistor (MOV) performance characteristics. 

2.7 TRANSIENT PROTECTION DIODES 

Various transient suppressor diodes are available. These may be unidirectional or 
bidirectional as required. In general terms, silicon suppressor diodes consist of an 
avalanche voltage clamp device, configured for high transient capability. In a bi- 



polar protector, two junctions are used in series "back to back." (An avalanche 
diode exhibits a normal diode characteristic in the forward direction.) 

The transient suppressor diode has two major advantages, the fust being the 
very high speed clamping action-the avalanche condition is established in a few 
nanoseconds. The second qdvantage is the very low slope resistance in the con- 
duction range. 

In the active region, the slope resistance can be very low, with terminal volt- 
age increasing by only a few volts at transient currents running b to  hundreds 
of amperes. Consequently, the transient suppressor diode provides very hard 
and effective voltage clamping at any transient stress up to the diode's maximum 
current capability. The characteristics of a typical 200-V bipolar transient sup- 
pressor diode are shown in Fig. 1.2.6. Note that the terminal voltage is only 
220 V at 200 A. 
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FIG. 1.2.6 Transient suppressor diode performance characteristics. 

The major disadvantages of the transient suppressor diode are its relatively 
high cost and limited current capability. However, if the diode is overstressed, it 
is designed to fail to a short-circuit condition; this would normally clear the ex- 
ternal fuse or circuit breaker, while maintaining protection of the equipment. 

2.8 GAS-FILLED SURGE ARRESTERS 

Much larger transient currents can be handled by the various gas-discharge sup- 
pressor devices. In such suppressors, two or more electrodes are accurately 
spaced within a sealed high-pressure inert gas environment. When the striking 
voltage of the gas tube is exceeded, an ionized glow discharge is fust developed 
between the electrodes. As the current increases, an arc discharge is produced, 
providing a low-impedance path between all internal electrodes. In this mode, the 
device has an almost constant voltage conduction path with a typical arc drop of 
25 V. The characteristics of the gas arrester are shown in Fig. 1.2.7. Note the 
large striking voltage and low arc voltage. 
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V, Spark-over voltage 
V,, Glow voltage 
V, Arc voltage 
V, Extinction voltage 
G Glow mode range 
A Arc mode range 

FIG. 1.2.7 Gas-faed surge arrester (SVT) performance characteristi&. (Courtesy of 
Siemens AG.) 

When it strikes, the gas arrester effectively short-circuits the supply, with only 
a small voltage being maintained across the electrodes. Because of the low inter- 
nal dissipation in this mode, a relatively small device can carry currents of many 
thousands of amperes. With this type of suppressor, protection is provided not so 
much by the energy dissipated within the device itself, but by the device's short- 
circuit action. This forces the transient energy to be dissipated in the series re- 
sistance of the supply lines and filter. 

A disadvantage of the gas arrester is its relatively slow response to an 
overvoltage stress. The plasma development action is relatively slow, and the 
striking voltage is dvldt-dependent. Figure 1.2.8 shows the striking voltage as a 
function of dvldt for a typical 270-V device. The effect is quite marked at tran- 
sient edge attack rates as low as 10 Vlps. Hence, for fast transients, the gas ar- 
rester must be backed by a fdter or faster-action clamp device. 

A major disadvantage of the arrester is its tendency to remain in a conducting 
state after the transient condition has ceased. On ac lines, the recovery (blocking 
action) should normally occur when the supply voltage falls below the arc voltage 
at the end of a half cycle. However, the line source resistance can be very low, 
and if the current rating of the device is exceeded, the high internal temperature 
may prevent n o d  extinction of the arc, so that the device remains conduct- 
ing. The follow-on current, provided by the line supply after the transient has 
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finished, will soon destroy the arrester. 
Hence, with this type of device, it is 
essential to provide some form of cur- 
rent limiting, fast-acting fuse or fast- 
acting (magnetic) circuit breaker in the 
supply line. 

Many manufacturers and designers 
advocate fitting a ~imitihg resistor in 
series with the gas tube. This will re- 
duce the follow-on current after the gas 
tube has struck. This technique satis- 
fies the need to limit the follow-on cur- 
rent, and allows plasma extinction as 
the supply voltage passes through 
zero. However, the series resistance 
degrades the tHnsient suppressor oer- 

Standard 587 high-current stress condi- 
FIG. Variation in 'parkover "Itage tion. The author prefers nqt to fit se- with applied dvldt for gas-filled SVPs. (Cour- 
tesv of Siemens AG.) ries resistors, but to rely on filter and . - 

external circuit resistances to limit the 
suppressor current; this retains the ex- 
cellent clamping capability of the gas 

device. For extended stress conditions, a fast circuit breaker or fuse will finally 
clear the line input if the gas device remains conducting. 

The gas arrester is still undergoing development at the time this is written, 
and many ingenious techniques are being developed to improve its perfor- 
mance. 

2.9 LINE FILTER, TRANSIENT SUPPRESSOR 
COMBINA TIONS 

As mentioned above, the various transient suppressor devices have limited cur- 
rent capability. 

Because the line impedance can be extremely low, it is often necessary to in- 
clude some limiting resistance in series with the supply lines to reduce the stress 
on the shunt-connected suppressors. This also permits efficient voltage clamping 
action. 

Although the series limiting may be proviaed by discrete resistors, in the 
interest of efficiency, inductors should be used. If inductors are used, it is ex- 
pedient to provide additional filtering in the transient suppressor circuit at the 
same time. This will help to reject line-borne noise and filter out power supply- 
generated noise. Also, the winding resistance and inductance can provide the 
necessary series impedance to limit thetransient current for efficient transient 
suppression. Consequently, transient suppression is ofien combined with the 
EM1 noise filtering circuits typically required with switchmode supplies. 
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2.10 CATEGORY A TRANSIENT SUPPRESSION 
FILTERS 

Figure 1.2.9 shows a typical combination of line filter and transient suppressor 
devices that may be found in a category A protection unit. 

FIG. 1.2.9 Line-to-line and tine-to-ground transient over- 
voltage protection circuit with noise filter, using MOV and 
SVP protection devices (low- to medium-power applications). 

The inductors Ll(a) and Ll(b) and capacitors C1 through C4 form the normal 
noise filter network. At the input to this filter network, varistors MOVl through 
MOV3 provide the first level of protection from line-borne transient stress. For 
very short lived high-voltage transients, the clamping action of the varistors, to- 
gether with the voltage dropped across the series inductance, hdtds off the ma- 
jority of the transient voltage from the output. 

For more extended stress conditions, the current in Ll(a) and Ll(b) will in- 
crease to the point where the output capacitors C2 and C3 are charged to a volt- 
age at which suppressor diodes ZDl,ZD2, and ZD3 are brought into conduction. 
These diodes prevent the output voltage from exceeding their rated clamp values 
for all stress currents up to the failure point of the suppression diodes. If this 
level is reached, the diodes fail to a short circuit, clearing the protection fuse 
FSI, and the unit fails to a safe condition. However, this very high level of stress 
should not occur in a category A location. 

It should be noted that the suppressor unit also prevents voltage transients 
generated within the driven equipment from feeding back into the supply line. 
This can be an important advantage when several pieces of equipment in a sys- 
tem are connected to the same supply. 

In this example, protection has been provided for differential- (line to neutral) 
and common-mode (line and neutral, to ground) stress. It will be shown later that 
although differential protection is often the only protection provided, common- 
mode stress conditions often occur in practice. Hence protection for this condi- 
tion is essential for full system integrity. 

The wisdom of common-mode transient suppression has been questioned as 
possibly being dangerous, because of the voltage "bump" on the earth return line 
under transient conditiors. (See Sec. 2.13.) It will be shown later that this effect 
is almost inevitable; it should be dealt with in other ways if full protection is to be 
provided. 
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2.7 1 CATEGORY B TRANSIENT SUPPRESSION 
FILTERS 

Although the circuit shown in Fig. 1.2.9 could be used for category B locations if 
suitably large devices werk selected, it is more expedient to use the small low- 
cost gas-discharge suppressors to provide the additional protection. 

Figure 1.2.10 shows a suitable circuit arrangement. This circuit combines the 
advantages of all three types of protection device, and also has aqfull common- 
and series-mode filter network. 

FIG. 1.2.10 Line-to-line and line-to-ground transient protection circuit with 
noise fdtcr, using MOV, SVP, and transient protection diodes (for medium- to 
high-power applications). 

The common-mode filter inductor L3(a and b) has been supplemented with ad- 
ditional series-mode inductors L1 and L2. These inductors, together with capac- 
itors C1 through C5, provide a powerful filter for common- and series-mode line- 
conducted transient and RFI noise. This unit may be used to supplement or 
replace the normal line filter of the switchmode supply. 

In addition to the voltage-dependent resistors (varistors) and output transient 
suppressor diodes, the three-terminal gas-discharge arrester tube (GT1) is shown 
fitted at the interface between the series-mode and common-mode inductors. 

This arrangement combines the advantages of all three suppressor devices in a 
most effective manner. For very fast transients, once again, the input varistors 
Vl, V2, and V3, together with L1, L2, and L3(a) and L3(b) and capacitors C1 
through C5, provide efficient attenuation of the transient. For medium-stress con- 
ditions of longer duration, the current in the inductors will increase and the out- 
put voltage will also increase to the point where the output clamping diodes Dl, 
D2, and D3 are brought into conduction protecting the load. 

The major advantage of this category B suppressor is that for very large and 
extended stress conditions, the gas arrester GT1 will be brought to the striking 
voltage, effectively short circuiting all lines (and the transient) to ground. 

An advantage of the three-terminal gas arrester is that, irrespective of which 
line the original stress appears on, all lines are shorted to ground. This tends to 
reduce the inevitable ground return "bump" voltage. 

Extensive stress testing of this circuit has shown that in most cases, the sup- 
ply line impedance, combined with the current limiting action of L1 and L2, will 
prevent excessive buildup of current in $e gas arrester after ignition. As a result, 
the =ester recovers to its nonconducting state after the transient has passed, 
during the following zero crossover of the supply line. Hence, under the rare con- 
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ditions when a gas device is called on to conduct, in most cases the power to the 
load is interrupted for less than a half cycle. 

Because of the energy storage and holdup ability of the typical switchmode 
supply, a half cycle line dropout will not result in an interruption to the DC out- 
put to the loads. In the rare event of a gas tube continuing to conduct, the fast- 
acting magnetic circuit breaker will operate in less than a cycle, clearing the line 
input from the filter. 

2.12 A CASE FOR FULL TRANSIENT 
PROTECTION 

The major cause of high-voltage transients is direct or indirect lightning effects on 
the external power system. Irrespective of the initial cause of the transient, be it 
a direct strike to one or another of the supply lines or the induced effects of a 
near miss, the initial stress attenuation is provided by flashover between lines and 
from line to ground at various points throughout the distribution system. 

As a result of these flashovers, the transient that arrives at a remote location 
will tend to be common-mode, appearing between both supply lines and ground. 
Even if the neutral is connected to ground near the service entrance of the build- 
ing, the stress can still tend to be common-mode at the protected equipment be- 
cause of flashover in the building cables, distribution boxes, and receptacles. (It 
is this flashover that reduces the stress between category C and category A lo- 
cations.) Consequently, transient suppressors which provide protection between 
line and neutral only are not protecting the equipment or common-mode capaci- 
tors against the line ground, neutral ground stress conditions. 

2.73 THE CAUSE OF "GROUND RETURN 
VOLTAGE BUMP" STRESS 

A voltage stress which appears between both supply lines and the ground return 
is called a common-mode transient. When a common-mode transient arrives at 
the suppressor unit, the current is diverted to ground through one or more of the 
transient suppressor devices. As a result, considerable currents can flow through 
the ground return during a transient. Because of the resistance and inductance 
between the transient suppressor and the service entrance, this ground current 
can elevate the potential of the local system ground with respect to real ground. 
Hence, a possible shock hazard now exists between the case of the protected 
equipment and real earth. (This voltage is referred to as an earth return "bump.") 

It is possible to argue, therefore, that transient suppressors which return the 
stress current to the ground line are a shock hazard and should not be used. This 
is a viable argument only if the load can be guaranteed not to break down to 
ground during the stress in the absence of a transient suppressor. In practice, the 
equipment is likely to fail in this mode, and the hazard of ground return bump will 
still exist, even without the suppressor. In addition, the load will not have been 
protected and may well be damaged. 

The possibility of an earth return voltage bump under high-stress conditions 
should be considered an inevitable hazard with or without transient protection. 
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Measures should be taken to reduce the voltage by ensuring a very low resistance 
ground return path. If an operator has access to the equipment, all equipment 
within the operator's reach must be grounded to the same return. In computer 
rooms, the need for a good qound return may include the furniture and very fab- 
ric of the building itself. ' 

4 
2.14 PROBLEMS 

1. Why is it important to provide AC powerline surge protection in direct-off- 
line switchmode power supplies? 

2. Give some typical causes of AC line transients. 
3. Give the number of an IEEE standard which describes the typical amplitudes 

and waveshapes to be expected on various line distribution systems in office 
and domestic locations. 

4. Describe stress locations A, B, and C, as described in IEEE Standard 
587-1980. 

5. Explain the meaning of exposure locations, as described in IEEE Standard 
587-1980. 

6. How does IEEE Standard 587-1980 indicate the likely rate of surge occur- 
rence and voltage amplitude at various locations? 

7. What would be the typical waveform and transient voltage to be expected in 
a class A location? 

8. What surge waveforms may be expected in a class B location? 
9. Describe three transient protection devices commonly used in input line pro- 

tection filters. 
10. Describe the advantages and limitations of metal oxide varistors, transient 

protection diodes, and gas-filled surge suppressors. 

CHAPTER 3 
I ELECTROMAGNETIC 

INTERFERENCE (EMI) 
IN SWITCHMODE 
POWER SUPPLIES 

3.1 INTRODUCTION 

Electromagnetic interference (EMI), otherwise referred to as radio-frequency in- 
terference (RFI), the unintentional generation of conducted or radiated energy, is 
indefatigable in all switchmode power supplies. The fast rectangular switching ac- 
tion required for good efficiency also produces a wide interference spectrum 
which can be a major problem. 

Further, for proper operation of any electronic system, it is imfirtant that all 
the elements of the system be electromagnetically compatible. Also, the total sys- 
tem must be compatible with other adjacent systems. 

As the SMPS can be such a rich source of interference, it is vital that this as- 
pect of the design be carefully considered. Normal good design practice requires 

I 
that the RF interference allowed to be conducted into the supply or output lines, 
or permitted to be radiated away from any power equipment, be minimized to 
prevent RF pollution. Further, national, federal, and international regulations 
limit by law the permitted interference levels. 

These regulations vary according to country of origin, regulatory authority, 
and intended application. The power supply designer will need to study the code 
relevant to the proposed marketing areas. In Common Market countries, IEC BS 
800, or CISPR recommendations apply. The Federal Republic of Germany re- 
quires VDE 0871 or VDE 0875, depending on the operating frequency. In the 
United States the Federal Communication Commission's (FCC) rules apply, and 
similar limit:, are recommended in Canada under CSA, C108.8-M1983. 

In general, the range of frequencies covered by the regulations spans from 10 
kHz to 30 MHz. Domestic locations have more rigorous regulations than office or 
industrial locations. 

Figure 1.3.1 shows the FCC and VDE limits for conducted RFI emissions in 
force at the time of publication. 
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3.2 EMl/RFI PROPAGATION MODES 

There are two forms of propagation of interest to the power supply designer: 
electromagnetic radiated E and H waves and conducted interference on supply 
lines and interconnecting wires. 

Radiated interference is normally minimized as a natural result of the layout 
and wiring practices required to reduce leakage inductance and improve perfor- 
mance. Typically the high-frequency current loops will be short, and twisted 
pairs will be used where possible. Transformers and chokes with air gaps will be 
screened to reduce radiated magnetic fields (see Part 1, Chap. 4), screened boxes 
or equipment enclosures will often be used. 

The techniques applied to minimize conducted interference will also reduce 
radiated noise. The following sections concentrate on the conducted aspect of 
power supply interference, as once the conducted limits have been met, the ra- 
diated limits will normally be satisfied as well. 

3.3 POWERLINE CONDUCTED-MODE 
INTERFERENCE 

Two major aspects of conducted interference will be considered: differential- 
mode conducted noise and common-mode conducted noise. 

These will be considered separately. 

Diierential-Mode Interference 

Dierential- or series-mode interference is that component of RF noise which ex- 
ists between any two supply or output lines. In the case of off-line SMPS, this 
would normally be live and neutral ac supply lines or positive and segative output 
lines. The interference voltage acts in series with the supply or output voltage. 

Common-Mode Interference 

Common-mode interference is that component of RF noise which exists on any 
or all supply or output lines with respect to the common ground plane (chassis, 
box, or ground return wire). 

3.4 SAFETY REGULATIONS (GROUND RETURN 
CURRENTS) 

-- 

It may seem out of place to be considering safety requirements at this stage; how- 
ever, this is necessary because the safety agencies specify the maximum ground 
return currents, so as to minimize shock hazard in the event of ground circuit 
faults. This requirement not only requires good attention to insulation, but also 
puts a severe limitation on the value of capacitors which may be fitted between 
the supply lines'and ground. This capacitor size limitation has a profound impact 
on the design of the line input filters. 

The permitted limits for ground return currents Vary among the regulatory 
agencies and also depend on the intended equipment applications. For example, 
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medical equipment, as one might expect, has a very stringent, so-called "earth 
leakage current" limit. 

The ground return current limits, as set by some of the major regulatory agen- 
cies, that are in force at the time of printing are shown in Table 1.3.1. 

TABLE 1.3.1 Maximum Groend Leakage Currents Permitted by the Safety Regulations, 
and the Recommended Maximum Values for Y Filter Capacitors 

Ground leakage Ma imum value 
Country Specification current limits $1 and C2 

U.S.A. UL 478 5mA 120V 60Hz 0.11 pF 
UL 1283 0.5-3.5 mA 120 V 60 HZ 0.011-0.077 pF 

Canada C 22.2 No 1 5mA 120V 60Hz 0.11 pF 
SEV 1054-1 Switzerland IEC 335-1 

Germany VDE 0804 3.5 mA 250 V 50 Hz 0.0446 pF 
0.5 mA 250 V 50 Hz 0.0064 pF 

U.K. BS 2135 0.25-5 rnA 250 V 50 HZ 0.0032-0.064 pF 
Sweden SEN 432901 0.5 5 mA 250 V 50 Hz 0.0064 pF 

0.25-5 mA 250 V 50 Hz 0.0032-0.064 pF 

Table 1.3.1 gives the maximum value of decoupling capacitance that may be 
fitted in positions C1 and C2 in Fig. 1.3.2, for each specification. These values 
assume zero contribution from insulation leakage and stray capacitance. To min- 
imize inductor and filter size, the largest decoupling capacitor permitted by the 
regulations should be used. Since one side of the input is always assumed to be 
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FIG. 1.3.2 Ground leakage current test circuit, as specified by CSA 22.2, part 1. 
(Note: CT and RT values depend on the equipment and agency requirements.) 

neutral (connected to the ground at the service entrance), only one capacitor will be 
conducting at any time. However, the total leakage current should be checked to 
establish the total contribution from all the capacitive and insulation leakage paths. 

Figure 1.3.2 shows the method of measurement for ground return currents. It 
is assumed that only one side of the supply could be "hot," and hence only one 
capacitor will be conducting to ground return at any time. 

3.5 PO WERLINE FILTERS 

To meet the conducted-mode noise specifications, relatively powerful line filters 
will normally be required. However, as previously demonstrated, safety regula- 
tions severely limit the size of the capacitors fitted between the supply lines and 
ground plane. 

Because of the limited size of the decoupling capacitors, the filter cannot eas- 
ily cure the severe common-mode interference problems which can occur as a 
result of poor wiring, bad layout, poor screening, or bad location of the power 
switching elements. Hence, good EM1 performance demands care and attention 
to all these aspects at every stage of the design and development process. There 
is no substitute for effective suppression of EM1 at the source. 

3.6 SUPPRESSING EM1 AT SOURCE 

Figure 1.3.3 shows several of the more common causes of EM1 problems. Failure 
to screen the switching devices and failure to provide RF screens in the trans- 
former are principal causes of conducted common-mode interference. This com- 
ponent of interference is also the most difficult to eliminate in thefilter, because 
of the limited decoupling capacitor size. 

The differential- or series-mode noise is more easily bypassed by the electro- 
lytic storage capacitors and the relatively large decoupling capacitors C3 and C4 
which are permitted across the supply lines. 

Common-mode RF interference currents are introduced into the local ground 
plane (normally the chassis or box of the power supply) by insulation leakage and 
parasitic electrostatic andlor electromagnetic coupling, shown as C,, through CPS 
on Fig. 1.3.3. The return loop for these parasitic currents will be closed back to 
the input supply lines through the decoupling capacitors C1 and C2. 

The prime mover for this loop current tends to a constantcurrent source, as the 
source voltage and source impedance are very high. Hence the voltage across the de- 
coupling capacitors C1 and C2 tends to a voltage source proportional to the current 
magnitude and capacitor impedance at the interference harmonic frequency: 

where Vhi = harmonic interference voltage 
Zi = interference current at the harmonic frequency 
X, = reactance of C1 or C2 at the harmonic frequency 

(It is assumed that the insulation leakage current is negligible.) This voltage 
source Vhi will now drive current into the series inductors L1, L2, and L3 and 
into the output lines to return via the ground line. It is this external component of 
RF current that will cause external interference, and hence it is this that is cov- 
ered by the regulations and must be minimized. 
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3.7 EXAMPLE 
1 

Consider the parasitic current loop A, B, C. D, and back to A, shown in Figure 
1.3.3. Point A is the high-voltage switching transistor package. 

For a flyback application, the voltage on this transistor may be of the order of 
600 V and the switching frequency typically 30 kHz. Because of the fast switch- 
ing edges, harmonics.wil1 extend up to several megahertz. Parasitic capacitive 
coupling (shown as Cp, in the diagram) will exist between the transistor case A 
and the ground plane B. 

The tenth harmonic of the switching frequency will be 300 kHz, well inside the 
RF band laid down in the regulations. If square-wave operation is assumed, the 
amplitude of this harmonic will be approximately 20 dB down on 600 V, or 60 V. 
Assuming the leakage capacitance to be 30 pF, a current of 3.4 mA will flow into 
the ground plane at 300 kHz. 

The current loop is closed back to the transistor by the filter capacitors C1 and C2. 
To meet the most stringent safety regulations, the maximum capacitance al- 

lowed for C1 and C2 would be, say, 0.01 pF. 
If the majority of the ground plane current returns via one of these capacitors, 

then the voltage Vhi across its terminals, nodes C to D, will be 180 mV. The in- 
ductors L1 and L2 now form a voltage divider network between point D and the 
simulate4 50-R supply line resistance RT. If the voltage across RT is to be less 
than 250 FV (48 dB up on 1 FV, the regulation limit), then L1 and L2 must in- 
troduce an attenuation of more than 50 dB at this harmonic frequency, an almost 
impossible task for inductors which must also carry the supply input current. 

By fitting an electrostatic screen between the transistor and the ground plane, 
connecting it such that the RF currents are returned to the input source, the ac 
voltage across the parasitic capacitance Cp, will be eliminated and the effective 
RF current from point A to ground will be considerably reduced (see Figs. 1.3.4 
and 1.3.5). The demands now placed on the input fdter are not sestnngent. 

Reducing the RF currents in the ground plane at the source is by far the best 
approach to EM1 elimination. Once these interference currents have been intro- 
duced into the ground plane, it is very difficult to predict what path they will 

HEAT 
SINK 

FIG. 1.3.4 TO3 mounting bracket and heat sink, with bracket config- 
ured to double as an RFI Faraday screen. 
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FIG. 1.3.5 Preferred positions for primary-to-ground-plane RFI screens. 

take. Clearly all the high-voltage ac components should be isolated from the 
ground plane, or if contact cooling is required, they should be screened (see Fig. 
1.3.4). Transformers should have Faraday screens, which should be returned to 
the input DC lines, to return capacitively coupled currents to the supply lines (see 
Fig. 1.3.5). These RFI screens are in addition to the normd safety screens, which 
must be returned to the ground plane for safety reasons. 

Capacitor C4 (Fig. 1.3.3) reduces the differential- or series-mode noise applied 
to the terminals of L1. The major generator of noise in this part of the circuit is 
the input rectifier bridge (as a result of the rectifier reverse recovery current 
spikes). The series-mode noise generated by the power switching elements is best 
decoupled by a capacitor C5 close to the point where the noise is generated. In 
any event, the large electrolytic storage capacitors will usually effectively shunt 
away the majority of any series noise that appears between the high-voltage DC 
lines. In some cases, additional filter components L4, LS, and C6 (Fig. 1.3.5) are 
provided to improve the series-mode filtering. 

3.8 LINE IMPEDANCE STABILIZATION 
NETWORK (LEN) 

Figure 1.3.6 shows the standard LISN, used for the measurement of line- 
conducted interference, as specified by CSA C108.8-M1983 Amendment 5, 1983. 
(Similar networks are specified by the FCC and VDE.) In principle the wideband 
line chokes L1 and L2 divert any interference noise currents from the supply into 
the 5042 test receiver via the 0.1-pF capacitors C3 or C4. The line not under test 
is terminated in 0.1 p F  and 50 0. It is normal to test both supply lines indepen- 
dently for common-mode noise, as the user can connect the input in reverse or 
may have isolated supplies. 

POWER 
SUPPLY 
UNDER 
TEST 

LINE 
INPUT ' 

I h l  
SO n 

TEST RECEIVER 
FIG. 1.3.6 Standard Line impedance stabilization network (LISN) as specified for 
FCC, CSA, and VDE conducted-mode line interference testing. 

/ 

3.9 LINE FILTER DESIGN 

\ 

The design approach used in Secs. 3.4 through 3.8 was to consider the line filter as 
an attenuating voltage divider network for common-mode RF noise. This ap- 
proach is used in preference to normal filter design techniques, asdhe source and 
load impedances are not definable in the powerline environment. 

The interference noise generator, in switchmode supplies, is very often a high- 
voltage source in series with a high impedance; this tends to a constant-current 
source. To give good attenuation, one of the prime requirements is to convert the 
constant-current noise source into a voltage source. This is achieved by provid- 
ing a low-impedance shunt path at the power supply end of the filter. Hence, 
powerline filters will not be symmetrical or matched networks. 

"Network analysis" shows that the greater the mismatch of the filter imped- 
ance to the source or terminating impedance, the more effective the filter is in 
attenuating the RF interference. 

Referring to Fig. 1.3.3, and assuming a constant current into nodes C and D, 
the attenuation into the external 50-R test receiver would be 12 dB1octave pro- 
vided that inductors L1 and L2 and capacitors C1 and C2 have good wideband 
impedance characteristics. Although capacitors meeting this criterion can be eas- 
ily selected, wideband inductors are not so easily found and are difficult to de- 
sign, as they must also carry the supply line currents without significant power 
loss. 

Finally, as shown in Sec. 3.4, the safety requirements set a limit on the max- 
imum size of the decoupling capacitors C1 and C2, so that any further increase in 
the attenuation factor of the filter is critically dependent on the value and perfor- 
mance of the series inductors L1 and L2. Some design criteria for the filter in- 
ductors will now be considered. 
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3.70 COMMON-MODE LINE FlL TER INDUCTORS 

Inductor L1 in Fig. 1.3.3 should be considered a special case. For the best 
common-mode attenuation it must have a high common-mode inductance and 
also carry the 60-Hz ~upply~current. 

To provide the maximum inductance on the smallest core, a high-permeability 
core material will be used. It is normal practice to wind L1 with t o windings. v These windings cany large currents at twice the line frequency, as the rectifier 
diodes only conduct at the peak of the input voltage waveforms. 

In more conventional choke designs, this operating condition would require a 
low-permeability material or air gap in the magnetic path to prevent saturation of 
the core. However, in this application, the two windings on L1 are phased such 
that they provide maximum inductance for common-mode currents but cancel for 
series-mode currents. 

This phasing prevents the core from saturating for the normal 60-Hz differen- 
tial line currents, as these flow in opposite phase in each winding, eliminating the 
60-Hz induction. However, this phasing also results in negligible inductance for 
series-mode noise currents, and additional noncoupled inductors L2 and L3 will 
sometimes be required to reduce series-mode noise currents. 

This is one situation in which a large leakage inductance between the two 
windings on L1 can be an advantage. For this reason, and to meet safety require- 
ments, the windings will normally be physically separated and a bobbin with two 
isolated sections will be used, As the low-frequency induction is small, a high- 
permeability femte or iron core material may be used, without the need for an air 
gap. 

Where this type of common-mode inductor is used for the output filter in DC 
applications, the series-mode DC components will also cancel, and the same con- 
ditions prevail. 

The performance of L1 for common-mode noise is quite different. Common- 
mode noise appears on both supply lines at the same time, with respect to the 
ground plane. The large shunt capacitor C2 helps to ensure that the noise ampli- 
tude will be the same on both lines where they connect to the inductor. The two 
windings will now be in phase for this condition, and both windings behave as 
one, providing a large common-mode inductance. 

To maintain good high-frequency rejection, the self-resonant frequency of the 
filter inductors should be as high as possible. To meet this need, the interwinding 
capacitance and capacitance to core must be as low as possible. For this reason 
single-layer spaced windings on insulated high-permeability fenite toroids are of- 
ten used. The effective inductance of the common-mode inductors can be quite 
large, typically several millihenrys. 

When extra series-mode inductors are used (L2 and L3 in Fig. 1.3.3), the 
common-mode inductor L1 can be designed to reject the low-frequency compo- 
nents only, and so the interwinding capacitance is not so important. For this ap- 
plication ferrite E cores can be used; these have two section bobbins, giving good 
line-to-line insulation. Inductors L2 and L3 must provide good high-frequency at- 
tenuation and would normally be low-permeability iron powder or MPP 
Permalloy toroids. Single-layer wound chokes on these low-permeability cores 
will not saturate at the line frequency currents. 

The inductance and size of the main common-mode choke L1 depends on the 
current in the supply lines and the attenuition required. This is best established 
by measuring the conducted noise with capacitors C1 and C2 in place but without 
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inductors. The voltage and frequency of the largest harmonic are noted, and the 
inductance required to bring this within the limit can be calculated. It then re- 
mains to select a suitable core, wire size, and turns for the required inductance, 
current rating, and temperature rise. 

It should be noted that the losses in L1 are nearly all resistive copper losses 
(Z~R,,,), as the core induction and skin effects are negligible. The design of L1 is 
an iterative process which is probably best started by selecting a core size for the 
current rating and required inductance using the "area-product" approach (see 
Part 3, Chap. .I). 

3.77 DESIGN EXAMPLE, COMMON-MODE LINE 
FILTER INDUCTORS 

Assume it has been established by calculation or measurement (Sec. 3.10) that a 
100-W power supply operating from a 110-V ac supply requires a common-mode 
inductance of 5 mH to meet the EM1 limits. Further assume the power loss in the 
inductor is not to exceed 1 percent (1 W) and the temperature rise is not to ex- 
ceed 30 K (all typical values). 

For a temperature rise of 30 K at 1 W, the thermal resistance of the finished 
inductor (to free air) R, is 30 KIW. From Table 2.19.1, at R, = 30 K/W, a core 
size of ~2512517 is indicated. 

For a 100-W unit with an efficiency of 70% and power factor of 0.63 (typical 
values for a flyback SMPS capacitor input filter), the input current will be 2 A 
rms at 110 V. 

If the total loss (both windings) is to be 1 W, then Z2R = 1 and the resistance 
of the total windings R,, must not exceed 0.25 R. e 

From the manufacturer's data, the copper resistance factor A, for the E25 
bobbin is 32 4. The turns to fill the bobbin and give a resistance of 0.25 R can 
now be calculated: 

Allowing 10% loss for the split bobbin, there will be 40 turns for each side. 
The AL factor (inductance factor) for the E25 core in the highest permeability 

material N30 is 3100 nH. The inductance may now be calculated: 

The largest wire gauge that will just fill the bobbin for this number of turns (from 
the manufacturer's data) is AWG 20. Since the inductance is marginal, the pro- 
cess can be repeated with the next larger core. 

3.72 SERIES-MODE INDUCTORS 

The design of the series-mode .iron dust or MPP cored inductors is covered iri 
Chaps. 1, 2, and 3 of Part 3. 
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3.73 PROBLEMS 
CHAPTER 4 

1. Explain and give examples of some of the typical causes of conducted and ra- 
FARADAY SCREENS 

diated RFI interference in switchmode power supplies. - - 
2. What forms of electrical ,noise propagation are of most interest to the power 

supply designer? 
3. Describe the difference between differential-mode interference and common- 

mode interference. 4 
4. Why is it important to reduce interference noise to the minimum? 
5. At what position in the power supply is RFI interference best eliminated? 
6. Why are line filters of limited value in eliminating common-mode line-borne 

interference? 

4.7 INTRODUCTION 

One of the most difficult problems in switchmode power supply design is to re- 
duce the common-mode conducted RFI current to acceptable limits. This con- 
ducted electrical noise problem is mainly caused by parasitic electrostatic and 
electromagnetic coupling between the various switching elements and the ground 
plane. (The ground plane can be the chassis, cabinet, or ground return wire, de- 
pending on the type of unit.) 

The designer should examine the layout, identify the areas where such prob- 
lems may exist, and introduce at the design stage the correct screening methods. 
It is very difficult to correct for poor RFI design practices at a later stage. Likely 
problem areas are shown in Fig. 1.4.1, a diagram of the typical problem areas for 
parasitic coupling in a flyback SMPS. Suitable locations for Faraday screens are 
shown. 

In most applications, Faraday screens will be required where high-frequency, 
high-voltage switching waveforms can capacitively couple to the ground plane or 
secondary outputs. Typical positions would be where switching transistors and 
rectifier diodes are mounted on heat sinks which are in contact with the main 
chassis. Further, where components or wires carry large switching currents, 
noise can be coupled by both magnetic and capacitive coupling. Other likely 
problem areas are output rectifiers; output chassis-mounted capacitors; and ca- 
pacitive coupling between the primary, secondary, and core of the main switch- 
ing transformer and any other drive or control transformers. 

4.2 FARADAY SCREENS AS APPLIED TO 
SWITCHING DEVICES -- . - - - - 

When components are mounted on heat sinks which are to be thermally linked to 
the chassis, the normal way of eliminating undesirable capacitive coupling is to 
place an e!sctrostatic screen between the offending component and the heat sink. 
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This screen, normally copper, must be insulated from both the heat sink and the 
transistor or diode, so that it picks up the capacitively coupled ac currents and 
returns them to a convenient "star" point on the input circuit. For the primary 
components, the "star" point will usually be the common negative DC supply 
line, close to the switching +vice. For secondary components, the "star" point 
will normally be the common return to the transformer. Figure 1.4.1 demon- 
strates the principle. 

I 

I 4. FARADAY SCREENS 1.45 
f 

I 
4.3 TRANSFORMER FARADA Y SCREENS AND 

i SAFETY SCREENS 
! 

FIG. 1.4.1 Return paths for capacitively coupled Faraday screen currents in 
primary and secondary circuits. 

One example of a TO3 transistor Faraday screen is shown in Fig. 1.4.2. The 
primary switching transistor, with its high voltage and high-frequency switching 
waveform, would couple a significant noise current through the capacitance be- 
tween the transistor case and the main chassis unless a screen is fitted between 
them. In the mounting arrangement shown in Fig. 1.4.2, the copper screen will 
return this parasitic noise current to the input circuit, thus completing the current 
loop without introducing current into the ground plane. The screen will not inject 
any significant current through the capacitance to the heat sink, because it has a 
relatively small high-frequency ac voltage relative to the chassis or ground plane. 
The designer may identify other areas where problems can occur; in that event, 
similar screening should be used. 

, TO3 TRANSISTOR 

- RETURN WIRE 
TO INPUT 
COMMON 

CHASSIS 

FIG. 1.4.2 Insulated Faraday screen, positioned beh;een TO3 switching transistor and heat sink. 

I 
t To prevent circulation of RF currents between the primary and secondary wind- 

ings or between the primary and the grounded safety screen, the main switching 
I transformer will usually have at least one RFI Faraday screen in the primary 

winding. In some applications, an additional safety screen will be required be- 
tween the primary and secondary windings. There are major differences in con- 
struction, location, and connection between the Faraday RFI screens and the 
safety screens. Safety regulations require that the safety screens be returned to 
the ground plane or chassis, whereas RFI screens will normally be returned to 
the input or output circuits. The EM1 screens and connections may be made of 
very lightweight copper, as they carry very little current. However, for safety 

! reasons, the safety screen must be rated for a current of at least three times the 
supply fuse rating. 

Figure 1.4.3 shows the typical arrangement of safety and RFI screens in a 
switchmode transformer for "off-line" use. In the fully screened application 
shown, the two RFI screens will be adjacent to the primary and secondary wind- 
ings, and the safety screen will be between the two RFI screens. If secondary 
RFI screens are not required, the safety screen will be between the primary RFI 
screen and any output windings. As a further insulation precaution, the primary 
RFI screen may be DC isolated from the input powerlines by a series capacitor. 
(A value of 0.01 pF at the rated isolation voltage is usually sufficient.) 

The RFI screen shown on the secondary side is fitted only when maximum 
noise rejection is required or when output voltages are high. This screen would 
be returned to the common output line. Transformer screens should be fitted only 

TO 
OUTPUT 

1 1 1  FILTER 
HEAT FARADAY SINK SCREEN \ i i / )  I , I 

COMMON 
OUTPUT 

GROUND 
(CHASSIS) 

\ /  
RFI FARADAY 
SCREEN 

FIG. 1.4.3 Fully screened transformer, showing positions and con- 
nections of primary and secondary Faraday screens, with an addi- 
tional primary-to-secondary safety screen. 
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when essential, as the increased buildup and winding height increase the leakage 
inductance and degrade the performance. I 

To prevent the high-frequency screen return currents (which can be consider- 
able during the switching transient) from coupling to the secondary by normal 
transformer action, the screen connections should be made to the center of the 
screen, rather than one end. In this way, the capacitively coupled screen return 
currents flow in opposite directions around each half of the screen, cancelling any 
inductive coupling effects. Remember, the ends of the screen mush be insulated 
to prevent a closed turn. 
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4.4 FARADAY SCREENS ON OUTPUT 
COMPONENTS 

For high-voltage outputs, RFI screens may be fitted between the output rectifiers 
and their heat sinks. If the secondary voltages are small, say 12 V or less, the 
secondary transformer RFI screen and rectifier screens should not be required. 

The need for Faraday screens on output rectifier diodes can sometimes be elim- 
inated by making the diode heat sink dead to RF voltages by putting the output filter 
choke in the return line. Typical examples are shown in Fig. 1.4.4~ and b. 

If the diode and transistor heat sinks are completely isolated from the chassis 
(for example, mounted on the pcb), Faraday screens are unlikely to be required 
on these components. DIODE HEAT SINK MOUNTED 

ON CHASSIS 

OUTPUT 

4.5 REDUCING RADIATED EM1 IN GAPPED 
TRANSFORMER CORES 

Femte flyback transformers and high-frequency inductors will usually have a rel- 
atively large air gap in the magnetic path, to define the inductance or to prevent 
saturation. Considerable energy can be stored in the maenetic field associated 
with this air gap. Unless the transformer or choke is screenid, an electromagnetic 
field (EMI) will be radiated from the gap, and this can cause interference to the 
supply itself or to local equipment. Further, this radiated field may exceed the 
radiated EM1 limits. 

The largest field radiation will occur with cores that have a gap in the outer 
limbs or a gap that is equally distributed across the pole pieces. This radiation 
may be reduced by a factor of 6 dB or more by concentrating the air gap in the 
center pole only. With totally enclosed pot cores, the reduction in radiation by 
using only a center pole gap would be much greater. However, for off-line appli- 
cations, the pot core is not often used because the creepage distance require- 
ments at the higher voltages usually cannot be satisfied. 

Concentrating the air gap in the center pole alone increases the temperature 
rise and reduces efficiency. This increased loss is probably due to magnetic fringe 
effects at the edge of the pole pieces in the center of the winding. The disturbance 
of the magnetic field within the windings results in additional skin and eddy- 
current losses, and a further reduction in efficiency of up to 2%. Also, the in- 
creased losses in the region of the gap can cause a hot spot and premature failure 
of the insulation in this area. 

In cores which are gapped in the outer legs, the addition of a copper screen 

FIG. 1.4.4 A method of reducing parasitic RFI currents in chassis-mounted output di- 
ode heat sinks by fitting the output choke in the common return line. (a) Push-pull appli- 
cations; (b) single-ended outputs. 

around the outside of the transformer gives a considerable reduction in radiation. 
Figure 1.4.5 shows a typical example. 

This screen should be a totally closed loop around the qutside of the transformer, 
over the outer limbs and windings, and centered on the air gap. The width of the 
screen should be approximately 30% of the width of the bobbin and should be in the 
same plane as the windings. To be effective, it must have minimum resistance; a 
copper screen with a thickness of at least 0.010 in is recommended. 

It would appear that this screen is effective because of both eddy-current 
losses and the action of the closed loop. The current induced in the closed loop 
will generate a back MMF to oppose radiation. In flyback transformers, the 
screen should not be more than 30% of the bobbin width, as problems of core 
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COPPER SCREEN 

4 

FIG. 1.45 Copper sneen fitted to a switching transformer, to reduce RFI 
and EM1 radiation. (Note: Screen goes around the outside of the core legs.) 

saturation have been observed with wide screens. Although the screen is nor- 
mally used for cores which are gapped in the outer legs, it will be effective for 
transformers with a gap in either the center pole or the outer legs. In either case, 
there will be a reduction in magnetic radiation of up to 12 dB. 

However the application of a transformer screen results in lower transformer 
efficiency. This is due to the additional power losses in the screen, caused by 
eddy-current heating effects. If the air gap is in the outer poles, the power loss in 
the screen may amount to as much as 1% of the rated output power, depending 
on the size of the air gap and the power rating of the unit. For applications in 
which the air gap is in the center pole only, there will be little further increase in 
power loss from fitting a screen. However, the overall transformer efficiency is 
about the same in both cases, as the center pole gap increases the losses in the 
transformer windings by about the same amount. 

It would seem that effective magnetic screening of the transformer can be ap- 
plied only at the expense of additional power losses. Consequently, such screen- 
ing should be used only where essential. In many cases, the power supply or host 
equipment will have a metal enclosure so that EM1 requirements will be met 
without the need for extra transformer screening. When open-frame switching 
units are used in video display terminals, screening of the transformer will usually 
be required to prevent interference with the display by magnetic coupling to the 
CRT beam. The additional heat generated by the outer copper screen may be 
conducted away using a heat sink or a thermal shunt from the screen to the chas- 
sis. Figure 1.4.5 shows a typical example of a copper EM1 screen as applied to an 
E core transformer with air gaps in the outer legs. 

4.6 PROBLEMS 

1. Why are Faraday screens so effective in reducing common-mode interference 
in high-voltage switching devices and transformers? 

2. What is a line impedance stabilization petwork (LISN)? 
3. What is the difference between common-mode and series-mode line filter inductors? 
4. What is the difference between a Faraday screen and a safety screen in a 

switch;-g transformer? 

CHAPTER 5 
FUSE SELECTION 

Fuses (fusible wire links) are one of the oldest and most universally used over- 
load protection methods. However, because the function of the fuse is thought to 
be elementary, it tends not to get the close attention it deserves for a thorough 
understanding of its characteristics. 

Modem fuse technology is an advanced science; new and better fuses are con- 
tinually being developed to meet the more demanding requirements for protection 
of semiconductor circuitry. To obtain the most reliable long-term performance 
and best protection, a fuse must be knowledgeably chosen to suit the application. 

5.2 FUSE PARAMETERS I 

From an electrical standpoint, fuses are categorized by three major parameters: cur- 
rent rating, voltage,rating, and, most important, "let-through" current, or Z2t rating. 

Current Rating 

It is common knowledge that a fuse has a current rating and that this must exceed 
the maximum DC or rms current demanded by the protected circuit. However, there 
are two other ratings that are equally important for the selection of the correct fuse. 

Voltage Rating 

The voltage rating of a fuse is not necessarily linked to the supply voltage. 
Rather, the fuse voltage rating is an indication of the fuse's ability to extinguish 
the arc that is generated as the fuse element melts under fault conditions. The 
voltage across the fuse element under these conditions depends on the supply 
voltage and the type of circuit. For example, a fuse in series with an inductive 
circuit may see voltages several times greater than the supply voltage during the 
clearance transient. 

Failure to select a fuse of appropriate voltage rating may result in excessive 
arcing during a fault, which will increase the "let-through" energy during the fuse 
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clearance. In particularly severe circumstances, the fuse cartridge may explode 
causing a fire hazard. Special methods of arc extinction are utilized in high: 
voltage fuses. These include sand filling and spring-loaded fuse elements. 

"Let-Through" Current (1'2 Rating) 

This characteristic of the fuse is defined by the amount of energy @at must be 
dissipated in the fuse element to cause it to melt. This is sometimes referred to as 
the pre-arcing let-through current. TO melt the fuse element, heat energy must be 
dissipated in the element more rapidly than it can be conducted away. This re- 
quires a defined current and time product. 

For very short time periods Oess than 10 ms), very little heat is conducted away 
from the fuse element, and the amount of energy necessary to melt the fuse is a func- 
tion of the fuse element's specific heat, its mass, and type of alloy used. The heat 
energy dissipated in the fuse element is in the form of watt-seconds (joules), or 
Z2R X t for a particular fuse. As the fuse resistance is a constant, this is a z2r, nor- 
mally referred to as the Z2r rating for a particular fuse or the pre-arcing energy. 

For longer periods, the energy required to melt the fuse element will vary ac- 
cording to the element material and the thermal conduction properties of the sur- 
rounding filler and fuse housing. 

In higher-voltage circuits, an arc will be struck after the fuse element has 
melted and a further amount of energy will be passed to the output circuit while 
this arc is maintained. The magnitude of this amount of energy is dependent on 
the applied voltage, the characteristic of the circuit, and the design of the fuse 
element. Consequently, this parameter is not a function of the fuse alone and will 
vary with the application. 

The z2r rating categorizes fuses into the more familiar "slow-blow" normal, 
and "fast-blow" types. Figure 1.5.1 shows the shape of a typical pre-arcing 

TYPICAL (PRE-ARCING) 
FUSE CLEARANCE TIMES 
FOR 10 AMP FAST. 
NORMAL & SLOW BLO 
TYPES. (LITTELFUSE) - 

PRE-ARCING MELTING TIME (SECONDS) 

FIG. 1.5.1 Typical fuse Pf ratings and pre-arcing fuse clearance times for fast, medium, and 
slow fuse links. (Courtesy Liftelfuse Inc.) 
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currenthime let-through characteristic for each of the three types. The curve 
roughly follows an z2t law for periods of less than 10 ms. The addition of various 
moderators within the fuse package can greatly modify the shape of this clear- 
ance characteristic. It should be noted that the 12t energy (and hence the energy 
let-through to the protected equipment) can be as much as two decades greater in 
a slow-blow fuse of the same DC current rating! For example, a 10-A fuse can 
have an Z2t rating ranging from A2-s 5 for a fast fuse to 3000 A2.s for a slow fuse. 

The total let-through energy of the fuse (pre-arcing plus arcing) also varies 
enormously. Further, it depends on the fusible link material, construction of the 
fusible element, applied voltage, type of fault, and other circuit-linked pararne- 
ters. 

5.3 TYPES OF FUSES 

Time-Delay Fuse (Slow-Blow) 

A time-delay fuse will have a relatively massive fuse element, usually of low- 
melting-point alloy. As a result, these fuses can provide large currents for rela- 
tively long periods without rupture. They are widely used for circuits with large 
inrush currents, such as motors, solenoids, and transformers. 

Standard-Blow Fuse 

These fuses are low-cost and generally of more conventional construction, using 
copper elements, often in clear glass enclosures. They can handle short-term 
high-current.transients, and because of their low cost, they are widely used. Very 
often the size is selected for short-circuit protection only. 

Very Fast Acting Fuses (HRC Semiconductor Fuses) 

These fuses are intended for the protection of semiconductor devices. As such, 
they are required to give the minimum let-through energy during an overload con- 
dition. Fuse elements will have little mass and will often be surrounded by some 
form of filler. The purpose of the filler is to conduct heat away from the fuse dur- 
ing long-term current stress to provide good long-term reliability, and to quickly 
quench the arc when the fuse element melts under fault conditions. For short- 
term high-current transients, the thermal conductivity of the filler is relatiyely 
poor. This allows the fuse element to reach melting temperature rapidly, with the 
minimum energy input. Such fuses will clear very rapidly under transient current 
loads. 

Other important fuse properties, sometimes neglected, are the long-term reliabil- 
ity and power loss of the fuse element. Low-cost fast-clearance fuses will often rely 
on a single strand of extremely thin wire. This wire is fragile and is often sensitive to 
mechanical stress and vibration; in any event, such fuse elements wiU deteriorate 
over the longer term, even at currents below the rated value. A typical operating life 
of 1000 h is often quoted for this type of fuse at its rated current. 

The more expensive quartz sand-filled fuses wili provide much longer life, 
since the heat generated by the thin element is conducted away under normal 
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conditions. Also, the mechanical degradation of the fuse element under vibration 
is not so rapid, as the filling gives mechanical support. 

Slow-blow fuses, on the other hand, are generally much more robust and will 
have longer working lives at their rated current. However, these fuses, with their 
high "let-through" power, will not give very effective protection to sensitive 
semiconductor circuits. 

This brief description c'overs only a very few of the ingenious methods that are 
used in modem fuse technology to obtain special characteristics. It serves to il- 
lustrate the number of different properties that fuses can exhibit, q d  perhaps will 
draw a little more attention to the importance of correct fuse selection and re- 
placement. 

5.4 SELECTING FUSES 
1. 

Off-Line Switchmode Supplies 2. 

The initial fuse selection for off-line switching supplies will be made as follows: I 3. 
For the line input fuse, study the turn-on characteristics of the supply and the 4. 

action of the inrush-limiting circuitry at maximum and minimum input voltages 5. 
and full current-limited load. Choose a standard- or slow-blow fuse that provides 
sufficient current margin to give reliable operation and satisfy the inrush require- 
ments. Its continuous current rating should be low enough to provide good pro- 
tection in the event of a genuine failure. However, for long fuse life, the current 
rating should not be too close to the maximum nns equipment input current mea- 
sured at minimum input voltage and maximum load (perhaps 150% of I,, maxi- 
mum). Note: Use measured or calculated rms currents, and allow for the form 
factor (approximately 0.6 for capacitor input filters) when calculating rms cur- 
rents. 

The voltage rating of the fuse must at least exceed the peak supply voltage. 
This rating is important, as excessive arcing will take place if the voltage rating is 
too low. Arcing can let through considerable amounts of energy, and may result 
in explosive rupture of the fuse, with a risk of tire in the equipment. 
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Very often inrush limiting is not provided in linear power supply applications, 
and inrush currents can be large. Further, if grain-oriented C cores or similar 
coreseare used, there is a possibility of partial core saturation during the first half 
cycle as a result of magnetic memory of the previous operation. These effects 
must be considered when selecting fuses. Slow-blow fuses may be necessary. 

It can be seen from the preceding discussion that the selection of fuse rating 
and type for optimum protection and long life is a task to be carried out with 
some care. For continued..optimum protection, the user must ensure that fuses 
are always replaced by others of the same type and rating. 

5.7 PROBLEMS 

5.5 SCR CROWBAR FUSES 

If SCR-type overvoltage protection is provided, it is often supplemented by a se- 
ries fuse. This fuse should have an 12t rating considerably less (perhaps 60% less) 
than the SCR Z2c rating, to ensure that the fuse will clear before SCR failure. Of 
course, a fast-blow fuse is selected in this case. The user should understand that 
fuses degrade with age, and there should be a periodic replacement policy. The 
failure of a fuse in older equipment is not necessarily an indication that the equip- 
ment has developed a fault (other than a tired fuse). 

5.6 TRANSFORMER INPUT FUSES 

Quote the three major selection criteria for supply or output fuses. 
Why is the voltage rating of a fuse so important? 
Under what conditions may the fuse voltage rating exceed the supply voltage? 
Why is the 12t rating of a fuse an important selection criterion? 
Why is it important to replace a fuse with another of the same type and rating? 

The selection of fuses for 60-Hz transformer input supplies, such as linear regu- 
lator supplies, is not as straightforward as may have been expected. 
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CHAPTER 6 - 

LINE RECTIFICATION 
AND CAPACITOR 
INPUT FILTERS 

SUPPLIES 

6.1 INTRODUCTION 

As previously mentioned, the "direct-off-line" switchmode supply is so called 
because it takes its power input directly from the ac power lines, without using 
the rather large low-frequency (60-50 Hz) isolation transformer normally found in 
linear power supplies. 

In the switchmode system, the input-to-output galvanic isolation is provided 
by a much smaller high-frequency transformer, driven by a semiconductor in- 
verter circuit so as to provide some form of DC-to-DC conversion. To provide a 
DC input to the converter, it is normal practice to rectify and smooth the 50160- 
Hz ac supply, using semiconductor power rectifiers and large electrolytic capac- 
itors. (Exceptions to this would be special low-distortion systems, where input 
boost regulators are used to improve the power factor. These special systems will 
not be considered here.) 

For dual input voltage operation [nominally 1201240 V ac], it is common prac- 
tice to use a full-bridge rectifier for the high-input-voltage conditions, and various 
link arrangements to obtain voltage doubler action for the low-input-voltage con- 
ditions. Using this approach, the high-frequency DC-to-DC converter can be de- 
signed for a nominal DC input of approximately 320 V for both input voltages. 

An important aspect of the system design is the correct sizing of input induc- 
tors, rectifier current ratings, input switch ratings, filter component size, and in- 
put fuse ratings. To size these components correctly, a full knowledge of the rel- 
evant applied stress is required. For example, to size the rectifier diodes, input 
fuses, and filter inductors correctly, the values of peak and rms input currents 
will be required, while the correct sizing, of reservoir and/or filter capacitors re- 
quires the effective rms capacitor current. However, these stress values are in 
turn a function of source resistance, loading, and actual component values. 

A rigorous mathematical analysis of the input rectifier and filter is possible, 
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but tedious.83 Further, previous graphical methods26 assume a resistance load 
with an exponential capacitor discharge. In power supply applications, the load 
applied to the capacitor input filter is the input loading of the regulated DC-to-DC 
converter section. This load is a constant-power load in the case of a switching 

or a constant-current load in the case of a linear regulator. Hence, this 
urevious work is not directly applicable except where ripple voltages are rela- 
r 

tively small. 
Note: A constant-power load takes an increasing current as the input voltage 
falls, the reverse of a resistive load. 

To meet this sizing need, a number of graphs have been empirically developed 
from actual system measurements. These will assist the designer in the initial 
component selection. 

6.2 TYPICAL DUAL-VOLTAGE CAPACITOR 
INPUT FILTER CIRCUIT 

Figure 1.6.1 shows a typical dual-voltage rectifier capacitor input filter circuit. A 
link option LK1 is provided which allows the rectifier capacitor circuit to be con- 
figured as a voltage doubler for 120-V operation or as a bridge rectifier for 240-V 
operation. The basic rectifier capacitor input filter and energy storage circuit (C5, 
C6, and Dl through D4) has been supplemented with an input fuse FSl, an 
inrush-limiting thermistor NTC1, and a high-frequency noise filter (Ll, L2, L3, 
C1, C2, C3, and C4). 

310 V D C  1L 

rn 
DC - OC 
C O N V E R T E R  
(Constant 

C6 

FIG. 1.6.1 Example of a direct-off-line, link-selected dual-voltage, capaci- 
tive input filter and rectifier circuit, with additional high-frequency conducted- 
mode input filter. 

For 240-V operation, the link LKl will not be fitted, and diodes Dl through D4 
act as a full-bridge rectifier. This will provide approximately 320 V DC to the 
constant-power DC-to-DC converter load. Low-frequency smoothing is provided 
by capacitors C5 and C6, which act in series across the load. 

For 120-V operation, the link LK1 is fitted, connecting diodes D3 and D4 in 
parallel with C5 and C6. Since these diodes now remain reverse-biased through- 
out the cycle, they are no longer active. However, during a positive half cycle, 
Dl conducts to charge C5 (top positive), and during a negative half cycle, D2 con- 
ducts to charge C6 (bottom negative). Since C5 and C6 are in series, the 
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outputvoltage is the sum of the two capacitor voltages, giving the required volt- 
age doubling. (In this configuration, the voltage doubler can be considered as two 
half-wave rectifier circuits in series, with alternate half cycle charging for the res- 
ervoir capacitors.) 

6.3 EFFECTIVE SERIES RESISTANCE R, 4 

The effective series resistance R, is made up of all the various series components, 
including the source resistance, which appear between the prime power source 
and the reservoir capacitors C5 and C6. To simplify the analysis, the various re- 
sistances are lumped into a single effective resistance R,. To further reduce peak 
currents, additional series resistance may be added to provide a final optimum 
effective series resistance. It will be shown that the performance of the rectifier 
capacitor input filter and energy storage circuit is very much dependent on this 
final optimum effective series resistance. 

A simplified version of the bridge circuit is shown in Fig. 1.6.2. In this simpli- 
fied circuit, the series reservoir capacitors C5 and C6 are replaced by their equiv- 
alent capacitance C,, and the effective series resistance R, has been positioned 
on. the output side of the bridge rectifier to further ease the analysis. 

CONVERTER 
(Constant 

Power Load) 

FIG. 1.6.2 Simplified capacitive input filter circuit, with 
full-wave bridge rectifier and lumped total effective source 
resistance R,. 

In the example shown in Fig. 1.6.2, the effective series resistance R, is made 
up as follows: 

The prime source resistance R,' is the resistance of the power supply line it- 
self. Its value will depend on the location of the supply, the size of utility trans- 
former, and the distance from the service entrance. Values between 20 and 600 
m a  have been found in typical industrial and ofice locations. Although this may 
appear to be quite low, it can still have a significant effect in large power systems. 
In any event, the value of the source resistance is generally outside the control of 
the power supply designer, and at least this range must be accommodated by any 
practical supply design. 

- 
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A second and usually larger series resistance component is usually introduced 
by the input fuse, filter inductors, rectifier diodes, and inrush-limiting devices. In 
the 100-W example shown in Fig. 1.6.1, the inrush-limiting thermistor NTCl is 
the major contributor, with a "hot resistance" of typically 1 a. In higher-power 
supplies, the inrush-limiting resistor or thermistor will often be shorted out by 3 

triac or SCR after initial start-up, to reduce the source resistance and power loss. 

6.4 CONSTANT-PO WER LOAD 

By design, the switchmode power supply will maintain its output voltage con- 
stant for a wide range of input voltages. Since the output voltage is fured, under 
steady loading conditions, the output power remains constant as the input voltage 
changes. Hence, since the converter efficiency also remains nearly constant, so 
does the converter input power. 

In order to maintain constant input power as the input voltage to the converter 
falls; the input current must rise. Thus the voltage discharge characteristic VC, of 
the storage capacitor C, is like a reverse exponential, the voltage starting at its 
maximum initial value Vi after a diode conduction period. 

where C, = storage capacitor value, pF 
VC, = voltage across the C, 

Vi = initial voltage on C, at t2 
P = loading power (on converter) 
t = time (ps) after t2 but before t, 

This characteristic is shown by the solid discharge lines VC,, or VCe2 in the pe- 
riod t,-t, in Fig. 1.6.3. 

6.5 CONSTANT-CURRENT LOAD 

To complete the picture, the linear regulator must also maintain the output volt- 
age constant as the regulator input voltage falls, between diode conduction peri- 
ods. However, in the case of the linear regulator, the input current is the same as 
the output current, and it remains constant as the input voltage falls. Hence, for 
the linear regulator, the capacitor discharge characteristic is linear rather than an 
inverted exponential. 

6.6 RECTIFIER AND CAPACITOR WAVEFORMS 

Figure 1.6.3~ shows the familiar full-wave rectifier waveforms that would be ob- 
tained from the circuit shown in Fig. 1.6.2. The dashed waveform is the half 
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FIG. 1.6.3 Rectifier and capacitor voltage and current waveforms in a full- 
wave capacitor input filter. (a) Capacitor voltage waveform; (b) rectifier diode 
current waveform; (c) capacitor current waveform. 

sinusoidal rectified voltage across points A-B (assuming zero diode drop). The 
solid line shows the capacitor voltage VC,, or VC,, across points C-B as applied' 
to the load (in this case the load is the input of the regulated DC-to-DC converter 
section). 

When the voltage applied to the bridge ~ectifier exceeds the previous capacitor 
voltage (time t,), the rectifier diodes become forward-biased, and current flows 
via R, to supply the load and charge capacitor C,. During the conduction period 
(t&, a large current flows in the rectifier diodes, input circuit, and reservoir 

LJ 
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capacitors; hence capacitors C, will charge toward the peak voltage of the sup- 
ply. However, at t2, the applied voltage falls below the capacitor voltage, the rec- 
tifier diodes are blocked, and the input current falls to zero. Figure 1.6.36 shows 
the input current waveforms, and 1.6.3c, the capacitor current waveforms. 

During the period t2-t3, the load current is supplied entirely from the storage 
capacitor C,, partly discharging it. As the voltage falls, the load current in- 
creases, increasing the rate of voltage decay. At t3, the supply voltage again ex- 
ceeds the capacitor voltage, and the cycle repeats. 

It should be noticed that the peak capacitor voltage is always less than the 
applied peak voltage as a result of the inevitable voltage drop across R, and the 
rectifier diodes. This voltage drop is a function of load current and the value of 
Rs. 

Figure 1.6.3 shows (dashed line) that increasing the effective series resistance 
from its minimum value to some higher value will slightly increase the voltage 
drop to VC,,. This will reduce the peak current and increase the conduction angle 
of the rectifier diodes. The considerably reduced diode peak currents reduce in- 
put wiring and filter Er losses and improve the power factor. 

The peak-peak ripple voltage is mainly a function of the capacitor size and 
load current. It is only slightly changed by the increased value of effective series 
resistance R,. 

The capacitor ripple current is shown in Fig. 1.6.3~. During the conduction 
period (t,-t,), the capacitor C, is charging (shown as a positive current excur- 
sion); during the following diode blocking period (t2-t,), C, will discharge. The 
peak and rms capacitor currents are a function of load, capacitor size, and the 
value of R,. Under steady-state conditions, the area B (under the zero line) must 
equal the area A (above the line) to maintain the mean voltage across C, con- 
stant. 

6.7 INPUT CURRENT, CAPACITOR RIPPLE, AND 
PEAK CURRENTS 

From Fig. 1.6.3, it will be clear that even if the input voltage remains sinusoidal, 
the input current will be very distorted, with large peak values. This distorted 
current waveform results in increased input 12r power loss and low input power 
factors. Further, a large ripple current will flow in the filter capacitors. 

Figures 1.6.4, 1.6.5, and 1.6.6 show how the rms input currents, rms capacitor 
currents, and peak capacitor currents are related to input power, with the value 
of the effective resistance factor RSf as a parameter in typical applications. This 
information wiU be found useful for the correct sizing of the input components. 
(See Sec. 6.10.) 

6.8 EFFECTIVE INPUT CURRENTZ,, AND 
POWER FACTOR 

In Figs. 1.6.4, 1.6.5, and 1.6.6, the rms input, peak, and ripple currents are all 
given as a ratio to a "calculated effective input current" I,: 

Pin 
Ie = r;. 
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FIG. 1.6.5 RMS filter capacitor current as a function of loading, with source resistance factor Rdas 
a parameter. 
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FIC. 1.6.6 Ratio of peak capacitor cumnt to effective input current I, as a function of 
loading, with source reistance factor R,, as a parameter. 
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where I ,  = calculated effective input current, A rms 
Pin = calculated (or measured) input power, W 
Vin = supply voltage, rms 

~ o t e :  I ,  is thus the calculated "real" component of input current (the component 
which produces the real power). Because of the large harmonic component in the 
distorted input current, the measured input rms current will be larger by an 
amount defined by the power factor Pf (approximately 0.63 in the case of a ca- 
pacitor input filter). 

Note: Although "power factor" Pf is normally defined as 

true input power Pf = 
input V-A product 

in the case of the "direct-off-line" rectifier capacitor input filter, the low source 
resistance of the supply ensures that the input voltage remains near constant and 
free of distortion. Hence the power factor may be defined as the ratio of the ef- 
fective input current to the rms input current, i.e., 

6.9 SELECTING INRUSH-LIMITING 
RESISTANCE 

* 
As previously mentioned, the effective series resistance R, is made up of a num- 
ber of factors, some of which are outside the designer's control. A large series 
inrush-limiting resistance has the advantage of reducing peak repetitive and in- 
rush currents, reducing the stress on rectifier diodes, storage capacitor, and filter 
components. This gives a better power factor. However, it also results in a larger 
total power loss, reduced overall efficiency, and reduced output voltage regula- 
tion. 

The inrush-limiting resistance is often a compromise selection. In low-power 
applications, where an inrush-limiting thermistor is used, this will usually provide 
sufficient "hot resistance" to limit peak currents and give the required perfor- 
mance. In high-power applications, where low-resistance triac or SCR inrush lim- 
iting is used, the input filter inductor often becomes the predominant series re- 
sistance and is wound to give the required resistance. The maximum value of this 
inductor resistance will then be limited by the permitted inductor tempemture 
rise. However, this power loss limited approach to the inductor design has the 
advantage of permitting the maximum number of turns to be wound on the core, 
giving the maximum inductance on the selected core size. (See Chaps. 1, 2, and 
3 in Part 3.) 

6.70 RESISTANCE FACTOR Rd 

In Figs. 1.6.4, 1.6.5, and 1.6.6, the effective series resistance R, has been con- 
verted to a resistance factor R ~ f o r  more universal application, where 
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, 
Rsf = R, x output power 

If specifications call for a power factor better than 0.6, it may be necessary to 
supplement the normal sourae resistance with an additional series power resistor. 
This has a penalty of increased power loss, with an inevitable decrease in overall 
efficiency. For power factors better than 0.7, a low-frequency cho input fiIter 
may be required. (Special continuous conduction boost regulator i put circuits 
may be required in some applications.) 

% 

6.11 DESIGN EXAMPLE 

The following example will serve to demonstrate the use of the graphs. 

Question: For a 110-V 250-W 70% efficient "off-line" switchmode power supply 
using a rectifier capacitor input filter and a voltage doubler circuit, establish the 
fuse rating, minimum capacitor size, m s  input current, and peak and rms capac- 
itor currents. 

Note: For a voltage doubler circuit, Fig. 1.6.1, the recommended minimum ca- 
pacitor values are 3 pFTW (see Sec. 6.12), giving a value of 750 p F  minimum for 
each capacitor C5 and C6. 

6. LINE RECTIFICATION AND INPUT FILTERS 1.63 

Iin = 3.25 x 1.48 = 4.8 A rms 

This rms input current will define the continuous-current rating of the input fuse 
at 110 V input. It is also used for the selection and losses in the input filter in- 
ductors. (Note that if the minimum input voltage is to be less than 110 V, the 
calculation will be done for the lowest input voltage.) 

RMS Capacitor Current I,,,(,,, 

Using the same 100% load and resistance factors in the voltage doubler connec- 
tion, Fig. 1.6.5 gives the ratio I,,(,,, /Ie = I at full load; hence 

I,,, = 1 x 3.25 = 3.25 A rms 

The capacitors must be chosen to meet or exceed this ripple current requirement. 

Peak lnput Current 

From Fig. 1.6.6, at full load, the ratio of I,,,, / I ,  = 4.6, giving a peak input cur- 
rent of 15 A. 

The rectifier diodes will be chosen to meet this peak repetitive current and the 
rms input current needs. 

lnput Power Pi, 
4 

Assuming an efficiency of 70%, the input power Pi, to the converter (and filter) 
will be 

6.12 DC OUTPUT VOLTAGE AND REGULATION 
FOR RECTIFIER CAPACITOR INPUT FILTERS 

p. =-=-=  250 357 W (at 100% load) '" 0.7 0.7 

Effective lnput Current I,  

For an input voltage of 110 V, the effective input current I, will be 

lnput Resistance Factor R,, 

Assuming a typical total effective input resistance R, of 0.42 52, the resistance 
factor RSf will be 

RMS lnput Current I ,,,,rm,, 

Entering Fig. ' ' 4 with 100% load and a resistance factor R, of 150 yields the 
ratio Zi,,~ms~ l L ,  A8; hence 

It has been shown 26' 83 that provided that the product o x C, x R, > 50, the 
DC output voltage of the rectifier capacitor input filter (with a resistive load) will 
be defined mainly by the effective series resistance R; and load power. However, 
when the ripple voltage is low, this criterion also holds for the nonlinear 
converter-type load. 

Figures 1.6.7 and 1.6.8 show the mean DC output voltage of the rectifier ca- 
pacitive input filter as a funftion of load power and input m s  voltage up to 1000 
W, with series resistance R, as a parameter. 

To maintain o x Ce x RL > 50, the effective filter capacitor C, must be 1.5 
pFIW or greater (3 pF/W for C5 and C6 in the voltage doubler connection, re- 
member; in this case C, is made up of C5 and C6 in series). In general, this value 
of capacitance will also be found to meet ripple current and holdup time require- 
ments. 

6.13 EXAMPLE OF RECTIFIER CAPACITOR 
lNPUT FILTER DC OUTPUT VOLTAGE 
CALCULATION 

Consider the previous example for a 250-W unit. The input power is 357 
a voltage doubler circuit is to be used at 110 V input. The total series r e d :  - - - -1 - 
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R, is 0.5 R, and, as previously shown, two capacitors of at least 750 p.F will be 
used (in series). I 

'* ! 

Filter DC Output Voltage V ,,,,,,, 
From Fig. 1.6.8, entering with a power of 357 W, the 0.5-0 R; line y i e d  the ratio 
Vout(Dc&'i~ms, = 2.6. Hence the DC voltage is 0.542 

2.6 x 110 = 286 V DC 

The ratio improves at lower powers, and the voltage regulation may be obtained 
by calculating the output voltage at lower powers in a similar way. 

6.14 SELECTING RESERVOIR AND/OR FILTER 
CAPACITOR SIZE 

In the above example, the reservoir andlor filter capacitor values were chosen to 
meet the rather simplistic C, = 1.5 pF/W criterion indicated in Sec. 6.12. In 
practice, one or more of the following five major factors may control the selec- 
tion: 

RMS ripple current rating 
Ripple voltage 
Voltage rating 
Size and cost 
Holdup time 

RMS Ripple Current Rating 

This rating must be satisfied to prevent excessive temperature rise in the capac- 
itor and possible premature failure. (See Part 3, Chap. 12.) 

The problem at this stage is to know what value of rms ripple current applies. 
As shown previously, the ripple current is already a function of capacitor value, 
total series resistance R,, load, and input voltage. 

However, Fig. 1.6.5 shows the measured rms ripple currents as a ratio of the 
"effective input current" I,, for a range of load and source resistances, assuming 
that the capacitor value C, is not less than 1.5 p.F/W (3 pF/W for C5 and C6). 

Note: The "effective input current" is the calculated "real" component of input 
current, not the measured (or calculated) rms input current; hence 

true input power I, = 
rms input yoltage 

The n s  input current will be greater than I, because of the low power factor 
(approximately 0.63) of the rectifier capacitor input filter circuit. 

Although in Fig. 1.6.5 the ratio ZJZe appears lower in the voltage-doubled 
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mode, the actual ripple current will be greater, as I, is approximately twice the 
value for the same output power in this mode. 

(If in doubt for a particular application, check the capacitor rms current using 
a low-resistance true rms current meter with a high crest factor rating. See Part 3, 
Chaps. 12, 13, and 14.) 

Ripple Voltage 

This requirement will often define the minimum capacitor value when holdup 
time requirements are short (less than 1 cycle duration). 

Large ripple voltages on Ce will reduce the range of input voltages that can be 
accommodated by the converter. They may also give excessive output ripple (de- 
pending on the design). 

Typically, switchmode designs aim for a ripple voltage of less than 10% of V,, 
(say 30 V P J .  The ripple voltage will be maximum at minimum supply voltage, as 
a result of the increase of input current. 

Example 

Selecting C,  so as to satisfy a particular ripple voltage limit: 
Consider a requirement where the primary filter ripple voltage is not to exceed 

10% of VDc for a 100-W supply, designed for a minimum input of 170 V rms at 60 
Hz when the overall efficiency is 70%, with the effective series source resistance 
R, = 2 a .  

At 100 W output, with an efficiency of 70% the input power w& be 143 W. 
From Fig. 1.6.7, at 143 W and R, = 2 R in the bridge-connected mode. the ratio 
V,,,,Dc, lVin,,,, = 1.32, and the header voltage VDc at 170 V rms input will be 
1.32 x 170 = 224 V (DC). 

The converter input power is 143 W, giving an effective DC converter input 
current of PIV,, = 1431224 or 0.64 A (DC). 

Extrapolating from Fig. 1.6.3, the capacitor discharge period is approximately 
6 ms at 60 Hz. Since the ripple voltage is small (10% or 23 V in this example), a 
linear discharge will be assumed over the discharge period. 

With these approximations, a simple linear equation may be used to establish 
the approximate value of C, that will give the required 10% ripple voltage: 

where C, = effective capacitor value, pF (effective value of C1 and C2 in series) 
I = converter input DC current, A (0.64 A in this example) 

At = discharge period, s (6 ms in this example) 
Av = peak-peak ripple voltage, V (in this case 10% V,, = 22.4 V p-p) 

Therefore 

Since two capacitors are to be used in series, each capacitor will be 342 p.F drl- 

I 
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imum. In this example, the capacitors' values exceed the minimum 3 pFMr cri- 
terion but are not clearly oversize. Hence, the ripple voltage needs may not be 
the dominant factor, and the ripple current rating and holdup time should also be 
checked. 

Voltage Rating 
\ 

This is perhaps an obvious parameter, but remember to consider maxlmum input 
voltages and minimum loads. Also, the voltage margin should include an allow- 
ance for temperature derating and required MTBF derating needs. 

Now: 

Size and Cost 

I 

Then: 

High-voltage high-capacity electrolytic capacitors are expensive and large. It is 
not cost-effective to use oversize components. 

Holdup Time 

Holdup time is the minimum time period for which the supply will maintain the 
output voltages within their output regulation limits when the input supply is re- 
moved or falls below the input regulation limits. Although "holdup time" has 
been considered last, it is often the dominant factor and may even be the main 
reason that a switchmode supply was chosen. 

In spite of its obvious importance, holdup time is often poorly specified. This 
parameter is a function of the size of the storage capacitor C,, the applied load, 
the voltage on the capacitor at the time of line failure, and the design of the sup- 
ply (dropout voltage). Note: It is difficult, inefficient, and expensive to design for 
a very low dropout voltage. 

It is clearly very important to define the loading conditions, output voltage, 
and supply voltage immediately prior to failure when specifying holdup time. 

It has become the industry standard to assume nominal input voltage and full- 
load operation unless otherwise stated in the specifications. In critical computer 
and control applications, it may be essential to provide a specified minimum 
holdup time from full-load and minitnum input voltage conditions. If this is the 
real requirement, then it must be specified, as it has a major impact on the size 
and cost of the reservoir capacitors and will become the dominant selection fac- 
tor. (Because of the higher cost, very few "standard off-the-shelf' supplies meet 
this second condition.) 

In either case, if the holdup time exceeds 20 ms, it will probably be the dom- 
inant capacitor sizing factor, and C, will be evaluated to meet this need. In this 
case, the minimum reservoir capacitor size C,,~,, is calculated on the basis of 
energy storage requirements as follows: Let 

C = minimum effective reservoir capacitor size, pF  
E, = output energy used during holdup time (output power x holdup time) 
Ei = input energy used during holdup time (&/efficiency) 
Vs = DC voltage on reservoir capacitor (at start of line failure) 

E,, = energy stored in reservoir capacitor (at start of line failure) 
Vf = voltage on reservoir capacitor (at power supply drop-out) 

Eef = energy remaining in reservoir capacitor (at power supply dropout) 

Thus: 
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Energy used Ei = energy removed from capacitor 

I Calculate the minimum reservoir capacitor value C, to provide 42 ms of holdup 

I 
time at an output power of 90 W. The minimum input voltage prior te failure is to 
be 190 V. 

I The supply is designed for 230-V rms nominal input, with the link position se- 
lected for bridge operation. The efficiency is 70%, and the power supply drop-out 
input voltage is 152 V rms. The effective series resistance in the input filter (R,) 
is 1 n. 

I 
Since the failure may occur at the end of a previous normal half cycle quies- 

cent period, the capacitor may have already been discharging for 8 ms, so the 
worst-case discharge period can be (42 + 8) = 50 ms. This period must be used 
in the calculation. 

From Fig. 1.6.7, the DC voltage across the two series storage capacitors C5 
and C6 prior to line failure and at drop-out will be 

During this period the energy used by the supply Ei 

Output power x time x 100 - 90 x 50 x 
x 100 _ 6.43 , - 

Efficiency % 70% 

Therefore 
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Since two capacitors in series are to be used for C,, the value must be doubled, 
giving two capacitors of 1094 p F  minimum. To allow for tolerance and end-of-life 
degrading, two standard 1500-)LF capacitors would probably be used in this 
example. 

It is clear that this is a very large capacitor for a 90-W power supply and that 
it is more than adequate to meet ripple current and ripple voltage requirements. 
This capacitor choice is clearly dominated by the holdup time needs. 

4 

6.75 SELECTING INPUT FUSE RATINGS 

It has been shown in Fig. 1.6.4 that the rms input current is a function of load, 
source resistance R,, and storage capacitor value. It is at a maximum at low input 
voltages. It is the rms input current that will cause fuse element heating and 
hence defines the fuse's continuous rating. Further, the fuse must withstand the 
inrush current on initial switch-on at maximum input voltage. 

Procedure: Select the input fuse continuous rms current rating as defined by Fig. 
1.6.4, allowing a 50% margin for aging effects. 

Select the Z2t rating to meet the inrush needs as defined in Part 1, Chap. 7. 

6.76 POWER FACTOR AND EFFICIENCY 
MEASUREMENTS 

From Fig. 1.6.3, it can be seen that the input voltage is only slightly distorted by 
the very nonlinear load presented by the capacitor input flter. The sinusoidal in- 
put is maintained because the line input resistance is very low. The input current, 
however, is very distorted and discontinuous, but superficially would appear to 
be a part sine wave in phase with the voltage. This leads to a common error: The 
product VinCms, X Zinc,,, is assumed to give input power. This is not so! This 
product is the input volt-ampere product; it must be multiplied by the power fac- 
tor (typically 0.6 for a capacitor input filter) to get true power. 

The reason for the low power factor is that the nonsinusoidal current 
waveform contains a large odd harmonic content, and the phase and amplitude of 
all harmonics must be included in the measurement. 

The input power is best measured with a true wattmeter with a bandwidth ex- 
ceeding 1 kHz. Many moving-coil dynamometer instruments are suitable; how- 
ever, beware of instruments containing iron, as these can give considerable er- 
rors at the higher harmonic frequencies. Modem digital instruments are usually 
suitable, provided that the bandwidth is large; they have a large crest factor, and 
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REAL EFFICIENCY % 

FIG. 1.6.9 Possible range of error of internal power loss and efficiency 
calculations as a function of real efficiency, with a measurement error of 2%. 

tential for error is large. When using electrodynamic or dynamo~eter  wattme- 
ters, do not neglect the wattmeter burden, which is always present. This error 
cannot be eliminated by calibration, as it depends on the relative ratio of current 
to voltage, and this changes with each measurement. It also depends on the way 
the instrument is set up. (In general, the current shunt or coa should precede the 
voltage terminals for high-current, low-voltage measurements, and the reverse 
applies for low-current, high-voltage measurements.) 

6.77 PROBLEMS 

true rms sensing is provided. Again beware of instruments which are peak or 3. 
mean sensing, but only rms calibrated, as these will read correctly only for true 
sine-wave inputs. (Rectified moving-coil instruments fall into this category.) 4. 

When making efficiency measurements, remember that you are comparing 
two large numbers with only a small difference. It is the difference which defines 5. 
the power loss in the system, and a small error in any reading can give a large 
error in the apparent loss. Figure 1.6.9 shows the possible error range as a func- 6. 
tion of real efficiency when the input and odtput measurements have a possible 
error in the range of only 2%. 7. 

In a multiple-output power supply, many instruments may be used and the po- 

Why are capacitive input filters often used for direct-off-line switchmode 
supplies? 
What are the major disadvantages of the capacitive input filter? 
What is the typical power factor of a capacitive input filter, and why is it rel- 
atively poor? 
Why must a true wattmeter be used for measuring input power? 
Why is line inrush-current limiting required with capacitive input filter cir- 
cuits? 
Why is the input reservoir capacitor ripple current so important in the selec- 
tion of input capacitor types? 
What parameters are important in the selection of input rectifiers for capac- 
itive input filters? . - 

Vl 
__ ____ - L_J - -> -- 
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8. How can the power factor of a capacitive input fdter be improved? 
9. Using the nomograms shown in Sec. 1.6.9, establish the minimum input fuse 

rating, reservoir capacitor value, reservoir ripple current, peak current in the 
rectifier diodes, fdter DC output voltage at full load, and voltage regulation at 
10% to full load. (Assume that the total source resistance including the 
inrush-limiting resistance is  0.75 R, the supply voltage is 100 V rms, the ef- 
ficiency is 75%, and a voltage doubler circuit as shown in Fig. 1.6.8 is used.) 

10. Calculate the minimum value of the reservoir capacitor neede to giv.e a 
holdup time of one half cycle at 60 Hz if the SMPS is 70% efficie 'I, t and the 
output power is to be 200 W. (Assume that the supply voltage just before line 
failure is 90 V rms and the dropout voltage is 80 V rms. The supply has a 
voltage doubler input as shown in Fig. 1.6.8, and the source resistance Rdis 
0.5 n.) 

CHAPTER 7 
INRUSH CONTROL 

7.1 INTRODUCTION 

In "diect-off-line" switchmode supplies, where minimum size and cost are a ma- 
jor consideration, it is common practice to use direct-off-line semiconductor 
bridge rectification with capacitive input filters to produce the high-voltage DC 
supply for the converter section. 

If the line input is switched directly to this type of rectifier capacitor arrange- 
ment, very large inrush currents will flow in the supply lines, input components, 
switches, rectifiers, and capacitors. This is not only very stressful on these com- 
ponents, it may also cause interference with other equipment sharing a common 
supply line impedance. 

Various methods of "inrush current control" are used to reduce this stress. 
Normally these methods include some form of series limiting resistive device in 
one or more of the supply lines between the input point and the reiervoir capac- 
itors. 

- 

These limiting devices usually take one of the following three forms: series 
resistors, thermistor inrush limiting, and active limiting circuits. 

7.2 SERIES RESISTORS 

For low-power applications, simple series resistors may be used, as shown in Fig. 
1.7.1. However, a compromise must be made, as a high value of resistance, 
which will give a low inrush current, will also be very dissipative under normal 
operating conditions. Consequently, a compromise selection must be made be- 
tween acceptable inrush current and acceptable operating losses. 

The series resistors must be selected to withstand the initial high voltage and 
high current stress (which occurs when the supply is first switched on). Special 
high-current surge-rated resistors are best suited for this application. Adequately 
rated wirewound types are often used, however. If high humidity is to be ex- 
pected, the wirewound types should be avoided. With such resistors, the tran- 
sient thermal stress and wire expansion tend to degrade the integrity of the pro- 
tective coating, allowing the ingress of moisture and leading to early failure. 

Figure 1.7.1 shows the normal positions for the limiting resistors. Where dual 
input voltage operation is required, two resistors should be used in positions R1 
and R2. This has the advantage of effective parallel operation for low-voltage link 
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FIG. 1.7.1 Resistive inrush limiting circuit. (Suitable for bridge and voltage doubler operation, 
maintaining the inrush current at the same value.) 

positions and series operation for high-voltage link positions. This limits the in- 
rush current at similar values for the two conditions. 

Where single-range input voltages are used, then a single inrush-limiting de- 
vice may be fitted at position R3 at the input of the rectifiers. 

7.3 THERMISTOR INRUSH LIMITING 

Negative temperature coefftcient thermistors (NTC) are often used in the position 
of R1, R2, or R3 in low-power applications. The resistance of the NTCs is high 
when the supply is f rs t  switched on, giving them an advantage over normal re- 
sistors. They may be selected to give a low inrush current on initial switch-on, 
and yet, since the resistance will fall when the thermistor self-heats under normal 
operating conditions, excessive dissipation is avoided. 

However, a disadvantage also exists with thermistor limiting. When first 
switched on, the thermistor resistance takes some time to fall to its working 
value. If the line input is near its minimum at this time, full regulation may not be 
established for the warmup period. Further, when the supply is switched off, then 
rapidly turned back on again, the thermistor will not have cooled completely and 
some proportion of the inrush protection will be lost. 

Nevertheless, this type of inrush limiting is often used for small units, and this 
is why it is bad practice to switch SMPSs off and back on rapidly unless the sup- 
ply has been designed for this mode of operation. 

7.4 ACnVE LIMITING CIRCUITS (TRIAC START 
CIRCUIT) 
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FIG. 1.7.2 Resistive inrush-limiting circuit with triac bypass for improved efficiency. (Note: 
Higher inrush current for bridge operation.) 

Position R1 will normally be selected for the start resistor so that a single triac 
or relay may be used. R1 can be shunted by a triac or relay after start-up, as 
shown in Fig. 1.7.2. Since the start resistance can have a much higher value in 
this type of start-up circuit, it is not normally necessary to change the start re- 
sistor for dual input voltage operation. e 

Although Fig. 1.7.2 shows an active limiting arrangement in which a resistor is 
shunted by a triac, other combinations using thyristors or relays are possible. 

On initial switch-on, the inrush current is limited by the resistor. When the 
input capacitors are fully charged, the active shunt device is operated to short out 
the resistor, and hence the losses under normal running conditions will be low. 

In the case of the triac start circuit, the triac may be conveniently energized by 
a winding on the main converter transformer. The normal converter turn-on de- 
lay and soft start will provide a delay to the turn-on of the triac. This will allow 
the input capacitors to fully charge through the start resistor before converter ac- 
tion starts. This delay is important, because if the converter starts before the ca- 
pacitors are fully charged, the bad current will prevent full charging of the input 
capacitors, and when the triac is energized there will be a further inrush current. 

For high-power or low-voltage DC-to-DC converter applications (where the 
power loss in the triac is unacceptable), a relay may be used. However, under 
these conditions, it is very important that the input capacitors be fully charged 
before the relay is operated. Consequently, converter action must not commence 
until after relay contact closure, and suitable timing circuits must be used. 

7.5 PROBLEMS 

For high-power converters, the limiting device is better shorted out to reduce 1. What are three typical methods of inrush control used in switchmode supplies? 
losses when the unit is fully operating. 2. Describe the major advantages and limitations of each method. 

1 
\ 9 
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START-UP METHODS f 
I 

8.1 INTRODUCTION 

If the auxiliary supply is used only to power the power supply converter circuits, 
it will not be required when the converter is off. For this special case, the main 
converter transformer can have extra windings to provide the auxiliary power 
needs. 

However, for this arrangement, some form of start-up circuit is required. 
Since this start circuit only needs to supply power for a short start-up period, 
very efficient start systems are possible. 

8.2 DISSIPATIVE (PASSIVE) START CIRCUIT 

Figure 1.8.1 shows a typical dissipative start system. The high-voltage DC supply 
will be dropped through series resistors R1 and R2 to charge the auxiliary storage 
capacitor C3. A regulating zener diode ZD1 prevents excessive voltage being de- 
veloped on C3. The charge on C3 provides the initial auxiliary power to the con- 
trol and drive circuits when converter action is first established. This normally 
occurs after the soft-start procedure is completed. 

The auxiliary supp1y.i~ supplemented from a winding on the main transformer 
T1 when the converter is operating, preventing any further discharge of C3 and 
maintaining the auxiliary supply voltage constant. 

A major requirement for this approach is that sufficient start-up delay must be 
provided in the main converter to permit C3 to fully charge. Further, C3 must be 
large enough to store sufficient energy to provide all the drive needs for correct 
start-up of the converter. 

In this circuit, R1 and R2 remain in the circuit at all times. To avoid excessive 
dissipation the resistance must be high, and hence the standby current require- 
ments of the drive circuit must be low, prior to converter start-up. Since C3 may 
be quite large, a delay of two or three hundred milliseconds can occur before C3 
is fully charged. To ensure a good switching action for the fust cycle of opera- 
tion, C3 must be fully charged before start-up, and this requires a low-voltage 
inhibit and delay on the start-up control and drive circuits. 

To its advantage, the technique is very row cost, and resistors R1 and R2 can 
replace the normal safety discharge resistors which are inevitably required across 
the large storage capacitors C1 and C2. 
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FIG. 1.8.1 Resistive, dissipative start circuit, providing initial low-voltage auxiliary power 
needs from the 300-V DC supply. 

8.3 TRANSISTOR (ACTIVE) START CIRCUIT 

Figure 1.8.2 shows the basic circuit of a more powerful and fast-acting start sys- 
tem, incorporating a high-voltage transistor Q1. In this arrangemat, the resis- 
tance of R1 and R2 and the gain of Q1 are chosen such that transistor Q1 will be 
biased into a fully saturated "on" state soon after initial switch-on of the supply. 

As C1 and C2 charge, current flows in R1 and R2 to the base of Q1, turning Q1 
fully on. Zener diode ZD1 will not be conducting initially, as the voltage on C3 
and the base of Q1 will be low. With Q1 turned on, a much larger current can 
flow in the low-resistance R3 to charge C3. 

In this circuit, resistor R3 can have a much lower value than R1 and R2 in the 
circuit shown in Fig. 1.8.1. This will not result in excessive dissipation or degrade 
the efficiency, as current will flow in R3 only during the start-up period. Transis- 
tor Q1 will turn off after C3 has charged and will be operating in a saturated "on" 
state throughout the start-up period; hence its dissipation will also be very low. 
R3 should be chosen to have a high surge rating (i.e., it should be wirewound or 
carbon composition). 

After switch-on, capacitor C3 will charge up relatively quickly and the voltage 
on Q1 emitter and base will track this rising voltage +Vb, until the voltage on the 
base of Q1 approaches the zener voltage ZD1. At this point ZD1 starts to con- 
duct, tending to pinch off Q1 and reducing the charge current into C3. The volt- 
age and dissipation will now build up across Q1. However, once converter action 
is established, regenerative feedback from the auxiliary winding on the main 
transformer will ~rovide current via D6 and resistor R4 to capacitor C3. Hence .- -~ ---- - - -- 

the voltage on k3 will continue to increase until the base-emitter of Q1 is 
reversed-biased and it is fully turned off. 

At this point, diode D5 is brought into conduction, and the voltage across C3 
will now be clamped by the zener diode ZD1 and diode D5. The dissipkion in 
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FIG. 1.8.2 Lower-dissipation, active transistor start circuit, providing initial low-voltage 
auxiliary supply needs from the 300-V DC supply. 

ZD1 depends on the values of R4 and the maximum auxiliary current. With Q1 
off, the current in R3 ceases, and its dissipation and that of Q1 will fall to zero. 

As the start-up action is fast, much smaller components can be used for R3 
and Q1 than would otherwise be necessary, and heat sinks will not be required. 
To prevent hazardous dissipation conditions in Q1 and R3 in the event of failure 
of the converter, R3 should be able to support continuous conduction, or "fail 
safe." Fusible resistors or ITC thermistors, with their inherent self-protection 
qualities, are ideal for this application. 

This circuit is able to supply considerably more start-up current and gives 
greater freedom in the design of the drive circuit. 

8.4 IMPULSE START CIRCUITS 

Figure 1.8.3 shows a typical impulse start circuit which operates as follows. 
Resistors R1 and R2 (normally the discharge resistors for the reservoir capac- 

itors C1 and C2) feed current into capacitor C3 after switch-on. The auxiliary 
supply capacitor C4 will be discharged at this time. 

The voltage on C3 will increase as it charges until the firing voltage of the diac 
is reached. The diac will now fue and transfer part of the charge from C3 into C4, 
the transfer current being limited by resistor R3. 

The values of capacitors C3 and C4 and the diac voltage are chosen such that 
the required auxiliary voltage will be developed across C4 and the converter will 
start via its normal soft-start action. 

Once again, by regenerative feedback (via D5 and the auxiliary winding), the 
auxiliary power is now provided from the main transformer. As C4 is further 
charged and its voltage increases, the diac will turn off since the voltage across it 
can no longer reach the firing value (because of the clamping action of ZD1 on 
C3). 

This arrangement has the advantage of supplying a high current during the 

- 
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FIG. 1.8.3 Diac impulse start circuit, providing initial low-voltage auxiliary needs from the 300- 
V DC supply. 

turn-on transient, without excessive dissipation in the feed resistors R1 and R2. 
In the rare event of the converter failing to start on the fust impulse, the start-up 
action will repeat as soon as capacitor C4 has discharged and C3 recharged to the 
appropriate firing value for the diac. 

The choice of diac is important. It must be able to deliver the required turn-on 
current, and its firing voltage must be less than V, - V,, and greater than 
V, - V, ;* otherwise lockout can occur after the first impulse. It is possible to 
replace the diac with a small SCR and the appropriate gate drive circuit. e 

'Where V, is the Zbl clamp voltage, V,, the control circuit start voltage, and V, the voltage on C4 
when the converter is running. 
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SOFT START AND 
LOW-VOLTAGE INHIBIT 

9.1 INTRODUCTION 

Soft-start action is quite different from the inrush limiting discussed in Sec. 
7.1, although the two functions are complementary. Both actions reduce the 
inrush current to the supply during the initial switch-on period. However, 
whereas inrush limiting directly limits the current into the input capacitors, 
soft start acts upon the converter control circuit to give a progressively in- 
creasing pulse width. This progressive start not only reduces the inrush cur- 
rent stress on the output capacitors and converter components, it also reduces 
the problems of transformer "flux doubling" in push-pull and bridge topolo- 
gies. (See Part 3, Chap. 7.) 

It is normal practice with switchmode supplies to take the line input directly to 
the rectifier and a large storage andlor fdter capacitor via a low-impedance noise 
filter. To prevent large inrush currents on initial switch-on, inrush-control cir- 
cuitry is normally provided. In large power systems, the inrush limiting often 
consists of a series resistor which is shorted out by a triac, SCR, or relay when 
the input capacitors are fully charged. (Part 1, Chap. 7 shows typical inrush- 
control circuits.) 

To allow the input capacitors to fully charge during start-up, it is necessary to 
delay the start-up of the power converter so that it does not draw current from 
the input capacitors until these are fully charged. If the capacitors have not been 
fully charged, there will be a current surge when the inrush-control SCR or triac 
operates to bypass the inrush-limiting series resistor. Furthermore, if the con- 
verter was allowed to start up with maximum pulse width, there would be a large 
current surge into the output capacitors and inductors, resulting in overshoot of 
the output voltage because of the large current in the output inductor, and pos- 
sibly saturation effects in the main transformer. 

To deal with these start-up problems, a start-up delay and soft-start procedure 
is usually provided by the control circuit. This will delay the initial switch-on of 
the converter and allow the input capacitors to fully charge. After the delay, the 
soft-start control circuit must start the converter from a narrow pulse condition 
and slowly increase. This will allow the transformer and output inductor working 
conditions to be correctly established. This pill prevent "flux doubling" in push- 
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pull circuits (see Part 3, Chap. 7). At the same time, the output voltages will be 
more slowly established, reducing the secondary inductor current surge and the 
tendency for output voltage overshoot. (See Part 1, Chap 10.) 

9.2 SOFT-START CIRCUIT 

A typical soft-start circuit is shown in Fig. 1.9.1. This operates as follows: 
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FIG. 1.9.1 Soft-start circuit for duty-cycle-controlled SMPS. 

When the supply. is fust switched on, C1 will be discharged. The increasing 
voltage on the 10-V supply lime will take the inverting input of amplifier A1 pos- 
itive, inhibiting the output of the pulse-width modulator. Transistor Q1 will be 
turned on via R2, keeping C1 discharged until the 300-V DC line to the converter 
circuit has been established to a voltage exceeding 200 V. 
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At this point ZD1 will start to conduct and Q1 will be turned off. C1 will now 
charge via R3, taking the voltage on the inverting input of A1 toward zero and 
allowing the output of the pulse-width modulator to provide progressively in- 
creasing pulses to the drive circuit until the required output voltage has been de- 
veloped. 

When the correct output boltage has been established, amplifier A2 takes 
over control of the voltage at the inverting input of amplifier Al. C1 will con- 
tinue charging via R3, reverse-biasing diode D2 and removing the i fluence of 
Cl from the modulator action. When the supply is turned off, CI a l l  quickly 
discharge through D3, resetting C1 for the next start action. Dl prevents Q1 
being reversed-biased by more than a forward diode drop when the input volt- 
age is high. 

This circuit not only provides turn-on delay and soft st&, but also gives a 
low-voltage inhibit action, preventing the converter from starting until the supply 
voltage is fully established. 

Many variations of this basic principle are possible. Figure 1.9.2 shows a soft- 
start system applied to the transistor start circuit of Fig. 1.8.2. In this example, 
the input to ZD2 will not go high and initiate soft start until the auxiliary capacitor 
C3 has charged and Q1 turned off. Hence, in this circuit, the input and auxiliary 
supply voltages must be correctly established before the soft-start action can be 
initiated. This will ensure that the converter starts under correctly controlled 
conditions. 

9.3 LOW-VOLTAGE lNHlBlT 

In many switchmode designs it is necessary to prevent power converter action 
when the input supply voltage is too low to ensure proper performance. 

The converter control, drive, and power switching circuits all require the cor- 
rect supply voltage to ensure a well-defined switching action. In many cases, at- 
tempts to operate below the minimum input voltage will result in failure of the 
power switches because of ill-defined drive conditions and nonsaturated power 
switching. 

Normally, the same voltage inhibit signal which prevents the initial start-up 
action until the supply voltage is high enough to ensure correct operation will also 
be used to shut the converter down in a well-defined way should the voltage fall 
below a second minimum voltage. 

The low-voltage inhibit circuitry is often linked to the soft-start system, so that 
the unit will not turn on by normal soft-start action until the correct operating 
voltage has been established. This also provides the delay required on the soft- 
start action and prevents start-up race conditions. 

A typical soft-start circuit with a low-voltage inhibit is shown in Fig. 1.9.2. 
In this circuit, Schrnitt trigger action is provided by the auxiliary winding with 
sufficient hysteresis to prevent squegging at the turn-on threshold. (In this 
context, "squegging" refers to the rapid "on-off' switching action that would . 
occur at the low-voltage threshold as a result of load-induced input voltage 
changes.) 



9.4 PROBLEMS 

1. Under what conditions may an impulse-type start circuit, be considered a suit- 
able start technique? 

2. Under what conditions w d ~ l d  impulse start circuits not be considered suit- 
able? 

3. What is the function of a soft-start circuit as opposed to inrush li*ting? 
4. What is the function of input low-voltage inhibit in switchmode applications? 

CHAPTER 10 
TURN-ON VOLTAGE 

10.1 INTRODUCTION 

When a power supply is first switched on, 'either from the line input switch or 
by electronic means (say from a TTL logic "high" signal), there will be a de- 
lay while the power and control circuits establish to their correct working con- 
ditions. During this period, it is possible for the output voltage to exceed its 
correct working value before full regulation is established, giving a "turn-on 
voltage overshoot." 

10.2 TYPICAL CAUSES OF TURN-ON VOLTAGE 
OVERSHOOT IN SWITCHMODE SUPPLIES * 

In most switchmode power supplies, a controlled start-up sequence is initiated at 
switch-on. Shodld the turn-on be from a line input switch, the first action will be 
"inrush limiting," where a resistive element in series with the line input reduces 
the peak inrush currents for a few cycles while the input capacitors are charged 
UP. 

Following this inrush limiting, there will be a soft-start action. For soft start, 
the pulse width to the power switching devices is progressively increased to es- 
tablish the correct working conditions for transformers, inductors, and capaci- 
tors. The voltage on the output capacitors is progressively increased with the in- 
tention of smoothly establishing the required output voltage. However, even 
under this controlled turn-on condition, it is possible for the output voltage to 
overshoot, as a result of race conditions in the control circuit as follows. 

Figure 1.10.1 shows the output filter and control amplifier of a typical duty- 
cycle-controlled switchmode power supply. The control amplifier has a simple 
pole-zero compensation network to stabilize the loop. 

When the input is first applied to this supply, and throughout the start-up 
phase, the control amplifier A1 will recognize the output voltage as being low, 
and will demand maximum output and hence maximum pulse width from the 
ramp comparator A2. The high-gain-control amplifier A1 will be operating in a 
saturated "high" state, with its output near +5 V. Hence, during this start-up 
phase, the compensation capacitor C1 will be charged to +5 V. 
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FIG. 1.10.1 Typical duty ratio control loop, showing voltage control amplifier with compen- 
sation components R1 and C1. 

During this start-up phase, the pulse width and hence the output voltage will 
be under the control of the soft-start circuit and amplifier A3. Therefore the con- 
trol amplifier will remain in its saturated "high" state until the output voltage is 
within 1 or 2 mV of the required value. At this point, the output capacitors have 
been charged and a considerable current has been established in the output in- 
ductor L1. 

As the output voltage passes through the required value, the control amplifier 
A1 will start to respond. However, a considerable delay will now ensue while the 
compensation network R1, C1 establishes its correct DC bias. Since the output 
voltage of amplifier A1 starts near +5 V (far away from the correct mean working 
point of 2.5 V), and the slew rate of the amplifier is defined by the time constant 
of R1, C1, the correct amplifier working conditions are not established for a con- 
siderable period. (In this example, the delay will be approximately 500 ps.) Dur- 
ing the delay period, the pulse width will not be significantly reduced, as the out- 
put of amplifier A1 must be close to 2.5 V before it comes within the control 
range of the pulse-width modulator A2. This delay, together with the excess cur- 
rent now flowing in the output inductor L1, will cause a considerable overshoot. 
(The output voltage will go to 7.5 V in this example, as shown in Fig. 1.10.2.) 

10.3 OVERSHOOT PREVENTION 

The overshoot can be considerably reduced by making the soft-start action very 
slow, allowing the amplifier to take over before the overshoot is too large. This 
has the disadvantage that the turn-on delay can be unacceptably long. 

A much better arrangement is the linear power control circuit shown in Fig. 

10. TURN-ON VOLTAGE OVERSHOOT PREVENTION 1.87 

FIG. 1.10.2 Output voltage characteristic of the circuit in Fig. 1.10.1 during the 
"turn-on" transient, showing output voltage overshoot. 

1.10.3. In this circuit the 2.5-V reference voltage for the control amplifier will be 
near zero at the noninverting input to the amplifier when first switched on, as C1 
will be discharged prior to initial switch-on. The voltage on C1 will progressively 
increase as C1 charges via R1 and R4. Thus the reference voltage is arranged to 
increase at a rate somewhat slower than the soft-start action. As a result, the con- 
trol amplifier will establish its normal working conditions at a much lower output 
voltage so that the latter pa? of the turn-on action is under fill cbntrol of the 
voltage control amplifier Al. 

The output voltage now increases progressively, as shown in Fig. 1.10.4, in 
response to the increasing reference voltage, under the full command of the con- 
trol amplifier. Since the correct bias conditions for C2 and amplifier A1 were es- 

FIG. 1.10.3 Modified control circuit, showing "turn-on" overshoot prevention 
components R1, Dl, D2, and C1. 
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I / UNDERDAMPED 

FIG. 1.10.4 "Tum-on" characteristics of modified circuit, showing underdamped, 
overdamped, and optimum response. 

tablished at a much lower voltage, there will not be an overshmt when the cor- 
rect voltage has been established. For optimum selection of R1, R4, and C1, the 
change in the reference and hence the output voltage is nearly asymptotic to the 
required 5-V value. The turn-on characteristic can be changed by adjusting R1, 
R4, and C1. Typical turn-on characteristics of this type of circuit are shown in 
Fig. 1.10.4. Small values of C1 will give underdamped and large values of C1 
overdamped performance. The same principle can be applied to any switchmode 
or linear control circuit. 

70.4 PROBLEMS 

1. Give a typical cause of "turn-on"' output voltage overshoot in switchmode 
supplies. 

2. Give two methods of reducing "turn-on" output voltage overshoot. 

CHAPTER 11 
OVERVOLTAGE PROTECTION 

7 I. 7 INTRODUCTION 

During fault conditions, most power supplies have the potential to deliver higher 
output voltages than those normally specified or required. In unprotected equip- 
ment, it is possible for output voltages to be high enough to cause internal or ex- 
ternal equipment damage. To protect the equipment under these abnormal con- 
ditions, it is common practice to provide some means of overvoltage protection 
within the power supply. 

Because TTL circuits are very vulnerable to overvoltages, it is becoming in- 
dustry standard practice to provide overvoltage protection on all 5-V outputs. 
Protection for other output voltages is usually provided as an optional extra, to 
be specified if required by the systems engineer (user). 

77.2 TYPES OF OVERVOLTAGE PROTECTION 4 

Overvoltage protection techniques fall broadly into three categories: 

Type I, simple SCR "crowbar" overvoltage protection 
Type 2, overvoltage protection by voltage clamping techniques 
Type 3, overvoltage protection by voltage limiting techniques 

The technique chosen will depend on the power supply topology, required 
performance, and cost. 

17.3 TYPE 7, SCR "CROWBAR" OVERVOLTAGE 
PROTECTION 

As the name implies, "crowbar" overvoltage protection requires the short- 
circuiting of the offending power supply output in response to an overvoltage 
condition on that output. The short-circuiting device, usually an SCR, is acti- 
vated when the overvoltage stress exceeds a preset limit for a defined time pe- 
riod. When the SCR is activated, it short-circuits the output of the power supply 
to the common return line, thus collapsing the output voltage. A typical simple 
SCR "crowbar" overvoltage protection circuit connected to the output of a lin- 
ear regulator is shown in Fig. I .  11. la. It is important to appreciate that under 



1.90 _ _  
(-- 
I..-. 

PART I 

fault conditions, the SCR ' k r o ~ b a r ' '  shunt action does not necessarily provide 
good long-tenn protection of the load. Either the shunt device must be suffi- 
ciently powerful to sustain the short-circuit current condition for extended peri- 
ods, or some external current limit, fuse, or circuit breaker must be actuated to 
remove the stress from the SCR. 

With linear regulator-typ? DC power supplies, SCR "crowbar" overvoltage 
protection is the normal protection method, and the simple circuit shown in Fig. 
1.11. l a  is often used. The linear regulator and "crowbar" operate as follows: 

The unregulated DC header voltage V,, is reduced by a series tralsistor Ql to 
provide a lower but regulated output voltage V,,,. Amplifier A1 and resistors Ri 
and R2 provide the regulator voltage control, and transistor 4 2  and current lim- 
iting resistor R1 provide the current limit protection. 

The most catastrophic failure condition would be a short circuit of the series 

UNREGULATED 
DC HEADER 
VOLTAGE (VH) R I  

A.  

LINE 
INPUT 

- -- 
RECTIFIER SERIES REGULATOR SIMPLE 
6 SMOOTHING CIRCUIT "CROUBAR" OVP 

CIRCUIT 

FIG. 1.11.1 (a) SCR "crowbar" overvoltage protection circuit, a~ptied to a simple linear 
regulator. (b) A more precise SCR "crowbar" prqtection circuit using a voltage comparator 
IC. (c) A specialized control IC driving an SCR "crowbar." 

11. OVERVOLTAGE PROTECTION 1.91 

regulating device Q1, so that the higher unregulated header voltage V, is now 
presented to the output terminals. Under such fault conditions, both voltage con- 
trol and current limit actions are lost, and the "crowbar" SCR must be activated 
to short-circuit the output terminals. 

In response to an overvoltage fault, the "crowbar" circuit responds as fol- 
lows: As the voltage across the output terminals rises above the "crowbar" ac- 
tuation voltage, Zener diode ZD1 conducts driving current via R4 into the SCR 
gate delay capacitor C1. After a short delay period defined by the values of C1, 
R4 and the applied voltage C1 will have charged to the gate f ~ n g  voltage (0.6 V), 
and the SCR will conduct to short-circuit the output terminals via the low-value 
limiting resistor R5. However, a large current now flows from the unregulated 
DC input through the shunt-connected "crowbar" SCR. To prevent over- 
dissipation in the SCR, it is normal, in linear regulators, to fit a fuse FSI or circuit 
breaker in the unregulated DC supply. If the series regulator device Q1 has failed, 
the fuse or circuit breaker now clears, to disconnect the prime source from the 
output before the "crowbar" SCR is destroyed. 

The design conditions for such a system are well defined. It is simply necessary to 
select an SCR "crowbar" or other shunt device which is guaranteed to be more pow- 
erful than the fuse or circuit breaker's "let-through" enerp. With SCRs and fuses, this 
"let-through" energy is n o d y  defined in terns of the I t product, where I is the fault 
current and t the fuse or breaker clearance time. (See Part 1, Chap. 5.) 

Crowbar protection is often preferred and hence specified by the systems en- 
gineer because it is assumed to provide full protection (even for externally caused 
overvoltage conditions). However, full protection may not always be provided, 
and the systems engineer should be aware of possible anomalous conditions. 

In standard, "off-the-shelf" power supply designs, the crowbar SCR is chosen 
to protect the load from internal power supply faults. In most such cases, the 
maximum let-through power under fault conditions has been defined by a suitably 
selected internal fuse. The power supply and load are thus 100% protected for 
internal fault conditions. However, in a complete power supply *stem, there 
may be external sources of power, which may become connected to the terminals 
of the SCR-protected power supply as a result of some system fault. Clearly, the 
fault current under these conditions can exceed the rating of the "crowbar" pro- 
tection device, and the device may fail (open circuit), allowing the overvoltage 
condition to be presented to the load. 

Clearly, such external fault loading conditions cannot be anticipated by the 
power supply designer, and it is the responsibility of the systems engineer (user) 
to specify the worst-case fault condition so that suitable "crowbar" protection 
devices can be provided. 

11.4 'CROWBAR PERFORMANCE 

More precise "crowbar" protection circuits are shown in Fig. I. 11. lb and c. The 
type of circuit selected depends on the performance required. In the simple 
"crowbar," there is always a compromise choice to be made between ideal fast 
protection (with its tendency toward nuisance operation) and delayed operation 
(with its potential for voltage overshoot during the delay period). 

For optimum protection, a fast-acting, nondelayed overvoltage "crowbar" is re- 
quired. This should have an actuation voltage level that just exceeds the normal 
power supply output voltage. However, a simple fast-acting "crowbar" of this type 
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will often give many "nuisance" operations, since it will respond to the slightest 
transient on the output lines. For example, a sudden reduction in the load on a nor- 
mal linear regulator will result in some output voltage overshoot. (The magnitude of 
the overshoot depends on the transient response of the power supply and the size of 
the transient load.) With a irery fast acting "crowbar," this common transient 
overvoltage condition can result in unnecessary "crowbar" operation and shutdown 
of the power supply. (The current limiting circuit would normally limit t e fault cur- 
rent in this type of nuisance operation, so it usually would only req $, e a power 
oll-off recycling to restore the output.) TO minimize such nuisance shutdowns, it is 
normal practice to provide a higher trip voltage and some delay time. Hence, in the 
simple "crowbar" circuit, a compromise choice must be made between operating 
voltage, delay time, and required protection. 

Figure l.ll.ld1 shows the response of a typical delayed "crowbar" to an 
overvoltage fault condition in a linear regulator. In this example, the regulator 
transistor Q1 has failed to a short circuit at instant 2,. In this failure mode, the 
output voltage is rapidly increasing from the normal regulated terminal voltage Vo 
toward the unregulated header voltage V,, at a rate defined by the loop induc- 
tance, the source resistance, and the size of the output capacitors CO. The crow- 
bar has been set to operate at 5.5 V, which occurs at instant t,; however, because 
of the crowbar delay (t, to t,) of 30 ps (typical values), there is a voltage over- 
shoot. In the example shown, tlx rate of change of voltage on the output termi- 
nals is such that the crowbar opei-4es before the output voltage has reached 6 V. 
At this time the output voltage is clamped to a low value V, during the clearance 
time of the fuse (t, to t,), at which time the voltage falls to zero. Hence, full pro- 
tection of an external IC load would be provided. 

In this example the SCR delay time was selected to be compatible with the 
20-ps transient response typical of a linear regulator. Although this delay will pre- 
vent nuisance shutdowns, it is clear that if the maximum output voltage during 
the delay period is not to exceed the load rating (normally 6.25 for 5-V ICs), then 
the maximum dvldt (rate of change of output voltage under fault conditions) must 
be specified. The power supply designer should examine the failure mode, be- 
cause with small output capacitors and low fault source resistance, the dvldt re- 
quirements may not be satisfied. Fortunately the source resistance need is often 
met by the inevitable resistance of the transformer, rectifier diodes, and current 
sense resistors and the intrinsic resistance of the series fuse element. 

11.5 UMlTATlONS OF "SIMPLE CROWBAR 
CIRCUITS 

The well-known simple crowbar circuit shown in Fig. 1.11. la is popular for many 
noncritical applications. Although this circuit has the advantages of low cost and 
circuit simplicity, it has an illdefined operating voltage, which can cause large 
operating spreads. It is sensitive to component parameters, such as temperature 
coefficient and tolerance spreads in the zener diode, and variations in the gate- 
cathode operating voltage of the SCR. Furthermore, the delay time provided by 
C1 is also variable, depending upon the overvoltage stress value, the parameters 
of the series zener diode ZD1, and the SCR gate voltage spreads. 

When an overvoltage condition occurs', the zener diode conducts via R4, to 
charge C1 toward the SCR gate firing voltage. The time constant of this charge 
action is a function of the slope resistance of ZD1. This is defined by the device 

(el 

Figure 1.11.1 (d) Typical performance characteristic of a delayed "crowbar" circuit. (e) Typical 
zener diode chmcteristic. 
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parameters and the current flowing in ZD1, which is a function of the applied 
stress voltage. Hence, the slope resistance of ZD1 is very variable, giving large 
spreads in the operating delay of the SCR. The only saving grace in this circuit is 
that the delay time tends to be reduced as the overvoltage stress condition in- 
creases. Resistor R1 is fitted-to ensure that the zener diode will be biased into its 
linear region at voltages below the gate firing voltage to assist in the definition of 
the output actuating voltage. A suitable bias point is shown on the characteristics 
of the zener diode in Fig. 1.11. le. 4 A much better arrangement is shown in Fig. 1.11.16. In this circuit a precision 
reference is developed by integrated circuit reference ZD2 (TL 43 1 in this exam- 
ple). This, together with comparator amplifier IC1 and the voltage divider net- 
work R2, R3, defines the operating voltage for the SCR. In this arrangement, the 
operating voltage is well defined and independent of the SCR gate voltage varia- 
tions. Also, R4 can have a much larger resistance, and the delay (time constant 
R4, C1) is also well defined. Because the maximum amplifier output voltage in- 
creases with applied voltage, the advantage of reduced delay at high overvoltage 
stress conditions is retained. This second technique is therefore recommended 
for more critical applications. 

Several dedicated overvoltage control ICs are also available; a typical exam- 
ple is shown in Fig. 1.11.1~. Take care to choose an IC specifically designed for 
this requirement, as some voltage control ICs will not operate correctly during 
the power-up transient (just when they may be most needed). 

11.6 TYPE 2, OVERVOLTAGE CLAMPING 
TECHNIQUES 

In low-power applications, overvoltage protection may be provided by a simple 
clamp action. In many cases a shunt-connected zener diode is sufficient to pro- 
vide the required overvoltage protection. (See Fig. 1.11.2a.) If a higher current 
capability is required, a more powerful transistor shunt regulator may be used. 
Figure 1.11.26 shows a typical circuit. 

It should be remembered that when a voltage clamping device is employed, it 

DC 
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FIG. 1.11.2 Shunt regulator-type voltage clamp circuits. 

SHUNT REGULATOR 
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is highly dissipative, and the source resistance must limit the current to accept- 
able levels. Hence, shunt clamping action can be used only where the source re- 
sistance (under failure conditions) is well specified and large. In many cases 
shunt protection of this type relies on the action of a separate current or power 
limiting circuit for its protective performance. 

An advantage of the clamp technique is that there is no delay in the voltage 
clamp action, and the circuit does not require resetting upon removal of the stress 
condition. Very often, overvoltage protection by clamp action is better fitted at the load 
end of the supply lines. In this position it becomes part of the load system design. 

11.7 OVERVOLTAGE CLAMPING WITH SCR 
I "CROWBAR" BACKUP 
I 

It is possible to combine the advantages of the fast-acting voltage clamp with the 
more powerful SCR crowbar. With this combination, the delay required to pre- 
vent spurious operation of the SCR will not compromise the protection of the 
load, as the clamp circuit will provide protection during this delay period. 

For lower-power applications, the simple expedient of combining a delayed 
crowbar as shown in Fig. 1.1 1. l a  with a parallel zener clamp diode (Fig. 1.1 1 .2~)  
will suffice. 

In more critical high-current applications, simple zener clamp techniques 
would be excessively dissipative, but without voltage clamping the inevitable 
voltage overshoot caused by the delay in the simple crowbar overvoltage protec- 
tion circuit would be unacceptable. Furthermore, nuisance shutdowns caused by 
fast-acting crowbars would also be undesirable. 

For such critical applications, a more complex protection system can be jus- 
1 tified. The combination of an active voltage clamp circuit and ~ ~ S C R  crowbar 

circuit with self-adjustable delay can provide optimum performance, by eliminat- 
ing nuisance shutdowns and preventing voltage overshoot during the SCR delay 
period. The delay time is arranged to reduce when the stress is large to prevent 
excessive dissipation during the clamping period. (Figure 1.11.3~ shows a suit- 
able circuit, and Fig. 1.11.36 the operating parameters.) 

In the circuit shown in Fig. 1.11.3a, the input voltage is constantly monitored 
by comparator amplifier Al, which compares the internal reference voltage ZD1 
with the input voltage (V,,, power supply), using the divider chain R1, R2. 
(Voltage adjustment is provided by resistor Rl.) In the event of an overvoltage 
stress, Al+ goes high and the output of A1 goes high; current then flows in the 
network R4,ZD2, Q1 base-emitter, and R6. This current turns on the clamp tran- 
sistor Q1. 

Q1 now acts as a shunt regulator and will try to maintain the terminal voltage 
at the clamp value by shunting away sufficient current to achieve this require- 
ment. During this clamping action, zener diode ZD2 is polarized, and point A 
goes high by an amount defined by the zener diode voltage, the base-emitter volt- 
age of Q1, and a further voltage defined by the clamp current flowing in R6. This 
total voltage is applied to the SCR via the series network R7, C1, R8 such that C1 
will be charging toward the gate f ~ n g  voltage of the SCR. If the overvoltage 
stress condition continues for a suEcient period, C1 will charge to 0.6 V, and 
SCRl will fue to short-circuit the supply to the common line. (Resistor R9 limits 
the peak current in SCRl.) 

The performance parameters of this circuit are shown in Fig. 1.11.36. For a 
limited stress condition, trace A will be produced as follows: At time t ,  an 
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FIG. 1.11.3 (a) OVP combination circuit, showing an active voltage c k p  com- 
bined with an SCR crowbar. (b) Operating characteristics for the OVP combination 
circuit shown in (a). 

overvoltage fault condition occurs and the voltage rises to the voltage clamp point 
vow. At this point, Q1 conducts to shunt away sufficient current to maintain the 
voltage constant at V,, until time t,. At this instant, SCRl is fired, to reduce the 
output voltage to a low value defined by the SCR saturation voltage. At time t, the 
external fuse or circuit breaker operates to disconnect the supply. It is clear from this 
diagram that if the clamping action were not provided, the voltage could have risen 
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to an unacceptably high value during the delay period as a result of the long delay 
and the rapidly rising edge on the stress voltage condition. 

If the current flowing in Q1 during a clamping period is large, the voltage 
across emitter resistor R6 will rapidly increase, increasing the voltage at point A. 
As a result, the delay time for SCRl will be reduced to r,, and the shorter delay 
reduces the stress and overvoltage excursion on Q1. This is depicted by trace B 

I in Fig. 1.11.3b. 

I Finally, for highly stressful conditions where the current during the clamping 

I period is very large, the voltage across R6 will be high enough to bring Zener di- 
ode ZD3 into conduction. bv~assina the normal delay network. SCRl will ouer- 

/ ate almost immediately at t,; down the suppiy. This is shown by traie C 
in the diagram. 

I This circuit provides the ultimate in overvoltage protection, minimizing nui- 

I sance shutdowns by providing maximum delay for small, low-stress overvoltage 
transient conditions. The delay time is progressively reduced as the overvoltage 
stress becomes Iarger, and for a genuine failure, very little delay and overshoot is 
allowed. This technique should be considered as part of an overall system strat- 
egy, and the components selected to satisfy the maximum stress conditions. 

11.8 SELECTING FUSES FOR SCR ""CROWBAR" 
OVERVOLTAGE PROTECTION CIRCUITS 

In the event of an overvoltage stress condition caused by the failure of the series 
regulator in a linear power supply, the "crowbar" SCR will be required to con- 
duct and clear the stress condition by blowing the series protection fuse. Hence, 
the designer must be confident that the fuse will open and clear the Qulty circuit 
before the SCR is destroyed by the fault current. 

If a large amount of energy is dissipated in the junction of the SCR within a 
short period, the resultant heat cannot be conducted away fast enough. As a re- 
sult, an excessive temperature rise occurs, and thermal failure soon follows. 
Hence, the failure mechanism is not simply one of total dissipation, but is linked 
to the time period during which the energy is dissipated. 

For periods below 10 ms, very little of the energy generated at the junction 
interface will be conducted away to the surrounding package or heat sink. Con- 
sequently, for a very short transient stress, the maximum energy limit depends on 
the mass of the junction; this is nearly constant for a particular device. For SCRs, 
this energy limit is normally specified as a 10-ms Pt rating. For longer-duration 
lower-stress conditions, some of the heat energy will be conducted away from the 
junction, increasing the Z2t rating. 

In the SCR, the energy dissipated in the junction is more correctly 
(z2 x Rj + Vd x I )  x t joules, where Rj is the junction slope resistance and Vd is 
the diode voltage drop. However, at high currents, I ~ R ~  losses predominate, and 
since the slope resistance Rj tends to be a constant for a particular device, the 
failure energy tends to K x 12t. 

The same general rules as were considered for the SCR failure mechanism ap- 
ply to the fuse clearance mechanism. For very short time periods (less than 10 
ms), very little of the energy dissipated within the fuse element will be conducted 
away to the case, the fuse clips, or the surrounding medium (air, sand, etc.). 
Once again, the fusing energy tends to be constant for short periods, and this is 
defined in terms of the 10-ms Pt rating for the fuse. For longer-duration lower- 
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stress conditions, some of the heat energy will be conducted away, increasing the 
z2t rating. Figure 1.5.1 shows how the 12t rating of a typical fast fuse changes with 
stress duration. 

Modem fuse technology is very sophisticated. The performance of the fuse 
can be modified considerably by its design. Fuses with the same long-term fusing 
current can behave entirely differently for short transient conditions. For motor 
starting and other high-inrush loading requirements, "slow-blow" fusks are tho- 
sen. These fuses are designed with relatively large thermal mass fuse elements 
which can absorb considerable energy in the short term without fuse rupture. 
Hence they have very high Z2t ratings compared with their longer-term current 
ratings. 

At the other end of the scale, fast semiconductor fuses have very low fuse 
element mass. These fuses are often filled with sand or alumina so that the heat 
generated by normal loading currents can be conducted away from the low-mass 
fuse element, giving higher long-term current ratings. As previously explained, in 
the short term, the heat conduction effects are negligible, and very small amounts 
of total energy, if dissipated rapidly within the fuse element, are sufficient to 
cause fuse rupture. Such fuses have very low Z2t ratings compared with their 
longer-term current ratings, and will more effectively proteft the SCR and the 
external load. 

Figure 1.5.1 shows examples of the clearance current-time characteristics for 
typical "slow-blow," "normal-blow," and "fast-blow" fuses. It should be noted 
that although the long-term fusing current is 10 A in all cases, the short-term 12t 
ratings range from 42 at 10 ms for the fast fuse to over 6000 at 100 ms for the slow 
fuse. Since the "crowbar" SCR Z2t rating must exceed the fuse z2t rating, it is 
clearly important to select both with care. It is also important to remember that in 
the linear regulator, the output capacitor must be discharged by the crowbar SCR 
and is not within the fused part of the loop. Since the maximum current and dildt 
of the SCR must also be satisfied, it is often necessary to fit a series limiting in- 
ductor or resistor in the anode of the SCR. (See R9 in Fig. 1.11.3a.) 

Th,e z2t rating of the SCR must include sufficient margin to dissipate the en- 
ergy ?Cv2  stored in the output capacitor, in addition to the fuse let-through 
energy. Finally, the possibility of a short circuit to other sources of power exter- 
nal to the supply must be considered when selecting SCR ratings. 

It has been assumed in this example that the fuse is in a noninductive low- 
voltage loop. Hence the example has considered only the pre-arcing or melting 
energy. 

In high-voltage circuits or  loops with high inductance, an arc will be drawn 
during clearance of the fuse element, increasing the z2t let-through energy. This 
effect must be considered when selecting the fuse and SCR. 

11.9 TYPE 3, OVERVOLTAGE PROTECTION BY 
VOLTAGE LIMITING TECHNIQUES 

In switchmode power supplies, the crowbar or clamp voltage protection tech- 
niques tend to be somewhat less favored because of their relatively large size and 
dissipation. 

By its nature, the off-line switchmode power supply tends to "fail safeM-that 
is, to a zero or low-voltage condition. Most failure modes tend to result in zero 
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output voltage. Since the high-frequency transformer provides galvanic isolation 
between the input supply and the output lines, the need for crowbar-type 
overvoltage protection is considerably less than would be the case with the linear 
regulator. Hence, in switchmode supplies, overvoltage protection by converter 
voltage limiting or shutdown is more usually provided. Normally an independent 
voltage control circuit is energized if the main voltage control loop fails. (A pos- 
sible exception to this would be the DC-to-DC switchmode regulator, where gal- 
vanic isolation may not be provided.) 

Many types of converter voltage limiting circuits are used; Fig. 1.1 1.4 shows a 
typical example. In this circuit, a separate optocoupler is energized in the event 
of an overvoltage condition. This triggers a small-signal SCR on the primary cir- 
cuit to switch off the primary converter. The main criterion for such protection is 
that the protection loop should be entirely independent of the main voltage con- 
trol loop. Unfortunately, this requirement is often violated; for example, a sepa- 
rate amplifier within the same voltage control IC package would not be accept- 
able as a control amplifier in the overvoltage control loop. The normal criterion is 
that the system should not produce an overvoltage for any single component fail- 
ure. In the previous example, this criterion is violated because if the IC package 
were to fail, both control and protection amplifiers would be lost and overvoltage 
protection would not be provided. 

INPUT I 

FIG. 1.11.4 Typical overvoltage shutdown protection circuit for SMPS. This circuit 
operates on the control circuit of the switchmode supply to shut down the converter 
during an overvoltage stress. 

Voltage limiting circuitry may either latch, requiring a cycling of the supply 
input to reset, or be self-recovering, depending on application requirements. For 
example, the circuit shown in Fig. 1.11.4 may be made self-recovering by replac- 
ing SCR2 with a clamp transistor. Voltage limiting circuits come in many forms 

-, and must be configured to suit the overall circuit topology. In multiple-outp+ ?Q- 
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plications, where independent secondary current limits or regulators are pro- 
vided, the voltage limit circuit may act upon the current limit circuit to provide 
tbe overvoltage protection. Once again, the criterion is that a single component 
failure should not result in an overvoltage condition. Many techniques are used, 
and it is beyond the scope ofi this book to cover more than the bare essentials. 

11.10 PROBLEMS 
4 

1. Why is output overvoltage protection often considered necessary? 
2. Name three types of overvoltage protection in common use. 
3. Explain where the three types of overvoltage protection may be used. 
4. What is the industry standard criterion for the reliability of overvoltage- 

protected circuits? 
5. Describe what is meant by crowbar overvoltage protection. 
6. Describe the problems normally encountered with a fast-acting crowbar pro- 

tection circuit. 
7. List the disadvantages and advantages of a delayed overvoltage protection cir- 

cuit. 
8. What can be done to reduce the problems of the delayed overvoltage protec- 

tion circuit while retaining the advantages? 
9. Explain the important criteria in fuse selection for SCR crowbar applications. 

CHAPTER 12 
UNDERVOLTAGE PROTECTION 

12.1 INTRODUCTION 

The need for undervoltage protection is often overlooked in system design. In 
most power systems, a sudden and rapid increase in load current (for example, 
inrush currents to disk drives) results in a power supply line voltage dip. This is 
due to the rapid increase in current during the transient demand and the limited 
response time of the power supply and its connections. 

Even when the transient performance of the power supply itself is beyond re- 
proach, the voltage at the load can still dip when the load is remote from the sup- 
ply, as a result of line resistance and inductance. 

When the load variations are relatively small and short-lived, it is often SUE- 
cient to provide a low-impedance capacitor at the load end of the supply lines to 
"hold up" the voltage during transient loading. However, for l a r s  load varia- 
tions lasting several milliseconds, extremely large shunt capacitors would be re- 
quired if the voltage is to be maintained close to its nominal value. 

It is possible, by fitting an active "undervoltage suppression circuit," to pre- 
vent the undervoltage dip at the load without needing excessively large storage 
capacitors. The following describes a suitable system. 

12.2 UNDERVOLTAGE SUPPRESSOR 
PERFORMANCE PARAMETERS 

Figure 1.12. la, b, and c shows the typical current and voltage waveforms*that 
may be expected at the load end of the DC output lines from a power supply 
when a large transient load is applied by the load. 

Figure 1.12.14 shows a large transient load current demand during the pe- 
riod from t, to t,. Figure 1.12.lb shows the undervoltage transient that might 
typically be expected at the load during this transient. (Assume that the volt- 
age dip is caused by the resistance and inductance of the supply lines in this 
example.) 

Figure 1.12.1~ shows the much-reduced undervoltage transient that would be 
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DEVIATION WITHOUT 
UNDER-VOLTAGE 
PROTECTION C I R C U I T  

UNDER-VOLTAGE 
DEVIATION WITH 
PROTECTOR C I R C U I T  
CONNECTED TO LOAD 

ti t 2  

FIG. 1.U.1 Characteristics of a typical "undervoltage transient protection" cir- 
cuit. (a) Load current transient. (6) Typical undervoltage transient excursion with- 
out protection circuit fitted. (c) Undervoltage transient excursion with protection 
circuit fitted. 

seen at the load when the undervoltage suppressor circuit shown in Fig. 1.12.4 is 
fitted at the load end of the supply lines as shown in Fig. 1.12.2. 

Figure 1.12.2 shows how an undervoltage suppressor should be connected to 
the load at the end of the power supply distribution lines. This circuit stores the 
energy required to eliminate the undervoltage transient in two small capacitors 
C1 and C2. An active circuit supplies the required current during the transient 
demand, preventing any large deviations in the supply voltage at the load. C1 and 
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FIG. 1.12.2 Position and method of connection for undervoltage protection 
circuit. 

C2 can be quite small because in this circuit 75% of the stored energy is available 
for use. How this is achieved is shown in principle in Figure 1.12.3a, b, and c. 

72.3 BASIC PRINCIPLES 

Figure 1.12.3~ shows the method of energy storage and delivery. m e n  SWl is 
open, capacitors C1 and C2 are charged in parallel from the supply lines via re- 
sistors R1 and R2. They will eventually charge to the supply voltage vs. 

If this circuit is now removed from the supply lines and SW1 is closed, C1 and 
C2 will be connected in series, and a voltage of 2 X Vs will be provided at the 
terminals. 

In Figure 1.12.3b, this circuit (in its charged state) is shown connected to a 
linear regulator circuit at the input to the regulator transistor Q1. Now if, during 
an undervoltage condition, SW1 is closed, capacitors C1 and C2 will be con- 
nected in series and provide a voltage of 2 X V, at point A in the circuit. 

Since the header voltage at point A (the input of the linear regulator) now ex- 
ceeds the required output voltage V,, Q1 can operate as a linear regulator, sup- 
plying the required transient current and maintaining the output voltage across 
the load nearly constant. This can continue until C1 and C2 have discharged to 
half their initid voltage. 

In the active state, C1, C2, SW1, and Q1 form a series circuit. The position of 
individual components in a series chain has no effect on the overall function of 
the network; further, SW1 and Q1 can both act as switches, and one of them is 
redundant. 1n this example SWl is to be made redundant. 

Figure 1.12.3~ shows a practical development of the circuit; SWl has been re- 
moved, and Q1 has been moved to the original position of SW1. Q1 now carries 
out both the original switch functions of SW1 and the linear regulator functions of 
Q1. Although it is perhaps not obvious, examination will show that this circuit 
has the same properties as the circuit shown in Fig. 1.12.3b. 
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FIG. 1.12.3 Undervoltage circuit development steps. 

As previously stated, voltage regulation can continue as long as the charge 
in C1 and C2 can maintain the required header voltage. Clgarly this depends 
on the load current and the size of C1 and C2. The voltage at point A will not 
fall below a value where Q1 goes out of regulation until the voltage across 
each capacitor is approximately half its original value. Since the energy stored 
in the capacitors is proportional to V2, three-quarters of the stored energy is 
available for use. 

Because of the efficient use of the stored energy, very much smaller capaci- 
tors can be used (compared with what would be required if normal shunt capac- 
itors were used on their own). Further, the load voltage can be maintained within 
a few millivolts of normal operation throughout the undervoltage stress period, 
even though the capacitor voltages are falling. Hence much better performance 
can be provided with active transient suppression. 

It should be noticed that resistors R1 and R2 form undesirable loads on C1 and 
C2 when the circuit is active (SWl or Q1 closdd); hence their resistance is a com- 
promise selection. A high value of resistance presents minimum loading but re- 
quires a longer charging time. 

- - - - _ _ -  - - -  
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12.4 PRACTICAL CIRCUIT DESCRIPTION 

Figure 1.12.4 shows a practical implementation of this technique. In this circuit, 
switch SW1 or Q1 is replaced by Darlington-connected transistors 43  and 44. 
These transistors operate as a switch and linear regulator. 

FIG. 1.12.4 Example of an undervoltage protection circuit. 

Although 43  and 44 are now shown positioned between the two cafhcitors C1 
and C2, it has been demonstrated above that since they still form a series net- 
work, their position in the series chain does not change the function of the circuit. 

Q1 and 42 are part of the drive and linear regulator control circuit. The con- 
trol circuit is not easily identified as a linear regulator, because it appears to lack 

I the normal reference voltage. However, a relative reference voltage which is pro- 
portional to the mean (normal) supply voltage V, is set up on C3. An absolute 
reference voltage is not what is required here; setting a relative reference voltage 
on C3 makes the unit self-voltage-tracking. Hence the circuit responds to any 
transient deviation which is below normal; it does not require presetting to a par- 
ticular voltage. 

72.5 OPERATING PRINCIPLES (PRACTICAL 
CIRCUIT1 

Initial Conditions 

A bias voltage is set up on the base of Q1 by the current in R1, Dl, and D2. Q1 
conducts to develop a second bias voltage across R2 of approximately one diode 
drop (0.6 V). The current flow in R3 is similar to that in R2, and a third bias volt- 
age is set up across R3 which is slightly less than that across R2, since the resis- 
tance of R3 is lower than that of R2. 
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Hence, under quiescent conditions, transistor 42 is close to conducting. At the 
same time, capacitor C3 will charge through R4, R2, D3, Dl, and D2 so that the volt- 
age on its negative terminal will end up at the same value as the emitter voltage of 
Q1. Also, C1 and C2 will charge up to the input voltage V, via the 104 resistors. 

12.6 TRANSIENT BEHA VlOR 
9 

When a transient current demand occurs, it will reduce the voltage across the 
load and input terminals 1 to 6. The negative end of C3 will track this change, 
taking the emitter of Q1 negative. After a few millivolts change, Q1 will start to 
turn on, bringing 42 into conduction. 42 will drive the Darlington-connected lin- 
ear regulator transistors 43 and 44 into conduction. 

This action progressively connects C1 and C2 in series, driving current into 
the output terminals 1 to 6 to prevent any further reduction in terminal voltage. 
Hence the circuit can be considered to be "propping up" the voltage by using the 
charge on C1 and C2. 

It should be noted that the circuit is self-tracking--during normal operation the 
voltage across C3 adjusts to respond to any transient deviation below the normal 
working voltage. Because the control circuit is always active and close to conduc- 
tion, the response time is very fast. The small shunt-connected. capacitor C4 can 
maintain the output voltage during the very short turn-on delay of 43 and 44. 

Undervoltage clamping occurs as soon as the output voltage has dropped from 
its nominal value by a defined margin (typically 30 mV). This self-tracking ar- 
rangement removes the need to set the operating voltage of the undervoltage pro- 
tection circuit to suit the power supply output voltage. 

This protection circuit can be extremely useful where load transients are a 
problem. It is best positioned close to the transient demand, to eliminate the ef- 
fects of voltage drop in the supply lines. In some applications, extra capacitors 
may be required to extend the holdup time; these can be connected to terminals 
2, 3,4, and 5 across C1 and C2. 
A further possible advantage to be gained from this technique is that the peak 

current demand on the power supply can be reduced. This may permit a lower 
current rating (more cost-effective) power supply to be used. 

The decision to use such systems becomes part of the total power system de- 
sign philosophy. Since this is not part of the power supply, it is the system de- 
signer who should consider such needs. 

Figure 1.12.1 b and c shows the performance that may be expected at the load 
with and without the undervoltage protector. It is clear that even if the power 
supply has a very fast transient response, the improvement in performance at the 
load with the UVP unit can be very significant. 

12.7 PROBLEMS 

1. Even if the power supply has an ideal transient response, it is still possible for 
undervoltage transients to occur at the load. Under what conditions would this 
occur? 

2. What advantages does an active undervoltage protection circuit have over a 
decoupling capacitor? 

CHAPTER 13 
OVERLOAD PROTECTION 

13.1 INTRODUCTION 

In computer and professional-grade power supplies, it is normal practice to pro- 
vide full overload protection. This includes short-circuit protection and current 
limits on all outputs. The protection methods take many forms, but in all cases 
the prime function is to protect the power supply, irrespective of the value or 
duration of the overload, even for continuous short-circuit conditions. 

Ideally the load will also be protected. To this end the current limit values 
should not exceed the specified current rating of the load supply by more than 
20%, and the user should choose a supply rating to suit the application. This will 
usually ensure that the power supply, connectors, cabling, printed circuit tracks, 
and loads are fully protected for fault conditions. 

Full protection is relatively expensive, and for small, low-power units (partic- 
ularly flyback supplies) full protection is not always essential. Such units may use 
simple primary power limiting, and have some areas of vulnerabilityfor unusual 
partial overloading conditions. 

13.2 TYPES OF OVERLOAD PROTECTION 

Four types of overload protection are in general use: 

1. Overpower limiting 
2. Output constant-current limiting 
3. Fuses or trip devices 
4. Output foldback (reentrant) current limiting 

13.3 TYPE 7, OVERPOWER LIMITING 

The first type is a power-limiting protection method, often used in flyback units 
or supplies with a single output. It is primarily a power supply short-circuit pro- 
tection tec'lnique. This and the methods used in types 2 and 4 are electronic, and 
depend on the power supply remaining in a serviceable condition. The supply 
may be designed to shut down or self-reset if the overload is removed. 

In this type of protection, the power (usually in the primary side of the con- 
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verter transformer) is constantly monitored. If this power exceeds a predeter- 
mined limit, then the power supply shuts down or goes into a power-limited mode 
of operation. In a multiple-output unit, the power would be the sum of the indi- 
vidual outvuts. 

The power limiting action would normally take one of five forms: '. 
A. Primary overpower limiting 
B. Delayed overpower shutdown 
C. Pulse-by-pulse overpower1overcurrent limiting I 

D. Constant-power limiting 
E. Foldback (reentrant) overpower limiting 

13.4 TYPE 1, FORM A, PRIMARY OVERPOWER 
LIMITING 

In this form of power limiting, the primary power is constantly monitored. If the 
load tries to exceed a defined maximum, the input power is limited to prevent any 
further increase. 

Usually, the shape of the output current shutdown characteristic is poorly de- 
fined when primary power limiting is used on its own. However, because of its 
low cost, primary power limiting has become generally accepted in lower-power, 
low-cost units (particularly in multi-output flyback power supplies). 

It should be noted that when a load fault develops in a multiple-output system, 
a line which has been designed to provide only a small proportion of the total 
power may be expected to support the full output power if it is the only line 
which is overloaded. 

Often these simple primary power limiting systems give full protection only 
for short-circuit conditions. An area of vulnerability can exist when partial over- 
loads are applied, particularly when these are applied to a single output of a 
multiple-output system. Under these conditions, partial overloads may result in 
eventual failure of the power supply if they persist for long periods; hence it is 
better to remove this stress as soon as possible by turning the supply off. For this 
reason the delayed overpower trip technique (form b) is recommended. 

13.5 TYPE 1, FORM B, DELAYED OVERPOWER 
SHUTDOWN PROTECTION 

One of the most effective overload protection methods for low-power, low-cost 
supplies is the delayed overpower shutdown technique. This operates in such a 
way that if the load power exceeds a predetermined maximum for a duration be- 
yond a short defined safe period, the power supply will turn off, and an input 
power off-on cycle will be required to reset it to normal operation. 

Not only does this technique give the maximum protection to both power sup- 
ply and load, but it is also the most cost-effective for small units. Although this 
method seems generally unpopular with mosfusen, it should not be neglected, as 
it makes good sense to turn the power supply off when overloads occur. A per- 
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sistent power overload usually indicates a fault within the equipment, and the 
shutdown method will provide full protection to both load and supply. 

Unfortunately, many specifications eliminate the possibility of using a simple 
trip type of protection by demanding automatic recovery from an overload con- 
dition. It is possible that the user has specified automatic recovery because of 
previous bad experience (e.g.. "lockout" or nuisance shutdowns) with reentrant 
or trip-type systems which did not have a sufficient current margin or a delayed 
shutdown. The power supply designer should question such specifications. Mod- 
em switchmode supplies are capable of delivering currents well in excess of their 
continuous rated value for short periods of time, and with delayed shutdown they 
will not "lock out" even if a shutdown system has been used. 

In the delayed trip system, short transient current requirements are accommo- 
dated, and the supply will shut down only if the stress exceeds safe amplitudes 
for long periods. Short-lived transient currents can be provided without jeopar- 
dizing the reliability of the power supply or having a very significant impact on 
the cost of the unit. It is the long-term continuous current requirements that af- 
fect cost and size. There will usually be some degradation in the performance of 
the unit during the high-current transient. Specified voltage tolerances and ripple 
values may be exceeded. Typical examples of loads subject to large but short 
transients would be floppy disks and solenoid drivers. 

13.6 TYPE 1, FORM C, PULSE-BY-PULSE 
OVERPOWER/CURRENT LIMITING 

This is a particularly useful protection technique that will often be used in addi- 
tion to any secondary current limit protection. * 

The input current in the primary switching devices is monitored on a real-time 
basis. If the current exceeds a defined limit, the "on" pulse is terminated. With 
discontinuous flyback units, the peak primary current defines the power, and 
hence this type of protection becomes a true power limit for such units. 

With the forward converter, the input power is a function of input current and 
voltage; hence this type of protection provides a primary current limit in this type 
of circuit. However, this technique still provides a useful measure of power limit 
protection so long as the input voltage is constant. 

A major advantage of the fast pulse-by-pulse current limit is that it provides 
protection to the primary switching devices under unusual transient stress, for 
example, transformer staircase-saturation effects. 

Current-mode control provides this primary pulse-by-pulse current limiting as 
a normal function of the control technique, one of its major advantages. (See Part 
3, Chap. 10.) 

13.7 TYPE 1, FORM D, CONSTANT POWER 
LIMITING 

Constant input power limiting will protect the primary circuit by limiting the max- 
imum transmitted power. However, in the case of the flyback converter, this 
technique does little to protect the secondary output components. For example, 
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consider a discontinuous flyback converter for which the peak primary current 
has been limited, giving limited transmitted power. 

When the load exceeds this limit (load resistance reducing), the output voltage 
begins to fall. However, since it is the input (and hence output) volt-ampere prod- 
uct that has been defined, as tHe output voltage starts to fall, the output current 
will increase. (On short circuit the secondary current will be large and the total 
power must be dissipated within the power supply.) Hence this form of power 
limiting is normally used to supplement some other form of limiting, subh as sec- 
ondary current limits. 

73.8 TYPE 7, FORM E, FOLDBACK (REENTRANT) 
OVERPOWER LIMITING 

This technique is an extension of form d in which a circuit monitors primary cur- 
rent and secondary voltage, and reduces the power as the output voltage falls. By 
this means, the output current can be reduced as the load resistance falls, pre- 
venting excessive stress on secondary components. It has the possible disadvan- 
tage of "lockout" with nonlinear loads. (See Part 1, Chap. 14.) 

73.9 TYPE 2, OUTPUT CONSTANT CURRENT 
LIMITING 

Power supplies and loads can be very effectively protected by limiting the max- 
imum current allowed to flow under fault conditions. Two types of current lim- 
iting are in common use, constant current and foldback current limiting. The first 
type, constant current limiting, as the name implies, limits the output current to a 
constant value if the load current tries to exceed a defined maximum. A typical 
characteristic is shown in Fig. 1.13.1. 

From this diagram, it can be seen that as the load current increases from a low 
value (Rl, high resistance) to its maximum normal current value (R3, median re- 
sistance), the current will increase at constant voltage along the characteristic 
P1-P2-P3, which are all currents and voltages within the normal working range of 
the supply. 

When the limiting current is reached at P3, the current is not allowed to in- 
crease any further. Hence, as the load resistance continues to fall toward zero, 
the current remains nearly constant and the voltage must fall toward zero, char- 
acteristic P3-P4. The current-limited area is often not well specified, and the 
working point will be somewhere in the range P4 to P4 at a load resistance of R4. 

Since the current limit is normally provided as a protection mechanism for the 
power supply, the characteristic in the current-limited range may not be well de- 
fined. The limit current range, P4-P4, may change by as much as 20% as the load 
resistance is taken toward zero (a short circuit). If a well-defined constant current 
range is required, a "constant current power supply" should be specified (see 
Part 2, Chap. 22). 

Current limiting will normally be applied'to the secondary of the power con- 
verter. In a multiple-output system, each output will have its own individual cur- 
rent limiting. The current limits will normally be set at some independent maxi- 
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FIG. 1.13.1 Typical VII characteristics of a "constant-current-limited" 
power supply, showing linear (resistive) load lines. 

mum value for each output line, irrespective of the power rating of the supply. If 
all outputs are fully loaded simultaneously, the total loading may excaed the max- 
imum power rating of the supply. Hence, a primary power limit will often be pro- 
vided to supplement the secondary current limits. Under fault conditions, both 
primary and secondary components are fully protected, and the loads will all 
have limited currents within their design maximums at all times. 

This method of current limiting undoubtedly gives the user and the supply the 
best protection. Not only are currents limited to values consistent with the design 
ratings for each line, but minimum problems occur with nonlinear or cross- 
connected loads. The lockout difficulties often associated with foldback limit sys- 
tems are completely eliminated. Also, automatic recovery is provided when an 
overload is removed. Moreover, such units may be operated in parallel, the only 
proviso being that the current limit should be set to some value within the con- 
tinuous working range. This method of protection is recommended for pro- 
fessional-grade supplies, although it is more expensive. 

73.10 TYPE 3, OVERLOAD PROTECTION BY 
FUSES, CURRENT LIMITING, OR TRIP DEVICES 

Type 3 employs mechanical or electromechanical current protection devices, and 
these will normally require operator intervention to be reset. In modem elec- 
tronic switchmode power supplies, this type of protection is normally used only 
as a backup to the self-recovery electronic protection methods. Hence it is a 
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"last ditch" protection method. It is required to operate only if the normal elec- 
tronic protection fails. In some cases a combination of methods may be used. 

Included in type 3 protection methods are fuses, fusible links, fusible resis- 
tors, resistors, thermal switches, circuit breakers, PTC thermistors, and so on. 
These devices all have their place, and should be considered for specific appli- 
cations. 

Where fuses are used, it should be remembered that currents well in excess of 
the fuse rating can be taken through the fuse for considerable periods before fuse 
clearance. Also, fuses running at or near their rated value have a limited life and 
should be periodically replaced. Remember also that fuses dissipate power and 
have considerable resistance; when used in output circuits, they will often have 
resistance values well above the normal output resistance of the supply. 

However, fuses do have goad applications. For example, when a sm& 
amount of logic current (say a few hundred milliamperes) is required from a high- 
current output, this may be a good application for a fuse. Clearly, it would not be 
sensible to design a printed circuit board and connections to withstand the high 
current that would flow on this low-power logic board in the event of a short cir- 
cuit, and a fuse could be used in this application, providing protection without 
excessive voltage drop. More sophisticated protection techniques may not be jus- 
tified in this situation. 

Fuses or circuit breakers will also be used to back up the electronic overload 
protection, such as, SCR "crowbar" protection in linear power supplies, in many 
applications. In such applications the performance of the fuse is critical, and the 
fuse type and rating must be carefulIy considered. (See Part 1, Chap. 5.) 

13.11 PROBLEMS 
-- 

1. What is the normal overload protection criterion for professional-grade power 
supplies? 

2. Give four types of overload protection in common use. 
3. Give the main advantages and limitations of each of the four types of protec- 

tion. 

FOLDBACK (REENTRANT) 
OUTPUT CURRENT 

LIMITING 

14.1 INTRODUCTION 

Foldback current limiting, sometimes referred to as reentrant current limiting, is 
similar to constant current limiting. except that as the voltage is reduced as a re- 
sult of the load resistance moving toward zero, the current is also induced to fall. 
However, this aparently minor change in the characteristic has such a major im- 
pact on the performance that it justifies special attention. To introduce the prin- 
ciple, a linear power supply will be considered. 

In linear power supplies, the purpose of foldback current limiting is to prevent 
damage to the power supply under fault conditions. With foldback limiting, the 
current is reduced under overload conditions, reducing the power stress on the 
linear regulator transistors. Because of the high dissipation that wo Id otherwise 

supplies. 
Y occur, some form of foldback current limiting is almost universal in inear power 

14.2 FOLDBACK PRINCIPLE 

Figure 1.14.1 shows a typical reentrant characteristic, as would be developed 
measured at the output terminals of a foldback-limited power supply. 

A purely resistive load will develop a straight load line (for example, the 5-a 
load line shown in Fig. 1.14.1). A resistive load line has its point of origin at zero, 
and the current is proportiond to voltage. 

As a resistive load changes, the straight line (which will start vertically at zero 
load-i.e., infinite resistance) will swing clockwise around the origin to become 
horizontal for a short circuit (zero resistance). It should be noted that a straight 
resistive load line can cross the reentrant characteristic of the power supply at 
only one point, for example, point P1 in Fig. 1.14.1 or 1.14.3. Consequently, 
"lockout" cannot occur with linear resistive loads, even if the shutdown charac- 
teristic is reentrant. 

In the example shown in Fig. 1.14.1, as the load current increases from zero, 
the voltage initially remains constant at the stabilized 5-V output. However, 
when the maximum limiting current I,, has been reached at P2, any further at- 
tempt to increase the load (reduction of load resistance) results in a reduction in 
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FIG. 1.14.1 Current overload reentrant shutdown characteristic 
of foldback current-limited supply. 

both output voltage and current. Hence, under short-circuit conditions, only a 
small current I,, flows in the output terminals. 

14.3 FOLDBACK CIRCUK PRINCIPLES AS 
APPLIED TO A LINEAR SUPPLY 

In the simple linear regulator shown in Fig. 1.14.2a, a typical foldback current 
limit circuit is shown (in dashed outline). The output parameters are shown in 
Fig. 1.14.1, and the regulation dissipation in Fig. 1.14.26. 

This circuit operates as follows: When the main series regulator transistor Q1 
is conducting, a voltage proportional to the output current IL0, is developed 
across the current limit resistor R1. This voltage, together with the base-emitter 
voltage of Q1, is applied to the base of the current limit transistor 4 2  through the 
divider network R2, R3. 

Since the base-emitter voltage drop Vbe of Q1 will be approximately the same 
as that of 4 2  at the point of current limit, the voltage across R2 is the same as that 
across R1 but is level-shifted by +Vb,. At the point of transition into current 
limit, the current flow in R2 is the same as that in R3 (neglecting small base cur- 
rents), and 4 2  is on the threshold of conduction. 

Any further increase in the load current at this point will increase the voltage 
across R1 and hence across R2, and 4 2  will be progressively turned on. As 4 2  
conducts, it diverts the drive current from 43 away from Q1 into the output load, 
Q1 starts to turn off, and the output voltage falls. Note: 4 3  is a constant-current 
source. 

As the output voltage falls, the voltage across R3 decreases and the current in 
R3 also decreases, and more current is diverted into the base of Q2. Hence, the 
current required in R1 to maintain the conduction state of 4 2  is also decreased. 

Consequently, as the load resistance is reduced, the output voltage and cur- 
rent fall, and the current limit point decreases toward a minimum when the out- 
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(b) 
FIG. 1.14.2 (a) Foldback current limit circuit. (b) Regulator dissipation with re- 
entrant proteciton. 

put voltage is zero (output short circuit). At short circuit, the current in R1 is 
very small, and the voltage across R1 and R2 will also be small. 

The short-circuit current is not well defmed, as the base current of 4 2  depends 
on its current gain, which will vary between devices; also, the Vbe of Q1 and 4 2  
are temperature-dependent. These variations can be minimized by mounting 
4 2  on the same heat sink as Q1 and by using relatively low values for R1 and R2 
(typically R1 would be of the order of 100 i-2 in the example shown). 

In Fig. 1.14.1, it should be noted that a current "foldback" occurs when the 
current tries to exceed I,,. This characteristic is developed as follows: 

If the 5-a load line is allowed to swing clockwise (resistance being reduced 
toward zero), the current path shown in Fig. 1.14.1 will be traced out. From its 
initial working current (say 1 A at point PI), the current first rises to its.limiting 
value I,,, then falls toward zero as the load resistance is further reduced. For 
short-circuit conditions, the current falls to a low value I,,. 

Since the header voltage of the linear regulator V ,  remains relatively constant 
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throughout this foldback current limiting action, the power dissipation in the se- 
ries regulator transistor Q1 will initially increase with increasing currents, as 
shown in Fig. 1.14.2b. The dissipation is small for the fust part of the character- 
istic, but increases rapidly as the supply moves into current limit. It has a max- 
imum value at a current at whikh the regulator transistor voltage drop (I ,,, prod- 
uct) is a maximum [where (V, - V,,,) X I,,, is maximumJ-in this example, at 
a current of 2.2 A, where there is a maximum dissipation in Q1 P,, of 6.8 W. 

When the load resistance is reduced further (below this critical vahk), the se- 
ries regulator dissipation is progressively reduced as a result of the current 
foldback. It has a minimum value of P X Q1 = I,, x V, watts in this example. 
This results in a dissipation of 1.8 W under short-circuit conditions. 

It should be noticed that had the current limit characteristic been a constant- 
current type (shown by the vertical dashed path B in Fig. 1.14. l), the maximum 
dissipation under short-circuit conditions would have been I,, x V,, or 12.8 W 
in this example. Hence the constant current limit places considerably greater 
stress on the regulator transistor than the reentrant characteristic, in the linear 
regulator example. 

14.4 "LOCKOUT" IN FOLDBACK CURRENT- 
LIMITED SUPPLIES 

With the resistive load (the straight-line loads depicted in Figs. 1.14.1 and 1.l4.3), 
there can only be one stable point of operation, defined by the intersection of the 

NON L INEAR 
LOAD L I N E  
(LOCK OUT AT 

FIG. 1.14.3 Overload and start-up characteristics of a foldback, 
current-limited supply. showing performance for linear and nonlinear 
load lines. 

14. FOLDBACK OUTPUT CURRENT LIMITING M 7  

load line for a range of given loads with the power supply characteristic (for ex- 
ample, all points Pl). Hence, the reentrant characteristic shown would be swept 
out as the load resistance is varied from maximum to zero. This characteristic is 
swept out without instability or "lockout"; however, this smooth shutdown may 
not occur with nonlinear loads. 

Figure 1.14.3 shows a very nonlinear load line R3 (such as may be encoun- 
tered with tungsten filament lamps) impressed on the power supply reentrant cur- 
rent limit characteristic. 

It should be understood that a tungsten filament lamp has a very low resis- 
tance when it is first switched on (because of the low temperature of the filament 
wire). Consequently, a relatively large current flows at low applied voltages. As 
the voltage and current increase, the temperature and resistance of the filament 
increase, and the working point changes to a higher resistance. A nonlinear char- 
acteristic is often found in active semiconductor circuits. 

It should be noticed that this nonlinear load line crosses the power supply re- 
entrant current characteristic at three points. Points P2 and P3 are both stable 
operating points for the power supply. When such a supply-load combination is 
first switched on, the output voltage is only partially established to point P2, and 
lockout occurs. (It is interesting to note that if the supply is switched on before 
the load is applied, it may be expected that the correct working point P3 will be 
established.) However, point P3 is a stable operating point only for a lamp that 
was previously working. When the lamp is fust switched on, lockout will still oc- 
cur at point P2, during the lamp power-up phase. This is caused because the slope 
resistance of the lamp load line at point P2 is less than the slope of the power 
supply reentrant characteristic at the same point. Since P2 is a stable point, lock- 
out is maintained, and in this example the lamp would never be fully turned on. 

Reentrant lockout may be cured in several ways. The reentrant characteristic 
of the power supply may be modified to bring it outside the nonlinear load line of 
the lamp, as shown in plots B and C in Fig. 1.14.4. This characteris& now pro- 
vides only one stable mode of operation at point P1. However, modifying the cur- 
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FIG. 1.14.4 Nonlinear load line, showing "lockout" and modi- 
fied characteristics to prevent lockout. 



PART 1 

rent limit characteristic means that under short-circuit conditions the current is 
increased, with a corresponding increase in regulator transistor dissipation. This 
incfease may not be within the design parameters of the power supply. For this 
reason, one of the more complex current limit circuits may be prefened. These 
change the shape of the limit,,characteristic during the turn-on phase, then revert 
to the normal reentrant shape. 

Other methods of curing lockout include modifying the shape of the nonlinear 
load line of the lamp itself-for example, by introducing a nod ined  resistor in 
series with the lamp circuit. NTCs (negative coefficient resistors) are particularly 
suitable, as the resistance of the load will now be high when the lamp is fust 
switched on, and low in the normal operating mode. The NTC characteristic is 
the inverse of the lamp characteristic, so that the composite characteristic tends 
to be linear or even overcompensated, as shown in Fig. 1.14.4. However, a 
slightly higher voltage is now required from the power supply to offset the volt- 
age drop across the NTC. 

NTCs are the prefened cure, since they not only cure the "lockout" but also 
prevent the large inrush current to the lamp which would normally occur when 
the lamp is switched on. This limiting action can considerably increase the lamp 
life. 

Nonlinear loads come in many forms. In general, any circuit that demands a 
large inrush current when it is frrst switched on may be subject to lockout when 
reentrant current protection is used. 

14.5 REENTRANT LOCKOUT WITH 
CROSS-CONNECTED LOADS 

Lockout problems can occur even with linear resistive loads when two or more 
foldback-limited power supplies are connected in series. (This series connection 
is often used to provide a positive and negative output voltage with respect to a 
common line.) In some cases series power supplies are used to provide higher 
output voltages. 

Figure 1.14.5a shows a series arrangement of foldback-limited supplies. Here, 
positive and negative 12-V outputs are provided. The normal resistive loads R1 
and R2 would not present a problem on their own, provided that the current is 
within the reentrant characteristic, as shown by load lines R1 and R2 in Fig. 
1.14.5b. However, the cross-connected load R3 (which is connected across from 
the positive to the negative output terminals) can cause lockout depending on the 
load current magnitude. 

Figure 1.14.56 shows the composite characteristic of the two foldback- 
protected supplies. The load lines for R1 and R2 start at the origin for each supply 
and can cross the reentrant characteristics at only one point. However, the cross- 
connected load R3 can be assumed to have its origin at V+ or V-. Hence, it can 
provide a composite loading characteristic which is inside or outside of the reen- 
trant area, depending on its value. In the example shown, although the sum of the 
loads is within the characteristic at point PI, a possible lockout condition occurs 
at point P2, when the supplies are fust switched on. Once again, one cure is to 
increase the short-circuit current for the two power supplies to a point beyond 
the composite load line characteristic. .. 

In Fig. 1.14.5a, shunt-connected clamp diodes Dl and D2 must be fitted to 
prevent one power supply reverse-biasing its complement during the power-up 

R3 
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FIG. 1.14.5 (a) Bipolar connection withcross-coupled load. (b) Composite 
characteristic with bipolar load connections. 
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phase. With foldback protection, if a reverse voltage bias is applied to the output 
terminals of the power supply, the reentrant characteristic is deepened and the 
current is even lower. This effect is shown in the dashed extension to the re- 
entrant characteristics in Fig. 1.14.5b. 

In conclusion, it can be seen that there are many possible problems in the ap- 
plication of foldback-limited supplies. Clearly, these problems are best avoided 
by not using the foldback method if it is not essential. 

4 

74.6 FOLDBACK CURRENT LIMITS IN 
SWITCHMODE SUPPLIES 

The previous limitations would also apply to the application of foldback protec- 
tion in switchmode supplies. However, in switchmode units, the dissipation in 
the control element is no longer a function of the output voltage and current, and 
the need for foldback current protection is eliminated. 

Consequently, foldback protection should not be specified for switching sup- 
plies. It is not necessary for protection of the supply and is prone to serious ap- 
plication problems, such as "lockout." For this reason, constant current limits 
are preferred in switchmode supplies. 

Although the nonlinear reentrant characteristic has little to recommend it for 
switchmode supplies, it is often specified. It is probable that its introduction and 
continued use stems from the experience with the linear dissipative regulator, 
where excessive internal dissipation would occur under short-circuit conditions 
with a constant current limit. However, this dissipative condition does not occur 
in switchmode supplies, and since a reentrant characteristic can cause problems 
for the user, there would seem to be little reason to specify it for switchmode 
applications. It makes little sense to put extra circuitry into the power unit which 
only degrades its utility. 

- - - - - - - -  - - - - - -- -- -- - - - - m - -- - _  _I _/ - -_ ___- __ 
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CHAPTER 15 
BASE DRIVE REQUIREMENTS 

FOR HIGH-VOLTAGE 
BIPOLAR TRANSISTORS 

I 

74.7 PROBLEMS 

1. Explain in simple terms the phenomenon of "lockout" and its cause in 
foldback current-limited supplies. 

2. How is it possible to ensure that lockout will not occur with a foldback current 
limited power supply? 

75.7 INTRODUCTION 

Where high-voltage bipolar transistors are used in off-line flyback converters, 
stress voltages of the order of 800 V may be encountered. Higher-voltage tran- 
sistors with V,,, ratings in the range 400 to 1000 V generally behave somewhat 
differently from their lower-voltage counterparts. This is due to a fundamental 
difference in the construction of high-voltage devices. 

To obtain the most efficient, fast, and reliable switching action, it is essential 
to use correctly profiled base drive current waveforms. To explain this, a simpli- 
fied review of the physical behavior of high-voltage bipolar transisers would be 
useful. (A full examination of the physics of high-voltage transistors is beyond the 
scope of this book, but excellent explanations are provided by W. ~ e t t e r s c h e i d ~ ~  
 and^. Roark.") . 

High-voltage devices will generally have a relatively thick region of high- 
resistivity material in the collector region, and low-resistance material in the 
base-emitter region. As a result of this resistance profile, it is possible (with an 
incorrectly profiled base drive) to reverse-bias the base-emitter region during the 
turn-off edge. This reverse-bias voltage effectively cuts off the base-emitter di- 
ode, so that transistor action stops. The collector current is now diverted into the 
base connection during the turn-off edge, giving diodelike turn-off switching ac- 
tion. That is, the collector-base region now behaves in the same way as a 
reversed-biased diode. It displays a slow recovery characteristic and has a large 
recovered charge. 

75.2 SECONDARY BREAKDOWN 

The slow recovery characteristic described above is particularly troublesome 
during the turn-off edge with inductive collector loads (such as would be pre- 
sented by the normal leakage inductance of a power transformer). 

As a result of the current forcing action of the collector inductance, any part of 
the chip which remains conducting during a turn-off edge must continue to carry 
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the previously established collector current. Hence, the slow blocking action of 
the reverse-biased diodelike collector-base recovery not only results in slow and 
dissipative turn-off, but also gives rise to "hot spots" on the chip as the current 
is forced into a progressively small conduction area during the turn-off edge. 

It is these "hot spots" whjch overstress the chip and may cause premature 
failure. The effect is often referred to as "reversed-biased secondary break- 
down. 

15.3 INCORRECT TURN-OFF DRIVE 
WAVEFORMS 

Surprisingly, it is the application of energetic and rapid reverse base drive during 
the turn-off edge which is the major cause of secondary breakdown failure of 
high-voltage transistors with inductive loads. 

Under aggressive negative turn-off drive conditions, carriers are rapidly re- 
moved from the area immediately adjacent to the base connections, reverse- 
biasing the base-emitter junction in this area. This effectively disconnects the 
emitter from the remainder of the chip. The relatively small high-resistance area 
in the collector junction will now grow relatively slowly (1 or 2 ps), crowding the 
collector current into an ever-diminishing portion of the chip. 

As a result, not only will the turn-off action be relatively slow, but progres- 
sively increasing stress is put on the conducting region of the chip. This leads to 
the formation of the hot spots and possible device failure, as previously ex- 
plained. 

15.4 CORRECT TURN-OFF WAVEFORM 

If the base current is reduced more slowly during the turn-off edge, the base- 
emitter diode will not be reverse-biased, and transistor action will be maintained 
throughout turn-off. The emitter will continue to conduct, and camers will con- 
tinue to be removed from the complete surface of the chip. As a result, all parts 
of the chip discontinue conducting at the same instant. 

This gives a much faster turn-off collector-current edge, gives lower dissipa- 
tion, and eliminates hot spots. However, the storage time (the delay between the 
start of base turn-off and the collector-current edge) with this type of drive will be 
longer. 

15.5 CORRECT TURN-ON WAVEFORM 

During the turn-on edge, the reverse of the above turn-off action occurs. It is nec- 
essary to get as much of the high-resistance region of the collector conducting as 
quickly as possible. To achieve this, the base current should be large, with a fast- 
rising edge; thus camers are injected into the high-resistance region of the col- 
lector as quickly as possible. 

The turn-on current at the beginning of the "on" period should be consider- 
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ably higher than that necessary to maintain saturation during the majority of the 
remaining "on" period. 

15.6 ANTISATURATION DRIVE TECHNIQUES 

To reduce the storage time, it is a good practice to inject only sufficient base cur- 
rent toward the end of the "on" period to just ensure that the transistor remains 
near but not into saturation. Self-limiting antisaturation networks ("Baker 
clamps") are recommended for this. (See Part 1, Chap. 17.) 

With inductive loads, in addition to the base-current shaping, it is usually nec- 
essary to provide "snubber networks" between collector and emitter. This snub- 
bing also helps to prevent secondary breakd~wn.'~. '' (See Part 1, Chap. 18.) 

It should be remembered that low-voltage power transistors will not necessar- 
ily display the same behavior. These transistors often have a much more heavily 
doped collector region, and the resistance is much lower. Applying a rapid 
reverse-bias voltage to these devices during turn-off is unlikely to generate a 
high-resistance area. Hence, with low-voltage transistors, fast switching action 
and short storage times are best achieved by using fast reverse-biased base drive 
during the turn-off edge. 

15.7 OPTIMUM DRIVE CIRCUIT FOR 
HIGH-VOLTAGE TRANSISTORS 

A fully profiled base drive circuit is shown in Fig. 1.15.la, and the associated 
drive waveforms are shown in Fig. 1.15.lb. This drive circuit operats as follows. 

When the drive input to point A goes positive, current will initially flow via C1 
and Dl into the base-emitter junction of the switching transistor Q1. The initial 
current is large, limited only by the source resistance and input resistance to Q1, 
and Q1 will turn on rapidly. 

As C1 charges, the voltage across R1, R2, C2, and Lb will increase, and cur- 
rent will build up in Lb during the remainder of the "on" period. 

Note: While current is flowing in Lb, C2 will continue to charge until the voltage 
across it equals the Zener voltage 02) .  D2 now conducts, and the drive current 
will be finally limited by R1. (R2 has a relatively large resistance, and the current 
flow in R2 is small.) 

When the drive goes low, Dl blocks, and C1 discharges into R2. The forward 
current in Lb decays to zero and then reverses under the forcing action of the 
reverse voltage at point B. (C2 is large and maintains its charge during the $'off' 
period.) 

Hence during the turn-off edge current builds up progressively in the reverse 
direction in the base-emitter of Q1 until the excess carriers are removed and the 
base-emitter diode blocks. At this instant the voltage on Q1 base flies negative 
under the forcing action of Lb, forcing the transistor into reverse base-emitter 
breakdown. This reverse breakdown of the base-emitter diode is a nondamaging 
action and clamps off the base emitter voltage at the breakdown value until the 
energy in Lb has been dissipated. 
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FIG. 1.15.1 (a) Base drive current shaping for high-voltage bipolar 
transistors. (b) Collector voltage, collector current, base drive current, 
P- base emitter voltage waveforms. 
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The base drive current waveforms are shown in Fig. 1.lS.lb. 
Although it is not essential to profile the drive current waveform for all types 

of high-voltage transistor, most types will respond well to this type of drive. If the 
selected transistor is not rated for reverse base-emitter breakdown, then the val- 
ues of Lb and R3 should be selected to prevent this action, or clamp zeners 
should be fitted across the base-emitter junctions. 

Since switching device secondary breakdown is probably the most common 
cause of failure in switchmode power supplies, the designer is urged to study ap- 
propriate references.49' 79' '" 

15.8 PROBLEMS 

1. Why do some high-voltage bipolar transistors require specially profiled base 
drive current waveforms? 

2. Explain one cause of secondary breakdown in a high-voltage bipolar transis- 
tor. 

3. Draw the typical ideal base drive current waveform for high-voltage bipolar 
transistors with inductive loads. 
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PROPORTIONAL 
DRIVE CIRCUITS 

FOR BIPOLAR TRANSISTORS 

16.1 INTRODUCTION 

It has been shown (see Part 1, Chap. 15) that to obtain the most efficient perfor- 
mance from bipolar power switching transistors, the base drive current must be 
correctly profiled to suit the characteristics of the transistor and the collector- 
current loading conditions. If the base drive current remains constant, problems 
can arise in applications where the collector current (load) is not constant. 

When the drive current has been chosen for optimum performance at full load, 
if it then remains the same for light loading conditions, the excessive drive will 
give long storage times, which can lead to a loss of control in the following way. 
Under light loading (when narrow pulses are most required), the long storage 
time will give an excessively wide pulse. The control circuit now reverts to a 
"squegging" control mode. (This is the cause of the well-known "frying-pan 
noise," a nondamaging instability common to many switchmode supplies at light 
loads.) 

~ i n c e ,  to prevent overdrive and squegging when the load (collector current) 
is variaye, it is better to make the amplitude of the base drive current propor- 
tional to the collector current. Many proportional drive circuits have been devel- 
oped to meet this requirement. A typical example follows. 

16.2 EXAMPLE OF A PROPORTIONAL DRIVE 
CIRCUIT 

Figure 1.16.1 shows a typical proportional drive circuit applied to a single-ended 
forward converter. In this arrangement, a proportion of the collector current is 
current-transformer-coupled by T1 into the base-emitter junction of the main 
switching transistor Q1, providing positive proportional feedback. The drive ratio 
ZJZc is defmed by the turns ratio of the drive transformer PIIS1 to suit the gain 
characteristics of the transistor (typically a ratio of between g o  and % will be 
used). 

~ k c a u s e  the drive power during most of tlie "on" period is provided from the 
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FIG. 1.16.1 Single-ended forward converter with single-ended proportional base 
drive circuit. 

collector circuit, by the coupling from P1 to S1, the drive requirements from 4 2  
and the auxiliary drive circuit are quite small. 

16.3 TURN-ON ACTION 
* 

During the previous "off' period of Q1, energy has been stored in T1, since Q2, 
R1, and P2 have been conducting during this period. When Q2 turns off, the drive 
transformer T1 provides the initial turn-on of Q1 by transformer flyback action. 
Once Ql is conducting, regenerative feedforward from P1 provides and maintains 
the drive to Q1. Hence, Q2 is turned off for the conducting ("on") period of Q1, 
and on for the "off' period of Q1. 

16.4 TURN-OFF ACTION 

When 4 2  is turned on again, at the end of a conducting period of QI, the vdltage 
on all windings is taken to near zero by the clamping action of Q2 and Dl across 
the clamp winding S2. The previous proportional drive current from P1 is now 
transformed into the loop S2, Dl,  and 42, together with any reverse recovery 
current from the base-emitter junction of Q1 via S1 (less the current transformed 
from P2 as a result of conduction in Rl). Hence the base drive is removed, and 
Q1 turns off. 

As positive feedback from P1 to S1 is provided in this drive circuit, some care 
must be taken to prevent high-frequency parasitic oscillation of Q1 during its in- 
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tended "off' state. This is achieved by making the "off' state of Q1 the low- 
impedance "on" state of 42,  and by making the leakage inductance between ~1 
and S2 small. Consequently, any tendency for feedback from P1 to S1 will be 
clamped by the drive transistor Q2, Dl, and S2, which will not allow the start of 
any winding to go positive. ,, To prevent 4 2  from turning off when it should be on during the power-down 
phase (leading to loss of control during input power-down), the auxiliary supply 
to the drive circuit must be maintained during the system power-dwn phase. 
(Large capacitors may be required on the auxiliary supply lines.) 

16.5 DRIVE TRANSFORMER RESTORATION 

For the first part of the "on" period of the driver transistor 42, Dl  and S2 will be 
conducting. However, when Q1 has turned off and the recovery current in the 
base-emitter junction of Q1 has fallen to zero, S2 and hence Dl  will become 
reversed-biased as a result of the voltage applied to winding P2 via R1. The start 
of all windings will now go negative, and current will build up in winding P2, re- 
setting the core back toward negative saturation. 

At saturation, the current in P2 and 4 2  is limited only by resistor R1, the volt- 
age on all windings is zero, and the circuit has been reset ready for the next "on" 
cycle. 

The need for minimum leakage inductance between S1 and S2 tends to be in- 
compatible with the need for primary-to-secondary isolation and creepage dis- 
tance. Hence if T1 is used to provide such primary-to-secondary circuit isolation 
in direct-off-line applications, the transformer may need to be considerably larger 
than the power needs alone would dictate. 

16.6 WIDE-RANGE PROPORTIONAL DRIVE 
CIRCUITS 

Where the range of input voltage and load are very wide, the circuit shown in Fig. 
1.16.1 will have some limitations, as follows. 

When the input voltage is low, the duty cycle will be large, and Q1 may be 
"on" for periods considerably exceeding 50% of the total period. Further, if the 
minimum load is small, L l  will be large to maintain continuous conduction in the 
output fdter. Under these conditions, the collector current is small, but the "on" 
period is long. 

During the long "on" period, a magnetizing current builds up in the drive 
transformer T1 as a result of the constant base drive voltage V,, of Q1 which 
appears across winding S1. Since the drive transformer is a current transformer 
during this period, the magnetizing current is subtracted from the output current. 
Hence, the intended proportional drive ratio is not maintained throughout the 
long "on" period (the drive falls toward the end of the period). To minimize this 
effect, a large inductance is required in the drive transformer TI. 

However, at the end of the "on" period,'Q2 must reset the drive transformer 
core during the short "off' period which now remains. To allow a quick reset, 
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FIG. 1.16.2 Single-ended forward converter with push-pull proportional base drive circuits. 

the volts per turn on P2 must be large. This requires either a small number of 
turns on P2 (with a large reset current) or a large auxiliary voltage. I ~ i t h e r  case, 
the power loss on R1 will be relatively large. 

Hence, a compromise must be made in inductance turns and auxiliary voltage 
which is d i c u l t  to optimize for wide-range control at high frequencies. This con- 
flict can be solved by the circuit shown in Fig. 1.16.2. 

In the circuit shown in Fig. 1.16.2, capacitor C1 charges rapidly when 4 2  is off 
via R1 and 43. 4 3  will be turned on hard by the base drive loop P2, D2, R2 (the 
starts of all windings being positive when 4 2  is "off' and Q1 "on"). 

16.7 TURN-OFF ACTION 

When Q2 is turned on, the voltage across P2 is reversed, and the transferred cur- 
rent from S1 and P i  flows in the low-impedance loop provided by C1, P2; and 
Q2. The voltage on all windings is reversed rapidly, turning off Ql. At the same 
time, 4 3  is turned off, so that as the core is reset and C1 discharges, only a small 
current is taken from the supply via R1, which is now much higher resistance 
than the similar resistor shown in Fig. 1.16.1. 

If 42 is "on" for a long period and C1 is fully discharged, a flywheel action 
will be provided by Dl ,  preventing reversal of voltage on P2 by more than a 
diode drop. The turns ratio is such that Q1 will not be turned on under these 
conditions. Finally the core will return to a reset point defined by the current 
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16.8 TURN-ON ACTION 

When Q2 is turned off, the starts of all windings will go positive by flyback ac- 
tion, and Q1 will be turned on. Regenerative drive from P1 and S1 maintains the 
drive, holding Q1 and 4 3  on apd rapidly recharging C1. This action is maintained 
until 4 2  is turned on again to complete the cycle. The advantage of this arrange- 
ment is that the core can be reset rapidly by using a high auxiliary supply voltage 
without excessive dissipation in R1 and 42. 4 Hence, in this circuit the conflict between transformer inductance and reset 
requirements is much reduced; however, the inductance will be made only just 
large enough to limit the magnetizing current to acceptable limits. Sufficient drive 
must be available to ensure correct switching action under all conditions. If the 
magnetizing current component in the drive transformer is allowed to exceed the 
collector current, then positive feedback action will be lost. 

16.3 PROPORTIONAL DRIVE WITH 
HIGH- VOL TA GE TRANSISTORS 

IfQ1 is a high-voltage transistor, it is probable that some shaping of the base drive cur- 
rent will be required for reliable and efficient operation, as shown in Sec. 15. l of Part l. 

Figure 1.16.3 shows a suitable modifcation to the drive circuit in Figure 1.16.2 
for high-voltage transistors; base drive shaping has been provided by R4, D3, C2, 
R3. and Lb. 

300 VDC 
SUPPLY 

20 v 

COMMON 1 1 1 
COMMON 
SUPPLY 

FIG. 1.16.3 Push-puBtype proportional drive '%muit with special drive current shap 
ing for high-voltage transistors. 
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16.10 PROBLEMS 

1. What are the major advantages of proportional drive? 
2. Why does the drive transformer in a proportional drive circuit tend to be 

larger than the power requirements alone would indicate? 
3. The maximum duty ratio for a transformer-coupled proportional drive circuit 

tends to be limited to less. than 80%. Why is this? 
4. What controls the minimum and maximum inductance of the proportional 

drive transformer? 
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CHAPTER 17 

FOR HIGH-VOLTAGE 
TRANSISTORS 4 

17.1 INTRODUCTION 

In high-voltage bipolar switching transistors, whereas the "fall time" (speed or 
dvldt of the turn-off edge) is mainly determined by the shape of the base drive 
current turn-off characteristic (see Chap. 151, the storage time (delay between the 
application of the base turn-off drive and the start of the turn-off edge) is depen- 
dent on the minority carrier concentration in the base region immediately prior to 
turn-off action. 

The storage time will be minimized by minimizing the minority carrier con- 
centration, that is, by ensuring that the base current is only just sufficient to 
maintain the transistor in a quasi-saturated state prior to turn-off. 

One method often used to achieve this is the "Baker (diode) clamp." This cir- 
cuit has the advantage that, because it is an active drive clamp (with negative 
feedback), it compensates for the inevitable variations in gain and saturation volt- 
age of the various devices. Also, it responds to changes of parameters within the 
switching transistor that occur as a result of temperature and load variations. 

17.2 BAKER CLAMP 

Figure 1.17.1 shows a typical Baker clamp circuit. It operates as follows. 
Diodes Dl  and D2, in series with the base drive to Q1, provide a voltage drop 

in addition to the transistor Vb,, so that the drive voltage at node A will rise to 
approximately 2 V when Q1 is driven on. 

As Q1 turns on, the voltage on its collector will fall toward zero. When the 
voltage reaches approximately 1.3 V, diode D3 will conduct and divert drive cur- 
rent away 60m the base and into the collector of Q1. As this clamping action is 
subject to negative feedback, it will self-adjkt until the collector voltage is effec- 
tively clamped at 1.3 V. 
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FIG. 1.17.1 "Baker clamp" antisaturation drive clamp circuit. 

As a result, the transistor is maintained in a quasi-saturated "on" state with 
just sufficient base drive current to maintain this condition. This quasi-saturated 
state maintains minimum minority carriers in the base region during-the "on" pe- 
riod, giving minimum storage time during the turn-off action. During turn-off, D4 
provides a path to Q1 base for the reverse turn-off current. 

The number of series diodes in the base circuit, Dl, D2, . . . Dn, will be se- 
lected to suit the transistor saturation voltage. The clamp voltage must be above 
the normal saturation voltage of the transistor at the working current, to ensure 
that true transistor action is maintained in the quasi-saturated "on" state. 

A disadvantage of the technique is that the collector voltage during the "on" 
period is somewhat larger than it would be for a fully saturated state, which in- 
creases the power loss in the transistor. 

The Baker clamp arrangement combines ideally with the low-loss "Weaving 
snubber diode" shown in Fig. 1.18.3. (See Part 1, Chap. 18.) 

17.3 PROBLEMS 

1. What would be the main advantage of using an antisaturation drive technique 
in high-voltage switching transistor applications? 

2, Describe the action of a typical antisaturation clamp circuit used for bipolar 
transistors. 



CHAPTER 18 
SNUBBER NETWORKS 

18.1 INTRODUCTION 

Snubber networks (usually dissipative resistor-capacitor diode networks) are of- 
ten fitted across high-voltage switching devices and rectifier diodes to reduce 
switching stress and EM1 problems during turn-off or turn-on of the switching 
device. 

When bipolar transistors are used, the snubber circuit is also required to give 
"load line shaping" and ensure that secondary breakdown, reverse bias, "safe 
operating area" limits are not exceeded. In off-line flyback converters, this is 
particularly important, as the flyback voltage can easily exceed 800 V when 137- 
V (ac) voltage-doubled input rectifier circuits or 250-V (ac) bridge rectifier cir- 
cuits (dual input voltage circuits) are used. 

18.2 SNUBBER CIRCUIT (WITH LOAD LINE 
SHAPING) 

Figure 1.18. la shows the primary of a conventional single-ended flyback con- 
verter circuit PI, Q1 with a leakage inductance energy recovery winding and di- 
ode P2, D3. Snubber components Dl, C1, and R1 are fitted from the collector to 
the emitter of Q1. Figure 1.18.16 shows the voltage and current waveforms to be 
expected in this circuit. If load line shaping is required, then the main function of 
the snubber components is to provide an alternative path for the inductively 
maintained primary current I,  as Q1 turns off. With these components fitted, it is 
now possible to turn off Q1 without a significant rise in its collector voltage dur- 
ing the turn-off edge. (The actual voltage increase on the collector of Q1 during 
the turn-off edge depends on the magnitude of the diverted current I,, the value 
of the snubber capacitor C1, and the turn-off time t ,  to t2 of Ql.) Without these 
components, the voltage on Q1 would be very large, defined by the effective pri- 
mary leakage inductance and the turn-off dildt. Because the snubber network 
also reduces the rate of change of collector voltage during the turn-off edge, it 
reduces RFI problems. 

SNUBBER 
NETWORK 

YC 

COMMON o 
I I 1 

SNUBBER CURRENT 

FM;. 1.18.1 (0) Conventional dissipative RC snubber 
circuit applied to a flyback. (b) Current and voltage Wave- 
foms of RC snubber circuit. 
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18.3 OPERA TlNG PRINCIPLES 

During the turn-off edge of Q1, under steady-state conditions, the action of the 
circuit is as follows. 

As Q1 starts to turn off at ti (Fig. 1.18.lb), the primary and leakage inductance 
of TI will maintain a constant primary current I, in the transformer brimary 
winding. This will cause the voltage on the collector of Q1 to rise ( t ,  to t J ,  and 
the primary current will be partly diverted into Dl and C1 (I,) (C1 being dis- 
charged at this time). Hence, as the current in Q1 falls, the inductance forces the 
difference current I, to flow via diode Dl into capacitor C1. 

If transistor Q1 turns off very quickly (the most favorable condition), then the 
rate of change of the collector voltage dVddt will be almost entirely defined by 
the original collector current I, and the value of C1. 

Hence 
dVc IP -= -  
dt C1 

*. 

With Q1 off, the collector voltage will ramp up linearly (constant-current charge) 
until the flyback clamp voltage (2 X V,), is reached at t,, when D3 will conduct. 
Shortly after this (the delay depends on the primary-to-secondary leakage induc- 
tance), the voltage in the output secondary winding will have risen to a value 
equal to that on the output capacitor C2. At this point, the flyback current will be 
commutated from the primary to the secondary circuit to build up at a rate con- 
trolled by the secondary leakage inductance and the external loop inductance 
through D2, C2 (t,  to t,). 

In practice Q1 will not turn off immediately; hence, ifsecondary breakdown is 
to be avoided, the choice of snubber components must be such that the voltage 
on the collector of Q1 does not exceed Vceo before the collector current has 
dropped to zero. 

Figure 1.18.2~ and b shows the relatively high edge dissipation and secondary 
breakdown load line stress, when snubber components are not fitted. Figure 
1.18.2~ and d shows the more benign turn-off waveforms obtained from the same 
circuit when optimum snubber values are fitted. 

18.4 ESTABLISHING SNUBBER COMPONENT 
VALUES BY EMPIRICAL METHODS 

Referring again to Fig. 1.18.la,, unless the turn-off time of Q1 is known (for the 
maximum collector current conditions and selected drive circuit configuration), 
the optimum choice for C1 will be an empirical one, based upon actual measure- 
ments of collector turn-off voltages, currents, and time. 

The minimum value of C1 should be such as to provide a safe voltage margin 
between the Vceo rating of the transistor and the actual measured collector volt- 
age at the instant the collector current reaches zero at t,. A margin of at least 30% 
should be provided to allow for component vgriations and temperature effects. 

The design of the drive circuit, collector current loading, and operating tem- 
peratures have a considerable influence on the switching speed of Ql. A very 
large value of r l  should be avoided, since the energy stored in this capacitor at 
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FIG. 1.18.2 "Safe operating area" characterisitics, with and without snubber cir- 
cuits. (a) Tum-on and tum-off voltage, cumnt, and dissipation stress without load 
line shaping. (b) Active load line imposed on "reverse base safe operathg area" 
(RBSOA) limits without load line shaping. v o t e  secondary breakdown stnss.) 
(c) Turn-on and turn-offvoItz3ge. cumnt, and dissiption stress with load line shap 
ing. (d) Load line and (RBSOA) limits with load line shaping. 
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the end of the flyback action must be dissipated in R1 during the first part of the 
next "on" period of Q1. 

The value of R1 is a compromise selection. A low resistance results in high 
currents in Q1 during the turn-6n edge. This gives excessive turn-on dissipation. 
A very high resistance, on the other hand, will not provide sufficient discharge of 
C1 during a minimum "on" period. 

Careful examination of the voltage and current waveforms on the chector  of 
Q1, under dynamic loading conditions, is recommended. These should include 
initial turn-on at full-load maximum input voltage, wide and narrow pulse condi- 
tions, and output short circuit. The selection of R1 and C1 for this type of snub- 
ber network must always be a compromise. 

",. . 18.5 ESTABLISHING SNUBBER COMPONENT : 
VALUES BY CALCULATION 

Figure 1.18.1 b shows typical turn-off waveforms when the snubber network D 1, 
C1, R1 shown in Fig. 1.18.1 is fitted. In this example, C1 was chosen such that 
the voltage on the collector V,, will be 70% of the V,,, rating of Q1 when the 
collector current has dropped to zero at time r,. 

Assuming that the primary inductance maintains the primary current constant 
during the turn-off edge, and assuming a linear decay of collector current in Q1 
from t ,  to t2, the snubber current I, will increase linearly over the same period, as 
shown. 

It is assumed that the fall time of the collector current ( t ,  to tJ is known from 
the manufacturer's data or is measured under active drive conditions at maxi- 
mum collector voltage and current. 

During the collector-current fall time of Q1 ( t ,  to t J ,  the current in C1 (I,) will 
be increasing linearly from zero to I,. Hence the mean current over this period 
will be ZJ2. Provided that the maximum primary current I, and turn-off time t ,  to 
t2 are known, the value of the optimum snubber capacitor C1 may be calculated 
as follows: 

(The Y2 factor assumes a linear turn-off ramp on the collector current I,  such that 
the mean current flowing into C1 is 4/2 the turn-off peak value during the turn-off 
period, as shown in Fig. 1.18.lb.) 

Hence, if the collector voltage is to be no more than 70% of V,,, when the 
collector current reaches zero at time r,, then 

where 1, = maximum primary current, A . 
t/ = Q1 collector current fall time ( t ,  to t J ,  ps 

V,,, = V,,, rating of selected transistor, V 
C1 = snubber capacitance, p F  
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18.6 TURN-OFF DISSIPA TlON IN TRANSISTOR 0 1 

By the same logic as used above (although the waveform is inverted), C1 and 
transistor Q1 both see the same mean current and voltage during the turn-off pe- 
riod. Hence, the dissipation in the transistor during the turn-off period t ,  to t ,  will 
be the same as the energy stored in C1 at the end of the turn-off period (t,). 

Hence 
1 

= - C1 x (70% v,,,)~ x f PQI(OKJ 

where PQl(om = power dissipated in Q1 during the off period, mW 
C1 = snubber capacitance, pF 

V,,, = V,,, rating of transistor (70% V,,, is the chosen maximum volt- 
age at I, = 0)  

f = frequency, kHz 

18.7 SNUBBER RESISTOR VALUES 

The snubber discharge resistor R1 is chosen to discharge the snubber capacitor 
C1 in the minimum selected "on" period. The minimum "on" period is given by 
the designed minimum load at maximum input voltage and operating frequency. 

The CR time.constant should be less than 50% of the minimum "on" period to 
ensure that C1 is effectively discharged before the next "off' period. Hence 

18.8 DISSIPA TlON IN SNUBBER RESISTOR 

The energy dissipated in the snubber resistor during each cycle is the same as the 
energy stored in C1 at the end of the "off' period. However, the voltage across 
C1 depends on the type of converter circuit. With complete energy transfer, the 
voltage on C1 will be the supply voltage V,,, as all flyback voltages will have 
fallen to zero before the next "on" period. With continuous-mode operation, the 
voltage will be the supply voltage plus the reflected secondary voltage. 

Having established the voltage across C1 immediately before turn-on (V,), the 
dissipation in R1 (P,,) may be calculated as follows: 

18.9 MILLER CURRENT EFFECTS 

When measuring the turn-off current, the designer should consider the inevitable 
Miller current that will flow into the collector capacitance during the turn-off 
edge. This effect is often neglected in discussions of high-voltage transistor ac- 
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tion. It results in an apparent collector-current conduction, even when Q1 is fully 
turned off. Its magnitude depends on the rate of change of collector voltage (dVc/dr) 
and collector-to-base depletion capacitance. Further, if the switching transistor ~1 is 
mounted on a heat sink, there may be considerable capacitance between the collec- 
tor of Ql and the common line, 'providing an additional path for apparent collector 
current. This should not be confused with Miller current proper, as its magnitude can 
often be several times greater than the Miller current. 

These capacitive coupling effects result in an apparent collecto! current 
throughout the turn-off edge, giving a plateau on the measured collector current. 
Hence, the measured current can never be zero as the collector voltage passes 
through V,,,. Figure 1.18.2~ shows the plateau current. This effect, although in- 
evitable, is generally neglected in the published secondary breakdown character- 
istics for switching transistors. Maximum collector dVcldt values are sometimes 
quoted, and this can be satisfied by a suitable selection of C1. When power FET 
switches are used, the maximum dVldt values must be satisfied to prevent para- 
sitic transistor action; hence, snubber networks must still be used in most high- 
voltage power FET applications. 

18.10 THE WEA VlNG LO W-LOSS SNUBBER 
DIODE* 

As shown above, to reduce secondary breakdown stress during the turn-off of 
high-voltage bipolar transistors, it is normal practice to use a snubber network. 

Unfortunately, in normal snubber circuits, a compromise choice must be made 
between a high-resistance snubber (to ensure a low turn-on current) and a low- 
resistance snubber (to prevent a race condition at light loads where narrow pulse 
widths require a low CR time constant). This paradox often results in a barely sat- 
isfactory compromise. The "Weaving snubber diode" provides an ideal solution. 

The circuit for this snubber arrangement is shown in Fig. 1.18.3. It operates as 
follows. 

Assume that transistor Q1 is on so that the collector voltage is low. Current 
will be flowing from the supply line through the transformer primary P1, and also 
from the auxiliary supply through resistor R2 and snubber diode DS into the tran- 
sistor collector. 

At the end of the "on" period, Q1 will start to turn off. As the collector cur- 
rent falls, the transformer primary leakage inductance will cause the collector 
voltage to rise. However, when the collector voltage is equal to the auxiliary sup- 
ply voltage, the primary current will be diverted into the snubber diode D5 
(flowing in the reverse recovery direction in DS) and back into the auxiliary sup- 
ply through D6. This reverse current flow in D5 will continue for its reverse re- 
covery time. 

During this reverse recovery period, Q1 will continue to turn off, its collector 
current falling to zero, while the collector stress voltage remains clamped by D5 
at a value only slightly above the auxiliary supply voltage. Consequently, Q1 
turns off under negligible stress conditions. 

The reverse recovery time of the snubber diode must be longer than the turn- 

"The "snubber diode" was patented by Rodney J. Weaving in 1979. 
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FIG. 1.18.3 The "Weaving snubber diode" low-loss switching stress reduction (snubber) circuit. 

off time of transistor Q1. Special medium-speed soft recovery diodes are manu- 
factured for this purpose (for example, Philips" Type #BYX 30 SN). 

During the turn-off action, the recovered charge from the snubber diode DS is 
stored in the auxiliary capacitor C1, to be used to polarize D5 during the next 
"on" period; consequently, very little turn-off energy is lost to the $stem. 

When Q1 turns on again, very little charge will be extracted from the cathode 
of DS during the turn-on edge, because the diode depletion layer is wide and the 
capacitance low (the normal variable-capacitance behavior of the diode). Hence 
the turn-on stress of Q1 is not significantly increased. 

When Q1 is in its saturated "on" state, a current will flow from the auxiliary 
supply and capacitor C1 to reestablish the forward-bias condition of the snubber 
diode D5, part of this energy being the previous recovered charge. As soon as the 
snubber diode is conducting, it is conditioned for a further turn-off cycle. 

18.1 1 'IDEAL " DRIVE CIRCUITS FOR 
HIGH-VOLTAGE BIPOLAR TRANSISTORS 

Figwe 1.18.4 shows a combination of the ''snubber diode" and "Baker clamp" 
circuits, with a push-pull base drive to Q1. 

This arrangement is particularly suitable for high-voltage flyback converters 
where the collector voltage may be of the order of 800 V or more during the 
flyback period. It operates as follows. 

When the drive voltage goes high, 4 2  is turned on and 4 3  off. Current flows 
via R3, Q2, C2, and D7 to the base of the power transistor Q1. The overdrive 
provided by the low-impedance R3, C2 network turns Q1 on rapidly. 

As Q1 turns on, the collector voltage falls. When this reaches 12 V (the aux- 
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FIG. 1.18.4 Snubber diode and Baker antisaturation clamp combination. 

iliary supply voltage), the snubber diode D5 will be forward-biased and current 
will flow via R2, DS into the collector of Q1. 
Q1 continues to turn on, taking the collector voltage toward zero, until the 

Baker clamp voltage is reached. At this value D3 becomes forward-biased, di- 
verting part of the base drive current into D3, D5, and the collector of Q1. 

At this point C2 will have charged to a voltage such that the drive current will 
be diverted via Dl,  D2, and L1 into the base of Q1. The voltage on the collector 
of Q2 wilI now be defined by the sum of the voltage drops across Q1 (V,J, Dl, 
D2, and 4 2  (V,,J-say, 2.5 V. The collector clamp voltage will be this value less 
the voltage drop across D3, D5-say, 1 V. This voltage can be increased by in- 
troducing more diodes in series with Dl and D2. (The voltage across L1 is neg- 
l i~ble . )  - ,  

Hence, during the remainder of the "on" period, the main drive current path 
is via R3, 42, Dl, D2, L1, into the base emitter of Q1. Baker clamp action is 
provided by D3, D5. 

At the end of the "on" period, the drive voltage goes low, turning 4 2  off and 
4 3  on and clamping the cathode of D4 to the -5-V bias line. Diodes D7, Dl, and 
D2 will be reverse-biased, and the turn-off current path is via D4 and L1. 

However, L1 was conducting current in the forward direction before turn-off 
and will continue to maintain this forward (but now decaying) current for the fust 
part of the turn-off action. Hence the turn-off current in L1 will decay to zero and 
then reverse via D4, providing the ideal turn-off current ramp specified for high- 
voltage transistors in Chap. 15. Resistor R4 discharges C2 during the "off' pe- 
riod. 

When all carriers have been removed from the base-emitterjunction of Q1, the 
junction will block, and the flyback action of L1 will force the base-emitter into 

18. SNUBBER NETWORKS 1.143 

reverse breakdown. The breakdown voltage (approximately -7.5 V) is less than 
the -5-V bias, and this breakdown action stops when the energy in L1 is dissi- 
~ a t e d .  Note: Many high-voltage transistors are designed for this breakdown 
mode of operation during turn-off. 

At the same time, as Q1 turns off, the collector voltage will be rising toward 
the flyback voltage (800 V). However, when the collector voltage reaches 12 V 
(the auxiliary voltage), the snubber diode D5 will be reversed-biased, and the col- 
lector current will be diverted into DS, D6, and the auxiliary line. The reverse 
recovery time of D5 is longer than the turn-off time of Q1, and Q1 turns off under 
low-stress conditions with only 12 V on the collector. When Q1 has turned off 
and D5 blocks, the collector voltage will rise to the flyback value. The recovered 
charge of DS is stored on C1 for the next forward drive pulse. 

Although this circuit does not provide proportional drive current in the con- 
ventional way, the Baker clamp adjusts the current into the base of the power 
device to suit the gain and collector current. Hence the action is similar to that of 
the proportional drive circuit except that the drive power needs are greater. 

In conclusion, this drive circuit combines most of the advantages of the pro- 
portional drive circuit, the snubber diode, and the Baker clamp. It also provides 
a correctly profiled drive current to give low stress and fast and efficient switch- 
ing action in high-voltage, high-power bipolar switching applications. 

18.12 PROBLEMS 

1. Explain what is meant by the term "snubber network." 
2. Explain the two major functions of a typical snubber network. 
3. Discuss the criteria for selecting snubber components, for a bipolar transistor 

with an inductive load, if secondary breakdown is to be avoided. 
4. Why is a large snubber capacitor undesirable? 
5. Describe a low-loss snubber technique that may be used in place of the con- 

ventional RC snubber network. 
6. Using the snubber network shown in Fig. 1.18.1, calculate the minimum snub- 

ber capacitance required to prevent the collector voltage on Q1 exceeding 70% 
of V,,, during Q1 turn-off. (Assume that the fall time of Q1 is 0.5 ps, the col- 
lector current Ip  is 2 A, and the V,,, rating is 475 V.) 
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CHAPTER 19 

CROSS CONDUCTION 

19.1 INTRODUCTION 

The term "cross conduction" is used to describe a potentially damaging condi- 
tion that can arise in half-bridge and full-bridge push-pull converters. 

The problem is best explained with reference to the circuit shown in Fig. 
1.19.1. It can be clearly seen that in this half-bridge configuration, if Q1 and Q2 
are both turned on at the same time, they will provide a direct short circuit across 
the supply lines (transformers T1 and T2 are current transformers and have little 
resistance). This will often result in immediate failure, as a result of the 
damagingly high currents that will flow in the switching devices. 

Clearly the transistors would not normally be driven such that they would 
both be on at the same time. The cause of cross conduction can normally be 
traced to excessive storage time in the switching transistors. Figure 1.19.2 shows 
typical base drive and collector-current waveforms for the two half-bridge tran- 
sistors Q1 and 4 2  under square-wave (100% duty cycle), full-conduction condi- 
tions. As may be expected, because of the storage time trt3, cross conduction 
occurs. 

In the top waveform, the base drive to Q1 is shown being removed at time 
t, (the beginning of the "off' period for Q1 and the "on" period for 42). 
However, because of the inevitable storage time of transistor Q1, its collector 
current is not blocked until a somewhat later time t,. At the same time, the 
lower transistor Q2 is turning on, as shown in the lower waveform. In bipolar 
transistors, the turn-on delay is typically less than the storage time; hence, 
with a full 100% duty cycle (push-pull base drive), there will be a short periud 
(t, to t3) when both devices will be conducting. Since these are directly across 
the supply lines, the low source impedance allows very large collector cur- 
rents to flow. This effect is shown as current spikes on the waveforms for Q1 
and 4 2  in Fig. 1.19.2. 

If the source impedance of the supply lines is very low, and no series current 
limiting is provided, damagingly large cross-conduction currents will flow be- 
tween Q1 and 4 2  under the above conditions, and the excessive stress may cause 
failure of the transistors. 

X BRIDGE 

FIG. 1.19.1 Basic half-bridge circuit. 

COLLECTOR 
CURRENT 

BASE 
DRIVE 

FIG. 1.19.2 Typical crossconduction cur- 
rent waveforms. 



1.146 PART I 

19.2 PREVENTING CROSS CONDUCTION 

Traditionally, the method u s ~ d  to prevent cross conduction is to provide a 
"dead" time (both transistors off), between alternate on drive pulses. This "dead 
time" must be of sufficient duration to ensure that the "on" states of the two 
power transistors do not overlap under any conditions. 4 Unfortunately, there is a considerable variation in the storage times of appar- 
ently similar devices. Also, the storage time is a function of temperature, drive 
circuit, and collector-current loading. Hence, to ensure an adequate safety mar- 
gin, the "dead time" will need to be considerable, and this will reduce the e& 
ciency and the range of pulse-width control. 

Clearly, a system which permits 100% pulse width without any risk of cross 
conduction would be preferred. The dynamic control provided by the cross- 
coupled inhibit technique described below admirably meets this requirement. 

19.3 CROSS-COUPLED INHIBIT 

Figure 1.19.3 shows the basic elements of a dynamic cross-coupled, cross- 
conduction inhibit technique, applied in this example to a push-pull converter. 

In a similar way to the previous example, if, in the push-pull converter, tran- 
sistors Q1 and 4 2  are turned on at the same instant, the primary winding of the 
transformer T2 will be short-circuited and very large collector currents will flow 
in the transistors, probably with catastrophic results. 

In Figure 1.19.3, cross conduction is prevented by the AND gates U2 and U3. 
(These gates are often part of the main control IC.) The circuit is shown operating 
with full duty cycle square-wave base drive. Previously, this would result in se- 
vere cross-conduction problems. However, in this circuit, cross conduction is 
prevented by the cross-coupled inhibit input to the gates, provided by resistors 
R3 or R4 (depending on the state of conduction Q1 and 42). 

19.4 CIRCUK OPERATION 

Consider Figs. 1.19.2 and 1.19.3 for the initial condition when 4 2  is just about to 
turn on (point t ,  in the drive waveform). At this instant, input 1 of gate U3 is 
enabled for an "on" state of Q2. However, as a result of its storage time, Q1 will 
still be conducting and its collector voltage will be low. Hence, input 2 of U3 will 
be low. As a result of the gating action of U3, the turn-on of 4 2  is delayed until 
the voltage on the collector of Q1 goes high. This does not occur until the end of 
its storage period, when Q1 turns fully off. As a result, cross conduction is ac- 
tively prevented; Q2 turns on only after Q1 has fully turned off. The same action 
occurs when the drive is applied to U2, except that in this case the turn-on of Q1 
is delayed until 4 2  turns off. 

It should be noted that this gating action is self-adjusting and will accommo- 
date variations in the storage times of the twcrswitching devices. Being dynamic, 
it always permits full conduction angle, while entirely eliminating the possibility 
of cross conduction. 

19. CROSS CONDUCTION - 

DRIVE -- 
FIG. 1.19.3 Example of a cross-coupled cross-conduction inhibit circuit. 

In principle the same technique can be applied to the half-bridge and full- 
bridge converters, although the drive circuits are somewhat more complex, as the 
switching devices do not share a common line. 

Because the collector voltage swing of Q1 and Q2 would normally exceed'the 
voltage rating of the control circuit, some form of voltage clamping is normally 
required. In this example, Zener diodes ZD1 and ZD2 provide the required clamp- 
ing action. 

Not all control ICs provide the necessary inhibit inputs. In this case, the func- 
tion may be provided externally to the IC; otherwise a dead band must be pro- 
vided. 

The major advantage of the cross-coupled inhibit technique is that it extends 
the pulse-width control range from zero to 100%, while maintaining complete in- 
tegrity as far as cross-conduction problems are concerned. Its advantages should 
not be overlooked. 
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19.5 PROBLEMS 

1. Explain the meaning of the term "cross conduction" as applied to half-bridge, 
full-bridge, and push-pull converters. 

2. Describe a method used to reduce the possibility of cross conduction in push- 
pull converters. 

3. What is the disadvantage of the "dead time" approach to 
cross conduction? 

4. Describe a method of preventing cross conduction which does not rely on a 
built-in dead time. 

'./' 
CHAPTER 20 

OUTPUT FILTERS 

Undoubtedly, one of the most objectionable properties of switchmode supplies is 
their predilection for high-frequency radiated and conducted ripple and noise (RF 
interference). 

To keep this interference withim reasonable bounds, there must be strict at- 
tention to noise reduction techniques throughout the electrical and mechanical 
design. Faraday screens would be used in transformers and between high- 
frequency high-voltage components and the ground plane. (These screening 
methods are more fully covered in Part 1, Chap. 4.) In addition, to reduce 
conducted-mode noise, low-pass input and output fiters will be required. 

1. 
20.2 BASIC REQUIREMENTS 

Output Low-Pass Filters 

The following section on output-filter design assumes that normal good design 
practice has already been applied to minimize conducted-mode noise and that 
RFI filters have been fitted to the input supply lines, as specified in Sec. 3.1. 

To provide a steady DC output, and reduce ripple and noise, LC low-pass fil- 
ters (as shown in Fig. 1.20. la) will normally be provided on switching supply out- 
puts. In forward converters, these filters carry out two main functions. The prime 
requirement is one of energy storage, so as to maintain a nearly steady DC output 
voltage throughout the power switching cycle. A second, and perhaps less obvi- 
ous, function is to reduce high-frequency conducted series and common-mode 
output interference to acceptable limits. 

Unfortunately, these two requirements are not compatible. To maintain a 
nearly constant DC output voltage, the current in the output capacitor must also 
be nearly constant; hence a considerable inductance will be required in the output 
inductor. Since the inductor must also carry the DC output current, it is often 
large and may have many turns. This results in a large interwinding capacitance, 
giving a relatively low self-resonant frequency. Such inductors will have a low 
impedance at frequencies above self-resonance and will not provide very effec- 
tive attenuation of the high-frequency components of the conducted interference 
currents. 
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F--------- 

INPUT 

3 LOAD 

FIG. 1.20.1 (a) Power output filter, showing parasitic interwinding capaci- 
tance C, and series resistance R, for L1, and series inductance ESL and re- 
sistance ESR for C1. (b). (c) Output filter equivalent circuits at low frequency 
(b) and high frequency (c). 

Further, the filter capacitors will have been chosen primarily for energy stor- 
age capability and ripple rating, rather than for high-frequency impedance. Often 
the effective series resistance (ESR) and effective series inductance (ESL) of 
large electrolytic capacitors can be significant. Hence, unless the more expensive 
low-ESR capacitor types are used, the outppt-capacitor high-frequency noise at- 
tenuation can be very poor. 

These unwanted, and hence "parasitic," ESR, ESL, and interwinding capac- 
itance effects deserve further examination. 

Ci ---- i j u  L-, - ,- i 1  
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20.3 PARASITIC EFFECTS IN SWITCHMODE 
OUTPUT FILTERS 

Figure 1.20.1~ shows a single-stage LC output filter (such as might be found in a 
tv~ical  forward converter. It includes the parasitic elements Cc, R,, ESL, and 
E ~ R .  

The series inductor arm L1 shows an ideal inductor L in series with the in- 
evitable winding resistance R,. The parasitic distributed interwinding capaci- 
tance is included as lumped equivalent capacitor Cc. 

The shunt capacitor C1 includes the effective series inductance ESL and the 
effective series resistance ESR. 

The equivalent circuit of this network at low and medium frequencies is shown 
in Fig. 1.20.1b. The effect of C,, ESL, and ESR is small at low frequencies and 
may be neglected. From this equivalent circuit, it is clear that the filter will be 
effective as a low-pass filter for the low and medium end of the frequency range. 

A second equivalent circuit for high frequencies is shown in Fig. 1.20. lc. At 
high frequencies, the ideal inductance tends to high impedance, taking out the 
L-R, arm, and the ideal capacitor C tends to zero, taking out C. Thus, the para- 
sitic components become predominant, changing the single-stage low-pass LC fil- 
ter to an effective high-pass filter. This occurs at some high frequency, where the 
interwinding capacitance C, and effective series inductance ESL become pre- 
dominant. Hence, this type of power output filter is not very effective in attenu- 
ating high-frequency conducted-mode noise. 

20.4 TWO-STAGE FILTERS 
4 

As shown above, attempts to satisfy all the voltage averaging and noise rejection 
requirements in a single LC filter would require the selection of expensive com- 
ponents, particularly in flyback converters. Even then, only mediocre high- 
frequency performance would be obtained. 

Figure 1.20.2 shows how a far more cost-effective wideband filter can be pro- 
duced, using a second-stage, much smaller, LC filter to reject the high-frequency 
noise. The second stage L2, C2, may be quite small and inexpensive because 
only small inductance and capacitance values are required in this second stage. 
At the same time, much lower cost standard electrolytic capacitors and inductors 
may be used in the first stage (Ll, Cl), thus reducing the overall cost and im- 
proving the performance. 

In Fig. 1.20.2, the first capacitor C1 is selected for the required ripple current 

LOAD 

FIG. 1.20.2 Two-stage output filter. 
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rating and energy storage needs. (This depends on the load current and the op- 
erating frequency.) C1 will often be quite large, but does not need to be a low- 
ESR type when a two-stage filter is used. 

The fust inductor L1 is designed to carry the maximum load current with min- 
imum loss and without saturation. To obtain the maximum inductance and 
minimum resistance in the smallest size, L1 will have a multiple-turn multilayer 
winding. Although this gives the maximum inductance, it results in a relatively 
large interwinding capacitance and low self-resonant frequency. Suidible core 
materials for L1 include gapped femtes, Permalloy, iron-dust toroids, or gapped 
silicon iron in "E-I" shapes. L1 will have the majority of the inductance required 
for energy storage considerations. 

The second inductor L2 is designed to have the maximum impedance at high 
frequency, and requires a low interwinding capacitance. This will provide a high 
self-resonant frequency. L2 may take the form of a small femte rod, a femte bob- 
bin, small iron-dust toroids, or even an air-cored coil. Since the AC voltage 
across L2 is small (of the order of 500 mV), the magnetic radiation from an in- 
complete magnetic path will be quite small and should not present an EM1 prob- 
lem. Normal femte materials may be used for a ferrite rod inductor, as the large 
air gap will prevent DC saturation of the core. 

The second capacitor C2 is much smaller than C1. It is selected for low im- 
pedance at the switching and noise frequencies (rather than for its energy storage 
ability). In many cases C2 will consist of a small electrolytic shunted by a low- 
inductance foil or ceramic capacitor. Since L1 and L2 conduct a large DC current 
component, the term "choke" is more correctly applied to these items. A design 
example follows. 

20.5 HIGH-FREQUENCY CHOKE UCAMPL E 

To get the best performance from the high-frequency choke L2, the interwinding 
capacitance should be minimized. 

Figure 1.20.3~ shows a 1-in-long ferrite rod choke with a %-in diameter, 
wound with 15 turns of closely packed #17 AWG wire. Figure 1.20.3b shows a 
plot of phase shift and impedance as a function of frequency for this choke. The 
phase shift is zero at the self-resonant frequency, which in this case is 4.5 MHz. 

The impedance plot in Fig. 1.20.3~ shows the improvement obtained by re- 
ducing the interwinding capacitance. This plot was obtained from the same choke 
after spacing the windings and insulating them from the rod with 10-mil Mylar 
tape. 

In this second example, 15 turns of 20-gauge wire are used, with a space 
between each turn. The plot shows that the reduction in interwinding capaci- 
tance has increased the impedance and shifted the self-resonant frequency to 
6.5 MHz. This will result in a reduction in high-frequency noise in the final 
filter. 

A small proportion of the high-frequency interference will bypass the filter by 
inductive and capacitive coupling in the pcb or supply leads. The effect of this 
will be reduced by fitting the smaller capacitor C2 as close as possible to the out- 
put'terminals of the supply. 

15 TURNS FERRITE #77 ROD 
17 AYG 

L1 1 10 p H  

FREO MHz 5/16" X 1" FERRITE ROD 
WITH 15 TURNS 17 AYG 
TIGHT YINDING 
t o p i  

' 8 '  
FREO MHz 5/16" X 1' FERRITE ROD 

WITH 15 TURNS 20 AuG 
SPACED YlNDlNG 

FIG. 1.203 (a) Femte rod choke. (b) Impedance and phase shift of ferrite rod 
choke with tight winding. as a function of h w n c y .  Note seIf-resonant fre- 
quency at 4 MHz. (c) Impedance and phase shift of spaced winding flow 
intenvinding capacitance) fenite rod choke. Note self-resonant frequency at 
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20.6 RESONANT FILTERS 

By selecting capacitors such $at their self-resonant frequency is near the switch- 
ing frequency, the best performance will be obtained. 

Many of the small, low-ESR electrolytic capacitors have a series self-resonant 
frequency near the typical operating frequencies of switchmode con erters. ~t 
the self-resonant frequency, the parasitic internal inductance of the cap I3 citor res- 
onates with the effective capacitance to form a series resonant circuit. At this 
frequency, the capacitor impedance tends to the residual ESR. 

Figure 1.20.4 shows the impedance plot of a typical 470-FF low-ESR capacitor 
as a function of frequency. This capacitor has a minimum impedance of 19 m a  at 
30 kHz. Very good ripple rejection can be obtained at 30 kHz by taking advan- 
tage of this self-resonant effect. 

+90•‹ 

0 PHASE 0 

-90•‹ 

I 1 I I I I I I I I 

300 3K 30K 300K 
I 

f 3M - 
FREQ 

SERIES RESONANT FREQUENCY (29 kHz) 

FIG. 1.20.4 Impedance and phase shift of a typical commerical-grade 470-FF electrolytic capac- 
itor as a function of frequency. Note self-resonant frequency and minimum impedance at 29 kHz. 

20.7 RESONANT FILTER EXAMPLE 

Figure 1.20.5 shows a typical output stage of a small 30-kHz, 5-V, 10-A flyback 
converter with a two-stage output filter. (In flyback converters, the transformer 
inductance and C1 form the first stage of the J.C power Nter.) A second stage 
high-frequency filter L2, C2 has been added. 

For this example, the same 1 in, K6-in-diameter ferrite rod inductor used to 
obtain plot c in Fig. 1.20.3 is used for L2. The 15 spaced turns on this rod give an 
inductance of 10 FH and a low interwinding capacitance. The 470-FF low-ESR 
capacitor used for the impedance plot in Fig. 1.20.4 is fitted in position C2. 

Note: The minimum impedance of this capacitor occurs at 30 kHz, where the phase 
shift is zero. This is the series self-resonant frequency for this capacitor. Its im- 
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I 
V OUT 

I - 
FIG. 1.20.5 Example of resonant output filter applied to a flyback converter secondary. 

pedance will be predominately resistive with a value of 19 ma,  as shown in Fig. 
1.20.4. 

The attenuation provided by this LC network at 30 kHz (the switching fre- 
quency) may now be very easily calculated, since the capacitor C2 looks 
predominately resistive and forms a simple divider network with the series im- 
pedance of inductor L2. (The small phase shift can be neglected, as XL2 2 
ESR, C2.) 

The ratio of the output voltage ripple (V,) to the ripple voltage across the first 
capacitor C1 is 

VCI -=  ESR 
V1 XL2 + ESR 

As X,, r ESR, the attenuation ratio A, tends to 4 

XLZ 
A, = - ESR 

where XL = inductive reactance, 2rfL 
ESR = effective series resistance of capacitor at resonance 

At 30 kHz, X, will be 

From Fig. 1.10.4, the ESR of C2 at 30 kHz is 0.019 a. Hence, the attenuation 
ratio A, will be 

1 9  
A, = - = 1 : 100 ratio 

0.019 

This gives a ripple rejection ratio of 100:l at the switching frequency. 
The switching frequency ripple is normally the predominant ripple compo- 

nent in flyback converters. By making use of the self-resonant properties of 
the electrolytic capacitor, an extremely good ripple rejection of 40 dB is ob- 
tained with very small, low-cost components. Further, the improved high- 
frequency noise rejection is obtained without compmmise to the medium- 
frequency transient response, because the series inductance has not been 
increased significantly. 
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20.8 COMMON-MODE NOISE FILTERS 

The discussion so far has been confined to series-mode conducted noise. The fi[- 
ter described will not be effective for common-mode noise, that is, noise voltages 
appearing between the output lines and the ground plane. 

The common-mode noise component is caused by capacitive or inductive cou- 
pling between the power circuits and the ground plane within the p ~ &  supply. 
Initially this must be reduced to a minimum by correct screening and layout at the 
design stage. 

Further reduction of the common-mode output noise may be obtained by split- 
ting inductor Ll or L2 into two parts to form a balanced filter, as shown in Fig. 
1.20.6. Additional capacitors C3 and C4 are then required between each output 
line and the ground plane to provide a return path for the residual common-mode 
noise current. In effect, Ll(a) and C3 form a low-pass filter from the positive out- 
put, and Ll(b) and C4 form the filter for the negative output, with the ground 
plane as the return path. 

Ll (bj- 
FIG. 1.20.6 Common-mode output fdter. 

Because of the decoupling provided by the much larger capacitor C2, accept- 
able results will often be obtained by fitting a single common-mode decoupling 
capacitor in position C3 or C4. 

20.9 SELECTING COMPONENT VALUES FOR 
OUlPUT FILTERS 

The size and value of the main output inductor Ll and storage capacitor C1 (Fig. 
1.20.la) depends on a number of factors: 

Type of converter 
Operating frequency 
Maximum load current 
Minimum load current 
Mark space ratio (duty cycle) 
Ripple cwrent 
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Ripple voltage 
Transient response 
Output voltage 

The requirements of L1 will now be considered in terms of the requirement for 
this type of converter. 

20.10 MAIN OUTPUT INDUCTOR VALUES 
{BUCK REGULA TORSI 

In general, the main inductance L1 in the output of a buck regulator fdter circuit 
should be as small as possible to give the best transient response and minimum 
cost. If a large inductance is used, then the power supply cannot respond rapidly 
to change5 in load current. At the other extreme, too low an inductance will re- 
sult in very large ripple currents in the output components and converter circuits 
which will degrade the efficiency. Further, discontinuous operation will occur at 
light loads. 

One approach is to select L1 such that the inductor wiU remain in continuous 
conduction for the minimum load current (often specified as 10% of I&. 

Keeping the inductance in continuous conduction has two advantages. Fis t ,  
the control circuit is only required to make small changes in pulse width to con- 
trol the output voltage as the load changes (provided the inductor remains in con- 
duction throughout the operating cycle). Second, the output ripple voltage will 
remain small over this range of load changes. 

The main disadvantage of this approach is that the inductance can be quite 
large; moreover, the rule cannot be used if the load current must be controlled 
right down to zero. 

A second, more universal rule is to choose the inductance value such that the 
ripple current has an acceptable peak-to-peak S i t ,  say 10% to 30% of the max- 
imum load current at nominal input voltages. 

Note: In flyback converters, the main inductance L1 is integral to the trans- 
former, and its value is defined by the power transfer requirements. In this type 
of converter, high ripple currents must be accommodated in the filter compo- 
nents, particularly for complete energy transfer systems. 

20. I I DESIGN EXAMPLE 

Assume that a design is required for the main output inductor L1 for a single- 
ended forward converter and filter, as shown in Fig. 1.20. la. The specification 
for the converter is as follows: 

Output power = 100 W 

Output voltage = 5 V 

Output current = 20 A 

Operating frequency = 30 kHz 

Minimum load = 20% 
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The design approach will assume that the output ripple current must not exceed 
30% of I,,, (6 A p-p in this example). 

Also, to allow for a range of control, the pulse width at nominal input will be 
30% of the total period (that is 10 ps). 

To provide an output of 5 V. at a pulse width of 30%, the transformer second- 
ary voltage will be 

where t, = total period (at 30 kHz), ps 
to. = "on" time, ps 

f V, = secondary voltage 

The voltage V, across the inductor L1 during the forward "on" period is the sec- 
ondary voltage less the output voltage, assuming that the output capacitor C1 is 
large and the voltage change during the "on" period is negligible. 

Then 

For steady-state conditions, the current change for the "on" period must equal 
the current change during the "off" period (in this example, 6 A). Neglecting 
second-order effects, the inductance may be calculated as follows: 

where L = required inductance, p,H 
At = "on" time, ps 
Ai = current change during "on" time 
V, = voltage across inductor 

Therefore 

~ o t e :  A simple linear equation can be used, as the voltage across the inductance 
is assumed not to change during the "on" time and dildt is constant. 

In this example, the inductance is large because sufficient energy must be 
stored during the "on" period to maintain the current during the "off' period. In 
push-pull forward converters the "off' period is much smaller, so that the sec- 
ondary voltage and hence the inductance value would also be smaller. 

20.12 OUTPUT CAPACITOR VALUE 

It is normally assumed that the output capacitor size will be determined by the 
ripple current and ripple voltage specifications only. However, if a second-stage 
output filter L2, C2 is used, a much higher ripple voltage could be tolerated at the 
terminals of C1 without compromising the output ripple specification. Hence if 
ripple voltage were the only criterion , a much smaller capacitor could be used. 

For example, assume that the ripple voltage at the terminals of Cl.can be 500 
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mV. The current change in L1 during the "on" period will mainly flow into C1, 
and hence the capacitance value required to give a voltage change of 500 mV can 
be calculated as follows (the following equation assumes a perfect capacitor with 
zero ESR): 

x to, C=- 
AVO 

where C = output capacitance value, p.F 
Al = current change in L1 during "on" period, A 
to, = "on" time, ps 

AVO = ripple voltage, V p-p 

Therefore 
,c=-= 6 x 1 0  120pF 

0.5 

Hence, just to meet the ripple voltage requirements, a very small capacitor of 
only 120 pF  would be required. However, in applications in which the load 
current can change rapidly over a large range (transient load variations), a sec- 
ond transient load variation criterion may define the minimum output capaci- 
tor size. 

Consider the condition when the load suddenly falls to zero after a period of 
maximum load. Even if the control circuit responds immediately, the energy 
stored in the series inductor (1/2 LZ? must be transferred to the output capacitor, 
increasing its terminal voltage. In the above example, with an output capacitor of 
only 120 pF, a series inductance of 19.4 pH, and a full-load current of 20 A, the 
voltage overshoot on load removal would be nearly 100%. This would probably 
be unacceptable, and hence the maximum acceptable voltage over&oot on load 
removal may become the controlling factor. 

The minimum output capacitor value to meet the voltage overshoot require- 
ments using the transferred energy criteria can be calculated as follows: 

Energy in output inductor when full load is suddenly removed: 

1 - 2 Lz2 

The energy change in the output capacitor after the event will be 

where V,  = maximum output voltage = 6 V 
Vo = normal output voltage = 5 V 

Hence 
1 1 - LZ' = 5 C(V? - ~ 2 )  
2 

Rearranging for C, 
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If the maximum voltage in this example is not to exceed 6 V, then the minimum 
value of output capacitance will be 

Further, the ripple current requirements may demand that a larger 
acitor be used. Some allowance should also be made for the effects of the c a p t o r  ESR, 

which will increase the ripple voltage by about 20% typically, depending on the 
ESR and ESL of the capacitor and the size, shape, and fkequency of the ripple 
current (Part 3, Chap. 12). 

In conclusion, it has been shown that very effective series- and common-mode 
conducted ripple rejection can be obtained by the addition of a relatively s m a  
additional LC output filter network. This relatively simple change allows good 
ripple and noise rejection to be obtained using lower-cost medium-grade electro- 
lytic capacitors and conventional inductor designs. 

20.13 PROBLEMS 

1. Discuss the major disadvantage of switchmode power supplies compared with 
the older linear regulator types. 

2. Is the design of the output fdter the only most important factor in reducing 
output ripple noise? 

3. Explain the meaning of the term "choke" as applied to out~ut  Nters. 
4. Why are power output Nters often relatively ineffective in dealing with high- 

frequency noise? 
5. Why are two-stage filters sometimes used in output filter applications? 
6. What is the difference between common-mode and differential-mode noise fil- 

ters? 
7. In what way does the design of a common-mode choke differ from that of a 

series-mode choke? 

CHAPTER 21 
POWER FAILURE 

21.1 INTRODUCTION 

Many instrument and computer systems require early warning of imminent power 
failure, to provide sufficient time for an organized system shutdown. To maintain 
the output voltages above the minimum specified values during this "house- 
keeping" process, sufficient energy must be stored in the power supply. A min- 
imum holdup time (after power failure warning) of between 2 and 10 ms is usually 
specified. 

21.2 POWER FAILURE AND BROWNOUT 4 

Line failure can, of course, take many forms, but it will normally fall into one of 
the following three. categories. 

1. Total Line Failure: Instantaneous and catastrophic failure to zero or near zero 
voltage. 

2. Partial Brownout: A fall in line voltage to a value below the normal minimum 
(but not zero), followed by a recovery to normal. 

3. Brownout failure: A brownout condition followed by eventual failure. 

21.3 SIMPLE POWER FAILURE WARNING 
CIRCUITS 

Figure 1.21.1 shows a simple optically coupled circuit typical of those often used 
for power failure warning. However, it will be shown that this type of circuit is 
suitable only for type 1 failures, that is, total line failure conditions. It operates as 
follows. 

The ac line input is applied to the network R1 and bridge rectifier Dl such that 
unidirectional current pulses flow in the optical coupler diode. This maintains a 
pulsating conduction of the optical coupler transistor Q1. While this pulsating 
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L INE 
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1 l 0 V  
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COUPLER 

ov 

FIG 1.21.1 Simple optocoupled power failure warning circuit. 

condition continues, C2 will be "pumped" low and maintain 4 2  "on." Hence the 
output power failure signal will remain high all the time the ac supply voltage is 
high enough to drive current into Dl. 

When the ac line input fails, Dl no longer provides current to OC1, and Q1 
turns off. C2 will charge via R2, and 4 2  turns off. The power failure signal then 
goes low. 

Because this circuit does not have a defined threshold voltage, it will give the 
required advance warning correctly only for condition 1 (a complete or nearly 
complete line failure). It will not necessarily give the advance warning correctly 
for condition 2 or 3 because during brownout the voltage may still be high enough 
to maintain D l  conducting. Further, there is a delay between line failure and a 
warning signal as C2 charges. 

During a line failure, the energy stored in the power supply will maintain the 
output voltage for a time period that depends on the input voltage prior to failure, 
the part of the cycle in which the failure occurs, the loading conditions, and the 
design of the supply. This holdup time can be more, but must not be less, than the 
power failure warning period required plus the delay period of the warning cir- 
-.-:A 
CUIL. 

With the simple circuit of Fig. 1.21.1, during a brownout conditior. as specified 
for condition 2, the voltage may fall low enough for power supply output regula- 
tion to be lost, but not low enough for a power failure signal to be given. For 
brownout (condition 3), even if the power supply maintains the required output 
voltages, at .the end of the brownout period, when the line voltage eventually 
fails, the circuit wiU respond with a failure signal, and there will not be sufficient 
energy remaining in the power supply to maintain the output voltage for the pre- 
scnied warning period. Hence this type of circuit is not always fully satisfactory 
for brownout conditions. 

Since brownout conditions occur most often, the simple type of power failure 
warning shown in Fig. 1.21.1, although often used, may be of little value. 
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21.4 DYNAMIC POWER FAILURE WARNING 
CIRCUITS 

The more complex dynamic power failure warning circuits are able to respond to 
brownout conditions. Many types of circuit are in use, and it may be useful to examine 
some of the advantages and disadvantages of some of the more common techniques. 

Figures 1.21.2 and 1.21.3 show two circuits that will ensure that sufficient 
warning of failure is given for all conditions. 

In the first example, a fraction of the DC voltage on the power converter res- 
ervoir capacitors C1 and C2 is compared with a reference voltage by comparator 
amplifier Al. If this voltage falls to a value at which the power supply (if it were 
operating at full load) would only just provide the prescribed hold time, then the 

V 

b t  150 VDC 

FIG. 1.21.2 Power failure warning circuit with "brownout"detection. 

IR2 1 7 + fz -$-) SIGNAL 
REF .- - ~ z L "  _ _ _ _ -  -- -. 

__O 

FIG. 1.21.3 More precise "brownout" power failure w d g  circuits. ' 
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output of amplifier A1 goes high, energizing the optical coupler, and a failure 
warning will be generated; the output signal goes low ("true low" logic). 

This is a well-defined and reliable warning system, but it requires that the power 
supply be designed to provide sqfficient holdup time from a minimum defmed input 
voltage (below the normal minimum working voltage), to ensure that the specified 
warning period is satisfied before the output voltage falls. To meet this need, a larger 
and more expensive supply is required for the following reasons. 

4 Since a warning must not be given at or above the specified minimum working 
line voltage for the power supply, the selected warning voltage value must be 
lower than the minimum DC voltage normally found on C1 and C2 under fully 
loaded minimum line input voltage conditions. 

To provide the required holdup time under fully loaded conditions, from this 
lower capacitor voltage, the converter must continue to give full output for a sup- 
ply voltage which is even lower than normal; hence larger reservoir capacitors 
and larger-current-rated input components will be required. This makes the 
power supply larger and more expensive. 

Moreover, even this more complex arrangement can still give a false power 
failure warning for a brownout condition of type 2. If the brownout continues for 
a period and then the supply recovers, a spurious failure warning can be caused 
by the capacitor voltage falling below the minimum warning value before the line 
recovers, initiating a failure signal. It is clear that in this case there is no option 
but to indicate a failure signal when the stored energy on the storage capacitors 
reaches the critical value. Although the line may recover before eventual failure 
of the outputs, a failure signal must be given at this time because the system can- 
not know that the line will recover in time. 

The arrangement has the advantage that short transient variations in input 
voltage below the critical limit will not cause a failure warning, since the reser- 
voir capacitors will not discharge to the critical voltage very rapidly. A further 
advantage is that at lower loads or higher input voltages, there will be a longer 
delay before the capacitors discharge to the critical voltage and a power failure 
warning is generated. 

This system provides the maximum rejection of input transient conditions, 
eliminating spurious and unnecessary failure warnings. The delay time adjusts 
"dynamically" in response to the loading and input voltage conditions; hence the 
name. 

Figure 1.21.3 shows a circuit that has advantages similar to those of the pre- 
vious dynamic system, but does not require an auxiliary supply or comparator 
amplifier. This circuit can be used in the rectified supply to the main converter, 
as shown, or, with appropriate component adjustments, in the supply to the aux- 
iliary converter. It operates as follows. 

The bridge rectifier Dl-D4 will provide a unidirectional half-sine-wave input 
to the divider chain R1,ZDl. At the same time, this input is applied to diode D5. 

The peak ac input voltage is rectified by D5 and stored on capacitor C1. The 
DC voltage on C1 is monitored via ZD2 and Q1 and would normally bias Q1 
"on". 

The rectifier diode D5 blocks the DC voltage on C1 and allows the voltage 
across Rl,OCl,  and Q1 to fall to zero each half cycle; that is, the voltage across 
Rl,OCl,  and Q1 follows the input voltage. Hence, OC1 must turn off for a short 
period each cycle, even if the DC voltage on C1 is high and Q1 is on. 

A failure warning will be given if OC1 turns off for more than 3 ms. This oc- 
curs if the voltage on C1 falls to a value at which Q1 and hence OC1 turns off; this 
critical voltage is defined by ZD1. Also, if the input supply fails completely for 
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more than 3 ms, a power failure warning will be given irrespective of the state of 
chargeeon C1 (the main reservoir capacitor in the supply). In this case OC1 is off 
because the supply to R1 and OC1 is missing if the input supply is missing. 

As long as the voltage on C1 is above the minimum value required to give the 
required minimum holdup time, the Zener diode ZD2 will be conducting and Q1 
will be on. During each half cycle, when the supply voltage to R1 exceeds a few 
volts, OC1 will turn on, providing a discharge pulse to C2 and preventing C2 from 
charging to the 2.5-V reference voltage PZ1. (At 2.5 V. PZ1 and 4 2  would turn 
on, giving a fail signal.) This discharge "pumping" action will continue as long as 
the supply voltage on C1 is above the minimum value and the supply does not 
fail. 

If the line input fails or the voltage on C1 falls below the minimum value re- 
quired to maintain ZD2 conducting (brownout), Q1 and OC1 will remain off and 
the pulse discharge of C2 will stop. C2 will now charge, turning PZ1 and Q1 on 
and giving a power failure warning. This warning will be given if OC1 is off for 
more than 3 ms. The delay period is well defined. When OC1 is off, C2 charges 
via R4 until the threshold voltage of PZ1 is reached (2.5 V). At this voltage PZ1 
conducts, turning on 4 2  and generating a power failure "high" signal. 

If the line input fails. even if C1 remains charged and Q 1  remains on, there is 
no supply to R1 and OC 1 and a failure indication is given. This fast response pro- 
vides and earlier warning of line failure so that the power supply holdup time 
need not be so long. 

21.5 INDEPENDENT POWER FAILURE 
WARNING MODULE 

I 

The previous two power failure circuits must be part of the power supply, as they 
depend on the internal DC header voltage for their operation. Figure 1.21.4 
shows a circuit that will operate directly from the line input and is independent of 
any power supply. ' 

This circuit has its own bridge rectifier Dl-D4, which again provides a unidi- 
rectional half-sine-wave input to the feed resistor R1, ZD1, and the optical cou- 

FIG. 1.21.4 Independent power failure module for direct operation from ac line in- 
puts. 
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pler diode OC1 and ICI. Provided that the DC voltage on C1 is above the critical 
minimum value, ICl (a TL431 shunt regulator IC) will be turned on, regulating 
the voltage at point A at 5 V. (Note: Diode D6 conducts, clamping the voltage 
across R3, R4 and maintaining point A at 5 V.) 

When the rectified input to'-R1 rises above 5 V, during each half cycle, the 
OCI diode will conduct. turning the OC1 transistor Q1 on and providing a dis. 
charge pulse to C2. This "pumping" action prevents C2 from chargin ; R5 and 
R6 will be conducting,.and Q2 will be on. The output warning signal w 11 remain 
"high," in this case the normal power good indication state. 

B 
As before, a failure (low) signal will be given if OC1 is off for more than 3 ms, 

allowing C2 to charge. This occurs if the voltage on C1 falls below the critical 
value required to maintain ICI "on" or if the line input fails. 

This circuit is more precise than the previous systems, with a better temper- 
ature coefficient. The shunt regulator ICI has a more precise internal voltage ref- 
erence. Otherwise the function is similar to that shown for Fig. 1.21.3. 

The time constant for the divider network R2, R3, R4, and C1 should be much 
less than the discharge time constant of power supply primary capacitors, to en- 
sure that a warning is given for brownout conditions before the power supply 
drops out of regulation. 

21.6 POWER FAILURE WARNINGIN FLYBACK 
CONVERTERS 

Very simple power failure warning circuits can be fitted to flyback converters, 
because in the forward direction the flyback transformer is a true transformer, 
providing an isolated and transformed output voltage which is proportional to 
the applied DC. 

Figure 1.21.5 shows the power section of a simple single-output flyback sup- 
ply providing a 5-V output. Diode Dl conducts in the flyback mode of T1 to 
charge C2 and deliver the required 5-V output. The control circuit adjusts the 
duty cycle in the normal way to maintain the output voltage constant. 

An extra diode and capacitor D2, C3 have been added such that D2 conducts 
in the forward mode of TI, developing a voltage V'on C3 of VJn, which is pro- 
portional to the line input. 

The divider network R2, R3 is selected such that the SCR will turn on when 
the input voltage is at the critical minimum value. Note: This method gives good 
input transient undervoltage rejection, as a warning will not be generated until the 
header capacitor C1 has discharged to the critical value required for minimum 
warning of dropout. Under light loading conditions, or when the input voltage has 
previously been high, a longer delay is provided. 

In this example an option is provided for a "true high" or "true low" power 
failure signal (PFS) output. 

Resistor R1 limits the charge current into C3 and prevents peak rectification of 
leakage inductance spikes. Its low value prevents any race condition at switch-on 
and gives fast response. After a failure signal has been given, the supply must be 
turned off to reset the SCR. The circuit is simple but gives good performance. 
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FIG. 1.21.5 A simple power failure warning circuit for flyback converters. 

21.7 FAST POWER FAILURE WARNING 
CIRCUITS A 

The previous systems shown in this section respond quite slowly to brownout 
conditions, because they are sensing peak or mean voltages. The filter capacitor 
in the warning cirduit introduces a delay. Its value is a compromise, being low 
enough to prevent a race between the holdup time of the power supply and the 
time constant of the filter capacitor, but large enough to give acceptable ripple 
voltage reduction. 

It is possible to detect the imminent failure of the line before this has fully 
developed by looking directly at the rectified line input. The circuit can respond 
to the reduction in the dvldt (rate of change of input voltage), which occurs at the 
beginning of a half cycle of operation if the peak voltage is going to be low. Hence 
the system is able to give more advanced warning of impending low-voltage con- 
ditions. 

The circuit recognizes very early that the rate of change of input voltage is 
below the value necessary to generate the correct peak ac voltage. If the dvldt as 
the supply passes through zero is low, failure is assumed, and a warning signal is 
generated before the half cycle is complete. This provides a useful extra few mil- 
liseconds of warning. 

Figure 1.21.6~ shows a simulated line brownout characteristic, in which the 
applied sine-wave input suffers a sudden reduction in voltage on the second cycle. 
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FIG. 1.21.6 (a) "Brownout" ac line voltage waveforms, showing "optimum 
speed" circuit action. (b) "Optimum speed" power failure warning circuit for di- 
rect operation from ac line inputs. 
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When the rectified waveform is compared to a reference voltage, the change in 
supply voltage shows up as an increase in the time At taken for the rectified volt- 
age to exceed the reference value. This change can be used to indicate a probable 
failure before the full half cycle has been established. This method gives the ear- 
liest possible warning of power brownout or failure. Figure 1.21.6b shows a suit- 
able circuit. 

This circuit operates as follows. The line input is bridge-rectified by diodes Dl 
through D4. A divider network of resistors R1, R2, and R3 is placed across the 
bridge output, and this load ensures a clean rectified half-cycle waveform at point 
A, as shown in Fig. 1.21.6a. This waveform is applied to the input of the com- 
parator arnp15er of PZ1 by the network R1, R2, and R3. As the supply voltage at 
A passes through 50 V during the falling second half of a half cycle, the vcltage 
applied to PZ1 passes through 2.5 V and the shunt regulator PZ1 and optical cou- 
pler OC1 will turn off. 

This starts a timing sequence on C2 such that unless the supply voltage rises 
through 50 V once again during the next positive-going edge of a half cycle within 
a prescribed time, then PZ2 and Q1 a7e turned on, giving a power failure signal. 

The timing is defined by C2, R5, and the secondary voltage (5 V in this exam- 
ple). During each half cycle, OC1 turns off and C2 will be charged from the time 
the input supply falls below 50 V to the time it returns above 50 V. If the "off' 
time of OC1 gets longer (as would be the case for a low input voltage, as shown 
in Fig. 1.21.6a), the voltage ramp across C2 will exceed 2.5 V, and PZ2 will be 
turned on. Q1 then indicates a power failure. An optocoupler is incorporated to 
isolate the sensing circuit from the output signal. 

In this circuit the operating voltage is well defined. It may be adjusted so that 
a failure will be indicated only for line voltage variations which fall below the 
critical value required to provide the power supply holdup time. 

The circuit is very fast and will give a brownout power failure wafning within 
1 to 8 ms, depending on where in a cycle a failure occurs. 

21.8 PROBLEMS 

1. Explain the purpose of a power failure warning circuit. 
2. How is a power failure warning signal developed in a flyback switchmode sup- 

ply? 
3. What is meant by brownout power failure warning? 
4. Describe the principle employed in a fast power failure warning circuit. 



CHAPTER 22 - 
CENTERING 

(ADJUSTMENT TO CENTER) 
OF AUXILIARY OUTPUT. 

VOLTAGES 
ON MULTIPLE-OUTPUT 

CONVERTERS 

When more than one winding is used on a converter transformer to provide aux- 
iliary outputs, a problem can sometimes arise in obtaining the correct output volt- 
ages. Because the transformer turns can only be adjusted in increments of one 
turn (or in some cases a half turn; see Part 3, Chap. 4) it may not be possible to 
get exact voltages on all outputs. 

When output auxiliary regulators (often three-terminal series regulators) are to 
be used, the secondary output voltage error is generally not a problem. However, 
in many cases additional regulation is not provided, and it is desirable to 
"center" the output voltage (set it to an absolute value). 

The following method describes a way of achieving this voltage adjustment in 
a loss-free manner, using small saturable reactors. 

22.2 E M  MPL E 

Consider the triple-output forward-converter secondary circuit shown in Fig. 
1.22.1. Assume that the 5-V output is a closed-loop regulated output, fully stabi- I 

i lized and adjusted. 
There are two auxiliary 12-V outputs, positive and negative, which are now j semiregulated as a result of the closed-loop,control on the 5-V line. Assume that I 

the regulation performance required from the 12-V outputs is such that additional 
series regulators would aot normally be required (say, 26%). 1 

Further assume that to obtain 12 V out, the transformer in this exam~le  re- i 
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FIG. 1.22.1 Saturating-core "centering inductors" applied to 
a Multiple-output push-pull converter. 

quires 11.5 turns and the half turn is not possible for flux balancing reasons. If 12 
turns are used on the transformer, the output voltage on the 12-V lines will be 
high by approximately 0.7 V. (Remember, this output is obtained with a pre- 
defined pulse width which was set by the main control loop for the 5-V output.) 
Assume also that under these conditions, the pulse width is 15 ps on and 18 ps ----- 
off, giving a total period of 33 ps. 

It is not possible to reduce the overall pulse width to obtain the correct output 
on the 12-V lines, as this will also reduce the 5-V output. If, on the other hand, 
the pulse width to the 12-V outputs could be reduced without changing the pulse 
width to the 5-V line, then it would be possible to produce the required output 
voltage on all lines. It is possible to achieve this with a saturable reactor. 4 

22.3 SATURABLE REACTOR VOLTAGE 
ADJUSTMENT ' 

Consider the effect of placing a saturable reactor toroid (as described in Part 2, 
Chap. 21) on the output lines from the transformer to the 12-V rectifiers D l  and 
D2. 

These reactors L1 and L2 are selected and designed so that they take a time- 
delay period td to saturate, specified by 

In this case, 

required Vout x ton 
td = to, - actual Vout 

FS 

The extra time delay td is introduced on the leading edge of the output power 
pulse by the saturable reactor, and the 12.7-V output would be adjusted back to 
12 V. This action is more fully explained in Part 2, Chap. 21. 

It remains only to design the reactors to obtain the above conditions. 
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22.4 REACTOR DESIGN 

Step 1, Selection of Material 

From Fig. 1.22.1, it is clear that the cores will be set to saturation during the for- 
ward conduction of the output diodes Dl and D2 and to provide the same delay 
on the leading edge for the next "on" period, the cores must resetguring the 
"off' period. When Dl and D2 are not conducting the "flywheel diodes" D3 and 
0 4  are normally conducting. If a square loop material with a low remanence is 
chosen, the cores will often self-reset, the recovered charge of Dl and D2 being 
sufficient to provide the reset action. However, reset resistors R1 and R2 may be 
required in some applications. 

A number of small square-loop ferrite toroids meet these requirements, and 
the TDK H5B2 material in a toroidal form is chosen for this example. 

Step 2, Obtaining the Correct Delay Time 

Prior to saturation, the wound toroid will conduct only magnetization current 
and, therefore, will be considered in its "off' state. 

The time taken for the core to saturate when the "on" period starts (diodes 
forward-biased) will depend on the applied voltage, the number of turns, the re- 
quired flux density excursion, and the area of the core, as defined by the follow- 
ing equation: 

where t,, = required time delay, ps  
Np = turns 
AB = change in flux density from B, to B,,,, T 
B, = flux remanence at H = 0 
B, = flux density at saturation, T 
A, = effective area of core, mm2 
V, = secondary voltage, V 

In this example, the secondary voltage V, applied to the core at the start of the 
"on" period may be calculated from the duty ratio and the output voltage as fol- 
lows: 

Vodton + tad vs = 
ton 

where V,,, = required output voltage, V 
ton = "on" period, ps 
torr = "off' period, ps 

In this example, 

There are now two variables available for fmal voltage adjustments: turns and 
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core area. Assume, for convenience, that a single primary turn is to be used; that 
is, the output wire from the transformer is simply passed through the toroid. 
There is now only one variable, the core area, and the required core cross- 
sectional area may be calculated as follows: 

in this example, 

This is a relatively large core, and for economy in low-current applications more 
primary turns may be used. For example, 5 turns on the primary and a core of !h 
of the previous area will give the same delay. The area would now be A, = 11.4 
nun2, and a TDK T7-14-3.5 or similar toroid would be suitable. 

It may be necessary to fit a resistor (Rl, R2) across the rectifier diodes Dl  and 
D2 to allow full restoration of the core during the "off' period, as the leakage 
current and recovered charge from Dl and D2 may not be sufficient to guarantee 
full recovery of the core during the nonconducting (reverse-voltage) period. 

Note: This method of voltage adjustment will hold only for loads exceeding the 
magnetizing current of the saturable reactor; hence the voltage tends to rise at 
light loads. Where control is required to a very low current, it is better to use a 
small, high-permeability core with more turns, as the inductance increases as N2 
while the delay is proportional to N (giving lower magnetization cuxent and con- 
trol to lower currents). 

A further advantage of the saturable reactor used in this way is that it reduces 
the rectifier diode reverse recovery current, an important advantage in high- 
frequency forward and continuous-mode flyback converters. 

22.5 PROBLEMS 

1. What is meant by the term "centering" as applied to multiple-output converters? 
2. Why is centering sometimes required in multiple-output applications? 
3. Describe a method of nondissipative voltage centering commonly used in 

ratio-controlled converters. 
4. Explain how saturable reactors L1 and L2 in Fig. 1.22.1 reduce the output 

voltages of the 12-V outputs. 
5. Assume that the single-ended forward converter shown in Fig. 1.22.1 gives the 

required 5-V output when the duty ratio is 40% at a frequency of 25 kHz. The 
5-V secondary has 3 turns, the 12-V secondaries have 9 turns each, and the 
rectifier dropis 0.7 V. 

If L1 and L2 have 3 turns on a T8-16-4 H5B2 toroid core (see Fig. 2.15.4 and 
Table 2.15.1), calculate the output voltage with and without L1 and L2). Is  
there a better turns selection for 12 V? 



CHAPTER 23 
AUXILIARY SUPPLY SYSTEMS 

23.1 INTRODUCTION 

Very often, an auxiliary power supply will be required, to provide power for con- 
trol and drive circuits within the main switchmode unit. 

Depending on the chosen design approach, the auxiliary supply will be com- 
mon to either input or output lines, or in some cases will be completely isolated. 
A number of ways of meeting these auxiliary requirements are outlined in the fol- 
lowing sections. 

The method chosen to provide the auxiliary needs should be considered very 
carefully, as this choice will often define the overall design strategy. For exam- 
ple, in "off-line" supplies, if the internal auxiliary supply to the control and drive 
circuits is common to the input line, then some method is required to isolate the 
control signal developed at the output from the high-voltage input. Often optical 
couplers or transformers will be used for this purpose. 

Alternatively, if the internal auxiliary supply is common to the output circuit, 
then the drive transformer to the power transistors may be required to provide 
the isolation. For this application, it must meet the creepage distance and isola- 
tion requirements for the various safety specifications. This makes the design of 
the drive transformers more difficult. 

When the specification requires power good and power failure signals or re- 
mote control functions, it may be necessary to have auxiliary power even when 
the main converter is not operating. For these applications, impulse start tech- 
niques and auxiliary supply methods that require the power converter to be op- 
erating would not be suitable. Hence, all the ancillary requirements must be con- 
sidered before choosing the auxiliary supply method. 

23.2 60-HZ LINE TRANSFORMERS 

Very often small 60-Hz transformers will be used to develop the required auxil- 
iary power. Although this may be convenient, as it allows the auxiliary circuits to 
be energized before the main converter, the 60-Hz transformer tends to be rather 
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large, as it must be designed to meet the insulation and creepage requirements of 
the various safety specifications. Hence, the size, cost, and weight of a 60-Hz 
auxiliary supply transformer tends to make it less attractive for the smaller 
switchmode applications. 

In larger power systems, where the auxiliary transformer size would not have 
a verv dramatic effect on the overall size and cost of the supply, the 60-Hz trans- 
former can be an expedient choice. 

Some advantages of the transformer approach are that fully isolated auxiliaries 
can easily be provided. Hence, the control circuitry may be connected to input or 
output lines, and the need for further isolation may be eliminated. Further, the 
auxiliary supply is available even when the main switching converter is not op- 
erating. 

23.3 AUXILIARY CONVERTERS 

Very small, lightweight auxiliary power supplies can be made using self- 
oscillating high-frequency flyback converters. The output windings on the con- 
verter can be completely isolated and provide both input and output auxiliary 
needs, in the same way as the previous 60-Hz transformers. 

Because auxiliary power requirements are usually very small (5 W or less), 
extremely small and simple converters can be used. A typical example of a 
nonregulated auxiliary converter is shown in Fig. 1.23.1. In this circuit, a self- 
oscillating flyback converter operates from the 150-V center tap of the voltage 
doubler in the high-voltage DC supply to the main converter. 

* 
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FIG. 1.23.1 Auxiliary power supply converter of the single-rrdnsromer, self-osciUating flyback 
type, with energy recovery catch diode D3. 



23.4 OPERATING PRINCIPLES 

Initially, Q1 starts to turn on as a result of the base drive current in resistors ~1 
and R2. As soon as Q1 starts to turn on, regenerative feedback via winding P;! 
will assist the turnsn action bf the transistor, which will now latch to an "onw 
state. 

With Q1 on, current will build up linearly in the primary winding at a rate de- 
fined by the primary inductance and applied voltage (dlldt=V,JL,). As the cur- 
rent builds up in the collector and emitter of Q1, the voltage across R3 will in- 
crease. The voltage on the base of Q1 will track the emitter voltage (plus v,,), 
and when the base voltage approaches the voltage developed across the feedback 
winding F2, the current in R2 will fall toward zero, and Q1 will start to turn off. 

Regenerative feedback from F2 will now reverse the base drive voltage, turn- 
ing Q1 off more rapidly. By flyback action, the collector of Q1 will fly positive 
until the clamp diode D3 is brought into conduction. Flyback action will continue 
until most of the energy stored in the transformer is returned to the 300-V supply 
line. 

However, at the same time, a small amount of energy will be transferred to the 
output via DS and 06. Because D3 conducts throughout the flyback period, and 
the same primary winding is used for both forward and flyback actions, the 
flyback voltage will be equal to the forward voltage, and the output voltage will 
be defined by the supply voltage. Also, the flyback period will be the same as the 
forward period, giving a 50% mark space ratio, that is, a square-wave output. 

The inductance of the transformer primary should be chosen by gapping the 
core such that the stored energy at the end of an on period 1/2 L1,2 is at least three 
or four times greater than that required for the auxiliary outputs, so that clamping 
diode D3 will always be brought into conduction during the flyback period. This 
way, the secondary flyback voltage will be defined by the turns ratio and the pri- 
mary voltage. This can be an advantage when the auxiliary voltage is to be used 
for power failurelpower good indications and to provide low-input-voltage inhibit 
actions. 

As the primary turns are very large (300 to 500 turns typically), there is a con- 
siderable distributed interwinding capacitance in the primary. The relatively 
small primary inductance, given by the large air gap in the transformer core, im- 
proves the switching action in these small converters. 

Although the current in the primary may appear quite large for the transmitted 
power, the overall efficiency remains high, as the majority of the energy is re- 
turned to the supply line during the flyback period. The mean off-load current of 
these converters is often only 2 or 3 mA, although the peak primary current may 
be as high as 50 mA. 

Because a DC current is taken from the center tap of the input capacitors C1 and 
C2, this simple converter is suitable only for voltage doubler applications. If full- 
wave input rectification is used, a DC restoration resistor is required across C1. 

23.5 STABILIZED AUXILIARY CONVERTERS 

Many variations of this basic self-oscillating converter are possible. By using a 
high-voltage zener on the input side, it is possible to provide stabilized auxiliary 
outputs and also maintain a constant operating frequency. 
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FIG. 1.23.2 Stabilized auxiliary power converter of the self-oscillating flyback type, with en- 
ergy recovery winding P3 and synchronization input 42. 

Figure 1.23.2 shows one such modification to the basic circuit. This circuit is 
also more suitable for dual-voltage operation, as the flyback energy is returned to 
the same input line as the primary load. 

The input voltage is stabilized by ZD1 and gives constant-frequency opera- 
tion. This auxiliary converter may be used as the basic clock for the control cir- 
cuit, providing drive directly to the power switching transistors. Very simple and 
effective switchmode supplies may be designed using this principle. 

An energy recovery winding P3 and diode D6 have been added to the trans- 
former so that the spare flyback energy is returned to the same supdy capacitor 
as the primary winding PI (C3). This makes the mean loading current on ZD1 
very low, allowing simple and efficient zener diode preregulation. Both forward 
and flyback voltages are regulated by ZDl, providing a regulated flyback voltage 
and hence regulated outputs. It is important to use b i a r  windings for P1 and P3 
and to fit the energy recovery diode D6 in the top end of the flyback winding P3. 
In this position it isolates the collector of the switching transistor from the 
interwinding capacitance in T1 during the turn-on edge of Q1. 

The DC supply to the auxiliary converter is taken from the main 300-V line via 
R1 and R2, which have been selected so that input link changes for dual input 
voltage operation will not affect the operating conditions of ZD1. Further, an ex- 
tra transistor 4 2  has been added to the base of the converter transistor Q1 to 
permit external synchronization of the converter frequency. 

It should be noted that the frequency may only be synchronized to a higher 
value, as 4 2  can terminate an "on" period early, but cannot extend an "on': pe- 
riod. Turning on Q2 results in immediate flyback action for each sync pulse, giv- 
ing higher-frequency operation. 

23.6 HIGH-EFFICIENCY AUXILIARY SUPPLIES 

Figure 1.23.3 shows a more efficient version of the previous circuit, in which the 
loss incurred in the feed resistors R1 and R2 has been eliminated by using a sep- 
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FIG. 1.23.3 Auxiliary power converter of the self-oscillating flyback type with a 1 lO-V ac cool- 
ing fan supply, suitable for use with 110-V ac fans in dual input voltage applications. 
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arate bridge rectifier D5-D8 to supply the converter. This arrangement is partic- 
ularly useful for dual 110-220-V applications, as the rectifiers DSD8 are effec- 
tively fed with 110 V for both positions of the voltage selector link, that is, for 
both 110- and 220-V operation. This effective 110-V ac line is also used in this 
example to supply the 110-V cooling fan. Hence, the same fan may be used for 
both input voltages. (To meet the safety requirements, the insulation rating for 
the fan must be suitable for the higher-voltage conditions.) 

Note: When operating from 220-V line inputs, the link to the center of C1-C2 is re- 
moved. Under this condition, the load on the 300-V DC line must exceed the fan and 
auxiliary loading, to ensure DC restoration of the center point of C l G .  Hence this 
circuit is suitable only for applications in which a minimum load is maintained on the 
output. Capacitors C1 and C2 must be selected to accommodate the additional ripple 
current loading provided by the fan and the auxiliary converter, aithough this will pro& 
ably be a small percentage of the total loading in most applications. 

23.7 AUXILIARY SUPPLIES DERIVED FROM 
MAIN CONVERTER TRANSFORMER 

When the main converter is operating, it is clear that a winding on the main con- 
verter transformer can provide the auxiliary supply needs. However, some 
means is required to provide the auxiliary power to the control circuits during the 
start-up phase. The following chapter describes a number of starting methods. 

23.8 PROBLEMS 

1. Explain why the characterictics of the auxiliary power supply systems are 
sometimes fundamental to the operation of the main power section. 

2. What is the major disadvantage of using small 60-Hz transformers for auxiliary 
power systems? 

-, 
I 

CHAPTER 24 
PARALLEL OPERATION 

OF VOLTAGE-STABILIZED 
POWER SUPPLIES 

24.1 INTRODUCTION 

Stabilized-voltage power supplies, both switching and linear, have extremely low 
output resistances, often less than 1 ma. Consequently, when such supplies are 
connected in parallel, the supply with the highest output voltage will supply the 
majority of the output current. This will continue until this supply goes into cur- 
rent limit, at which point its voltage will fall, allowing the next highest voltage 
supply to start delivering current, and so on. 

Because the output resistance is so low, only a very small difference in output 
voltage (a few millivolts) is required to give large current dierences,Hence, it is 
impossible to ensure current sharing in parallel operation by output voltage ad- 
justment alone. Generally any current imbalance is undesirable, as it means that 
one unit may be overloaded (operating all the time in a current-limited mode), 
while a second parallel unit may be delivering only part of its full rating. 

Several methods are used to make parallel units share the load current almost 
equally. 

24.2 MASTER-SLAVE OPERATION 

In this method of parallel operation, a designated master is selected, and this is 
arranged to provide the voltage control and drive to the power sections of the 
remainder of the parallel units. 

Figure 1.24.1 shows the general arrangement of the master-slave connection. 
Two power supplies are connected in parallel. (They could be switching or linear 
supplies.) Both supplies deliver current to a common load. An interconnection is 
made between the two units via a link (this is normally referred to as a P-terminal 
link). This terminal links the power stages of the two supplies together. 

The master unit defines the output voltage, which may be adjusted by VR2. 
The slave unit will be set to a much lower voltage. (Alternatively, the reference 
will be linked out, LK1.) The output of amplifier Al '  will be low, and diode Dl '  
is reversed-biased. 43' will not be conducting, and the drive to 42' will be pro- 
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FIG. 1.24.1 Linear voItage-stabilized power supplies in master-slave connec- 
tion. 

vided by 4 3  in PSUl via the P-terminal link. The drive transistor 4 3  must have 
sufficient spare drive current to provide the needs of all the parallel units; hence 
there is a limit to the number of units that can be connected in parallel. Drive 
accommodation is normally provided for a minimum of five parallel supplies. 

In this arrangement, the slave supplies are operating as voltage-controlled cur- 
rent sources. Current sharing is provided by the voltage drop across the emitter 
sharing resistors R, and R,'. The current-sharing accuracy is not good because of 
the rather variable base-emitter voltages of the power transistors. A sharing ac- 
curacy of 20% would be typical for this type of connection. 

The major disadvantage of master-slave operation is that if the master unit 
fails, then all outputs will fail. Further, if a power section fails, the direct con- 
nection between the two units via the P terminal tends to cause a failure in all 
units. 

24.3 VOLTAGE-CONTROLLED CURRENT 
SOURCES 

This method of parallel operation relies on a principle similar to that of the 
master-slave, except that the current-sharing P-terminal connection is made at a 
much earlier signal level in the control circuit. The control circuit is configured as 
a voltage-controlled current source. The voltage applied to the P terminal will de- 
fine the current from each unit, the total current being the sum of alI the parrille1 
units. The voltage on the P terminal, and hence the total current, is adjusted to 
give the required output voltage from the complete system. Figure 1.24.2 shows 
the general principle. 

In this arrangement the main drive to the power transistors Ql and Q1' is from 
the voltage-controlled current amplifiers A1 and Al'. This operates as follows. 

Assume that a reference voltage REF has been set up by one of the ampIifiers. 
(REF2 and REF2' must be equal, as they are connected by the P terminals.) The 
conduction of transistors Q1 and Q1' will be adjusted by the ampliers so that the 

FIG. 1.24.2 Parallel operation of current-mode-controlled linear power s u p  
plies. showing natural current-sharing ability. 

currents in the two current-sensing resistors R1 and R1' will be well defined and 
equal. The magnitude of the currents depends on the reference voltage on P and 
thk resistor values. 

The dominant control amplifier, A2 or AT (the one set to the highest volt- 
age). will now adiust the current to obtain the required output voltage. The other --,, - -  

amplifier will ha;e its output diode reverse-biased. 
The major advantage of this arrangement is that a failure in the power section 

is less likely to cause a fault in the P-terminal interconnection, and the current 
sharing is well defined. * 

This circuit lends itself well to parallel redundant operation. See Sec. 24.5. 

24.4 FORCED CURRENT SHARING 

This method of parallel operation uses a method of automatic output voltage ad- 
justments on each power supply to maintain current sharing in any number of 
parallel units. This automatic adjustment is obtained in the following way. 

Because the output resistance in a constant-voltage supply is so low (a few 
milliohms or less), only a very small output voltage change is required to make 
large changes in the output current of any unit. 

With forced current sharing, in principle any number of units can be con- 
nected in parallel. Each unit compares the current it is delivering with the'aver- 
age current for the total setup and adjusts its output voltage so as to make its own 
output current equal to the average current. 

Figure 1.24.3 shows the principle used for this type of system. Amplifier A1 is 
the voltage control amplifier of the supply. It operates in the normal way, com- 
paring the output voltage from the divider network R3, R4 with an internal ref- 
erence voltage VL, and controuing the power stage so as to maintain the output 
voltage constant. However, V& is made up of the normal reference voltage Vmf 
in series with a small adjustable reference V2 developed by the divider network 
R1, R2 from the current sense amplifier A2. V2, and hence Vkf, may be in- 
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FIG. 1.24.3 Parallel operation of voltage-stabilized linear power supplies, show- 
ing forced current-sharing circuit. 

creased or decreased in response to the output of amplifier A2. The maximum 
range of adjustment is limited, being typically 1% or less. 

Amplifier A2 compares the output current of its own power supply with the 
average output current of all the power supplies by comparing the voltage an- 
alogue across the internal current shunt R1 with the average voltage analogue 
generated by all the shunts and averaged by the interconnection resistors Rx. 
A2 wili increase or decrease the second reference voltage V2, and hence the 
output voltage of its supply, so as to maintain its current on a par with the 
average. 

An interconnection between the power supplies must be provided to carry the 
information on the average current. (This is sometimes known as a P-terminal link.) 

Any number of such supplies can be directly connected in parallel. All that 
will be required from the supplies is that their output voltages must be adjusted to 
be within the voltage capture range (better than 1% of the required output voltage 
in this example). 

The major advantage of this technique for parallel redundant operation is that 
in the event of one power supply failing, the remaining working units will redis- 
tribute the load current equally among them without intemption to the output. 

The output voltage of the combination will adjust itself to the average value of 
the independent units. 

A more practical arrangement of this circuit principle is demonstrated in Fig. 
1.24.4. This circuit has the advantage that the reference voltage can be increased 
or decreased as required. 

The output voltage of amplifier A2 (node A) will normally be equal to the ref- 
erence voltage V,, Hence there will be no corrective action so long as the output 
current is equal to the average current of the combination. Under these condi- 
tions, the voltages at node B and node C are the same. If the current is not bal- 
anced, then the voltage at node B will not be the same as that at node C, and the 
output of amplifier A2 will change to adjust the reference voltage. This will result 
in a change in output voltage and a correction in the output current, to recover a 
balanced condition. 

PARALLEL OPERATION 

FIG. 1.24.4 Example of a forced current-sharing circuit. 

24.5 PARALLEL REDUNDANT OPERA TION 

The purpose of parallel redundant operation is to ensure maintenance of power 
even in the event of one power supply failure. In principle, n supplies (where n is 
two or more) are connected in parallel to supply a load that has a maximum de- 
mand that is n - 1 of the total combination rating. Hence, if a Spp ly  fails, the 
remainder of the units will take up the load without an intemption in the service. 

In practice, the failed supply may short-circuit (for example, the SCR 
overvoltage crowbar may fuel. To prevent this supply from overloading the re- 
mainder of the network, the power supplies will usually be rectifier-diode OR- 
gated into the output line. Figure 1.24.5 shows a typical arrangement. 

Remote voltage sensing is not recommended for parallel redundant operation, 
as the remote connections provide alternative current paths in the event of a 
power supply failure. If line voltage drops are a problem, then the diodes should 
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FIG. 1.24.5 Parallel redundant connection of stabilized voltage power supplies. 
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FIG. 1.24.6 Parallel redundant operation of voltage-stabilized power sup 
plies, showing quasi-remote voltage sensing connections. 

DESIGN : 
THEORY AND 

PRACTICE 
be mounted at the load end and remote sensing taken up to the diode anode only, 
as shown in Fig. 1.24.6. 

Power supplies of the forced-current-sharing type are most suitable for this 
type of parallel redundant mode operation, as the P-terminal link provides cur- 
rent sharing and does not compromise the operation if a supply fails. In fact, the 
technique ensures that the remainder of the supplies share the load equally, in- 
creasing their output currents as required to maintain a constant output voltage. 

24.6 PROBLEMS 

1. Why does operating constant-voltage power supplies in parallel present a 
problem? 

2. What is meant by parallel master-slave operation? 
3. Explain the major disadvantage of master-slave operation. 
4. What is meant by forced current sharing for parallel operation? 
5. What is the major disadvantage of forced current sharing? 
6. What is meant by parallel redundant operation? 
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I MULTIPLE-OUTPUT FLYBACK 
SWITCHMODE POWER 

SUPPLIES 

1.1 INTRODUCTION 

Figure 2.1.1 shows the basic circuit of a triple-output flyback power supply. 
The flyback unit combines the actions of an isolating transformer, an output 

inductor, and a flywheel diode in a single transformer. As a result of this mag- 
netic integration, the circuit provides extremely cost-effective and efficient sta- 
bilized DC outputs. 

The technique is particularly useful for multiple-output applications, where 
several semistdbilized outputs are required from a single supply. xhe major dis- 
advantage is that high ripple currents flow in transformer and output compo- 
nents, reducing their efficiency. As a result of this limitation, the flyback con- 
verter is usually restricted to power levels below 120.W. 

1.2 EXPECTED PERFORMANCE 

In the example shown in Fig. 2.1.1, the main output is closed-loop-controlled and 
is thus fully regulated. The auxiliary outputs are only semiregulated and may be 
expected to provide line and load regulation of the order of 56%. Where better 
regulation is required, additional secondary regulators will be needed. 

In flyback supplies, secondary regulators are often linear dissipative types, al- 
though switching regulators may be used for higher efficiency. For low-current 
outputs, the standard three-terminal IC regulators are particularly useful. The 
dissipation in the linear regulators is minimized as a result of the preregulation 
provided by the closed-loop control of the main output. In some applications, the 
closed-loop control regulation may be shared between two or more outputs. 

Since the most cost-effective flyback converters will not have additional sec- 
ondary regulators, overspecifying the requirements is a mistake. The essential at- 
tractions of of this type of converter-simplicity and low cost-will be lost if ad- 
ditional circuitry is required to meet very critical specifications. For such 
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applications, the designer might do well to consider one of the more sophisticated 
multiple-output topologies with their inherently higher performance. 

! 

1.2.1 Output Ripple and Noise 

I Where very low levels of output ripple are required, the addition of a small LC 
noise filter near the output terminals will often eliminate the need for expensive 
low-ESR capacitors in the main secondary reservoir positions. 

For example, a typical 5-V 10-A supply may use the highest-quality low-ESR 
capacitors in positions CI, C2, and C3 of the single-stage filter shown in Fig. 
2.1 .l, but this will rarely give a ripple figure of less than 100 mV. However, it is 
relatively easy to keep ripple figures below 30 mV when low-cost standard elec- 
trolytic capacitors are used in positions C1, C2, and C3 by adding a high- 
frequency LC output filter. This approach can be very efficient and cost- 
effective. (See Part 1, Chap. 20.) It should be understood that in a flyback 
converter the inductor can be quite small, since it is not required for energy stor- 
age (as it would be in a forward converter). 

1.2.2 Synchronization 

In fixed-frequency flyback units, some means of synchronizing the switching fre- 
quency to an external clock is often provided. This synchronization can lead to 
fewer interference problems in some applications. 

4 
1.3 OPERATING MODES 

Two modes of operation are clearly identifiable in the flyback converter: 

1. "Complete energy transfer" (discontinuous mode), in which d the energy 
that was stored in the transformer during an energy storage period ("on" pe- 
riod) is transferred to the output during the flyback period ("off' period). 

2. "Incomplete energy transfer" (continuous mode), in which a part of the en- 
ergy s t p d  in the transformer at the end of an "on" period remains in the 
transfoimer at the beginning of the next "on" period. 

1.3.1 Transfer Function 

The small-signal transfer functions for these two operating modes are quite dif- 
ferent, and they are dealt with separately in this section. In practice, when a wide 
range of input voltages, output voltages, and load currents is required, the fly- 
back converter will be required to operate (and be stable) in both complete and 
incomplete energy transfer modes, since both modes will be encountered at some 
point in the operating range. 

As a result of the change in transfer function at the point where there is a 
move from one mode to the other, together with the merging into one component 



PART 2 

of the transformer, output inductor, and flywheel diode actions, flyback convert- 
ers can be among the most difficult to design. 

1.3.2 Current-Mode Control ., 

The introduction of current-mode control to the pulse-width modulation action 
has very much reduced the control-loop problems, particularly for thecomplete 
energy transfer mode. Hence current-mode control is recommended for flyback 
systems. However, current-mode control does not eliminate the stability prob- 
lems inherent in the incomplete energy transfer mode, because of the "right-half- 
plane zero" in the transfer function. This will require the gain of the control loop to 
roll off at a low frequency, degrading the transient response. (See Part 3, Chap. 9.) 

1.4 OPERATING PRINCIPLES 

Consider Fig. 2.1.1. In this circuit, the high-voltage-rectified 300-V DC line is 
switched across the primary winding of a transformer PI, using a single switching 
device Q1. The control circuit has a fmed frequency, and the duty ratio of Q1 is 
adjusted to maintain the output voltage constant on the main output line. It will 
be shown that the unit may operate in a complete or incomplete energy transfer 
mode, depending on the duty ratio and load. 

1.5 ENERGY STORAGE PHASE 

The energy storage phase is best understood by considering the action of the ba- 
sic single-output flyback converter shown in Fig. 2.1.2. 

When transistor Q1 is turned on, the start of all windings on the transformer 
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FIG. 2.1.2 Simplified power section of a flyback (buck-boost) converter. 
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will go positive. The output rectifier diode Dl will be reverse-biased and will not 
conduct; therefore current will not flow in the secondary while Q1 is conducting. 

During this energy storage phase only the primary winding is active, and the 
transformer may be treated as a simple series inductor; hence the circuit can be 
further simplified to that shown in Fig. 2.1.3a. 

From Fig. 2.1.3a it is clear that when Q1 turns on, the primary current I, will 
increase at a rate specified by 

where Vcc = supply voltage 
Lp = primary inductance 

This equation shows that there will be a linear increase of primary current during 
the time Q1 is conducting, (to,). During this period the flux density in the core 
will increase from the residual value B, to its peak working value B,. The corre- 
sponding current waveforms and flux density changes are shown in Fig. 2.1.3b. 

(a1 (bl 

FIG. 2.1.3 (a) Equivalent primary circuit during the energy storage phase. (b) Primary current 
waveform and magnetization during the energy storage phase. 

1.6 ENERGY TRANSFER MODES (FL YBACK PHASE) 

When Q1 turns off, the primary current must drop to zero. The transformer 
ampere-turns cannot change without a corresponding change in the flux density 
-AB. As the change in the flux density is now negative-going, the voltages will 
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reverse on all windings (flyback action). The secondary rectifier diode Dl will 
conduct, and the magnetizing current will now transfer to the secondary. It will 
continue to flow from start to finish in the secondary winding. Hence, the set- 

: ondary (flyback) current flows in the same direction in the windings as the orig- 
inal primary current, but h'as a magnitude defined by the turns ratio. (The 
ampere-turns product remains constant.) 

Under steady-state conditions, the secondary induced emf (flyb ck voltage) 
must have a value in excess of the voltage on C1 (the output voltage) b fore diode 
Dl can conduct. At this time the flyback current will flow in the secondary wind- 
ing starting at a maximum value I,, where I, = n x I,. (n is the transformer turns 
ratio and I is the primary current at the instant of tum-off of Ql.) The flyback 
current w d  fall toward zero during the flyback period. Since during the flyback 
period Q1 is "off' and the primary is no longer conducting, the primary winding 
can now be neglected, and the circuit simplifies to that shown in Fig. 2.1.4~. The 
flyback secondary current waveform is shown in Fig. 2.1.46. 

where V, = secondary voltage 
L, = inductance of transformer referred to secondary 

1.7 FACTORS DEFINING OPERATING MODES 

1.7.1 Complete Energy Transfer 

Ifthe flyback current reaches zero before the next "on" period of Q1, as shown 
in Fig. 2.1.5a, the system is operating in a complete energy transfer mode. That 

la) (b) 

FIG. 2.1.4 (a) Equivalent secondary circuit during the energy transfer phase (flyback period). 
(b) Secondary cumnt waveform and magnetization during the flyback period. 

For complete energy transfer conditions, the flyback period is always less than 
the "off' period, and the flux density in the core will fall h m  its peak value B, to 
its residual value B, during the flyback period. The secondary current will also decay 
at a rate specitied by the secondary voltage and secondary inductance; hence 

I- t ' o n ' 2 - 1  50% PERIOD 

FIG. 2.1.5 (a) Primary current waveform I, and secondary current 
waveforms I, (discontinuous-mode) operation. (b) Primary and secondary 
waveforms for incomplete energy transfer (continuous-mode) operation. 

is, all the energy that was stored in the transformer primary inductance during the 
"on" period will have been transferred to the output circuit during the tlyback 
period, before the next storage period starts. If the flyback current does not reach 
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zero before the next "on'' period (Fig. 2.156). then the system is operating in the 
incomplete energy transfer mode. 

1.7.2 Incomplete Energy Trhnsfer 

If, in the circuit example shown in Fig. 2.1.2, the "on" period is increased and 
the "off' period correspondingly decreased, more energy is stored inthe trans- 
former during the "on" period. For steady-state operation, this extra energy 
must be extracted during the "off' period. If the input and output voltages are to 
be maintained constant, it will be shown that the load current must be increased 
to remove the extra energy. 

The slope of the input and output current characteristics cannot change, be- 
cause the primary and secondary voltages and inductances are constant. Further, 
the equality of the forward and reverse volt-seconds applied to the transformer 
must be maintained for steady-state conditions. Hence, for the increased "on" 
period, a new working condition will be established, as shown in Fig. 2.1.5b. 

For this condition, the current will not be zero at the beginning of an "on" 
period, and an equal value will remain at the end of the "off" period (with due 
allowance for the turns ratio). This is known as continuous-mode operation o r  
incomplete energy transfer, since a portion of the energy remains in the magnetic 
field at the end of a flyback period. Since the area under the secondary-current 
waveform is now greater by the DC component, the load current must be greater 
to maintain steady-state conditions. 

Note: The behavior of the overall system should not be confused by the term 
"incomplete energy transfer," since, under steady-state conditions, all the en- 
ergy input to the transformer during the "on" period will be transferred to the 
output during the flyback period. 

In this example, a transition from complete to incomplete energy transfer was 
caused by increasing the "on" period. However, the following equation shows 
that the mode of operation is in fact controlled by four factors: input and output 
voltage, the mark space ratio, and the turns ratio of the transformer. 

As previously mentioned, under steady-state conditions, the change in flux 
density during the "on" period must equal the return change in flux density dur- 
ing the flyback period. Hence 

It will be seen from this equation that the primary volt-seconds per turn must be 
equal to the secondary volt-seconds per turn if a stable working point for the flux 
density is to be established. 

In the forward direction, the "on" period can be adjusted by the control cir- 
cuit to define the peak primary current. However, during the flyback period, the . 
output voltage and secondary turns are constant, and the active flyback period 
must self-adjust until a new stable working point for the transformer flux density 
is established. It can continue to do this until the flyback period extends to meet 
the beginning of the next "on" period (Fig.. 2.1.5b). 

At the critical point where the flyback current has just reached zero before the 
next "on" period, any further increase in duty ratio or load will result in the unit 

moving from the complete to the incomplete energy transfer mode. At this point, 
no further increase in pulse width is required to transfer more current, and the 
output impedance becomes very low. Hence, the transfer function of the con- 
verter changes to a low-impedance two-pole system. 

1.8 TRANSFER FUNCTION ANOMALY 

The flyback converter operating in open loop and in the complete energy transfer 
mode (discontinuous mode) has a simple single-pole transfer function and a high 
output impedance at the transformer secondary. (To transfer more power re- 
quires an increase in pulse width.) 

When this system reverts to the incomplete energy transfer mode (continuous- 
mode operation), the transfer function is changed to a two-pole system with a low 
output impedance (the pulse width is only slightly increased when more power is 
demanded). Further, there is a "right-half-plane zero" in the transfer function, 
which will introduce an extra 180" of phase shift at high frequency; this can cause 
instability. The loop stability must be checked for both modes of operation if it is 
possible for both modes to occur in normal use. To determine the need for this, 
consider light loading, normal loading, and short-circuit conditions. In many 
cases, although complete energy transfer may have been the design intention, in- 
complete transfer may occur under overload or short-circuit conditions at low in- 
put voltages, leading to instability. (See Part 3, Chap. 9 and Sec. 10.6.) 

1.9 TRANSFORMER THROUGHPUT CAPABILITY - 
It is sometimes assumed that a transformer operating in the complete energy 
transfer mode has greater transmissible power than the same transformer oper- 
ating in an incomplete transfer mode. (It sounds as if it should.) However, this is 
true only if the core gap remains unchanged. 

Figure 2.1.6~ and b shows how, by using a larger air gap, the same trans- 
former may be made to transfer more power in the incomplete transfer mode than 
it did previously in the complete transfer mode (even with a smaller flux excur- 
sion). In applications in which the transformer is "core loss limited" (usually 
above 60 kHz for typical ferrite transformers), considerably more power may be 
transmitted in the incomplete energy transfer mode, because the reduced flux ex- 
cursion results in lower core losses and reduced ripple currents in both primary 
and secondary. 

Figure 2.1.6~ shows the BIH curve for a core with a small air gap and a large 
flux density change. Figure 2.1.6b shows the BIH curve for the same core with a 
larger air gap and a smaller flux density change. 

In general, the power available for transfer is given by 

where f = frequency 
V, = effective volume of core and air gap 
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This power is proportional to the shaded area to the left of the BIH curve in Fig. 
2.1.6; i t  is clearly larger for the example in Fig. 2.1.66 (the incomplete energy 
transfer case). Much of the extra energy is stored in the air gap; consequently, 
the size of the air gap will have a considerable effect upon the transmissible 
power. Because of the very high reluctance of the air gap, it is quite usual to have 
more energy stored in the gap than in the transformer core itself. 

At the end of the "on" period, energy of YiLP . I; will have been stored in 
the transformer magnetic field. This energy, less the energy remaining in the core 
(%LP . 12) is transferred to the output circuit each cycle. 

In conclusion, the designer must choose the mode of operation depending on 
the performance required and the power to be transferred, be aware of the need 
to check the mode of operation under all possible loading conditions, and be pre- 
pared to design the control loop to deal with all realistic conditions. 

7. 7 0 SPECIFICA TlON NOTES 

The designer should be alert to the tendency for specifications to escalate. When 
a flyback converter is to be considered and potential requirements are large, 
costs are often particularly sensitive. The designer should establish with the cus- 
tomer the real limitations of the application. It may well be that a typical perfor- 
mance of 6% regulation on the auxiliary outputs of a multiple-output unit would 
be acceptable. This allows a semiregulated flyback system to be used. To guar- 
antee a result of 5% (hardly better), a secondary regulator would be required, 
with consequent loss of efficiency and increased cost. 

Very often specifications call for fixed frequency, or even a syfihronized op- 
erating condition. This synchronization is often specified when a power supply is 
to be used for video display terminals or computer applications. Very often, in 
specifying such requirements, the user is making an assumption that the switch- 
ing noise or magnetic field generated by the power supply will in some way in- 
terfere with the system performance. However, in a well-designed, well-filtered, 
and well-screened modem switching supply, the noise level is unlikely to be suf- 
ficiently high to cause interference. Moreover, in many cases, synchronization 
makes the noise even more noticeable. In any event, synchronization is a poor 
substitute for eliminating the noise problem altogether. 

If the specification calls for a fixed frequency or synchronization, the designer 
would do well to check this requirement with the user. Have available for dem- 
onstration a well-screened variable-frequency unit. This should have a copper 
screen on the transformer and a second-stage output LC filter. If possible, try the 
sample in the actual application. The author has found that the user is often well 
satisfied with the result, and of course the cost of the supply would be much 
lower. 

In some applications in which a number of switching supplies are to be oper- 
ated from the same input supply (more usual with DC-to-DC converters), the in- 
put filter requirements can be reduced by using synchronized and phase-shifted 
clock systems. This approach also eliminates low-frequency intermodulation 
components, and in this application the extra cost of a synchronized unit may 
well be justified. 

Having fully researched the application, the designer is in a position to cont- 
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dently select the most effective approach to meet the final specification require- 
ments. 

1.11 SPECIFICATION EXAMPLE FOR A 7 70- W 
DIRECT-OFF-LINE FLYBACK POWER SUPPLY 4 

For the following example, a fmed-frequency single-ended bipolar flyback unit 
with three outputs and a power of 110 W is to be considered. It will be shown 
later that the same design approach is applicable to variable-frequency self- 
oscillating units. 

Although most classical design approaches assume that the mode of operation 
will be either entirely complete energy transfer (discontinuous mode) or entirely 
incomplete energy transfer (continuous mode), in practice a system is unlikely to 
remain in either of these two modes for the complete range of operation. Conse- 
quently, in the simplified design approach used here, it will be assumed that both 
modes of operation will exist at some point within the working range. This ap- 
proach also tends to yield higher efficiency, as the peak primary and secondary 
currents are reduced. 

1.1 1.1 Specification 

Output power: 
Input voltage range: 
Operating frequency: 
Output voltages: 

Line and load regulation: 

Output current range: 
Output ripple and noise: 
Output voltage centering: 

Overload protection: 

Overvoltage protection: 

110 W 
90-1371180-250 (user selectable) 
30 kHz 
5 V, 10 A 
12 V, 3 A 
-12 V, 2 A 
1% for main 5-V output 
6% typical for a 40% load change (from 60% nom- 
inal) 
20% to full load 
1% maximum 
& 1% on 5-V lines 
& 3% on 12-V lines 
By primary power limit and shutdown requiring 
power onloff reset cycle 
5-V line only by converter shutdown, i.e., crowbar 
not required 

1.11.2 Power Circuit 

The above specification requirements can be met using a single-ended flyback 
system without secondary regulators (see Fig. 2.1.1). To meet the need for dual 
input voltage by a link change, voltage doubling techniques can be employed for 
the input line recFCsrs when they are set for 110-V operation. Consequently, the 

f ~ ;  
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rectified DC line will be approximately 300 V for either 110-V or 220-V nominal 
inputs. 

A voltage analogue of the primary current for primary power limiting is avail- 
able across the emitter resistor R1. This waveform may also be used for control 
purposes when current-mode control is to be used. (See Part 3, Chap. 10.) A sep- 
arate overvoltage protection circuit monitors the 5-V output and shuts the con- 
verter down in the event of a failure in the main control loop. 

To meet the requirements for low output ripple, a two-stage LC filter will be 
fitted in this example. This type of filter will allow standard medium-grade elec- 
trolytic output capacitors to be used, giving a lower component cost. (A suitable 
filter is shown in Part 1, Chap. 20.) The control circuit is assumed to be closed to 
the 5-V output to give the best regulation on this line. The details of the drive 
circuitry have been omitted; suitable systems will be found in Part 1, Chaps. 15 
and 16. 

1.1 1.3 Transformer Design 

The design of the transformer for this power supply is shown in Part 2, Chap. 2. 

1.72 PROBLEMS 

From what family of converters is the flyback converter derived? 
During which phase of operation is the energy transferred to the secondary in 
a flyback converter? 4 

Describe the major advantages of the flyback technique. 
Describe the major disadvantages of the flyback technique. 
Why is the transformer utilization factor of a flyback converter often much 
lower than that of a push-pull system? 
Under what operating conditions will the flyback converter give a core utili- 
zation factor similar to that of a forward converter? 
Why is an output inductor not required in the flyback system? 
Describe the two major modes of operation in the flyback converter. 
What are the major differences in the transfer functions between continuous- 
and discontinuous-mode operation? 
Why would an air gap normally be required in the core of a flyback trans- 
former when ferrite core material is used? 
Why is primary power limiting alone usually inadequate for full short-circuit 
protection of a flyback converter? 
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CHAPTER 2 
FLYBACK TRANSFORMER 

DESIGN 
For 'i Direct-Off-Line 

Flyback Switchmode Power Supply 4 

Because the flyback converter transformer combines so many functions (energy 
storage, galvanic isolation, current-limiting inductance), and also because it is often 
required to support a considerable DC current component, it can be rather more dif- 
ficult to design than the more straightforward push-pull transformer. For this reason, 
the following section is entirely devoted to the design of such transformers. 

To satisfy the design requirement, many engineers prefer to use an entirely 
mathematical technique. This is fine for the experienced engineer. However, be- 
cause it is difficult to get a good working feel for the design by using this ap- 
proach, it will not used here. 

In the following transformer design example, the chosen process will use an 
iterative technique. No matter where the design is started, a number of approx- 
imations must be made initially. The problem for the inexperienced designer is to 
get a good feel for the controlling factors. In particular, the selection of core size, 
the primary inductance, the function of the air gap, the selection of primary 
turns, and the interaction of the ac and DC current components within the core 
are often areas of much confusion in flyback transformer design. 

To give the designer a better feel for the controlling factors, the following de- 
sign approach starts with an examination of the properties of the core material 
and the effect of an air gap. This is followed by an examination of the ac and DC 
core polarization conditions. Finally, a full design example for a 100-W trans- 
former is given. 

2.2 CORE PARAMETERS AND THE EFFECT OF 
AN AIR GAP 

Figure 2 . 2 . 1 ~  shows a typical BIH (hysteresis) loop for a transformer-grade fenite 
core, with and without an air gap. It should be noted that although the perme- 
ability (slope) of the BIH loop changes with the length of the air gap, the satura- 
tion flux density of the combined core and gap remains the same. Further, the 
magnetic field intensity H is much larger, and the residual flux density B, much 
lower, in the gapped case. These changes are very useful for flyback transform- 
ers, which use only the fust quadrant of the BIH loop. 

Figure 2.2.lb shows only the fust quadrwt of the hysteresis loop, the quad- 
rant used for flyback converter transformers. It also shows the effect of introduc- 
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NON GAPPED CORE 
, rSATURATES AT HDCZ 

HYSTERESIS 
LOOP .NO GAP 

FIG. 2.2.1 (a) Total magnetization loops for a fenite transformer, with and 
without an air gap. (b) Fitquadrant magnetization loops for a typical fenite 
core in a single-ended flyback converter when large and small air gaps are 
used. Notice the increased transferred energy AH when a large air gap is 
used. 
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ing an air gap in the core. Finally, this diagram demonstrates the difference be- 
tween the effects of the ac and DC polarizing conditions. 

2.2.1 AC Polarization 

From Faraday's law of induction, 

N d@ 
emf = - 

dt 

It is clear that the flux density in the core must change at a rate and amplitude 
such that the induced (back) emfin the winding is equal to the applied emf (losses 
are assumed to be negligible). 

Hence, to support the ac voltage applied to the primary (more correctly, the 
applied volt-seconds), a change in flux density AB, is required. (This is shown 
on the vertical axis in Fig. 2.2.lb.) The amplitude of AB, is therefore propor- 
tional to the applied voltage and the "on" period of the switching transistor Q1; 
hence B, is defined by the externally applied ac conditions, not by the trans- 
former arr gap. 

Therefore, the applied ac conditions may be considered as acting on the ver- 
tical B axis of the BIH loop, giving rise to a change in magnetizing current AH,. 
Hence H may be considered the dependent variable. 

2.2.2 The Effect of an Air Gap on the AC Conditions 

It is clear from Fig. 2.2.lb that increasing the core gap results in a decrease in the 
slope of the BIH characteristic but does not change the required AB,. Hence 
there is an increase in the magnetizing current AH,. This corresponds to an ef- 
fective reduction in the permeability of the core and a reduced primary induc- 
tance. Hence, a core gap does not change the ac flux density requirements or 
otherwise improve the ac performance of the core. 

A common misconception is to assume that a core which is saturating as a 
result of insufficient primary turns, excessive applied ac voltages, or a low oper- 
ating frequency (that is, excessive applied volt-seconds A B A  can be corrected by 
introducing an air gap. From Fig. 2.2.lb, this is clearly not true; the saturated 
flux density B,,, remains the same, with or without an air gap. However, intro- 
ducing an air gap will reduce the residual flux density B, and increase the working 
range for 4,. which may help in the discontinuous mode. 

2.2.3 The Effect of an Air Gap on the DC Conditions 

A DC current component in the windings gives rise to a DC magnetizing force 
H ,  on the horizontal H axis of the BIH loop. (H,  is proportional to the mean 
DC ampere-turns.) For a defined secondary current loading, the value of HDc is 
defined. Hence, for the DC conditions, B may be considered the dependent vari- 
able. 

It should be noted that the gapped core can support a much larger value of H 
(DC current) without saturation. Clearly, the higher value of H, H,, would be 

/- 
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sufficient to saturate the ungapped core in this example (even without any ac 
component). Hence an air gap is very effective in preventing core saturation that 
would be caused by any DC current component in the windings. When the 
flyback converter operates in the continuous mode, a considerable DC current 
component is present, and an air gap must be used. 

Figure 2.2. lb  shows the flux density excursion Mac (which is required to sup- 
port the applied ac voltage) applied to the mean flux density Bdc developed by the 
DC component HDc for the nongapped and gapped example. For the nongapped 
core, a small DC polarization of HDc, will develop the flux density B,,. For the 
gapped core, a much larger DC current (Hx2)  is required to produce the same 
flux density Bdc. Further, it is clear that in the gapped example the core will not 
be saturated even when the maximum DC and ac components are added. 

In conclusion, Fig. 2.2. lb shows that the change in flux density Mac required 
to support the applied ac conditions does not change when an air gap is intro- 
duced into the core. However, the mean flux density B,, (which is generated by 
the DC current component in the windings) will be very much less if a gap is 
used. 

The improved tolerance to DC magnetization current becomes particularly im- 
portant when dealing with incomplete energy transfer (continuous-mode) opera- 
tion. In this mode the current in the core never falls to zero, and clearly the 
ungapped core would saturate. 

Remember, the applied volt-seconds, turns, and core area define the required 
ac change in flux density AB, applied to the vertical B axis, while the mean DC 
current, turns, and magnetic path length set the value of HDc on the horizontal 
axis. Sufficient turns and core area must be provided to support the applied ac 
conditions, and sufficient air gap must be provided in the core to prevent satura- 
tion and support the DC current component. 

2.3 GENERAL DESIGN CONSIDERATIONS 

In the following design, the ac and DC conditions applied to the primary are dealt 
with separately. Using this approach, it will be clear that the applied ac voltage, 
frequency, area of core, and maximum flux density of the core material control 
the minimum primary turns, irrespective of core permeability, gap size, DC cur- 
rent, or required inductance. 

It should be noted that the primary inductance will not be considered as a 
transformer design parameter in the initial stages. The reason for this is that the 
inductance controls the mode of operation of the supply; it is not a fundamental 
requirement of the transformer design. Therefore, inductance will be considered 
at a later stage of the design process. Further, when ferrite materials are used at 
frequencies below 60 kHz, the following design approach will give the maximum 
inductance consistent with minimum transformer loss for the selected core size. 
Hence, the resulting transformer would normally operate in an incomplete energy 
transfer mode as a result of its high inductance. If the complete energy transfer 
mode is required, this may be obtained by the simple expedient of increasing the 
core gap beyond the minimum required to support the DC polarization, thereby 
reducing the inductance. This may be done without compromising the original 
transformer design. 

When ferrite cores are used below 30 kHz, the minimum obtainable copper 
loss will normally be found to exceed the core loss. Hence maximum (but not 
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optimum) efficiency will be obtained if maximum flux density is used. Making B 
large results in minimum turns and minimum copper loss. Under these condi- 
tions, the design is said to be "saturation limited." At higher frequencies, or 
when less efficient core materials are used, the core loss may become the pre- 
dominant factor, in which case; lower values of flux density and increased turns 
would be used and the design is said to be "core loss limited." In the first case 
the design efficiency is limited; optimum efficiency cannot be realized, since this 
requires core and copper Iosses to be nearly equal. Methods of calculqing these 
losses are shown in Part 3, Chap. 4. 

2.4 DESIGN EXAMPLE FOR A 1 10- W FL YBACK 
TRANSFORMER 

Assume that a transforme? is required for the 110-W flyback converter specified 
in Part 2, Sec. 1.11. 

2.4.1 Step 1, Select Core Size 

The required output power is 110 W. If a typical secondary efficiency of 85% is 
assumed (output diode and transformer losses only), then the power transmitted 
by the transformer would be 130 W. 

We do not have a simple fundamental equation linking transformer size and 
power rating. A large number of factors must be considered when making this 
selection. Of major importance will be the properties of the core material, the 
shape of the transformer (that is, its ratio of surface area to volume), the emissive 
properties of the surface, the permitted temperature rise, and the environment 
under which the transformer will operate. 

Many manufacturers provide nomograms giving size recommendations for 
particular core designs. These recommendations are usually for convection cool- 
ing and are based upon typical operating frequencies and a defined temperature 
rise. Be sure to select a femte that is designed for transformer applications. This 
will have high saturation, low residual flux density, low Iosses at the operating 
frequency, and high curie temperatures. High permeability is not an important 
factor for flyback converters, as an air gap will always be used with ferrite ma- 
terials. 

Figure 2.2.2 shows the recommendations for Siemens N27 Sifenit material at 
an operating frequency of 20 kHz and a temperature rise of 30 K. However, most 
real environments will not be free air, and the actual temperature rise may be 
greater where space is restricted or less when forced-air cooling is used. Hence 
some allowance should be made for these effects. Manufacturers usually provide 
nomograms for their own core designs and materials. For a more general solu- 
tion, use the "area-product" design approach described in Part 3, Sec. 4.5. 

In this example an initial selection of core size will be made using the norno- 
gram shown in Fig. 2.2.2. For a flyback converter with a throughput power of 130 
W, an "E 42/20" is indicated. (The nomogram is drawn for 20-kHz operation; at 
30 kHz the power rating of the core will be higher.) 

The static magnetization curves for the N27 fenite (a typical transformer ma- 
terial) are shown in Fig. 2.2.3. 
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FIG. 2.2.2 Nomogram of transmissible power P as a function of core size (vol- 
ume), with converter type as a parameter. (Courtesy of Siemens AG.) 

4 

FIG. 2.2.3 Static magnetization curves for Siemens N27 fenite material. (Cour- 
tesy of Siemens AG.) 
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2.4.2 Step 2, Selecting "on" Period 

The maximum "on" period for the primary power transistor Q1 will occur at 
minimum input voltage and maximum load. For this example, it will be assumed 
that the maximum "on" period cannot exceed 50% of a total period of operation. 
(It will be shown later that it is'possible to exceed this, using special control cir- 
cuits and transformer designs.) 

Example 

Frequency 30 kHz 
Period 33 ps 
Half period 16.5 ps 

Allow a margin so that control will be well maintained at minimum input voltage; 
hence, the usable period is say 16 ps. 

Hence 

2.4.3 Step 3, Calculate Minimum DC Input Voltage to Converter Section 

Calculate the DC voltage V,, at the input of the converter when it is operating at 
full load and minimum line input voltage. 

For the input capacitor rectifier filter, the DC voltage cannot exceed 1.4 times 
the rms input voltage, and is unlikely to be less than 1.2 times the rms input volt- 
age. The absolute calculation of this voltage is difficult, as it depends on a num- 
ber of factors which are not well defined-for example, the source impedance of 
the supply lines, the rectifier voltage drop, the characteristics and value of the 
reservoir capacitors, and the load current. Part 1, Chap. 6 provides methods of 
establishing the DC voltage. 

For this example, a fair approximation of the working value of V,, at full load 
will be given by using a factor of 1.3 times the rms input voltage. (This is again 
multiplied by 1.9 when the voltage doubling connection is used.) 

Example 

At a line input of 90 V rms, the DC voltage V,, will be approximately 
90 x 1.3 x 1.9 = 222 V. 

2.4.4 Step 4, Select Working Flux Density Swing 

From the manufacturer's data for the E42120 core, the effective area of the center 
leg is 240 mrn2. The saturation flux density is 360 mT at 100•‹C. 
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The selection of a working flux density is a compromise. It should be as high 
as possible in medium-frequency flyback units to get the best utility from the core 
and give minimum copper loss. 

With typical femte core materials and shapes, up to operating frequencies of 
30 kHz, the copper losses will normally exceed the core losses for flyback trans- 
formers, even when the maximum flux density is chosen; such designs are "sat- 
uration limited." Hence, in this example maximum flux density will be chosen; 
however, to ensure that the core will not saturate under any conditions, the low- 
est operating frequency with maximum pulse width will be used. 

With the following design approach, it is likely that a condition of incomplete 
energy transfer will exist at minimum line input and maximum load. If this oc- 
curs, there will be some induction contribution from the effective DC component 
in the transformer core. However, the following example shows that as a large air 
gap is required, the contribution from the DC component is usually small; there- 
fore the working flux density is chosen at 220 mT to provide a good working mar- 
gin. (See Fig. 2.2.3.) 

Hence, for this example the maximum peak-to-peak ac flux density B, will be 
- - 

chosen at 220 mT. 
The total ac alus DC flux densitv must be checked in the final desian to ensure 

that &re satu&tion wi;l not occuiat high temperatures. A second iikration at a 
different flux level may be necessary. 

2.4.5 Step 5, Calculate Minimum Primary Turns 

The minimum primary turns may now be calculated using the volt-seconds ap- 
proach for a single "on" period, because the applied voltage is a square wave: 

where N,, = minimum primary turns 
V = V,, (the applied DC voltage) 
t = "on" time, ps 

ma, = maximum ac flux density, T 
A, = minimum cross-sectional area of core, mm2 

Example 

For minimum line voltage (90 V rms) and maximum pulse width of 16 ps 

Hence Np(min) = 89 turns 

2.4.6 Step 6, Calculate Secondary Turns 

During the flyback phase, the energy stored in the magnetic field will be trans- 
ferred to the output capacitor and load. The time taken for this transfer is, once 

j 
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l I _ l - - - - - -  
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again, determined by the volt-seconds equation. If the flyback voltage referred to 
the primary is equal to the applied voltage, then the time taken to extract the en- 
ergy will be equal to the time to input this energy, in this case 16 ps, and this is 
the criterion used for this example. Hence the voltage seen at the collector of the 
switching transistor will be twjce the supply voltage, neglecting leakage induc- 
tance overshoot effects. 

4 
Example 

At this point, it is more convenient to convert to volts per turn. 

vcc 222 Primary Vlturn = - = - = 2.5 VIN 
N, 89 

The required output voltage for the main controlled line is 5 V. Allowing for a 
voltage drop of 0.7 V in the rectifier diode and 0.5 V in interconnecting tracks and 
the transformer secondary, the voltage at the secondary of the transformer 
should be, say, 6.2 V. Hence, the secondary turns would be 

Vs 6 2  
Ns = - = - = 2.48 turns 

VIN 2.5 

where V, = secondary voltage 
Ns = secondary turns 

VIN = volts per turn 

For the low-voltage, high-current secondaries, half turns are to be avoided unless 
special techniques are used because saturation of one leg of the E core might oc- 
cur, giving poor transformer regulation. Hence, the turns should be rounded up 
to the nearest integer. (See Part 3, Chap. 4.) 

In this example the turns will be rounded up to 3 turns. Hence the volts per 
turn during the flyback period will now be less than during the forward period (if 
the output voltage is maintained constant). Since the volt-seconds/turn are less 
on the secondary, a longer time will be required to transfer the energy to the out- 
put. Hence, to maintain equality in the forward and reverse volt-seconds, the 
"on" period must now be reduced, and the control circuitry is able to do this. 
Also, because the "on" period is now less than the "off' period, the choice of 
complete or incomplete energy transfer is left open. Thus the decision on oper- 
ating mode can be made later by adjusting primary inductance, that is, by adjust- 
ing the air gap. 

It is interesting to note that in this example, if the secondary turns had been 
adjusted downward, the volts per turn during the flyback period would always 
exceed the volts per turn during the forward period. Hence, the energy stored in 
the core would always be completely transferred to the output capacitor during 
the flyback period, and the flyback current would fall to zero before the end of a 
period. Therefore, if the "on" time is not permitted to exceed 50% of the total 
period, the unit will operate entirely in the complete energy transfer mode, irre- 
spective of the primary inductance value. Further, it should be noted that if the 
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turns are rounded downward, thus forcing operation in the complete energy 
! transfer mode, the primary inductance in this example will be too large, and this 

results in the inability to transfer the required power. In the complete energy 
transfer mode, the primary current must always start at zero at the beginning of 
the energy storage period, and with a large inductance and fixed frequency, the 
current at the end of the "on" period will not be large enough to store the re- 
quired energy (4/uV2). Hence, the system becomes self power limiting, a some- 
times puzzling phenomenon. The problem can be cured by increasing the core air 
gap, thus reducing the inductance. This limiting action cannot occur in the in- 
complete energy transfer mode. 

Hence Ns = 3 turns 

2.4.7 Step 7, Calculating Auxiliary Turns 

In this example, with three turns on the secondary, the flyback voltage will be 
less than the forward voltage, and the new flyback volts per turn V ' N  is 

The mark space ratio must change in the same proportion to maintain volt- 
seconds equality: 

where to, = "on" time of Q1 
P = total period, ps 

VfdN = new secondary flyback voltage per turn 
VIN = primary forward voltage per turn 

The remaining secondary turns may then be calculated to the nearest half turn. 

Example 

For 12-V outputs, 
Vs 13 

Ns = - = - = 6.3 turns 
V d N  2.06 

where Vs = 13 V for the 12-V output (allowing 1 V for the wiring and rectifier 
. drop) 

VfdN = adjusted secondary volts per turn 

Half turns may be used for these additional auxiliary outputs provided that the 
current is small and the mmf is low compared with the main output. Also, the gap 
in the outer limbs will ensure that the side supporting the additional mmf will not 
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saturate., If only the center leg is gapped, half turns should be avoided unless spe- 
cial techniques are used. (See Part 3, Sec. 4.14.) 

In this example, 6 turns are used for the 12-V outputs, and the output will be 
high by 0.4 V. (This can be corrected if required. See Part 1, Chap. 22.) 

2.4.8 Step 8, Establishing Core 
Gap Size 

i p - - - - - - - - - - - 
General Considerations. Figure 2.2. la 
shows the full hysteresis loop for a typ- lave - - - - - - - - - 
ical ferrite material with and without 
an air gap. It should be noted that the 
gapped core requires a much larger 0 

m:- 
t 

value of magnetizing force H to cause t' J t2 
core saturation; hence, it will with- 
stand a much larger DC current com- 
ponent. Furthermore, the residual flux 
density B, is much lower, giving a i p - - - - - - - - - - - - -- -- - 
larger usable working range for the 
core flux density, AB. However, the 
permeability is lower, resulting in a o 
smaller inductance per turn (smaller h-t t t t 2  
A, value) and lower inductance. fbJ 

With existing ferrite core topologies 
and materials, it will be found that an 
air gap is invariably required on fly- 
back units operating above 20 kHz. 

In this design, the choice between 
* 

Iave - - - - - -- - - - - 
complete and incomplete energy trans- i p l  ---:)A i 
fer has yet to be made. This choice 
may now be made by selecting the ap- 

0 
t t  

(c) 
t 2  

propriate primary inductance, which 
may be done by adjusting the air gap FIG. 2.2.4 Primary current waveforms in 
size. Figure 2.2.lb indicates that in- flyback conveners. (a) Complete energy trans- 
creasing the air gap will lower the per- fer mode; (6) incomplete energy transfer mode 
meability and reduce the inductance. A (maximum  prima^ inductance); (d k'K0mpkte 

energy transfer mode (optimum primary induc- second useful feature of the air gap is ,,,,). 
that at H = 0, flux retention B, is 
much lower in the gapped case, giving 
a larger working range AB for the flux density. Finally, the reduced permeability 
reduces the flux generated by any DC component in the core; consequently, it 
reduces the tendency to saturate the core when the incomplete energy transfer 
mode is entered. 

The designer now chooses the mode of operation. Figure 2.2.4 shows three 
possible modes. Figure 2 . 2 . 4 ~  is complete energy transfer. This may be used; 
however, note that peak currents are very high for the same transferred energy. 
This mode of operation would result in maximum losses on the switching tran- 
sistors, output diodes, and capacitors and maximum Z2R (copper) losses within 
the transformer itself. Figure 2.2.43 shows the result of having a high inductance 
with a low current slope in the incomplete transfer mode. Although this would 
undoubtedly give the lowest losses, the large DC magnetization component and 
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1 
high core permeability would result in core satura~ion for most ferrnc ma~enais. 
Figure 2.2 .4~ shows a good working compromise, with acceptable peak currents 
and an effective DC component of one-third of the peak value. This has been 
found in practice to be a good compromise choice, giving good noise margin at 
the start of the current pulse (important for current-mode control), good utili~a- 
tion of the core with reasonable gap sizes, and reasonable overall efficiency. 

2.4.9 Step 9, Core Gap Size (The Practical Way) - 

The following simple, practical method may be used to establish the air gap. 
Insert a nominal air gap into the core, say, 0.020 in. Run up the power supply 

with manual control of pulse width and a current probe in the transformer pri- 
mary. Nominal input voltage and load should be used. Progressively increase the 
pulse width, being careful that the core does not saturate by watching the shape 
of the current characteristic, until the required output voltage and currents are 
obtained. Note the slope on the current characteristic, and adjust the air gap to 
get the required slope. 

This gives a very quick method of obtaining a suitable gap that does not re- 
quire Hanna curves. Even when gaps are calculated by other methods, some ad- 
justment similar to the preceding will probably be required. This check is recom- 
mended as a standard procedure, as many supplies have failed at high 
temperature or under transient conditions because the transformer did not per- 
form as intended. 

2.4.10 Calculating the Air Gap 

Using Fig. 2.2.4, the primary inductance may be established fromfhe slope of the 
current waveform (AilAt) as follows: 

Example 

From Fig. 2.2.4, 
! 

ip2 = 3ipl (by choice) 
Therefore 

I I,,, (mean current during the "on" period) = 2 . ipl 

The input power is 130 W, and therefore the average input current for the total 
period I, may be calculated: 

input power - 130 
I, = - -=  

222 
0.586 A 

vcc 

Therefore the mean current I,,, for the '!on" period will be 
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The change of current Ai dufing the "on" period is 2 . ip, = I, = 1.3 A and the 
primary inductance may be calculated as follows: 

Once the primary inductance Lp and number of turns Np are known, the gap may 
be obtained using the Hanna curves (or AL/DC bias curves) for the chosen core, 
if these are available. Remember, 

If no data is avaiIabIe and the air gap is large (more than 1% of magnetic path 
length), assume that all reluctance is in the air gap, and calculate a conservative 
gap size using the following formula: 

where a = total length of air gap, mm 
pr = 4~ x lo-' 
Np = primary turns 
Ae = area of core, mm2 
L, = primary inductance, mH 

Example 

Note: Use a /2  if the gap goes right across the core. (In some cases, the area of 
the outer limbs is not equal to the area of the center core, in which case an ad- 
justment must be made for this.) 

2.4.11 Step 10, Check Core Flux Density and Saturation Margin 

It is now necessary to check the maximum flux density in the core, to ensure that 
an adequate margin between the maximum working value and saturation is pro- 
vided. It is essential to prevent core saturation under any conditions, including 
transient load and high temperature. This may be checked in two ways: by mea- 
surement in the converter, or by calculation. 
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I Core Saturation Margin by Measuremen! 

Note: It is recommended that this check be carried out no matter what design 
approach was used, as it finally proves all is as intended. 

1. Set the input voltage to the minimum value at which control is still main- 
tained-in this example. 85 V. 

2. Set output loads to the maximum power limited value. 
3. With a current probe in series with the primary winding PI, reduce the oper- 

ating frequency until the beginning of saturation is observed (indicated by an 
upturn of current at the end of the current pulse). The percentage increase in 
the "on" time under these conditions compared with the normal "on" time 
gives the percentage flux density margin in normal operation. This margin 
should allow for the reduction in flux level at high temperatures (see Fig. 
2.2.3), and an'extra 10% should be allowed for variations among cores, gap 
sizes, and transient requirements. If the margin is insufficient, increase the air 
gap 

Core Saturation Margin by Calculation 

1. Calculate the peak AC flux contribution b,  , using the volt-seconds equation, 
and calculate or measure the values of "on" time and applied voltage, with 
the power supply at maximum load and minimum input voltage, as follows: 

where V = V,, , V 
r = "on" time, ps 

N, = primary turns 
A, = area of core, mm2 

B,, = peak flux density change, T 

Note: B,, is the change in flux density required to sustain the applied voltage 
pulse and does not include any DC component. It is therefore independent of 
gap size. 

Example 

2. Calculate the contribution from the DC component B,, using the solenoid 
equation and the effective DC component Im indicated by the amplitude of 
the current at the beginning of an "on" period. 

By assuming that the total reluctance of the core will be concentrated in the 
air gap, a conservative result showing an apparently higher DC flux density 
will be obtained. This approximation allows a simple solenoid equation to be 
used. 
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' where p,, = 4n X lo-' H/m 
N, = primary turns 

I ,  = effective DC current, A 
a = air gap, nip 

Bx = DC flux density, T 

4 
Example 

The sum of the ac and DC flux density gives the peak value for the core. 
Check the margin against the core material characteristics at 100•‹C. 

Example 

B- = B, + BDc = 205 + 103 = 308 mT maximum 

2.5 FL YBACK TRANSFORMER SATURATION 
AND TRA NSIENT EFFECTS 

Note: The core flux level has been chosen for minimum input voltage and max- 
imum pulse width conditions. It can be seen that this leaves a vulnerability to 
core saturation at high input voltages. However, under high-voltage conditions, 
the pulse width required for the transmitted power will be proportionately nar- 
rower, and the transformer will not be saturated. 

Under transient load conditions, when the power supply has been operating at 
light loads with a high input voltage, if a sudden increase in load is demanded, the 
control amplifier will immediately widen the drive pulses to supply this extra 
power. A short period will now ensue during which both input voltage and pulse 
width will be maximum and the transformer could saturate, causing failure. 

The following options should be considered to prevent this condition. 

1. The transformer may be designed for the higher-voltage maximum-pulse-width 
condition. This will require a lower flux density and more primary turns. This 
has the disadvantage of reducing the efficiency of the transformer. 

2. The control circuit can be made to recognize the high-stress condition and 
maintain the pulse width at a safe value during the transient condition. This is 
also somewhat undesirable, since the response time to the applied current de- 
mand will be relatively slow. 

3. A third option is to provide a pulse-by-pulse current limit on the drive tran- 
sistor Q1. This current-limiting circuit will recognize the onset of core satura- 
tion resulting from the sudden increase in primary current and will prevent any 
further increase in pulse width. This approach will give the fastest response 

J ' I  
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time and is the recommended technique. Current-mode control automatically 
provides this limiting action. 

2.6 CONCLUSIONS 

The preceding sections gave a fast and practical method for flyback transformer 
design. Many examples have shown that the results obtained by this simple ap- 
proach are often.close to the optimum design. The approach quickly provides a 
working prototype transformer for further development and evaluation of the 
supply. 

In this design example, no attempt has been made to specify wire sizes, wire 
shapes, or winding topology. It is absolutely essential that these be considered, 
and the designer should refer to Part 3, Chap. 4, where these factors are dis- 
cussed in more detail. It is important to realize that just filling the available bob- 
bin area with the largest gauge of wire which will fit simply will not do for these 
high-frequency transformers. Because of proximity and skin effects (see App. 
4.B on p. 3.99), the copper losses obtained in this way can quite easily exceed the 
optimum design values by a factor of 10 or more. 

2.7 PROBLEMS 

1. Calculate the minimum number of primary turns required on a complete en- 
ergy transfer (discontinuous-mode) flyback transformer if the optimum flux 
density swing is to be 200 mT. (The core area is 150 mm, the g m a r y  DC volt- 
age is 300 V, and the maximum "on" period is 20 ps.) 

2. For the conditions in Prob. 2.7.1, calculate the secondary turns required to 
give an output voltage of 12 V if the flyback voltage is not to exceed 500 V 
(neglecting any overshoot). Assume the rectifier diode drop is 0.8 V. 

3. Calculate the maximum operating frequency if complete energy transfer 
(discontinuous-mode) operation is to be maintained. 

4. Calculate the required primary inductance, and hence the air gap length, if the 
transferred power is to be 60 W. (Assume maximum operating frequency, 
complete energy transfer, and no transformer loss. A transformer-grade ferrite 
core is used, and all reluctance is concentrated in the air gap.) 
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REDUCING TRANSISTOR 
SWITCHING STRESS - -  

3.1 INTRODUCTION 

There are two major causes of high switching stress in the flyback converter. 
Both are associated with the tun-off behavior of the transistor with an inductive 
load. The most obvious effect is the tendency for the collector voltage to over- 
shoot during the turn-off edge, caused mainly by the transformer leakage induc- 
tance. The second, less obvious effect is the high secondary breakdown stress 
that will occur during the turn-off edge if load line shaping is not used. 

The voltage overshoot problem is best dedt with by ensuring that the leakage 
inductance is as small as possible, then clamping the tendency to overshoot by 
dissipative or energy recovery methods. The following section describes a dissi- 
pative clamp system. A more efficient energy recovery method using an extra 
winding is described in Part 2, Sec. 8.5. 

If the energy recovery winding method is to be used with the flyback con- 
verter, the clamp voltage should be at least 30% higher than the reflected sec- 
ondary voltage, to ensure efficient transfer of energy to the secondary. (The extra 
flyback voltage is required to drive current more rapidly through the secondary 
leakage inductance). 

3.2 SELF-TRACKING VOLTAGE CLAMP 1. 

When a transistor in a circuit with an inductive or transformer load is tuned off, 
the collector will tend to fly to a high voltage as a result of the energy stored in 
the magnetic field of the inductor or leakage inductance of the transformer. 

In the flyback converter, the majority of the energy stored in the transformer 
will be transferred to the secondary during the flyback period. However, because 
of the leakage inductance, there will still be a tendency for the collector voltage 
to overshoot at the beginning of the flyback period unless some form of voltage 
clamp is provided. 

In Fig. 2.3.1, the cumulative effects ofpansformer leakage inductance, the in- 
ductance of output capacitor, and loop inductance of the secondary circuit have 
been lumped together as LLT and referred to the primary side of the transformer 
in series with the main primary inductance L,. 
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Vcc (300VDC) r--- 

FIG. 2.3.1 (a) Stress-reducing self-tracking collector voltage clamp applied to the pri- 
mary of a flyback converter. (b) Collector voltage waveform, showing voltage clamp ac- 
tion. 

I Consider the action during tum-off following an "on" period during which a 
current has been established in the primary winding of TI. When transistor Q1 
t uns  off, all transformer winding voltages will reverse by flyback action. The 
secondary voltage V, will not exceed the output V,, except by the output rectifier 
diode drop Dl. The collector of Q1 is partly isolated from this clamp action by 
the leakage inductance L,,, and the energy stored in L,, will take the collector 
voltage more positive. 

If the clamp circuit, D2, C2, were not provided, then this flyback voltage 
could be damatzinly high, as the energy stored in LLc would be redistributed into - - -  - 

theleakage capacitance seen at the collector of Q1. 
However, in Fig. 2.3.1, under steady-state conditions, the required clamping 

action is provided by components D2, C2, and R1, as follows. 
C2 will have been charged to a voltage slightly more positive than the reflected 

secondary flyback voltage. When Q1 turns off, the collector voltage will fly back 
to this value, at which point diode D2 will conduct and hold the voltage constant 
(C2 being large compared with the captured energy). At the end of the clamping 
action, the voltage on C2 will be somewhat higher than its starting value. 

During the remainder of the cycle, the voltage on C1 will re tun to its original 
value as a result of the discharge current flowing in R1. The spare flyback energy 
is thus dissipated in R1. This clamp voltage is self-tracking, as the voltage on C2 
will automatically adjust its value, under steady-state conditions, until all the 
spare flyback energy is dissipated in R1. If all other conditions remain constant, 
the clamp voltage may be reduced by reducing the value of R1 or the leakage 
inductance L,,. 

It is undesirable to make the clamp voltage too low, as the flyback overshoot 
has a useful function. It provides additional forcing volts to drive current into the 
secondary leakage inductance during the flyback action. This results in a more 
rapid increase in flyback current in the transformer secondary, improving the 
transfer efficiency and reducing the losses incurred in R1. This is particularly im- 
portant for low-voltage, high-current outputs, where the leakage inductance is 
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relatively large. Therefore, it is a mistake to choose too low a value for R1, and 
hence a low clamp voltage. The maximum permitted primary-voltage overshoot I 
will be controlled by the transistor VcEx rating and should not be less than 30% 
above the reflected secondary voltage. If necessary, use fewer secondary turns. 

If the energy stored in -LL, is large and excessive dissipation in R1 is to be 
avoided, this network may be replaced by an energy recovery winding and diode, 
as would be used in a forward converter. This will return the spare flyback en- 
ergy to the supply. I 

It will be clear that for high efficiency and minimum stress on Q1, the leakage 
inductance L,, should be made as small as possible. This will be achieved by 
good interleaving of the primary and secondary of the transformer. It is also nec- 
essary to choose minimum inductance in the output capacitor, and, most impor- i 

I tant, minimum loop inductance in the secondary circuits. The latter may be 
achieved by keeping wires from the transformer as closely coupled as possible 
and ideally twisted. The tracks on the printed circuit board should run as a 
closely coupled parallel pair, and distances should be kept small. It is attention to ! 
these details that will provide high efficiency, good regulation, and good cross 
regulation in the flyback-mode power supply. 

3.3 FLYBACK CONVERTER "SNUBBER 
NETWORKS 

The turn-off secondary breakdown stress problem is usually dealt with by 
"snubber networks"; a typical circuit is shown in Fig. 2.3.2. The design of the 
snubber network is more fully covered in Part 1, Chap. 18. 

Snubber networks will be required across the switching transistor in off-line 
I 

Vcc ( 3 0 0  VOC) 
I 

VOLTAGE CLAMP -D 

2 X v c c  

FIG. 2.3.2 Dissipative "snubber" circuit applied to the collector of an off-line 
flyback converter. 
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flyback converters to reduce secondary breakdown stress. Also, it is often necessary 
to snub rectifier diodes to reduce the switching stress and RF radiation problems. 

In Fig. 2.3.2, snubber components D,, C,, and R, are shown fitted across the col- 
lector and emitter of Q1 in a typical flyback converter. Their function is to provide 
an alternative path for the inductively driven primary current and reduce the rate of 
change of voltage (dvldt) on the collector of Q1 during the turn-off action of Q1. 

The action is as follows: As Q1 starts to turn off, the voltage on its collector 
will rise. The primary current will now be diverted via diode L), into capacitor C,. 
Transistor Q1 turns off very quickly, and the dvldt on the collector will be defined 
by the original collector current at turn-off and the value of C,. 

The collector voltage will now ramp up until the clamp value (2 x V,,) is 
reached. Shortly after this, because of leakage inductance, the voltage in the output 
secondary winding will have risen to V,, (equal to the output voltage plus a diode 
drop), and the flyback current will be cornmutated from the primary to the second- 
ary via Dl to build up at a rate controlled by the secondary leakage inductance. 

I COLLECTOR 
VOLTAGE 

I I 
IS 

SNUBBER 

0 - I 

FIG. 2.3.3 Collector voltage and collector current waveforms, 
showing phase shift when dissipative snubber components are fitted. 
Also snubber current waveform during Q1 turn-off edge. 
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In practice, Q1 will not turn off immediately, and if secondary breakdown is to 
be avoided, the choice of snubber components must be such that the voltage on 
the collector of Q1 will not exceed VC,, before the collector current has dropped 
to zero, as shown in Fig. 2.3.3. 

Unless the turn-off time of Q1 is known, the optimum choice for these com- 
ponents is an empirical one~based upon measurements of collector turn-off volt- 
age and current. Part 1, Chap. 18 and Fig. 1.18.2a, &, c, and d show typical turn- 
off waveforms and switching stress with and without snubber networks. 

A safe voltage margin should be provided on the collector voltke when the 
current is zero, say at least 30% below V,,,, as there is a considerable influence 
on these parameters from operating temperatures, loads, the spread of transistor 
parameters and the drive design. Figure 2.3.3 shows the limiting condition; in this 
example, the collector current has just dropped to zero as the collector voltage 
"hits" Vp., . 

On theother hand, too large a value of C3 should be avoided, since the energy 
stored in this capacitor at the end of the flyback period must be dissipated in R2 
during the first part of the "on" period. 

The value of R2 is a compromise selection. A very low resistance results in 
excessive current in Q1 during the turn-on edge and will result in excessive dis- 
sipation during the "on" transient. Too large a resistance, on the other hand, will 
not provide sufficient discharge of C3 during the minimum "on" period. 

The values shown are a good compromise choice for the 100-W example. 
However, a careful examination of the voltage and current waveforms on the Q1 
collector, under narrow pulse conditions, is recommended. The selection must 
always be a compromise for this type of snubber. The optimum selection of snub- 
ber components is more fully covered in Part 1, Chap. 18, and more effective 
snubber methods may be used which avoid a compromise. (See "The Weaving 
Low-Loss Snubber Diode," Part 1, Sec. 18.10.) 

3.4 PROBLEMS 

Why is the switching transistor particularly susceptible to high-voltage switch- 
ing stress in the flyback converter? 
Why does the flyback voltage often exceed the value which would be indi- 
cated by the turns ratio between the primary and secondary circuits? 
Describe two methods used to reduce the high-voltage stress on the flyback 
switching element. 

CHAPTER 4 
11- 

SELECTING POWER 
COMPONENTS 

FOR FLYBACK CONVERTERS 

4.7 INTRODUCTION 

In general, a flyback converter is much more demanding on component ratings 
than would be a forward converter of the same power. In particular, the ripple 
current requirements for output rectifiers, output capacitors, transformers, and 
switching transistors are much larger. However, the increased cost incurred for 
.the larger components will be offset by a reduction in circuit complexity, since 
output inductors will not be required and there is only one rectifier diode for each 
output line. 

In flyback applications, components will be selected to meet the particular 
voltaee and current needs of each unit. The designer must remember, however, . a-  - ~ - -  

that even for the same output power rating, different modes of o eration impose Q different stress conditions on the components. The recommenda Ions for the se- 
lection of power components in the following section, although particularly suit- 
able for the flyback converter shown in Part 2, Chaps. 1 and 2, generally apply to 
all flyback converters. 

The graphs and components shown are included for illustration only; it is not 
intended to suggest that they are necessarily the most suitable. Similar suitable 
components are available from many manufacturers. 

4.2 PRIMARY COMPONENTS 

4.2.1 Input Rectifiers and Capacitors 

There are no special requirements imposed on the input rectifiers and storage ca- 
pacitors in the flyback converter. Hence these will be similar to those used in 
other converter types and will be selected to meet the power rating and hold-up 
requirements. (See Part 1, Chap. 6.) 

4.2.2 Primary Switching Transistors 

The switching transistor in a flyback supply is very highly stressed. The current 
rating depends on the maximum load, efficiency, input voltage, operating mode, 
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and converter design. It will be established by calculating the peak collector cur- 
rent at minimum input voltage and maximum load. In the examples shown in Fig. 
2.2.4, the peak collector current ranges from three to six times the mean current, 
depending on the operating mode. 

The maximum collector voltage is also quite high. It is defined by the maxi- 
mum input voltage (off load), the flyback factor, the transformer design, the in- 
ductive overshoot, and the snubbing method. 

For example, when working from a nominal 110-V ac supply line t e maximum 
input is typically specifed as 137 Y rms. For this input voltage the m d u m  otr-load 
DC header voltage Vcc (using the voltage doubler input circuit) will be 

vcc = vin x fi x 2 

where V,, = DC header voltage 
Vi, = maximum ac input voltage, rms 

In this example, 

Typically the flyback voltage is at least twice Vcc, or 778 in this example. Hence, 
allowing a 25% margin for inductive overshoot, the peak collector voltage will be 
972 V, and a transistor with Vc, rating of 1000 V would be selected. 

In addition to meeting these stressful conditions, the flyback transistor must 
provide good switching performance, low saturation voltage and have a useful 
gain margin at the peak working current. Since the selection of the transistor wiu 
also qudify the gain, it defines the requirements of the drive circuit. Hence, the 
selection of a suitable power transistor is probably the most important parameter 
for efficiency and long-term reliability in flyback converters. 

~ o t e :  To avoid secondary breakdown, current tailing, and overdissipation in 
high-voltage bipolar transistors, it is essential that the correct drive and load line 
shaping be used. 

&itable drive circuits, waveforms, secondary breakdown, and tailing prob- 
lems are discussed in Part 1, Chaps. 15, 16, 17, and 18. 

4.3 SECONDARY POWER COMPONENTS 

4.3.1 Rectifiers 

The output rectifier diodes in flyback converters are subject to a large peak and 
rms current stress. The actual values depend on the load, conduction angle, leak- 
age inductance, operating mode, and output capacitor ESR. Typically the rms 
current will be 1.6 to 2 x ID,-, while peak currents may be as high as 6 x I,. 
Because the precise conditions are often unknown, the calculation of diode cur- 
rents is difficult, and empirical methods are recommended. 

For the initial prototype breadboarding, selec~ diodes of adequate mean and 
peak rating. Fast diodes with a reverse recovery time not exceeding 7.5 ns should 
be used. The final selection of the optimum rectifier diodes should be made after 
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measurement of the prototype secondary rectifier currents. Attempts to calculate 
the rms and peak diode currents are generally not very accurate, as it is difficult 
to predict the various effects of leakage inductance, output loop inductance, pcb 
track and wiring resistance, and the ESR and ESL of the output capacitors. 
These parameters have a very significant effect on the rectifier rms and peak cur- 
rent requirements, particularly at low output voltages, high frequency, and high 
currents. These measurements can be made in the following way. 

4.3.2 Rectifier Ripple Current Measurement Procedure 

1. Connect a current probe of adequate rating in series with the output rectifier 
to be measured. (See Part 3, Chaps. 13 and 14 for suitable current probe 
design.) 

2. Using the oscilloscope, observe the current waveform and note the peak cur- 
rent value. 

3. Transfer the current probe to a true rms ammeter (e.g., a thermocouple instru- 
ment or true rms-reading instrument with a crest factor of at least 10/1) and 
measure the rms current, making due allowance for the current probe and 
meter multiplying factors. These measurements should be canied out at max- 
imum input voltage and maximum load. 

Select diodes with appropriate peak and rms ratings. 

4.3.3 Rectifier Losses 

The actual power loss in the output rectifier diode of a flyback supply depends on 
a number of factors, including forward dissipation, reverse leakage, and recovery 
losses. The forward dissipation depends on the effective forward resistance of the 
diode throughout its forward conduction and the shape of the current pulse, both 
of which are noplinear. (In practice the secondary current waveform is often very 
different from the ideal triangular shape normally assumed in calculations.) Con- 
sequently, it is often more expedient to measure the temperature rise of the diode 
in the prototype, and from this calculate the junction temperatures and heat sink 
requirements for worst-case conditions. 

From temperature rise measurements carried out on rectifiers in several 
flyback supplies (comparing the temperature rise caused by DC stress with ac 
stress conditions), it has been found that an approximate rectifier dissipation may 
be calculated, using the measured rectifier rms current (approximately 1.6 1,3 
and an assumed forward voltage drop of 800 mV for silicon diodes or 600 mV for 
Schottky diodes. Adequate heat sinks based on these calculations should be pro- 
vided for initial prototypes. (See Part 3, Chap. 16.) 

4.4 OUTPUT CAPACITORS 

Output capacitors are also highly stressed in flyback converters. Normally the 
output capacitors will be selected for three major parameters: absolute capaci- 
tance value, capacitor ESR and ESL, and capacitor ripple current ratings. 
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4.4.1 Absolute Capacitance Value 

When ESR and ESL are low, the capacitance value will control the peak-to-peak 
ripple voltage at the switching frequency. Because the ripple voltage is normally 
small compared with the mean output voltage, a linear decay of voltage across 
the output capacitors may be assumed during the "off" period. During this pe- 
riod, the capacitor must deliver all the output current, and the voltage across the 
capacitor terminals will decay at approximately 1 V/@A (for a 1-pF capacitor). 
Hence, when the maximum "off' time, the load current, and the reqlllired peak-to- 
peak ripple voltage are known, the minimum output capacitance may be calculated 
as follows: 

where C = output capacitance, pF 
to, = off time, ps 

ZDC = load current, A 
V,-, = ripple voltage p-p 

For example, for a 5-V, 10-A output line and an output ripple of 100 mV, 

Note: Attempts to keep the peak-to-peak ripple voltage below 100 mV in a 
single-stage output filter will not be cost-effective. To obtain a lower output rip- 
ple, an extra LC stage should be fitted. 

4.4.2 Capacitor ESR and ESL 

Figure 2.4.1~ and b shows the effect of the ESR and ESL (effective series resis- 
tance and inductance) of the output capacitor on the output ripple. In practice, 
the ripple voltage will be much greater than would be expected from the selection 
of the output capacitance alone, and an allowance for this effect should be made 
when selecting capacitor size. If a single-stage output filter is used (no ex- series 
choke), then the ESR and ESL of the output capacitors will have a significant effect 
on the high-frequency ripple voltage, and the best low-ESR capacitors should be 
used. 

The beneficial effects of an additional output LC filter should not be neglected 
in flyback systems. Such filtering reduces output noise and allows the use of 
much lower cost ordinary-grade electrolytics of adequate ripple rating as the ma- 
jor energy storage elements. (See Part 1, Chap. 20.) 

4.4.3 Capacitor Ripple Current Ratings 

In a flyback converter, the typical rrns ripple current in the output capacitors will 
be 1.2 to 1.4 times the DC output current, (See Part 1, Chap. 20.) The output 

v-- .? 
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FIG. 2.4.1 (a) Secondary circuit of a flyback converter. 
showing parasitic series components ESL and ESR. (b) Out- 
put voltage waveforms, showing effect of parasitic compo- 
nents. 

capacitors must be capable of conducting the output ripple current without ex- 
cessive temperature rise. 

For a Fore accurate assessment of the ripple current, the following measure- 
ment procedure is recommended. Using a current probe of adequate rating, mea- 
sure the rms current in the output capacitor leads under full load at maximum line 
input. (A true rms meter should be used with the current probe.) Select a capac- 
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itor to meet the ripple requirements, making due allowance for frequency and 
temperature multiplying factors. (See Part 3, Chap. 12.) 

4.5 CAPACITOR LIFE '# 

Although the preceding measurements and calculations will give a b o d  starting 
point for the selection of the optimum components, the most important parameter 
for long-term reliability is the temperature rise of the components in the working 
environment, and this should be measured in the finished product. 

The temperature rise is a function of the stress in the component, heat sink 
design, air flow, and the proximity effects of surrounding components. Radiated 
and convected heat from nearby components will often cause a greater tempera- 
ture rise in a component than internal dissipation. This is particularly true for 
electrolytic capacitors. 

The maximum temperature rise permitted in the capacitor, as a result of ripple 
current and peak working temperature, varies with different capacitor types and 
manufacturers. In the component examples used here, the maximum rise permit- 
ted for ripple current is 8•‹C in free air, and it is this limitation that the manufac- 
turer uses to establish the ripple current rating. The rating applies up to an am- 
bient air temperature of 85"C, giving a maximum case temperature of 93•‹C. 

Irrespective of the cause of the temperature rise, the absolute limit of case 
temperature (in this example, 93•‹C) must be used to establish the limits of oper- 
ation of the unit. This should be measured at maximum rated temperature and 
load, in its normal environment. The life of the capacitor at its maximum temper- 
ature is not good, and lower operating temperatures are recommended. If in 
doubt as to the temperature rise caused by internal ripple current (this can be 
very difficult to calculate with complex flyback waveforms), proceed as follows: 

1. Measure the temperature rise of the capacitor under normal operating condi- 
tions away from the influence of other heating effects. (If necessary, mount 
the capacitor on a short length of twisted cable, inserting a thermal barrier be- 
tween the unit and the capacitor.) Measure the temperature rise of the capac- 
itor resulting from the ripple component alone, and compare this with a man- 
ufacturer's limiting values. The permitted temperature rise is not always given 
on the data sheets, but it can be obtained from the manufacturer's test and QA 
departments. The temperature rise allowed is typically between 5 and 10•‹C. 
If the temperature rise resulting from ripple current is acceptable, mount the 
capacitor in its normal position and subject the power supply to its highest- 
temperature stress and load conditions. Measure the surface temperature of 
the capacitor, and ensure that it is within the manufacturer's rating. This way 
you can be sure to avoid thermal runaway, a possibility with electrolytic ca- 
pacitors. 
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nent is essential for good performance and reliable operation. To the power sup- 
ply engineer, this will become second nature. The selection is a laborious process 
that cannot be avoided if the most cost-effective and reliable selections are to be 
made. Calculations can take the designer only part of the way, as much of the 
information critical to these selections is just not available without making the 
appropriate measurements. 

The leakage inductance of the transformer, the track layout and size, the val- 
ues of ESR and ESL of the output components, component layout, and cooling 
-ngements have a considerable influence on the stress and ratings of the com- 
ponents. These effects cannot be reliably predicted. When actual measurements 
are not made, a wide safety margin must be applied to the calculated values in the 
selection of component ratings. 

Much of the optimization and proving measurements can be more easily car- 
ried out at the design approval stage and will be limited to those prototypes which 
are destined for final production. 

If long-term reliable operation and cost-effective design are to be achieved, it 
is incumbent upon the cognizant engineer to ensure that the design is optimized 
before the product is finalized and that all necessary approval testing is carried 
out. 

4.7 PROBLEMS 

1. Explain the major parameters that control the selection of the switching tran- 
sistor in a flyback converter. 

2. What controls the selection of secondary rectifier diodes i p a  flyback con- 
verter? 

3. Which parameters of the flyback converter control the selection of the output 
capacitors? 



V 

CHAPTER 5 
THE DIAGONAL HALF-BRIDGE 

FLYBACK CONVERTER 

5.1 INTRODUCTION 

This converter, also known as the two-transistor converter, is particularly suit- 
able for power field-effect transistor (FET) operation. Hence, FET devices are 
shown in the example used here, but the same design procedure would apply for 
transistor operation. 

The topology also lends itselfto all the previous modes of flyback operation- 
that is, fmed frequency, variable frequency, and complete or incomplete energy 
transfer operation. However, there are cost penalties incurred for the additional 
power device and its isolated drive. 

5.2 OPERATING PRINCIPLE 

In the circuit shown in Fig. 2.5.1, the high-voltage DC line is switched to the pri- 
mary of a transformer by two power FET transistors, FT1 and FT2. These 
switches are driven by the control circuitry such that they will both be either 
"on" or "off' together. Flyback action takes place during the "off' state, as in 
the previous flyback examples. 

The control, isolation, and drive circuitry will be very similar to that previ- 
ously used for single-ended flyback converters. A small drive transformer is used 
to provide the simultaneous but isolated drives to the two FET switches. 

It should be noted that the cross-connected diodes Dl and D2 return excess 
flyback energy to the supply lines and provide hard voltage   lam ping of FT1 and 
FT2 at a value of only one diode drop above and below the Supply-line voltages. 
Hence switching devices with a 400-V rating may be confidently used, and this 
topology lends itself very well to power FETs. Moreover, the energy recovery 
action of diodes Dl  and D2 eliminates the need for an energy recovery winding or 
excessively large snubbing components. The voltage and current waveforms are 
shown in Fig. 2.5.2. 

Because the transformer leakage inductance plays an important role in the ac- 
tion of the circuit, the distributed primary and secondary leakage inductive com- 
ponents have been lumped into effective total inductances L4, and L, and 
shown external to the "ideal" transformer for the purpose of thls explanation. 
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FIG. 2.5.1 Diagonal half-bridge (two-transistor) single-ended flyback converter using 
power FET primary switches. 

The power section operates as follows: When FT1 and FT2 are on, the supply 
voltage will be applied across the transformer primary Lp and leakage inductance 
L,. The starts of all windings will go positive, and the output rectifier diode D3 
wlll be reverse-biased and cut off; therefore secondary current will not flow dur- 
ing the "on" period and the secondary leakage inductance L, c u b e  neglected. 

During the "on" period current will increase linearly in the transformer pri- 
mary (see Fig. 2.5.2) as defined by the equation: 

Energy of V J P  . I ;  will be stored in the coupled magnetic field of the trans- 
former, and energy of Yt LLP . I$ in the effective leakage inductances. 

At the end of the "on" period, FT1 and FT2 will turn off simultaneously, and 
the primary supply current in the FET will fall to zero. However, the magnetic 
field strength cannot change without a corresponding change in the flux density, 
and by flyback action all voltages on the transformer will reverse. Initially diodes 
Dl and D2 are brought into conduction clamping the primary flyback voltage (de- 
veloped by the primary leakage inductance) to the supply-line voltage. Since the 
polarity is reversed on all windings, the secondary emf V ,  will also bring the out- 
put rectifier diode D3 into conduction, and current Is builds up in the secondary 
winding, as defined by the secondary leakage inductance L,,. 

When the secondary current has built up to a value of n x I,, where n is the 
turns ratio and the energy stored in the primary leakage inductance LLp has been 
transferred back to the supply line, the energy recovery clamp diodes Dl  and D2 
will cease conduction, and the primary voltage V, will fall back to the reflected 
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FIG. 2.5.2 Primary and secondary waveforms for diagonal half-bridge flyback converter, 
showing "recovered" energy (energy returned to the supply). 

secondary voltage. At this time the voltage across the primary will be the voltage 
across C3 (as referred to the primary by normal transformer action). This 
clamped flyback voltage must by design be less than the supply voltage V,,; oth- 
erwise the flyback energy will all be returned to the supply. However, under nor- 
mal conditions, in a complete energy transfer system, the remaining energy 
stored in the transformer magnetic field will be transferred to the output capacitor 
and load during the remaining "off' period of FTl and FT2. At the end of the 
"off' period, a new power cycle will start, and the process continues. 

5.3 USEFUL PROPERTIES 

This type of converter has a number of useful properties that should not be over- 
looked. 

First (and particularly importaqt for power FET operation), the voltages on 
the two power devices cannot exceed the supply voltage by more than two diode 
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drops for any operating condition, provided that fast-action clamping diodes are 
used for Dl and D2. This very hard voltage clamping action is ideal for power 
FET operation, as these devices are particularly vulnerable to overvoltage stress. 

Second, any energy stored in primary leakage inductance will be returned to 
the supply line by Dl and D2 at the beginning of the flyback period and is not lost 
to the system. 

Third, under transient loading conditions, if excessive energy has been stored 
in the transformer primary during the previous "on" period, this will also be re- 
turned to the supply line during the flyback period. 

Fourth, compared with the single-ended flyback converter, the power devices 
may be selected for a much lower operating voltage, since the doubling effect 
which occurs with a single-ended system is absent in this topology. 

Finally, a major advantage of this technique is that a bifilar-wound energy re- 
covery winding will not be required; hence the cost and a possible source of 
unreliability are eliminated. 

5.4 TRANSFORMER DESIGN 

The hard voltage clamping action of the cross-connected primary energy recov- 
ery diodes (Dl and D2), and the preference to operate at higher frequency with 
FET devices, means that the primary and secondary leakage inductances of the 
transformer will play an important role in the operation of the supply. 

The energy stored in the primary leakage inductance L,,, cannot be trans- 
ferred to the output circuit; it gets returned to the supply. Hence the leakage in- 
ductance results in a useless (loss-generating) interchange of energy in the pri- 
mary circuit. Also, the secondary leakage inductance results in% slow buildup of 
current in the secondary rectifiers during the flyback period. This delay means 
that an additional proportion of the stored energy is returned to the primary cir- 
cuit and will not be transferred to the output. This proportion increases if the fre- 
quency is increased, and clearly the leakage inductance must be minimized for 
best performance. 

A further basic difference between the performance of this arrangement and 
that of the normal single-ended flyback converter must be considered in the 
transformer design. In the single-ended flyback converter, it is common practice 
to allow the flyback voltage to be as large as possible so as to drive the secondary 
current more rapidly through the output leakage inductance. In the diagonal half- 
bridge flyback converter, the flyback voltage cannot exceed the forward voltage, 
since the same primary winding carries out the forward polarization and reverse 
flyback energy return functions. Hence, because of the hard clamping provided 
by the primary diodes Dl and D2, it is not possible to increase the primary 
flyback voltage above the supply lines, and for this application, it is particularly 
important to design the transformer for minimum leakage inductance. 

When selecting secondary turns, the transferred secondary flyback voltage as 
applied to the primary should be at least 30% lower than the minimum applied 
primary voltage; otherwise an excessive proportion of the stored energy will be 
returned to the input line via Dl and D2 at the beginning of the flyback period. 

In all other respects, the transformer design procedure is identical to that in 
the single-ended flyback case, Part 2, Chap. 2, and the same procedure should be 
adopted. 
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5.5 DRIVE CIRCUITRY 

To ensure rapid and eficient switching of the power FETs, the drive circuit must 
be capable of charging and discharging the relatively large gate input capacitance 
of the FETs quickly. Special low-resistance drive circuitry should be used for this 
application. 

5.6 OPERATING FREQUENCY 

The use of power FETs permits efficient high-frequency operation of the primary 
power switches. The size of the transformer and output capacitors may be re- 
duced at high frequencies, but the leakage inductance of the transformer; the 
ESR of the output capacitors, and fast recovery of the rectifiers now becomes 
particularly important. Therefore, for high-frequency operation, not only must 
the transformer be correctly designed, but the external components must also be 
selected correctly. 

5.7 SNUBBER COMPONENTS 

Because power FET devices are not subject to the same secondary breakdown 
mechanisms that occur with bipolar devices, from a reliability standpoint, it is 
often considered that snubber components are not essential. However, in most 
FET applications, a small RC snubber network will still be fitted across the FETs 
to reduce RF radiation and meet the dvldt limitations of the FET. (With very high 
dvldt, some power FETs display a failure mode resulting from conduction of the 
internal parasitic transistor.) However, it is true that the larger snubber compo- 
nents normally associated reducing secondary breakdown stress for bipolar tran- 
sistors are not required with power FETs. 

To reduce the length of the primary H F  current path, a low-inductance capac- 
itor should be fitted across the supply lines as close to the power switches and 
energy recovery diodes Dl and D2. This is particularly important in high- 
frequency converters. 

5.8 PROBLEMS 

1. How does the primary topology of the diagonal half-bridge flyback converter 
differ from that of a single-ended flyback converter? 

' 

2. What is the major advantage of the diagonal half-bridge topology? 
3. Why is the diagonal half-bridge flyback converter topology particularly suit- 

able for power FET operation? 
4. Why is the leakage inductance in the diagonal half-bridge topology particularly 

important to its performance? 

- - 

CHAPTER 6 
SELF-OSCILLATING 
DIRECT-OFF-LINE 

FLYBACK CONVERTERS 

6.1 INTRODUCTION 

The class of converters considered in this section relies on positive feedback 
from the power transformer to provide the oscillatory behavior. 

Because of their simplicity and low cost, these converters can provide some of 
the most cost-effective solutions for multiple-output low-power requirements. 
With good design, extremely efficient switching action and reliable performance 
are obtained. A number of problems which beset the driven converter-in par- 
ticular, cross conduction and transformer saturation-are overcome as a natural 
consequence of the self-oscillating topology. As the mode of Uperation is always 
complete energy transfer, current-mode control can very easily be applied, giving 
fast, stable single-pole loop response. 

Self-oscillating converters are extremely low cost because few drive and con- 
trol components are required. Attention to good filter design and screening of the 
transformer make this converter suitable for computers, video display terminals, 
and similar demanding applications. 

There is a tendency to assume that these simple units are not real contenders 
in professional power supply applications, This misconception is probably due to 
the rather poor performance of some of the early self-oscillating designs. Also, 
the variation of operating frequency with load and input voltage has been consid- 
ered undesirable in some applications. However, since the output is DC, there 
should not be a problem with the operating frequency in most applications, so 
long as efficient input and output filtering and magnetic screening have,been pro- 
vided. 

6.2 CLASSES OF OPERATION 

There are three classes of operation: 

Type A, fured "on" time, variable "off' time 
Type B, fured "off' time, variable "on" time 
Type C, variable "on" time, " o f '  time, and repetition rate (frequency) 
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The major differences in the performances of these classes are as follows: 

Type A will operate at an extremely low frequency when the load is light. 
Type B will have a low frequency when the load is maximum. 
Type C has a more desirable characteristic, as the frequency remains reason- 
ably constant from full load down to approximately 20% load. Be1 w 20% load Q the frequency will usually become progressively higher. (See Fig. 2.6.1.) 

FREQ 

0 50 75 l i 0  
LOAD X 

FIG. 2.6.1 Typical frequency variation of self-oscillating converter as a func- 
tion of load. 

6.3 GENERAL OPERATING PRINCIPLES 

In the self-oscillating converters considered here, the switching action is main- 
tained by positive feedback from a winding on the main transformer. The fre- 
quency is controlled by a drive clamping action which responds to the increase in 
magnetization current during the "on" period. The amplitude at which the pri- 
mary current is cut off, and hence the input energy, is controlled to maintain the 
output voltage constant. The frequency is subject to variations caused by 
changes in the magnetic properties of the core, the loading, or the applied volt- 
age. 

Figure 2.6.2 shows the major power components of a unit of type C. The con- 
verter is self-oscillating as a result of the regenerative feedback to the power tran- 
sistor base from the feedback winding P2. The circuit functions as follows. 

After switch-on, a voltage is developed across C1, and a current will flow in 
R1 to initiate turn-on of transistor Q1. AssQ1 starts to turn on, regenerative feed- 
back is applied via the feedback winding P2 to increase the positive drive to the 
base of Q1. The base current flowing initially in C2 and then in Dl  as the drive 
voltage is established. Consequently, Q1 will turn on very rapidly, and its maxi- 
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mum drive current will be defined by resistors R2 and R1 and the voltage across 
the feedback winding P2. 

As these units are operating in the complete energy transfer mode, when Q1 
turns on, current will build up from zero in P1 (the primary winding of the main 
transformer) at a rate defined by the primary inductance L,. Hence 

where I,, = primary current 
V,, = primary voltage 
L, = primary inductance 

As the collector current, and therefore the emitter current, of Q1 increases, a 
voltage will be developed across R4 which will also increase at the same rate to- 
ward the turn-on voltage of 4 2  (approximately 0.6 V). When 4 2  has turned on 
sufficiently to divert the majority of the base drive current away from the base of 
Q1, Q1 will begin to turn off. At this point, the collector voltage will start to go 
positive, and regenerative turn-off action is provided by the snubber current 
flowing in D2, C5, R5. The voltage developed across R5 will assist the turn-on 
action of Q2 and turn-off of Q1. Further, by flyback action, all voltages on the 
transformer T1 will reverse, providing additional regenerative turn-off of Q1 by 
P2 going negative; the reverse current flow in C2 assists the turn-off action of Q1. 

Although this drive system is extremely simple, it operates in a very well de- 
fined way. Examination of the base current of Q1 will show almost ideal drive 
waveforms (see Fig. 2.6.3). The reason for the turn-off slope shown in Fig. 2.6.3 

CONDUCTS 

FIG. 2.6.3 Base drive current waveform of self-osciUating converter. 

when Q1 conducts is that toward the end of the "on" period 4 2  responds to a 
base drive voltage which is ramping upward; therefore 4 2  turns on progressively, 
giving the very desirable downward ramp to the base drive current of Q1. This is 
the ideal drive waveform for most high-voltage transistors, as regenerative turn- 
off action does not occur until all carriers have been removed from the base of Q1 
and the collector current has started to fall. This turn-off waveform prevents hot- 
spot generation in the transistor Q1 and secondary breakdown problems. (See 
Part 1, Chap. 15.) 

The system also has automatic primary power limiting qualities. The maxi- 
mum current that can flow in R4 before transistor 4 2  turns on is limited to V&4, 
even without drive from the control circuit. Consequently, automatic overpower lim- 
itation is provided without the need for further current-limiting circuitry. 

In normal operation, the control circuit will respond to the output voltage and 
apply a drive signal to the base of 42, taking the 4 2  base more positive. This will 
reduce the current required in R4 to initiate turn-off action. Consequently, the 
output power can be continuously controlled so as to maintain the output voltage 
constant in response to load and input variations. 

In foldback current-limiting applications, additional information on output cur- 
rent and voltage is processed by the control circuit to reduce the power limit un- 
der short-circuit conditions. Note that a constant primary power limit (on its 
own) would provide very little protection for the output circuitry, as there would 
be a large current flowing in the output when the output voltage is low or a short 
circuit is applied. 

6.4 ISOLA TED SELF-OSCILLATING FLYBACK 
CONVERTERS 

A more practical implementation of the self-oscillating technique is shown in Fig. 
2.6.4. In this example, the input and output circuits are isolated, and feedback is 
provided by an optical coupler OC1. 

Components D3, C4, and R8 form a self-tracking voltage clamp (see Sec. 3.2). 
This clamp circuit prevents excessive collector voltage overshoot (which would 
have been generated by the primary leakage inductance) during the turn-off ac- 
tion of Q1. 

Components Dl and C3 are the rectifier and storage capacitor for the auxiliary 
supply line which provides the supply to the control optocoupler OC1. 

6.5 CONTROL CIRCUIT (BRIEF DESCRIPTION) 

A very simple control circuit is used. The diode of the optical coupler OC1 is in 
series with a limiting resistor R9 and a shunt reguldor U1 (Texas Instruments 
TL430). 

When the reference terminal of the shunt regulator V1 is taken to 2.5 V, cur- 
rent will start to flow into the cathode of V1 via the optocoupler diode, and con- 
trol action is initiated. The ratio of R12 and R11 is selected for the required out- 
put, in this case 12 V. 

The optocoupler transistor responds to the output control circuit so as to ap- 
ply a bias current to R3. A voltage divider network is formed by OC1 and R3-and 
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the base of Q2 as the optocoupler current increases, and so the ramp voltage re- 
quired across R4, and hence the collector current required to turn 4 2  on and Q1 
off, will be reduced. (A more complete description of this control circuit is given 
in Sec. 7.4.) 

As Q1 starts to turn off, its collector voltage will go positive, and the collector 
current will be diverted into the snubber components D2, C5, and R5. The volt- 
age across R5 results in an increase in base drive voltage to R3 and Q2, as R5 has 
a higher resistance than R4, more than compensating for the drop in voltage on 
R4. This gives a further regenerative turn-off action to Q1. (The action of the 
snubber components is more fully described in Part 1, Chap. 18.) 

This simple circuit has a number of major advantages. 
First, the unit always operates in a complete energy transfer mode. Consider 

the switching action: When Q1 turns off, flyback current will flow in the output 
circuitry. The transformer voltages will be reversed and the drive winding P2, 
negative. Consequently, Q1 will remain turned off until all the energy stored in 
the magnetic field has been transferred to the output capacitors and load. 

At that time, the voltage across all windings will decay toward zero. Now C2, 
which would have been charged during the flyback period, will track the positive- 
going change of voltage on P2 and take the base of Ql  positive. Once again, by 
regenerative action, augmented by the current drive through R1, Q1 will turn on. 
Consequently, a new "on" period will be initiated immediately after the stored 
energy has been transferred to the output capacitors and load. Complete energy 
transfer will take place irrespective of the loading or input voltage. 

The transformer design is simplified, as there will be no DC component to 
consider in the design process, and the full flux capability of the core can be ex- 
ploited with confidence. There is a further protection mechanism should the core 
begin to saturate for any reason. This saturation effect will be recognized by the 
increase in current in R4, and the "on" pulse will be terminated earlier. As a 
result of this action, there will be an increase in the frequency of operation such 
that saturation no longer occurs. This allows the designer to confidently utilize 
the full flux excursion ability of the core without the need for excessive flux mar- 
gin to prevent saturation. 

A typical plot of frequency against load for this type of converter is shown in 
Fig. 2.6.1. Note that at very light loads, very high operating frequencies are pos- 
sible. To prevent excessive dissipation in the switching transistor and snubber 
components, this high-frequency mode should be avoided by using the power 
unit for applications where the minimum load is not less than 10%. Alternatively, 
dummy load resistors may be applied. 

The .normal snubber arrangements and voltage clamps described in Part 1, 
Chap. 18 and Figs. 2.3.1 and 2.3.2 would be used. A transformer designed for the 
fixed-frequency flyback converter (Sec. 2.2) will be found to operate quite satis- 
factorily in this variable-frequency unit. However, some improvement in el%- 
ciency may be realized by making use of the extra flux capability and reducing 
the primary turns accordingly. To give good regenerative action, the drive volt- 
age generated by P2 should be at least 4 V. 

In the final design, extra circuitry will often be used to improve the overall 
performance; for example, a positive bias may be applied in series with the drive 
winding P2 to speed up the turn-on action, which would tend to be rather slow in 
the example shown. A square-wave voltage bias may be applied to the base of 4 2  
by a capacitor (shown dashed in Fig. 2.6.4) or a resistor to improve the switching 
action under light load conditions. This decreases the minimum loading require- 
ments by reducing the switching frequency under light loads and thus reducing 
the current at which squegging occurs. 
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6.6 SOUEGGING 

In this application, "squegging" refers to a condition in which a number of pulses 
are generated, followed by a quiescent period, on a repetitive basis. The cause of 
"squegging" is that for correct switching action at light loads, a very narrow min- 
imum "on" period is necessary. However, as a result of the transistor storage 
time, under light load conditions, this minimum "on" period will hav more en- 
ergy content than is required to maintain the output voltage const f nt. Hence 
there will be a progressive increase in output voltage as a number of pulses are 
generated. Because progressive control is lost at some point, the control circuit 
has no option but to turn off the switching transistor completely, and a quiet pe- 
riod now follows until the output voltage recovers to its correct value. With good 
drive design, giving minimum storage time, this "squegging" action will not oc- 
cur except at loads below 2% or 3%. In any event, it is a nondamaging condition. 

6.7 SUMMARY OF THE MAJOR PARAMETERS 
FOR SELF-OSCILLATING FLYBACK CONVERTERS 

The component count is clearly very low, giving good reliability at economic 
cost. 

The converter transformer may be designed to operate very near the maxi- 
mum flux density limit, as the power transistor switches off at a well-defined cur- 
rent level. Any tendency to saturate is recognized by the control circuit, and the 
"on" pulse is terminated. (The frequency automatically adjusts to a higher value 
at which the core will not saturate.) This selfzprotecting ability leaves the de- 
signer free to use the maximum flux range, if desired, giving a more efficient 
power transformer with fewer primary turns. 

The unit always operates in the complete energy transfer mode, so that by us- 
ing current-mode control, automatic protection for overloads is provided and per- 
formance improved. (The current control mode is explained more fully in Part 2, 
Chap. 7 and Part 3, Chap. 10.) 

The complete energy transfer mode (discontinuous mode) avoids the "right- 
half-plane zero" stability problems. (See Part 3, Chap. 9.) 

Additional windings on the main transformer will provide isolated auxiliary 
supplies for the control circuit, or additional outputs. 

Input-to-output isolation may be provided by optocouplers or control trans- 
formers in the control feedback path. 

A possible disadvantage of the technique is that the frequency will change 
with variations of load or input voltage. This should not be a problem so long as 
adequate input and output filtering is provided and the supply is located or 
screened so that magnetic radiation from the wound components will not inter- 
fere with the performance of adjacent equipment. 

This type of supply has been used very successfully in video display units and 
has replaced fixed-frequency or synchronized power units in many applications. 
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6.8 PROBLEMS 

1. What are the major advantages of the self-oscillating off-line flyback con- 
verter? 

2. What is the major disadvantage of the self-oscillating technique? 
3. The flyback self-oscillating converter operates in a complete energy transfer 

mode. Why is this an advantage? 



CHAPTER 7 
APPLYING CURRENT-MODE 

CONTROL 
TO FLYBACK CONVERTERS 

7.7 INTRODUCTION 

In the flyback converter, the primary inductance of the transformer (more cor- 
rectly a multiple-winding inductor) is generally much lower than the inductance 
of its counterpart in the forward converter. Hence, the rate of change of current 
during the primary conduction phase (the "on" period) is large, giving a large 
triangular shape to the primary current pulse. This triangular wavefong is ideal 
for the application of current-mode control, providing good noise immunity and 
well-defined switching levels to the current comparator. 

With current-mode control there are two control loops in operation. The first, 
fast-acting inside loop controls the peak primary current, while the second, much 
slower outside loop adjusts the current control loop to define the output voltage. 
The overall effect of these two control loops is that the power supply responds as 
a voltage-controlled current source. 

There are a number of advantages to be gained from current-mode control. 
First of all, the system responds as if the primary is a high-impedance current 
source and the effective inductance of the converter transformer is removed from 
the output filter equivalent circuit. This results in a simple first-order transfer 
function. Hence the control circuit may have a good high-frequency response, 
improving the input transient performance. Line ripple rejection and loop stabil- 
ity are improved. A second major advantage is that primary current limiting is 
automatically provided without additional components. (See Part 3, Chap. 10.) 

7.2 POWER LIMITING AND CURRENT-MODE 
CONTROL AS APPLIED TO THE SELF- 
OSCILLA TING FL YBACK CONVERTER 

The self-oscillating complete energy transfer flyback converter responds particu- 
larly well to the application of current-mode control. This will be explained by 
reference to the circuit shown in Fig. 2.6.9. 

The voltage across R4 (which sets the maximum collector current) cannot ex- 
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ceed 0.6 V under any conditions, because at this point 4 2  will turn on, turning off 
the power device Q1. This will occur irrespective of the condition of the voltage 
control circuit, because the control circuit cannot take the voltage at the base of 
4 2  negative. Consequently, the peak input current is defined by R4 and 4 2  V,, 
and cannot be exceeded. Thus R4 and 4 2  provide automatic primary power lim- 
iting. The action of the remainder of the control circuit can only reduce the limit 
still further. 

Although a very simple circuit is used, the power limiting action is excellent. 
The "on" period is terminated when the primary current has reached a defined 
peak level on a pulse-by-pulse basis. This current-defining loop also sets a max- 
imum limit on the transmitted power, UP . I: .f. 

It should be noted that because the limtting action is a constant power limit, as 
the output voltage goes toward zero under overload conditions, the output cur- 
rent will increase. If this is unacceptable, thed additional circuitry will be re- 
quired to reduce the power limit as the load goes toward short-circuit, or to turn 
the supply off for overload conditions. 

The second, much slower voltage control loop (R11, R12, V1, OCla, and 
OClb) responds to output voltage changes and adjusts the bias on Q2 so as to 
reduce the peak value of primary current required to turn Q2 on. This level is 
adjusted in response to the voltage control circuit to maintain the output voltage 
constant. 

7.3 VOLTAGE CONTROL LOOP 

Figure 2.7.1 shows the collector and emitter current waveforms of Q1 under 
steady-state voltage-controlled conditions. The emitter cui-rent waveform shows 
a DC offset as a result of the base drive current component I,. A% analogue volt- 
age of the emitter current will be developed across R4. The voltage across R5 
(V,) shows the effect of the snubber current in R5 imposed on the voltage across 
R4, resulting in a rapid increase in voltage toward the end of the conduction pe- 
riod. The voltage waveform on Q2 shows the DC bias introduced by the control 
current from OClb and R6 developed across R3 and imposed on the voltage 
waveform of R5. 

When Q1 turns on, current will build up in the primary of the transformer, as 
shown in Fig. 2.7.1. A "sawtooth" voltage waveform will be developed across 
R4. This waveform will be applied to the base of 4 2  via RS and R3. A control 
current flowing in R6 and OC1 will bias the base of 4 2  more positive, and the 
"on" pulse will be terminated when the voltage on the base of Q2 reaches 0.6 V. 
This turns Q2 on and Q1 off. 

As soon as Q1 starts to turn off, the voltage on its collector will rise, and a 
current will flow in the snubber components D2, C5, and R5, generating a further 
increase in the voltage across R5 because R5 has a higher resistznce than R4. 
This increase is applied to the base of Q2, providing regenerative turn-on action 
of 4 2  and hence &-off of Q1. 

If the optocoupler OClb is not conducting, Q2 will still turn on when the volt- 
age across R4 has reached 0.6 V, removing the base drive from the main transis- 
tor Q1 and turning it off. Consequently, irrespective of the state of the control 
circuit, the maximum primary current is defined without the need for further cur- 
rent limiting circuits. 

However, the shunt regulator U1 will conduct when the required output volt- 
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age of 12 V is obtained, driving current through the optocoupler diode OCla. In 
response to the optodiode current, the optotransistor OClb will conduct, driving 
current into the resistor network R3, R5, and R4. The current from OClb will add 
a fixed positive bias to the triangular waveform developed across R4 by the emit- 
ter current. Consequently, Q2 will turn off with a lower current amplitude in R4. 
The optotransistor OClb can be considered a constant-current (high-impedance) 
source. Hence it will not interfere with the shape of the triangular waveform 
apart from adding the DC bias. The loop stabilizing components R10 and C7 
make the response of the voltage control loop relatively slow compared with the 
current control loop. 

So long as the required output power is less than the limiting value, the voltage 
control loop will reset the bias on the base of 4 2  so as to maintain the output 
voltage constant. 

Resistor R6 provides a fmed offset bias to Q2 for final adjustment of the power 
limiting value. It also reduces the peak current when the input voltage is in- 
creased because the auxiliary voltage on R6 tracks the input voltage. Finally, it 
also introduces some compensation in the variable-frequency system to improve 
input ripple rejection. 

7.4 INPUT RIPPLE REJECTION 

FIG. 2.7.1 Current and voltage waveforms of self-oscillating 
converter. 

For constant-frequency, complete energy transfer (discontinuous-mode) flyback 
converters, the current-mode control also provides automatic input ripple rejec- 
tion. 

If the converter input voltage changes, the slope of the collector and hence the 
emitter voltage will also change. For example, ifthe collector input voltage starts 
to rise as a result of the normal rising edge of the input ripple vgtage, then the 
slope of the collector and hence the emitter current will also increase. As a result, 
the peak current level will be reached in a shorter time and the "on" pulse width 
will be automatically reduced without the need for any control signal change. 
Since the peak primary current remains constant, the transferred power and the 
output voltage will also remain constant (irrespective of the input voltage 
changes). Consequently, without the need for any action from the control circuit, 
input transient voltage changes and ripple voltages are rejected from the output. 

This effect may be further demonstrated by considering the input energy for 
each cycle. As this unit operates in a complete energy transfer mode, the energy 
at the end of an "on" period will be 

where L p  = primary inductance 
I, = peak primary current 

Since L p  and the peak current I, remain constant, the transferred power is con- 
stant. This action is very fast, as it responds on a pulse-by-pulse basis, giving 
good input transient rejection. 

A more rigorous examination reveals a degrading second-order effect in the 
variable-frequency self-oscillating system, caused by an increase in the operating 
frequency as the input voltage rises. This frequency change reduces the ripple 
rejection. However, since the increase in frequency results in only a small in- 
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crease in input power, the effect is quite small. In the circuit shown in Fig. 2.6.4, 
the effect is compensated by an increase in the drive current component in R4 
and an increase in the current in R6, caused by the change in the base drive and 
auxiliary voltages which track the input change. This compensation is optimized 
when the forced drive ratio is approximately 1:lO. 

7.5 USING FIELD-EFFECT TRANSISTQRS IN 4 VARIABLE-FREQUENCY FLYBACK CONVERTERS 

At the time of writing, FETs were available with voltage ratings of up to typically 
800 V; consequently, their use for flyback off-line converters was somewhat lim- 
ited. 

The maximum rectified DC header voltage Vcc for 220-V units, and also for 
dual input voltage units in which voltage doubler techniques are used, will be ap- 
proximately 380 V DC. As the flyback voltage stress will normally be at least 
twice this value, the margin of safety when 800-V power FETs are used is hardly 
sufficient. 

However, when higher-voltage competitively priced FET devices become 
available, there could be significant advantages to be gained from using FETs and 
operating the flyback unit at higher frequency. This could result in a reduction in 
the size of the wound components and output capacitors. A more suitable circuit 
which reduces the voltage stress for lower-voltage power FETs is shown in Fig. 
2.5.1. 

I 
1 

7.6 PROBLEMS 
1 
I 
I 

1. Why do flyback converters lend themselves particularly well to current-mode 
control? 

2. Why does current-mode control provide a simple first-order transfer function 
in the complete energy transfer mode? 

3. Why is the input ripple rejection extremely good in the current-mode control 
topology? 

CHAPTER 8 
DIRECT-OFF-LINE 
SINGLE-ENDED 

FORWARD CONVERTERS 

8.7 INTRODUCTION 

Figure 2.8.1 shows the power stage of a typical single-ended forward converter. 
For clarity, the drive and control circuits have been simplified, and the input rec- 
tification omitted. Since the output inductor Ls cames a large DC current com- 
ponent, the term "choke" will be used to describe this component. 

Although the general appearance of the power stage is similar to that of the 
flyback unit, the mode of operation is entirely different. The secondary winding 
S1 is phased so that energy will be transferred to the output circuits when the 
power transistor is "on." The power transformer TI ope ra tees  a true trans- 
former with a low output resistance, and therefore a choke Ls is required to limit 
the current flow in the output rectifier Dl, the output capacitor C,, and the load. 

8.2 OPERATING PRINCIPLES 

Under steady-state conditions, the circuit operates as follows. 

8.2.1 Choke Current 

When transistor Q1 turns on, the supply voltage V,, is applied to the,primary 
winding PI, and a secondary voltage V, will be developed and applied to output 
rectifier Dl and choke L,. Neglecting diode drops and losses, the voltage across 
the choke L, will be V, less the output voltage V,,, (assuming the output capac- 
itor C, is large so that the output voltage can be considered constant). The cur- 
rent in L, will be increasing linearly as defined by the following equation: 
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FIG. 2.8.1 Forward (buckderived) converter with energy recovery winding, show- 
ing intenvinding capacitance C,. 

At the end of an "on" period, Q1 will turn off, and the secondary voltages will 
reverse by the normal flyback action of TI. Choke current I, will continue to 
flow in the forward direction under the forcing action of L,, bringing diode D2 
into conduction. (This diode is often referred to as the flywheel diode, as it allows 
the current to continue circulating in the loop D2, L,, C,, and load.) The voltage 
across the choke L, is now reversed, with a value equal to the output voltage 
(neglecting diode voltage drops). The current in L, will now decrease as defined 
by the following equation: 

Using the same design criterion that was applied to the flyback converter trans- 
former, the volt-seconds applied to the choke L, in the forward and reverse di- 
rections must be equal for steady-state conditions. Hence, when the on and off 
periods are equal, the output voltage will be half V* (once again neglecting diode 
drops and losses). 

The mean value of the inductor current is the required output current I,,. It 
should be noted at this stage that the absolute value of inductor L, has not been 
defined, as it does not change the action of the circuit in principle; its value sim- 
ply controls the peak-to-peak ripple current. 

8.2.2 Output Voltage 

.When the ratio of the "on" time to the "off' time is reduced from the 50% duty 
factor, the output voltage will fall until foriKard and reverse volt-seconds equality 
is once again obtained. The output voltage is defined by the following equation: 

v 
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v s  x ton 
vout = - 

ton + toft 

where V, = secondary voltage, peak V 
ton = time that Q1 is conducting, ps 
to, = time that Q1 is "off," ps 

Note: The ratio to,,/(ton + to=) is called the duty ratio. 
It should be noted that when the input voltage and duty cycle are fued, the 

output voltage is independent of load current (to the first order), and this topol- 
ogy provides an inherently low output resistance. 

8.3 LIMITING FACTORS FOR THE VALUE OF 
THE OUTPUT CHOKE 

8.3.1 Minimum Choke Inductance and Critical Load Current 

The minimum value of L, is nonndly controlled by the need to maintain contin- 
uous conduction at minimum load current. Figure 2.8.2 shows continuous-mode 

FIG. 2.8.2 Secondary current waveforms, showing incomplete energy 
transfer (coninuous-mode operation) and complete energy transfer (discon- 
tinuous-mode operation). 

conduction in the top waveform, and discontinuous-mode conduction in the 
lower waveform. It should be noted that if the input and output voltages remain 
constant, the slope of the current waveform does not change as the load current 
is reduced. 

As the load current Id, decreases, a critical value is reached where the mini- 
mum value of the ripple current in the choke will just touch zero. At this point the 
critical load current is equal to the mean ripple current in the choke and is defined 
as follows: 
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where Idc = output (load) current 
I,-, = peak-to-peak choke current 

At load currents below this critical value, Ls will go into a discontinuous current 
mode of operation. However, this is not an ultimate minimum limit to the load 
current, since the output voltage can still be maintained constant by reducing the 
mark space ratio. Still, at the critical current, there is a sudden change in the 
transfer function. At currents higher than critical, the mark spacetatio will re- 
main nearly constant, irrespective of load current (continuous-mode operation). 
Below the critical value, the mark space ratio must be adjusted for both load vari- 
ations and input voltage variations (discontinuous-mode operation). 

Although the control circuit can be designed to be stable for these two condi- 
tions, the stability criteria must be carefully checked. There will be two poles in 
the transfer function for the continuous mode, and only one pole for the discon- 
tinuous mode. (See Part 3, Chap. 8.) 

A second limiting factor to the value of L1 may come into play for multiple- 
output applications. If the control loop is closed to the main output line, and the 
current on this line is taken below the critical value, then the mark space ratio 
will be reduced to maintain the output voltage on this line constant. The remain- 
ing auxiliary outputs, which are assumed to have constant loads. on them, will 
respond to this variation in duty ratio, and their voltages will fall. This is the re- 
verse of what might be expected. It is usually the need to maintain the auxiliary 
output voltages constant which controls the minimum value of L, in multipie- 
output units. Even then, a current in excess of the critical value must be main- 
tained on the main output if the auxiliary voltages are to be maintained reason- 
ably constant. 

8.3.2 Maximum Choke Inductance 

The maximum value of Ls is usually limited by considerations of efficiency, size, 
and cost. Large inductors carrying DC currents are expensive. From a perfor- 
mance standpoint, large values of Ls will limit the maximum rate of change (slew 
rate) of the output current for large transient load changes. The output capacitor 
C, is usually much too small to maintain the output voltage constant for large 
load changes in this type of converter. 

8.4 MULTIPLEOUTPUTS 

Extra windings on the main transformer can provide additional auxiliary outputs. 
Once again, the value of secondary voltage will be chosen so that the volt- 
seconds on the output chokes in the forward and reverse directions will equate to 
zero under steady-state conditions. Therefore, if the voltage of the main output 
line is stabilized, the voltage of the auxiliary lines will also be stabilized, provided 
that the load conditions remain reasonably constant. If the load on any output 
falls below the critical current for its particular choke, then the output voltage on 
this line will begin to rise. Eventually, under zero load conditions, it will be equal 
to the peak voltage on the transformer secondary. (For a 50% duty cycle, this 
would be twice the normal output voltage.) 

Hence, whereas in the flyback converter transformer the secondary voltages 
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are all clamped by the main output and are thus well defined, in the forward con- 
verter the output voltages for loads below critical can be very high. Therefore, in 
the forward converter it is essential that the critical value of inductor currents is 
lower than the minimum load presented to the output. If the load is required to go 
to zero or near zero, it will be necessary to provide dummy loading or voltage 
clamping to prevent excessive output voltages. This problem can be very much 
reduced by using coupled output inductors for multiple-output applications. (See 
Sec. 18.8.) 

8.5 ENERGY RECOVERY WINDING (P2) 

During the "on" period of transistor Q1, energy will be transferred to the output 
circuit. At the same time, the primary of the transformer will take a magnetizing 
current component and store energy in the magnetic field of the core. 

When Q1 turns off, this stored energy will result in damagingly large flyback 
voltages on the collector of the switching transistor Q1 unless a clamping, or en- 
ergy recovery, action is provided. 

Note: During the flyback ("off ') period, the output diodes will be reverse-biased 
and will not provide any clamping action, unlike the flyback converter. 

In this example an "energy recovery winding" P2 and diode D3 are connected 
so that the stored energy will be returned to the supply line during the flyback 
period. Note that during the flyback period, the voltage across the flyback wind- 
ing P2 is being clamped at V, by D3, with the finish of the winding being positive. 
Hence, the voltage on the transistor collector will be twice V, (assuming that the 
primary and flyback turns are equal), because the start of the primary is already 
connected to the supply voltage Vc. 4 

To prevent excessive leakage inductance between P1 and P2, and hence ex- 
cessive voltage overshoot on the transistor collector, it is conventional to bifilar- 
wind the energy recovery winding P2 with the main primary PI. In this arrange- 
ment it is important that diode D3 be placed in the top end of the energy recovery 
winding. The reason for this is that the interwinding capacitance C, (which can be 
considerable with a bifilar winding) will appear as a parasitic capacitance be- 
tween the collector of Q1 and the junction of P2 and D3, as shown by parasitic 
capacitor C, in Fig. 2.8.1. When connected in this way, this capacitance is iso- 
lated from the collector by diode D3 during the turn-on of Q1. Hence D3 blocks 
any current flow in Cc during the turn-on transient of Q1. (Note that the finishes 
of both windings P1 and P2 go negative together, and there is no change of volt- 
age across C, .) Further, C, provides additional clamping action on the collector 
of transistor Q1 during the flyback period, when any tendency for voltage over- 
shoot will result in a current flow through C, and back to the supply line via D3. 
Very often this parasitic winding capacitance will be supplemented by an extra 
real external capacitor in position C, to improve this clamping action. However, 
add extra capacitance with care, as a capacitor with too large a value will result 
in line ripple frequency modulation in the output voltage. 

As a result of the high-voltage stress across the bifilar winding in high-voltage 
off-line applications, special insulation would normally be required. However, if 
an additional clamping capacitor C, is fitted, the energy recovery winding may be 
wound on a separate (nonbifilar) insulated layer. This reduces the voltage stress 
without compromising the clamping action. Alternatively, low-loss energy snub- 
ber systems, as shown in Part 1, Chap. 18, may be used. 

1 
;i 
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8.6 ADVANTAGES 

Some of the advantages of the forward converter, when compared with the 
flyback, are as follows: 

1. The transformer copper losses in the forward converter tend to be somewhat 
lower, since the peak currents in primary and secondary will tend to be lower 
than in the flyback case (the inductance is higher, as no air gqp is required). 
Although this may result in a smaller temperature rise in the transformer, in 
most cases the improvement is not suEcient to allow a smaller core to be 
used. 

2. The reduction in secondary ripple currents is dramatic. The action of the out- 
put inductor and flywheel diode maintains a reasonably constant current in the 
output load and reservoir capacitors. 

Since the energy stored in the output inductor is available to the load, the 
reservoir capacitor can be made quite small, its main function being to reduce 
output ripple voltages. Furthermore, the ripple current rating for this capacitor 
will be much lower than that required for the flyback case. 

3. The peak current in the primary switching device is lower, for the same reason 
as in point 1. 

4. Because of the reduction in ripple current, the output ripple voltages will tend 
to be lower. 

8.7 DISADVANTAGES 

Some of the disadvantages are 

1. Increased cost is incurred because of the extra output inductor and flywheel 
diode. 

2. Under light loading conditions, when L, reverts to the discontinuous mode, 
excessive output voltages will be produced, particularly on auxiliary outputs, 
unless minimum loads are specified or provided by ballast resistors. 

In other respects, the performance to be expected from the forward converter 
is very similar to that of the flyback. 

8.8 PROBLEMS 

--- - __ /-_ _- _I a _ _ _- - 
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4. Why is the utilization of the primary switching device often much greater in 
the forward converter than in the flyback converter? 

5. A core gap is not normally required in a forward converter transformer. Why 
is this? 

6. Why is an energy recovery winding required in the forward converter? 
7. Why is a minimum load required for correct operation of a forward converter? 

1. From what class of converters is the transformer-coupled forward converter 
derived? 

2. During what phase of operation is the energy transferred to the secondary cir- 
cuit in the forward converter? 

3. Why is an output choke required in the forward converter topology? 



CHAPTER 9 
TRANSFORMER DESIGN 

FOR FORWARD CONVERTERS 

9.1 INTRODUCTION 

The design of switchmode transformers for forward converters may be ap- 
proached in many different ways. The designer should choose a method that he 
or she is comfortable with. 

In the following example a nonrigorous design approach is used, starting with 
the primary turns calculation. Manufacturers' published nomograms are utilized 
for the selection of core size and optimum induction. The resulting transformer is 
suitable for prototype evaluation and will not be far from optimum. It should be 
remembered that for multiple-output applications, exact voltage results are not 
always going to be possible for all outputs, as windings can only be applied in 
increments of one, or in some cases one-half, turn. Further, the core size will 
often be a compromise selection. 

This design approach for the forward converter is very similar to the method 
used for the previous flyback example, except that the primary turns will be cal- 
culated for maximum "on" pulse width and nominal DC voltage. This will result 
in slightly more primary turns. 

The reason for this selection is that in the forward converter, the output in- 
ductor will limit the rate of change of output current when a transient load is ap- 
plied. To compensate for this, the control amplifier will take the input pulse width 
to maximum so as to force an increase in inductor current as rapidly as possible. 
Under these transient conditions, the high primary voltage and maximum pulse 
width will be applied to the transformer primary at the same time. Although this 
only occurs for a short period, core saturation can occur unless the transformer is 
designed for this condition. 

The control circuit will be designed so that at maximum line input voltages, 
the pulse width and the slew rate of the control circuit will be limited. This pre- 
vents maximum pulse width and line voltage from coinciding. This must be 
checked in the final design. 

In the forward converter, it is undesirable to store energy in the core, as this 
energy must be returned to the supply line during the flyback period. A small gap 
may be required to ensure that the flux returns to a low residual level during the 
flyback period and to &ow the maximum flux density excursion. The air gap will 
be kept as small as possible (two or three thousandths of an inch will usually be 
sufficient). An examination of Fig. 2.2. l a  and b shows that the residual flux will 
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be much lower, even with a small gap in the core; also, a small gap will stabilize 
the magnetic parameters. 

I 9.2 TRANSFORMER DESIGN EXAMPLE 
1 
1 9.2.1 Step 1, selecting 'core Size 

The core size is selected on the basis of transmitted power, and the manufactur- 
I ers' recommendations make a good starting point. A typical core selection no- 

mogram is shown in Fig. 2.2.2. In the following example, a transformer will be 
designed for a 100-W application at 30 kHz. The output voltages and currents will 
be as follows: 

+ 5 V a t l O A = 5 0 W  

Total power = 98 W 

Input voltage 90-130 V or 180-260 V, 47-60 Hz 

Allowing approximately 3% increase in size for each auxiliary line to provide ex- 
tra insulation and window space, a core will be selected for a transmitted power 
of 104 W. From Fig. 2.2.2, E core; E42-15 would be a suitable selection. 

1. 

Core parameters: 

Effective core area A, = 181 mm 

9.2.2 Step 2, Select Optimum Induction 

The optimum induction Bop, is chosen so as to make the core and copper losses 
approximately equal. This gives minimum overall loss and maximum efficiency, 
provided that core saturation is avoided. 

From Fig. 2.9.1, at 100 W and a frequency of 30 kHz, an optimum peak flux 
density Bop, of approximately 150 mT is recommended for push-pull operation. 
Remember, in the push-pull case, the differential excitation (AB) will be twice 
this peak value, giving a flux density swing of 300 mT p p .  (See Fig. 2.9.2a.) 

In Fig. 2.9.1, the recommended optimum flux density assumes the total peak- 
to-peak excursion. Hence, in the single-ended forward converter, a peak flux 
density of 300 mT would be indicated for maximum efficiency. Note that in the I 

single-ended forward converter, only the forward quadrant of the BH character- 
istic is used (see Fig. 2.9.2b). To avoid saturation, it is necessary to allow some 
margin of safety for residual flux, the effects of high temperatures, and transient 
conditions. A total excursion of 250 mT is chosen in this example; this is less than 
optimum, and the design is said to be."saturation-limited." 

The core losses will now be somewhat lower than the copper losses. This will 
often be the case with single-ended converters unless the core has been designed 
for single-ended applications. 
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- 8 opt mT 
FIG. 2.9.1 Optimum working flux density swing for N27 ferrite material as a function of 
output power, with frequency and core size as parameten. (Courtesy of Siemens AG.) 
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The drive voltage waveform is square, so the primary turns will be calculated 
using the volt-seconds approach. The maximum pulse width is assumed to be 
50% of the period. 

1 
Total period t, = - = - = 33 ps  

f 30 x ld 

Therefore ton(max) = y T~ = 16.5 t).s 
I 
! 

C&uhlc Primary Voltage (V,,). The primary voltage will be calculated for nominal 
input and full-load operation. The input rectifier network will be configured for 
dual-range 1101220-V operation, so a voltage doubler will be used at 110 V ac in- 
put. 

The approximate conversion factors are 

(See Part 1, Chap. 6.) Hence, at 110 V rms line input, the primary DC voltage Vcc 
will be 

Therefore, the minimum primary turns will be 

Vcc X ton 
Nmin = - 

B x A, 

where V,, = primary DC voltage, V 
toy = maximum "on" time, ps 
B = maximum flux density, T 

A, = effective core area, mm2 

Therefore 

FIG. 2.9.2 (a) B/H loop showing the extended working range of BIH for push- 
puU operation. (b) First quadrant, showing limited BIH loop range for single 
ended forward and flyback operation. 

9.2.4 Step 4, Calculate Secondary Turns 

9.2.3 Step 3, Calculate Primary Turns 

Output power 100 W 
Selected core E42-15 
Frequency 30 kHz 
Flux density 250 mT 

The secondary turns will be calculated for the lowest output voltage, in this case 
5 V. The output filter and transformer secondary are shown in Fig. 2.9.3. 

From Fig. 2.9.3, for the continuous-current-mode operation, 
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and secondary turns for the 12-V outputs will be 

vcc VS(12V) -=-. . Ns(12) = - = 
Np Nd12 V) 

25 222 lo' 11.4 turns 

and this will be rounded up to 11.5 turns. (See Fig. 2.9.5~ and b.) 

FIG. 2-93 Output filter of single-ended (buckderjved) I( 
forward converter. 9.2.5 Multiple-Output Applications 

But at maximum pulse width, to, = toE. Hence 

v, = 2VOUt = 10 v 

Figure 2.9.4 shows a typical multiple-output forward converter secondary, in 
which all outputs share a common return line. The negative output is developed 
by reversing DS and D6. Note that the phasing of the secondary is such that D3 
and DS conduct at the same time during the "on" period of Q1. 

Therefore, the minimum secondary voltage win be 10 V. Nlowing for a 1-V drop a 

in diode and inductor, V, becomes 11 V. This must be available at the minimum 
line input of 90 V and maximum "on" period of 16.5 ps. 

At 90 V in the DC primary voltage, V,, will be 
101T 

V,, = 90 x 1.3 x 1.9 = 222 V 

With Nmin = 100 turns on the primary, the volts per turn (V,) will be 
o +12v ---- 

L2 
Vp,=-=-= Vcc 222 2.22 v,turn 

N 100 c2 e 

and the minimum secondary turns will be - 
I .  o COMMON 
0 

D6 -=-= '' l1 4.95 turns 
v,, 2.22 

rYWI 0 -12V 
D5 

---- The secondary turns are rounded up to 5 turns. The primary turns will be ad- 
L3 justed at this point as follows: 

FIG. 2.9.4 Transformer and output circuit of typical multiple-output 
forward converter. 

vcc vs 
-I- 

N, NS 9.2.6 Special Case Half Turns 

Therefore 

222 x 5 N p = - =  
11 101 turns 

In a similar way, the remaining 12-V output turns may be calculated. Once again, 
diode, and choke winding loss of 1 V is estimated; therefore 

In this particular example there are two equal and opposite polarity 12-V outputs, 
and a center-tapped 23-turn secondary winding is used. This arrangement of the 
positive and negative 12-V outputs is a special case which allows half turns to be 
used with E cores without causing flux imbalance in the legs of the E core. The 
mmf from the two half turns (effectively one half on each leg of the E core) will 
cancel, and the core flux distribution will not be distorted, as shown in Fig. 2.9.5~ 
and b. 

In many applications, this half turn is not practicable and the secondary will 
be rounded to the nearest integer, producing an error in the output voltage. How- 
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FIG. 2.9.5 (a) Section of transformer core, and 
schematic showing special half-turn arrange- 
ment, for dud-output, balanced-load forward and 
flyback operation. (Suitable for balanced second- 
ary load specifications only.) (b) Practical imple- 
mentation of balanced half turns on an E core 

(bl transformer. 

ever, for critical applications, the voltage can be corrected by using saturating 
inductors on the transformer output leads. (See Part 1, Chap. 22.) 

For unbalanced loading applications, special methods mast be used for half 
turns. (See Part 3, Sec. 4.14.) 

9.2.7 Step 5, Selecting Transformer Wire Gauge 

The wire types and sizes must now be selected and the transformer buildup es- 
tablished. 

Part 3, Sec. 4.15 provides information for making the wire size choice. If a 
bifiar winding is to be used for energy recovery, then wire with suitable insula- 
tion ratings must be used. 

In high-voltage off-line applications, a high voltage exists between the main 
collector and the energy recovery windings, and this can be a source of failure. 
(See Part 2, Chap. 8.) It is recommended that one of the alternative energy re- 
covery techniques which does not require a briar-wound energy recovery wind- 
ing be considered. 
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9.3 SELECTING POWER TRANSISTORS 

A power switching transistor that will have good gain and saturation character- 
istics at the maximum primary current will be chosen. This current can be calcu- 
lated as follows. 

At minimum line input, Vcc = 222 V (assume secondary and transformer em- 
ciency to be 75%); then input power is 

Collector current I, may now be calculated. 
At 90 V input, the "on" period will be the maximum of 50%; therefore, the 

mean primary current during the "on" period is 

Pin X 2 130 x 2 A 
Imean = - = -= 

v c c  222 

Allowing for a 20% ripple current (which would be the case where the critical 
output inductor current is 10% of full load, as in Fig. 2.9.6), then I, maximum 

would be 1 .32 A. 

IC In practice, a transistor with a cur- 
rent rating of at least twice this value 
will normally be selected to ensure rea- 
sonable current gain and efficient 
switching. It should b s  remembered 
that under transient conditions, the 
current will be greater than 1.3 A, as 
there will be an overshoot in the cur- 
rent flowing in the various output in- 

- t  
ductors. Further, there is a primary 
magnetizing current to consider, and 

FIG. 2.9.6 Primary current waveform of a the transistor must not come out of Sat- 
continuous-mode forward converter, show- uration for full load and transient cur- 
ing a magnetization current of 20%. rent conditions. 

9.3.1 Transistor Voltage Rating 

During the turn-off transient, the collector voltage will fly back to at least twice 
the maximum supply voltage, and as a result of the leakage inductance, there will 
normally be an overshoot on top of this value. 

Hence, at maximum line input and zero load, V,, maximum will be 

Therefore 
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Allowing 5 V for losses in the rectifiers and transformers, the DC voltage Vcc will 
be 362 V. 

The flyback voltage will be twice this value, plus an allowance for inductive 
overshoot (say 10%). Hence 

With the correct drive waveform and snubber networks, the collect& current will 
have dropped to zero before this high-voltage condition is reached; therefore, the 
transistor will be chosen for a Vc, rating of 760 V minimum. 

To prevent secondary breakdown, the designer must ensure that the collector 
current has reached zero before a collector voltage of Vc',, is approached. This is 
achieved by using a suitable snubber network. (See Part 1, Chaps. 17 and 18.) 

9.4 FINAL DESIGN NOTES 

To complete the design, refer to Part 1, Chap. 6 for input filters, rectifiers, and 
storage capacitors. 

If simple primary overload protection is to be used, it is necessary that all aux- 
iliary output lines be capable of taking the full VA of the unit without damage, 
since a single output may be overloaded. More satisfactory protection for 
multiple-output units will be given if each output line has its own individual cur- 
rent limit. (For suitable current-limiting transformers, see Part 3, Chap. 14.) 

In forward converters, the output capacitor can be relatively small compared 
with the one used in the flyback case, as it is chosen mainly to give the required 
output ripple voltage rather than for ripple current requirements. However, if the 
series inductance is very small (fast-response systems), then the ripple current 
requirements may still be the major selection criterion for the capacitor. Where 
large transient loads are to be accommodated, the voltage overshoot when the 
load is suddenly removed may be the selection criterion. Note that when the load 
is suddenly dropped to zero, the energy stored in the output inductor (YiL 1') is 
dumped into the output capacitor, causing a voltage overshoot. 

9.5 TRANSFORMER SA TURA TION 

With this transformer design, it is possible for the transformer to saturate under 
transient conditions, unless steps are taken in the design of the control circuit to 
prevent it. For example, consider the condition when the input voltage is high 
and the load current is very small; a sudden increase in load would normally re- 
sult in the drive circuit going to maximum pulse width. This condition would exist 
for a number of cycles until the current in the output inductor had risen to the 
required value. Under these conditions, at the flux density levels chosen, the 
transformer would saturate. To prevent this, a lower flux level may be used. 
However, this is not the method recommended here, as it results in an increase in 
primary turns and a reduction in transformer efficiency. 

For this example, it has been assumed that the drive circuit will have a "pulse- 
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i 
by-pulse" primary current limit, which will recognize the onset of transformer 

I saturation and limit any further increase in drive pulse width. This will give the 
maximum response time and prevent failure resulting from transformer satura- 
tion. 

9.6 CONCLUSIONS 

The major parameters of a single-ended forward converter have been discussed 
and a practical transformer design examined. 

Although the peak currents in the transformer are generally lower than in the 
flyback case, the requirements for extra primary turns tends to eliminate any im- 
provement in the transformer efficiency. 

There is a considerable reduction in ripple current for the output rectifiers and 
capacitors, which makes the forward technique more suitable than the flyback for 
low-voltage, high-current applications. The reduction in component size is some- 
what offset by the need for an extra output inductor and rectifier diode. 

A critical minimum load condition exists for all auxiliaries and main outputs. 
Operation at currents below this critical value leads to discontinuous inductor op- 
eration, which can appear as a loss of voltage regulation, particularly for the aux- 
iliary outputs. Under open-circuit conditions, output voltages exceeding the nom- 
inal by more than 2 to 1 are possible unless dummy loads or other clamping 
action is ~rovided. These requirements must be considered in the application and 
design of this type of converter. 

Where linear regulators are used for low-current outputs, the poor voltage reg- 
ulation at light loads is not normally a problem, as the excess voltage will be 
dropped across the series regulator and the dissipation will be small for the light 
loading condition. The voltage rating of the regulator may becomo a limiting fac- 
tor, however. 
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DIAGONAL HALF-BRIDGE I 

FORWARD CONVERTERS 

10.1 INTRODUCTION 

The diagonal half-bridge forward converter, otherwise known as the two- 
transistor forward converter, has a primary power switch arrangement that is 
similar to its counterpart in the flyback converter. Figure 2.10.1 shows the gen- 
eral circuit of the power system. 

This arrangement is particularly suitable for field-effect transistor (FET) oper- 
ation, as the energy recovery diodes Dl and D2 provide hard clamping of the 
switching devices to the supply line, preventing any overshoot during the flyback 
action. The voltage across the power switches will not exceed the supply voltage 
by more than two diode drops, and therefore the voltage stress will be only half 
of what it would have been in the single-transistor, single-ended converter. 

In this example, provision has been made for dual voltage line input selection. 
The input is user selectable from a nominal 110- to 220-V operation by removing 
the link LK1. 

Voltage doubler action is used for 110-V operation; consequently, the DC 
voltage Vcc will be approximately 300 V for both 110- and 220-V operation. The 
maximum voltage for high line off-load operation will be approximately 380 V; 
consequently, power FETs with a voltage rating of 400 V may be used with con- 
fidence. (Some FETs have a voltage derating applied for high-temperature oper- 
ation, and this should be considered.) 

10.2 OPERATING PRlNClPL ES 

FET 1 and FET 2 (the power switches) turn on, or off, simultaneously. When the 
devices are switched on, the primary supply voltage V,, will be applied across 
the transformer primary, and the starts of all windings will go positive. 

Under steady-state conditions, a current will have been established in the out- 
put choke L1 by previous cycles, and this current will be circulating by flywheel 
action in the choke L1, capacitor C1, and load, returning via the flywheel diode 
D4. 

When the secondary emf is establishkd (by turning on the power FETs), the 
current in the secondary of the transformer and the rectifier diode D3 will build 
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up rapidly, limited only by the leakage inductance in the transformer and second- 
ary circuit. Since the choke current I, must remain nearly constant during this 
short turn-on transient, then as the current in D3 increases, the current in the 
flywheel diode D4 must decrease equally. When the forward current in D3 has 
increased to the value originally flowing in D4, then D4 will be turned off and the 
voltage on the input end of k1 (position A) will increase to the secondary voltage 
V,. The forward energy transfer state has now been established. 

The previous actions occupy a very small part of the total transfq period, de- 
pending on the size of the leakage inductance. The current would typically be 
established within 1 as. 

For very high current, low-voltage outputs, the delay caused by the leakage 
inductance may be longer then the complete "on" period (particularly at high fre- 
quencies). This will limit the transmitted power. Hence, the leakage inductance 
should always be as low as possible. 

Under normal conditions, during the majority of the "on" period, the second- 
ary voltage will be applied to the output LC filter, and the voltage across L1 will 
be (Vs - V,,,). Therefore, the inductor current will increase during the "on" pe- 
riod at a rate defined by this voltage and the inductance of L1 as follows: 

dl v s  - VO", - = 
dt 

where LL1 is the inductance of L1 
LLI 

This secondary current will be transferred through to the primary winding by nor- 
mal transformer action, so that I, = ZJn, where n is the transformer ratio. In ad- 
dition to this reflected secondary current, a magnetizing current will flow in the 
primary as defined by the primary inductance L,. This magnetizing current re- 
sults in energy being stored in the magnetic field of the transformer, and this 
stored energy will result in a flyback action during the turn-off transient. 

When FET 1 and FET 2 are turned off, the voltage on all windings will reverse 
by flyback action, but the flyback voltage will be limited to the supply voltage by 
the clamping action of diodes Dl and D2. The energy that was stored in the mag- 
netic field will now be returned to the supply lines during the turn-off period. 

Since the flyback voltage is now nearly equal to the original forward voltage; 
the time required for the recovery of the stored energy will be equal to the pre- 
vious "on" time. Consequently, for this type of circuit, the duty ratio cannot ex- 
ceed SO%, as the transformer would staircase into saturation. 

At the turn-off instant, the secondary voltage will reverse and rectifier diode 
D3 will be cut off. The output choke L1 will maintain the current constant, and 
flywheel diode D4 will be brought into conduction. Under the forcing action of 
L1, a current will now flow in the loop L1, C1. D4, and node A will go negative 
by a diode drop. The voltage across L1 equals the output voltage (plus a diode 
drop), but in the reverse direction to the original "onw-state voltage. The current 
in L1 will now decrease to its original starting value, and the cycle is complete. 

It is important to note that the leakage inductance plays an important role in 
the operation of this system. Too large a value of leakage inductance results in an 
inability to transfer the power effectively, as a large proportion of the primary 
current is returned to the supply line during the "off' period. This results in un- 
productive power losses in the switching devices and energy recovery diodes. 

The reverse recovery time of diode D4 is particularly important, since during 
the turn-on transient, current will flow from D3 into the output inductor and also 
into the cathode of D4 during its reverse recovery period. This will reflect 

10. DIAGONAL HALF-BRIDGE FORWARD CONVERTERS 

through to the primary switches as a current overshoot during the turn-on tran- 
sient. 

The action of this converter has been described in some detail in order to high- 
light the importance of the transformer leakage inductance and the need for fast 
recovery diodes. These effects become particularly important for high-frequency 
operation, where the advantages of power FETs are better utilized. 

It should be remembered that the leakage inductance is not solely contained 
within the transformer itself; it is made up of all the external circuitry. The var- 
ious current loops should be maintained at the minimum inductance by using 
short, thick wiring, which should be twisted where possible or run as tightly cou- 
pled pairs. 

The energy recovery diodes Dl and D2 should be fast high-voltage types, and 
a low-ESR capacitor should be fitted across the supply lines as close as possible 
to the switching elements. The ESR and ESL of the output capacitor C1 are not 
so critically important to the function of the converter, since this capacitor is iso- - - 
k e d  from-the power switches by the inductor L1. 

The main function of C1 is to reduce output ripple voltages and provide some 
energy storage. It is often more cost-effective to use an additional LC filter to 
reduce noise, so as to avoid the use of expensive low-ESR electrolytic capacitors 
in this position. (See Part 1, Chap. 20.) The transformer design for the half-bridge 
converter is shown in Chap. 11. 
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TRANSFORMER DESIGN FOR I 

DIAGONAL HALF-BRIDGE 
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1 I .  1 GENERAL CONSIDER. TIONS 

The transformer for the converter shown in Fig. 2.10.1 follows the same general 
principles used for the single-ended forward converter. The major difference is 
that an energy recovery winding will not be required. 

11.1.1 Step 1, Selecting Core Size 

Unfortunately, there are no fundamental equations for the selection of core sizes. 
The choice depends on a number of variables, including the type of material, the 
shape and design of the core, the location of the core, the type of cooling pro- 
vided, and the allowable temperature rise. This in turn depends on the type of 
materials and insulation used in the transformer design, the equipment environ- 
mental operating temperatures, the frequency of operation, and the type of ven- 
tilation provided (i.e., forced air, convected air, or conduction cooled). 

Most manufacturers provide graphs or nomograms with recommended core 
sizes for particular conditions of operation. These graphs can provide a good 
starting point for the design and will be used in this example. 

A typical core selection graph is shown in Fig. 2.11.1. 

11.1.2 Example Specification 

Consider a requirement for a 100-W off-line forward pow& supply to deliver a 
single output of 5 V, 20 A. The switching frequency is to be 50 kHz. 

Reference to Fig. 2.11.1 shows that core type EC41 should be suitable, since 
the operating point PI is well inside the permitted operating range. 

The supply voltage V,, is to be derived from the 110-V nominal line via a volt- 
age doubler so that dual input voltage operation will be possible by removing a 
link. 

In the diagonal half-bridge circuit, the duty ratio cannot exceed SO%, as the 
same primary winding is used for both forward and flyback conditions and the 
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FIG. 2.11.1 Core size selection chart for forward converten, showing throughput 
power as a function of frequency with core size as a parameter. (Courtesy of 
Mullard Lrd.) 

voltage applied for both conditions is the same, Vcc. Hence, since the operating 
frequency is 50 kHz, the maximum "on" period will be 10 ps. 

In this example, a voltage-controlled feedback loop will be used and very fast 
transient response provided; consequently, during transient conditions, maxi- 
mum voltage and pulse width can coincide. To prevent transformer saturation, 
the worst-case conditions will be used for the transformer primary design. 

It will be assumed that the following parameters apply to the transformer de- 
sign: 

V,, = line input voltage, V ac 
Vcc = rectified DC converter voltage, V DC 

f = converter frequency, kHz 
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to, = maximum "on" period, ps 
tor = "off' period, ps  

A, = minimum core cross-sectional area, mm2 
A, = effective core area (total core in mm2) 
B' = maximum core flllx density level, mT 

Bop, = optimum flux density value at operating frequency, mT 
V0,, = output voltage, V DC 4 

For this example, 

f = 50 kHz 
to, = 10 ps (max) 

A, = 100 mm2 
A, = 120 mm2 
B, = 350 mT at 100•‹C (Fig. 2.2.3) 

B,,, = 170 mT at 50 kHz (Fig. 2.9.1) 
V,,, = output voltage, 5 V 

The line input voltage range V ,  is 

Minimum 85 
Nominal 110 
Maximum 137 

The DC voltage developed by the voltage doubler circuit and applied to the con- 
verter section depends on a number of variable factors and hence is difficult to 
calculate accurately. Some of the major factors will be 

Line source resistance 
Resistance of EM1 filter 
Hot resistance inrush thermistors (where used) 
Rectifier drop 
Size of doubler capacitance 
Load current 
Line frequency 

Part 1, Chap. 6 shows a graphical method of establishing the approximate DC 
voltage and gives recommendations for capacitor selection. The final value of DC 
voltage V,, is probably best measured in the prototype model, as it is unlikely 
that all the variables will be known. For this example a simple empirical approx- 
imation for the minimum DC voltage will be used. For the voltage doubler con- 
nection, 

V,, = V, x 1.3 x 1.9 
Hence 
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minimum = 209 V 
nominal = 272 V 
maximum = 338 V 

From Fig. 2.9.1, the recommended flux density Bop, (peak) for the EC41 core at 
50 kHz is 85 mT. This value is applicable for optlmum design in the push-pull 
case. In push-pull converters the total change in flux density is from +Bop, to 
-Bop,, and the core loss is dependent on the total change AB. For the same core 
loss in the single-ended converter, Bop, = A 3  = 2 x 85 = 170 mT because the 
flux density excursion is all in one quadrant (see Chap. 9). This flux density will ap- 
ply at nominal input voltage for the effective core area A,. (It determines the core 

i losses and so applies to nominal core size and normal input voltage.) 
If this flux density is to apply at the nominal line voltage (1 10 V ac), then at 

maximum line voltage (137 V ac) and maximum pulse width the maximum flux 
density B will be 

This is less than the saturation value for the core (Fig. 2.2.3) and hence is accept- 
able. 

11.1.3 Step 2, Primary Turns 

Since the primary waveform is a square wave, the minimum primary turns may 
be calculated using Faraday's law: 4 

where V,, (max) = maximum DC supply voltage (380 V) 
to, = maximum "on" period, ps (10 ps) 
B = maximum flux density, T (0.29 T) 

A, = effective core area, mm2 (120 mm2) 

Therefore N .  = 
mm 380 lo = 109 turns 

0.29 x 120 

Note: The effective core area A, is used here rather than the minimum aiea, as 
the flux level has been chosen for core loss considerations rather than maximum 
flux density. 

11.1.4 Step 3, Calculating Secondary Turns 

The required output voltage is 5 V. For the LC filter used in this example, the 
output voltage is related to the transformer secondary V, by the following equa- 
tion: 
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C 
Vout X 0," + ton) vs = 

*on 

where V, = secondary voltage 
VOu, = required output voltage (5 V) 

In this example the secondary voltage will be calculated for the maximum duty 
ratio of SO%, which will occur at minimum line input voltage. Hence to, = to,, 
and the secondary voltage V, may be calculated: 

4 

Allowing an extra volt for diode voltage drop and wiring and inductor resistance 
losses, the secondary voltage V, will be 11 V. 

In this example, the maximum "on" period has been used, and the calculated 
secondary voltage is the minimum usable value. This must be available at mini- 
mum line voltage; hence the minimum secondary turns must be calculated for 
these conditions. 

At a line voltage of 85 V, V,, will be 209 V. 
Allowing a voltage drop of 2 V each for FETl and FET2, the voltage applied 

to the primary Vp will be 

Consequently, the minimum secondary turns will be 

The turns will be rounded up to 6 turns and the primary turns increased propor- 
tionally, resulting in a lower flux density and core loss. Alternatively, the primary 
turns can stay at the same number; the control circuit will then reduce the pulse 
width to give the required output. This results in a larger pulse current amplitude 
but lower drop-out voltage. 

The choice is with the designer. 

11.2 DESIGN NOTES 

Under normal operating conditions, the pulse width required for 5 V out will be 
considerably less than the maximum value of 50%. Consequently, the trans- 
former will normally be operating with a smaller flux excursion, and the core 
losses will be optimized. 

Under transient conditions, the maximum flux condition can occur. Consider 
the unit operating at maximum line input and minimum load. The input voltage 
V,, will be approximately 380 V. If the load is now suddenly applied to the out- 
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put, the current in the output choke L1 cannot change immediately, and the out- 
put voltage will fall. Since the control amplifier is designed to give maximum 
transient response, it will rapidly increase the input pulse width to maximum 
(50% or 10 ps in this example). 

The volt-seconds applied to the transformer primary will now be at maximum, 
and a maximum flux density condition will occur for a number of cycles as fol- 
lows: 

- Vcc - = 348 mT (very close to saturation) B = 
N P x A ,  109X 100 

where B = maximum flux density in the smallest area of the core 
A,  = minimum core area (for this type of core the center leg is smaller than 

A, and the minimum core area is considered to check that no part of 
the core will saturate) 

When the output current has built up to the required load value, the pulse width 
will return to its original value. 

Hence, the requirement to sustain the high stress voltage together with max- 
imum pulse width conditions (to give fast transient response) requires a larger 
number of primary turns with increased copper losses. However, fewer turns 
may be used if steps are taken to prevent transformer saturation under transient 
conditions. Suitable methods would be 

1. Reduced control-loop slew rate. 
2. Primary current limiting (or control, which will recognize the onset of trans- 

former saturation and reduce the "on" period). 
3. Provision of a pulse-width end stop which is inversely propdiond to applied 

voltage. 

Although all these methods result in reduced transient performance, the re- 
sults will often be acceptable for most applications, and improved transformer 
efficiency may 'then be achieved by using fewer turns. 

Suitable drive and control circuits will be found in Part 1, Chaps. 15 and 16, 
and the design of output chokes and fdters in Part 3, Chaps. 1, 2, and 3. 

To minimize the energy stored in the primary inductance, the transformer core 
is not normally gapped in the forward converter. A small gap will sometimes be 
introduced to reduce the effects of partial core saturation; however, this gap will 
rarely exceed 0.1 mm (0.004 in). 
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The half-bridge converter is the preferred topology for direct-off-line switchmode 
power supplies because of the reduced voltage stress on the primary switching 
devices. Further, the need for large input storage and filter capacitors, together 
with the common requirement for input voltage doubling circuits, supplies one- 
half of the bridge as a natural part of the input circuit topology. 

12.2 OPERA TlNG PRINCIPLES FIG. 2.12.1 (a) Power section of half-bridge 
push-pull forward converter. (b) Collector 
voltage and current wavefor& for half-bridge 

-IP forward converter. Figure 2.12.1~ shows the general arrangement of power sections for the half- 
bridge push-pull converter. The switching transistors Q1 and 4 2  form only one 
side of the bridge-connected circuit, the remaining half being formed by the two 
capacitors C1 and C2. The major difference between this and the full bridge is 
that the primary of the transformer will see only half the supply voltage, and 
hence the current in the winding and switching transistors will be twice that in the 
full-bridge case. 

of the primary winding negative. Load and magnetizing currents will now flow in 
Q2 and into the transformer primary winding finish so that the former process 
will repeat, but with the primary current in the opposite direction. The difference 
is that at the end of an "on" period, the junction of Q1 and 4 2  will go positive, 
bringing Dl into conduction and returning the leakage inductance energy to the 
supply line. The junction of Q1 and Q2 will eventually return to the central volt- 
age, with a damped oscillatory action. The cycle of operations is now complete 
and will continue.,This waveform is shown in Fig. 2.12.lb. 

As C1 and C2 are the main reservoir capacitors for the input filter, their value 
is VeN large. Consequently, the voltage at the center point of C1 and C2, node A, 

~ s s u $ e  steady-state conditions with capacitors C1 and C2 equally charged so 
that the voltage at the center point, node A, will be half the supply voltage V,,. 

When the top transistor Q1 turns on, a voltage of half V,, will be applied across 
the primary winding Tlp with the start going positive. A reflected load current and 
magnetization current will now build up in the transformer primary and Q1. 

After a time defined by the control circuit, Q1 will be turned off. 
Now, as a result of the primary and leakage inductance, current will continue 

to flow into the start of the primary winding, being supplied from the snubber 
capacitors, C3 and C4. The junction of Q1 and 4 2  will swing negative, and if the 
energy stored in the primary leakage inductance is sufficiently large, diode D2 
will eventually be brought into conduction to clamp any further negative excur- 
sion and return the remaining flyback energy to the supply. 

The voltage at the center of Q1 and Q2 will eventually return to its original 
central.value with a damped oscillatory action. Damping is provided by the snub- 
ber resistor R1. 

After a period defined by the control circuit, 4 2  will turn on, taking the start 

.- - -  

will &t ciange significantly during a cycle of operations. 
The secondary circuit operates as follows: When Q1 is "on," the start of all 

windings will go positive, and diode D3 will conduct. Current will flow in L1 and 
into the exterdioad and capacitor CS. 

When transistor Q1 turns off, the voltage on all transformer windings will fall 
toward zero, but current will continue to flow in the secondary diodes as a result 
of the forcing action of choke L1. When the secondary voltage has dropped to 
zero, diodes D3 and D4 will share the inductor current nearly equally, acting as 
flywheel diodes and clamping the secondary voltage at zero. 
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A small but important effect to consider during the flywheel period is that the 
primary magnetizing current is transformed to the secondary, giving a slight im- 
balance to the currents in the two output diodes. Although this current is nor- 
mally small compared with the load current, the effect is to maintain the flux den- 
sity at a constant value duling the flywheel period. As a result, when the opposite 
transistor turns on, the full range of flux density swing from -B to +B is avail- 
able. If the forward voltage of D3 and D4 is not matched, there w' be a net volt- II! age applied to the secondary during the flywheel period, and as thls voltage is in 
the same direction for both "off' periods, it will drive the core toward satura- 
tion. 

Under steady-state conditions, the current will increase in L1 during the "on" 
period and decrease during the "off' period, with a mean value equal to the out- 
put current. 

Neglecting losses, the output voltage is given by the equation 

where V,, = primary voltage 
n = turns ratio NdN, 

N, = primary turns 
N, = secondary turns 
D = duty ratio [ro,l(to, + to,)] 

to, = "on" time 
t,, = "off' time 

Hence, by using suitable control circuits to adjust the duty ratio, the output volt- 
age can be controlled and maintained constant for variations in supply or load. 

12.3 SYSTEM ADVANTAGES 

The half-bridge technique is often used, as it has a number of advantages, par- 
ticularly for high-voltage operation. 

One major advantage is that transistors Q1 and 4 2  will not be subjected to a 
voltage in excess of the supply voltage (plus a diode drop). Diodes Dl and D2 
behave as energy recovery components and clamp the collectors to the supply 
line, eliminating any tendency for voltage overshoot. Consequently, the transis- 
tors work under well-defined voltage stress conditions. 

The frequency doubling effect in the output biphase rectifiers provides two en- 
ergy pulses for each cycle of operation, reducing the energy storage requirements 
for L1 and CS. 

The series arrangement for input capacitors C1 and C2 lends itself to a simple 
voltage doubling approach when 110-V operation is required. 

The transformer primary winding P1 and core flux density swing are fully uti- 
lized for both half cycles of operation.-This provides better utilization of the 
transformer windings and core than the conventional push-pull converter, where 
one half winding is unused during each half cycle. (A bridge rectifier in the output 
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i will provide the same action for the output winding, but this is usually reserved 
for high-voltage outputs for diode efficiency reasons.) 

Finally, energy recovery windings are not required on the primary. This action 
is provided by Dl and D2 as a natural result of the topology. 

12.4 PROBLEM AREAS 

The designer must guard against a number of possible problems with this type of 
converter. 

A major difficulty is staircase saturation of the transformer core. If the aver- 
age volt-seconds applied to the primary winding for all positive-going pulses is 
not exactly equal to that for all negative-going pulses, the transformer flux den- 
sity will increase with each cycle (staircase) into saturation. The same effect will 
occur if the secondary diode voltages are unbalanced. As storage times and sat- 
uration voltages are rarely equal in the two transistors or diodes, this effect is 
almost inevitable unless active steps are taken to prevent it. A small gap in the 
transformer core will improve the tolerance to this effect, but will not eliminate 
it. 

Fortunately, there is a natural compensation effect as the transformer ap- 
proaches saturation. The collector current on one transistor will tend to increase 
toward the end of an "on" period as the core starts to saturate. This results in a 
shorter storage time and hence a shorter period on that particular transistor, and 
some natural balancing action occurs. 

However, where very fast switching transistors or power FETs with low stor- 
age times are used, there may be insufficient storage time for such e natural cor- 
rective action. 

To prevent staircase saturation, current-mode control can be used. For 110-V 
voltage doubler input rectifier connections, a DC path exists in the primary, and 
no special DC restoration circuits are required. However, for 220-V bridge oper- 
ation, when cun'ent-mode control is used, a DC path through the primary must be 
provided, and special restoration circuits must be used. (See Part 3, Sec. 10.10.) 

At lower power, a workable alternative is to have transistors Q1 and 4 2  se- 
lected for near-equivalent storage times. Output diodes D3 and D4 should be se- 
lected for equivalent forward voltage drop at the working current. The transistor 
types and drive topology should be such that a reasonable storage time exists 
during the turn-off period. 

Finally, the slew rate of the control amplifier must be slow so that large vari- 
ations in pulse width cannot occur between cycles (otherwise the transistor that 
is operating near saturation will, of course, immediately saturate). The transient 
response of such a design will be degraded, but this may not be important. It de- 
pends on the application. 

Although the partial saturation of the core caused by the staircase-saturation 
effect may not be a major problem under steady-state conditions, severe prob- 
lems can arise during transient loading. 

Assume that the power supply has been operating at a relatively light load and 
that steady-state operating conditions have been established. The natural ten- 
dency to staircase saturation will have resulted in the transformer operating very 
near a saturated condition for one transistor or the other. A sudden increase in 
output current demand will result in the output voltage falling initially, as the in- 
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ductor current cannot change instantaneously. The control circuit will respond to 
the drop in output voltage by increasing the drive pulse width to maximum. The 
transformer will immediately saturate for one half cycle, with possible cata- 
strophic results on the switching device. 

Consequently, some other control mechanism, perhaps primary current limit 
or amplifier slew rate limitation, will need to be brought into action to prevent 
catastrophic failure. Both of these would impose a severe limitation on transient 
response time. More effective methods of dealing with staircase saturation (cur- 
rent-mode control methods) are discussed in Part 3, Chap. 10. 

12.5 CURRENT-MODE CONTROL AND 
SUBHARMONIC RIPPLE 

.---- 

A coupling capacitor C, is often fitted to prevent a DC path through the trans- 
former winding when the supply is linked for 110-V operation. This capacitor is 
intended to prevent staircase saturation by blocking DC current in the trans- 
former primary. Unfortunately, it can also introduce an undesirable effect, char- 
acterized by alternate cycles being high-voltage, narrow pulse width and low- 
voltage, wide pulse width as a result of the capacitor C, developing a DC bias. 
This unbalanced operation results in alternate power cycles being of different am- 
plitude and introduces subharmonic ripple into the output voltage. Even when 
this capacitor C, is not fitted, this problem can still occur when the input link is 
removed for 220-V operation, as C2 and C3 now provide DC blocking. Special 
DC restoration techniques must be used if automatic balancing is to be provided, 
or current-mode control is applied to the half-bridge converter. (See Part 3, Sec. 
10.10.) 

12.6 CROSS-CONDUCTION PREVENTION 

Cross conduction can be a major problem in the half-bridge arrangement. Cross 
conduction occurs when both Q1 and 4 2  are "on" at the same instant, usually as 
a result of excessive storage time in the "off '-going transistor. This fault applies 
a short circuit to the supply lines, usually with disastrous results. 

Two methods are suggested to stop this effect. The simple approach is to ap- 
ply a fxed end stop to the drive pulse width so that the conduction angle can 
never be wide enough to allow cross conduction to take place. The problem with 
this approach is that the storage time is variable, depending upon transistor type, 
operating temperature, and loading. Consequently, to be safe, a wide margin 
must be provided, and hence the range of control and the utility factor of the 
transformer, transistors, and diodes will be reduced. (The power must be trans- 
ferred during a relatively narrow conduction period.) 

An alternative approach which does not suffer from these limitations is the 
active "cross-coupled inhibit" or "overlap protection" circuit. (See Part 1, 
Chap. 19.) 

In this arrangement, if, say, Q1 is "on'' for any reason, then the drive to 4 2  is 
inhibited until Q1 comes out of saturation; and conversely for Q2. This automatic 
inhibit action has the advantages of accommodating variations in the storage time 
and always allowing a full conduction angle to be utilized. 

12. HALF-BRIDGE PUSH-PULL CONVERTERS 2.95 

12,7 SNUBBER COMPONENTS (HALF-BRIDGE) 

Components C3, C4, and R1 are often referred to as snubber components; they as- 
sist the turn-off action of the high-voltage transistors Q1 and 4 2  so as to reduce sec- 
ondary breakdown stress. As the transistors turn off, the transformer inductance 
maintains a current flow, and the snubber components provide an alternative path 
for this currenti preventing excessive voltage stress during the turn-off action. 

The conventional diode, capacitor, snubber circuit should not be used in the 
half-bridge connection, as it provides a low-impedance cross-conduction path 
during the turn-on transient of Q1 and 42. 

12.8 SOFT START 

When the converter is fust switched on, the drive pulses should be progressively 
increased to allow a slow buildup in output current and voltage. This is known as 
soft start. If this soft-start action is not provided, there will be a large inrush cur- 
rent on initial switch-on, with an overshoot in output voltage; also, the trans- 
former may saturate as a result of flux doubling effects. (See Part 3, Chap. 7.) 
The soft-start action should always be invoked following a shutdown of the con- 
verter-for example, after an overvoltage or overload protection shutdown. (See 
Part 1, Sec. 9.2.) 

12.9 TRANSFORMER DESIGN 

Core Size 

The transformer size will be selected to meet the power requirements and tem- 
perature rise for the selected operating frequency. This information is available 
from manufacturers' data, and typical graphs for transmissible power are shown 
in Figs. 2.2.2 and 3.4.3. 

Example 

Assume that a conservative design is to be made for an operating frequency of 30 
kHz and a temperature rise of 40•‹C at 100 W output. 

A single output of 5 V, 20 A is to be provided. The efficiency of such a system 
would be of the order of 70%. giving a transmissible power of approximately 140 W 
(assuming that the majority of the losses will be in the transformer and output cir- 
cuitry). From Fig. 2.2.2, a suitable choice would be the EC41 (FX3730) or similar. 

12.10 OPTIMUM FLUX DENSITY 

The choice of optimum flux density B,,, will be a matter for careful consider- 
ation. Unlike with the flyback converter, both quadrants of the BIH loop will 
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be used, and the available induction excursion is more than double that of the 
flyback case. Consequently, core losses are to be considered more carefully 
as these may exceed the copper losses if the full induction excursion is used. 
For the most efficient design, the copper and core losses should be approxi- 
mately equal. 

~i~ure-2.12.2 shows the temperature rise for the 41-mm core plotted against 
total transformer loss. If we assume a permitted temperature rise of 40•‹C, the 
permitted power loss in the transformer is 2.6 W (note that the hot- pot temper- 
ature is somewhat higher than the average overall temperature of thicore). Con- 
sequently, if this power loss is to be split equally between core and winding, then 
the maximum core loss will be 1.3 W. 

l ~ W l ~ ~ ~ i ~ i ~ i ~ ; t l i i i i i i i i i i i i i i i ; i i ; t ! I I I I ! I I ~  
U 0.5 1.0 1.5 2.0 2.q 3.0 3.5 4 0  4!5 

2.6W 
TOTAL TRANSFORMER LOSS (W) 

FIG. 2.12.2 Temperature rise of an FX 3730 transformer as a function of total internal 
dissipation, in free air conditions. (Courtesy of Mulfard Ltd.) 

From Fig. 2.12.3 it can be seen that at 30 kHz the FX 3730 cores have a loss 
of 1.3 W at a total flux @ of approximately 19 @Wb. The area of the center pole 
is 106 mm2, so the peak flux density B in the center pole will be 

A second consideration for the selection of peak flux density is the possibility of 
core saturation under transient loading conditions at maximum input voltage. 
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PEAK TO FLUX # (pnb)  
2 10 20 40 100 200 

EXAMPLE- 
FOR 1.3Y LOSS AT 3&HZ 
TOTAL FLUX = 19uW 
REF.# 

FIG. 2.12.3 Hysteresis and eddy-current loss in a pair of FX 3730 cores as a 
function of total flux @ at 100•‹C, with frequency as a parameter. (Courtesy of 
Mullard Ltd.) 

12.11 TRANSIENT CONDITIONS 

When the converter operates under closed-loop conditions, as the input voltage 
increases, the pulse width will normally decrease in the same ratio so as to main- 
tain the output voltage constant. Under these conditions, the peak flux density of 
the core remains constant at the designed value, in this case 180 mT. However, 
under transient conditions, it is possible for the pulse width to increase to maxi- 
mum irrespective of the supply voltage. This can occur at maximum input volt- 
age. The transformer was designed to operate at 180 mT at minimum voltage and 
maximum pulse wid*. Hence the increase in flux density at maximum input volt- 
age will follow the same ratio as the increase in voltage (in this case 50%). In this 
example, the flux density would abruptly increase from 180 mT to 310 mT. From 
Fig. 2.2.3, it will be seen that this is still below the saturation limit, so as long as 
the transformer is made to onerate symmetricfly about zero flux, the transient 
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loading will not cause saturation of the core, and reliable operation would be ex- 
oected. 

If this calculation shows that the core will saturate, then one of the following 
changes is recommended: 

1. Design for a lower flux level. This is safe but results in a lowzr-efficiency 
transformer, because more turns are required and the optimum fluxing level 
has not been used. 4 

2. Provide independent, fast-acting current limits on the two switching transis- 
tors. This is a preferred solution, since it not only prevents saturation but 
gives protection against other fault condit..ons. A similar action would be pro- 
vided by current-mode control. (See Pan 3, Chap. 10.) 

3. Have an end stop for maximum pulse width which is proportional to input 
voltage. This is also an acceptable solution but degrades the transient perfor- 
mance. 

12.12 CALCULATING PRIMARY TURNS 

Once optimum core size and peak flux density have been selected, the primary turns 
may be calculated. The transformer must provide full output voltage at minimum line 
input. Under these conditions, the power pulse will have its maximum width of 16.5 
ps. Hence the minimum primary tums are calculated for this condition. 

With 90 V rms input to the voltage doubling network, the DC voltage will be 
approximately 222 V. (See Part 1, Chap. 6.) 

Consider one half cycle of operation. The capacitors C1 and C2 will have a 
center point voltage of half the supply, that is, 11 1 V. When Q1 turns on, the 
difference between the center point voltage and V,, will be applied across the 
transformer primary. Consequently, the primary will see a yoltage Vp of 111 V 
for a period of 16.5 ps. 

The turns required for a peak flux density of 180 mT can be calculated as follows: 

where Vp = primary voltage VJ2, V DC 
ton = ''on*' time, ps 
AB = total flux density change during the "on" period, 

(Note: MI = 2i?, see Appendix 1) 
A, = minimum core area, mm2 

N,,, = minimum primary turns (push-pull operation) 

B = peak flux density (with respect to zero), T 

72 IS  CALCULATE MINIMUM PRIMARY TURNS -- 

V p = V c ' j 2 = l l l V  ,. 
ton = 16.5 ps 

Bop, = 180 mT (optimum flux density at 30 kHz) 

Therefore 
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AB = 2 - 6 = 0.36 T (see Appendix 1) 
A, = 106 mm2 

Therefore, the minimum primary tums required in this example would be 48 turns. 

12.14 CALCULATE SECONDARY TURNS 

The required output is 5 V. Allowing a voltage drop in the rectifier diode, induc- 
tor, and transformer winding of 1 V (a typical figure), the transformer secondary 
voltage will be 6 V. (This assumes that the maximum pulse width is SO%, giving 
a near-square-wave output.) Since there are 2.3 V per turn on the primary wind- 
ing, the secondary turns will be 

- = 2.6 turns 
2.3 

Half turns are not convenient, as they can cause saturation of one leg of the 
transformer unless special techniques are used. (See Part 3, Sec. 4.23.) We have 
the option of rounding up to 3 turns or down to 2 turns. If the turns are rounded 
downward, it would become necessary to reduce the number of primary turns to 
maintain the correct output voltage, as the pulse width cannot be increased be- 
yond 50%. This reduction in turns would result in an increase in the flux density 
of the core, and saturation could occur under transient conditions. Therefore, the 
choice is made to increase the secondary turns to 3. The primary%rns and max- 
imum flux density will then remain as before, and the pulse width will be reduced 
to give the correct output voltage. Hence, at minimum input voltage, the pulse 
width will be less than 16.5 ps, and it is now possible to have a fixed end stop on 
the pulse width and provide a "dead band" to prevent cross conduction. (Cross 
conduction occurs when both power transistors are "on" at the same time, pre- 
senting a short circuit across the supply l i e s  and usually resulting in rapid cata- 
strophic failure. See Part 1, Chap. 19.) 

We now have the basic information for the winding of the power transformer. 
The selection of wire sizes, shapes, and topology is described in Part 3, Chap. 4. 

The design approach outlined here is by no means rigorous and is intended for gen- 
eral guidance only. More comprehensive information is available in Part 3, Chaps. 4 
and 5, and the designer is urged to study these sections and references 1 and 2. 

12.15 CONTROL AND DRIVE CIRCUITS 

The control and drive circuits used for this type of convtkter are legion. They 
range from fully integrated control circuits, available from a number of manufac- 
turers, to the fully discrete designs favored by many power supply engineers. A 
discussion of suitable dri9.e circuits will be found in Part 1, Chaps. 15 and 16. 

For reliable operation, the drive and control circuits must provide the follow- 
ing basic functions: 



1. Soft start. This reduces inrush current and turn-on stress, and helps to pre- 
vent output voltage overshoot during the turn-on action. In push-pull applica- 
tions, it also prevents saturation of the transformer core by flux doubling ef- 
fects. (See Part 3, Chap. 7.) 

2. Flux centering. This circuit differentially controls the pulses supplied to the 
upper and lower transistbrs in push-pull applications to maintain the mean flux 
in the core at zero. Various methods may be used, and these are discussed in 
Part 3, Chap. 6. 4 

3. Cross-conduction inhibit. Cross conduction occurs when both power transis- 
tors are "on" at the same instant. This can occur even though the drive to 
each device does not exceed 50%, as the storage time in the power devices can 
cause the power pulses to overlap. Fixed end stops or an active cross- 
conduction limit may be used. (See Part 1, Chap. 19.) 

4. Current limiting. Current limiting may be applied to input or output and must 
maintain control down to a short-circuit condition. For switchmode systems, a 
constant-current limit is recommended, since this will prevent lockout with 
nonlinear loads. (See Part 1, Chaps. 13 and 14.) 

5.  Overvoltage protection. On higher-current units, it is generally acceptable to 
provide overvoltage protection by converter shutdown, rather than by SCR 
crowbar techniques. (See Part 1, Chap. 11 .) 

6. Voltage control and isolation. Stable closed-loop control of the output volt- 
age must be maintained for all conditions of operation. Where outputs are to 
be isolated from inputs, a suitable isolation device must be used. These in- 
clude optical couplers, transformers, and magnetic amplifiers. 

Note: Where output performance is not critical, it is possible to provide 
control on the primary circuit by using an auxiliary winding on the transformer 
for both voltage control and auxiliary requirements. 

7 .  Primary overpower limiting. A number of possible failure mechanisms can 
be prevented by providing independent current limits on the primary power 
transistors. Problems associated with cross conduction and transformer satu- 
ration can be avoided in this way. It is sometimes a requirement of the spec- 
ification that a short circuit on a transformer secondary not cause catastrophic 
failure. (See Part 1, Chap. 13.) 

8. Input undervoltage protection. The control circuit should recognize the 
state of the input voltage and allow operation only when this is high enough 
for satisfactory performance. Hysteresis should be provided on this guard 
circuit to prevent squegging at the critical turn-on voltage. (See Part 1, 
Chap. 8.) 

9. Ancillary functions. Electronic inhibit (usually TTL compatible), synchro- 
nization, power good signals, power-up sequencing, input RFI filtering, inrush 
current limiting, and output filter design are all covered in their various sec- 
tions. (See Index.) 

12.76 FLUX DOUBLING EFFECT 

The dierence in the operating mode for'the single-ended transformer and the 
push-pull balanced transformer is not always fully appreciated. 

For the single-ended forward or flyback converter, only one quadrant of the 
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BIH loop is used, there is a remnant flux B,, and the remaining range of induction 
is often quite small. (Figure 2.9.2~ and b shows the effect well.) 

in the push-pull transformer, it is normally assumed that the full BIH loop may 
be used and that B will be incremented from -B,,, to +B,,, each cycle. so that 
the total change AB during an "on" period will be (2 x B). Often this value of 
2b is used in the calculation of primary turns, resulting in half the number 
ofturns being required on the push-pull transformer compared with the single- 
ended case. Hence 

where N,,, = minimum primary turns for push-pull operation 
V,, = primary DC voltage 
to, = maximum "on" time, ps 

k = maximum flux density. mT 
Ae = effective core area, mm2 

However, the designer should be careful when applying this approach, as may 
not always be valid for AB. For example, consider the condition when the con- 
verter is first switched on. The core flux density will be sitting between -Br and 
+Br (the remanence values). Hence, for the first half cycle, a flux change of 2h 
may take the core into saturation (the so-called "flux doubling effect"). Thus the 
full voltage and pulse width cannot be applied for the first few cycles of opera- 
tion, and a soft-start action is required (that is, the pulse width must increase 
slowly over the first few cycles). Further, if under steady-state conditions 
staircase-saturation effects are allowed to take the core towar6saturation. the 
full 2b range may not be available in both directions. (This is important when 
rapid changes in pulse width are demanded under transient conditions.) Hence 
there is a real need for symmetry correction in push-pull converters. 

For these reasons it is common practice to reduce the range of AB and use 
more turns than the above equation would indicate in order to provide a good 
working margin for any start-up and asymmetry problems. The margin required 
depends on how well the above effects have been controlled. 

72.17 PROBLEMS 

1. Why is the term "half bridge" used to describe the circuit shown in Fi. 
2.12. la? 

2. Describe the operating principle of the half bridge. 
3. What is the function of diodes Dl and D2 in the half-bridge circuit shown in 

Fig. 2.12.la? 
4. In a duty-ratio-controlled half-bridge forward converter with fill-wave recti- 

fication, what prevents core restoration during the period when Q1 and 4 2  
are both "off '? 

5. What is the intended function of the series capacitor C, in the primary cir- 
cuit? 
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6. Why does the series capacitor C, in Fig. 2.12.1 often cause subharmonic rip- 
ple in half-bridge applications? 

7. What can be done to reduce the effects of core staircase saturation in the 
half-bridge circuit? 

8. Why is the problem of. staircase saturation more noticeable when power 
FETs are used? 

9. Describe a method of control which eliminates staircase-saturatign problems. 
10. Why is it bad practice to fit a capacitor in series with the primary winding 

when current-mode control is being used? 
11. What is meant by "flux doubling," and what is its cause? 
12. What is normally done to prevent core flux doubling during the initial turn-on 

of a push-pull converter? 
13. What is meant by "cross conduction" in a half-bridge circuit? 
14. Give two methods commonly used to prevent cross-conduction problems. 
15. Diodes are not used in the snubber circuits applied to the half-bridge circuit. 

Why is this? 
16. Why is the optimum flux density swing in high-frequency push-pull convert- 

ers often considerably less than the peak core capability? 

CHAPTER 13 
I 
1 BRIDGE CONVERTERS 

, 
13. I INTRODUCTION 

The full-bridge push-pull converter requires four power transistors and extra 
drive components. This tends to make it more expensive than the flyback or half- 
bridge converter, and so it is normally reserved for higher-power applications. 

The technique has a number of useful features; in particular, a single primary 
winding is required on the main transformer, and this is driven to the full supply 
voltage in both directions. This, together with full-wave output rectification, pro- 
vides an excellent utility factor for the transformer core and windings, and highly 
efficient transformer designs are possible. 

A second advantage is that the power switches operate under extremely well 
defined conditions. The maximum stress voltage will not exceed the supply line 
voltage under any conditions. Positive clamping by four energy recovery diodes 

I eliminates any voltage transients that normally would have been anerated by the 
leakage inductances. 

To its disadvantage, four switching transistors are required, and since two 
transistors operate in series, the effective saturated "onw-state power loss is 
somewhat greater than in the two-transistor push-pull case. However, in high- 
voltage off-line switching systems, these losses are acceptably small. 

Finally, the topology provides flyback energy recovery via the four recovery 
diodes without needing an energy recovery winding. 

13.2 OPERATING PRINCIPLES 

13.2.1 General Conditions 

Figure 2.13.1 shows the power section of a typical off-line bridge converter. Di- 
agonal pairs of switching devices are operated simultaneously and in alternate se- 
quence. For example, Q1 and Q3 would both be "on" at the same time, followed 
by Q2 and Q4. In a pulse-width-controlled system, there will be a period when all 
four devices will be "off." It should be noted that when Q2 and Q4 are "on," the 
voltage across the primary winding has been reversed from that when Q1 and Q3 
were "on." 

In this example, a proportionai base drive circuit has been used; this makes 
the base drive current proportional to the collector current at all times. This tech- 
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nique is particularly suitable for high-power applications and is more fully de- 
scribed in Part 1, Chap. 16. 

During the "off' period, under steady-state conditions, a current will have 
been established in L1, and the output rectifier diodes DS and D6 will be acting as 
flywheel diodes. Under the forcing action of L1, both diodes conduct an equal 
share of the inductor clirrent during this "off' period (except for a small magne- 
tizing current). Provided that balanced diodes are used, the voltage across the 
secondary windings will be zero, and hence the primary voltage will also be zero 
(after a short period of damped oscillatory conditions caused by the primary leak- 
age inductance). Typical collector voltage waveforms are shown in Fig. 2.13.2. 

COLLECTOR VQ3 

----- COLLECTOR 
VOLTAGE 

--- 
CURRENT 

--- , SECONDARY 
VOLTAGE 

ANODE 

FIG. 2.13.2 Primary voltage and current waveforms for full-bridge converter. 
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13.2.2 Cycle of Operations 

Consider a cycle of operation under steady-state conditions in Fig. 2.13.1. As- 
sume that the drive circuit initiates a turn-on pulse for Q1 and 43. These two 
devices will start to turn on. Collector current will now flow via the primary 
winding of TIP through the primary of the proportional drive transformers T2A 
and T2B. By positive regenerative feedback, the turn-on action of the two tran- 
sistors is enhanced, and this results in rapid switching to the fully "on" state, 
with Q and 4 3  fully saturated. t 

As soon as Q1 and 4 3  turn on, current will start to build up in the primary 
winding of T lp  at a rate defined by the primary leakage inductance. This current 
is made up of the reflected load current and a small proportion of magnetizing 
current for the transformer magnetic field, as shown in Fig. 2.13.2. 

Simultaneously, during the turn-on edge, the current in the secondary rectifier 
diode DS will increase and that in D6 will decrease at a rate defined by the total 
secondary leakage inductance and the external loop wiring inductance through 
DS and D6. For low-voltage, high-current outputs, the external loop wiring in- 
ductance can be the predominant effect. When the secondary current has in- 
creased to the value which was flowing in L1 prior to the switch-on of Q1 and 43, 
D6 will become reverse-biased, and the voltage at the input of L1 will now in- 
crease to the secondary voltage V, less the drop in diode D5. 

The voltage across L1 will be (V, - V,,,) in the forward direction, and the 
current in L1 will ramp up during this period. This current is transferred to the 
primary as shown in Fig. 2.13.2. 

After an "on" period defined by the control circuit, the base drive current will 
be diverted away from the power transistors by the drive transformer, and Q1 
and 4 3  will turn off. However, a magnetizing current has now been established in 
the transformer primary, and leakage inductances and the ampere-tuns will re- 
main constant, the current transferring to the secondary. Therefore, by flyback 
action, the voltages on all windings will reverse. If sufficient energy has been 
stored in the leakage inductances, the primary voltage will fly back to a point at 
which diodes D2 and D4 conduct, and the excess flyback energy will be returned 
to the supply lines. If the leakage inductance is very low, the snubber capacitor 
CS, R5, and the output diodes D5 and D6 will provide effective clamping. DS and 
D6 will divert the majority of the flyback energy to the output. Because of the 
hard clamping action of primary diodes Dl through D4 and secondary diodes D5 
and D6, the voltage across the switching transistors cannot exceed the supply line 
voltage by more than a diode drop at any time. 

13.2.3 Snubber Components 

During the turn-off transient, the snubber components R5, C5 will reduce the 
turn-off stresses on the power devices by providing an alternative path for the 
collector current during the tun-off transient. It is possible to replace the four 
snubber networks by a single RC network across the transformer primary, but 
better common-mode control of the primary voltage is given by the arrangement 
shown when all power transistors are off. This action is more fully described in 
Part 1, Chap. 17. 

The flywheel action provided by the output diodes is an important feature of 
this type of push-pull circuit. Figure 2.9.2~ and b shows the working range for the 
core flux swing in both push-pull and single-ended operation. The range is much 

wider in the push-pull case, as the core will not restore to zero, even when all 
transistors are turned off, because of the flywheel conduction of D5 and D6 as 
follows. 

Because D5 and D6 remain conducting during the "off' period, the voltage 
across the secondary, and hence across all windings, is zero when the switching 
transistors are turned off. As a resylt, the core will not restore to B, during the 
"off' period but will be held at +B or -h. Hence, when the following diagonal 
pair of input transistors are turned "on", the full flux density range of 2 i  (from - i 
to + h) is available for use, allowing the transformer to be designed for a lower 
number of primary turns. The secondary voltage waveform is shown in Fig. 
L.13.L. 

This secondary diode clamping effect is lost when the load falls below the 
magnetization current (as referred to the secondary). However, this would not 
normally be a problem, as under these conditions the "on" pulse would be very 
short and AB small. 

13.2.4 Transient Flux Doubling Effect 

Under transient loading conditions, a problem can sometimes occur if the full 
range of the BIH characteristic is used. If the supply has been running under light 
load, the pulse width will be narrow, and the core will be working near B = 0. If 
a sudden increase in load drives the unit to full pulse width, only half the range of 
AB is now available for this transient change, and the core may saturate. Be care- 
ful to consider transient conditions and either allow sufficient flux density margin 
to cope with this condition or limit the control slew rate to allow the core to es- 
tablish a new working condition. (This effect is sometimes refgred to as "flux 
doubling. ") 

13.3 TRANSFORMER DESIGN (FULL BRIDGE) 

The design approach for the push-pull transformer is relatively straightforward. 
The single primary winding is used for both half cycles of operation, providing 
extremely good utility of core and windings. 

To minimize magnetization currents, the maximum primary inductance con- 
sistent with minimum turns is required. Consequently, a high-permeability rnate- 
rial will be selected, and the core will not be gapped. (A small core gap is some- 
times introduced if there is a chance of a DC current component in the 
transformer, as the onset of saturation is more controllable with a core gap.) 

13.4 TRANSFORMER DESIGN EXAMPLE 

Assume that a transformer is to be designed on a femte core to meet the follow- 
ing requirements: 
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Input voltage %I37 or 180-264 (by link change) 
Frequency 40 kHz 
Output power 500 W 
Output voltage 5 V 
Output current 100 A 

13.4.1 Step 1, Select Core Size I 

Assume an initial efficiency for the transformer and secondary rectifier circuit of 
75%. The transmitted power for the transformer will then be 500/0.75 = 666 W. 

From Fig. 2.13.3, for push-pull operation at this power level, an EE 55-55-21 

10 I 
I 1 1  

10 2b 3b 40 &O 60 70 00 00 
I f (kHz) 

4OkHz 

FIG. 2.U3 Core selection chart for balanced push-pull operation, showing throughput 
power as a function of frequency with core size as a parameter. (Counesy of Mullard Lrd.) 

core is indicated for a temperature rise of 40•‹C under convected air-cooling con- 

I 
ditions. Hence this core will be used in the following example. 

13.4.2 Step 2, Select Optimum Flux Density 

For push-pull operation, the full BIH loop may be used. (See Fig. 2.9.2.) A large 
flux density excursion gives fewer primary turns and lower copper losses. but 
increased core losses. 

Normally, it is assumed that minimum loss (maximum efficiency) will be 
found near the point where the copper and core losses are equal. and this would 
be the normal design aim in the selection of working flux density. 

Figure 2.13.4 shows how core losses increase for A16 ferrite core material as 
the number of turns is reduced and the peak flux density is increased from 25 to 
200 m T. (At the same time, of course, the copper losses will decrease, but this is 
not shown here.) 

rnW 

FIG. 2.13.4 Core loss per gram of A16 ferrite as a function of fre- 
quency, with peak flux density as a parameter. (Note: Graphjs 
plotted for peak flux density B; flux density sweep A8 is 2 x B.) 
(Courtesy of Mullard Ltd.) 

Figure 2.13.5 shows, for a pair of EE55-55-21 cores in A16 femte at 40 kHz, 
how the core, copper, and total losses change as the number of turns is changed 
and the peak flux density is increased toward 200 mT. It will be seen that a min- 
imum total loss occurs near 70 mT. (For each turns example. optimum use of the 
core window area and wire gauge is assumed.) 
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t l o  
LOSSES WATTS 

COPPER LOSS 

20 " CORE LOSS 

0 50 100 150 

PEAK FLUX $ IN MT - 
FIG. 2.13.5 A16 ferrite core loss, copper loss, and total loss for a pair of EE55155121 cores, 
when wound for optimum performance in a typical switchmode transf~rmer. Loss is shown as 
a function of the peak flux density. Note that the minimum total loss occurs when the trans- 
former induction (turns) is optimized so that the core loss is 44% of the total loss. 

In this example, the minimum loss (maximum efficiency) occurs when the 
core loss is 44% of the total loss at 70 mT. However, the minimum loss condition 
has a relatively wide base, and the choice of peak flux density for optimum effi- 
ciency is not critical in the 50- to 100-mT range. The normal assumed optimum 
choice (where the copper and core losses are equal) would be 80 mT, which is not 
very far from optimum. 

For each design there is an optimal flux density swing, depending upon the 
operating frequency, the core loss, the topology, and the winding utilization fac- 
tors. 

Figure 2.13.6a, b, and c shows the manufacturers' peak and optimum flux den- 
sity recommendations for optimum transformer designs using the EE55-55-21 and 
other cores in forward and push-pull applications. From Fig. 2.13.6~ (at 40 kHz), 
the manufacturer's recommended peak flux density is 100 mT, which is not far 
from optimum, and this higher value will be used in this example to reduce the 
number of turns. 

13.4.3 Step 3, Calculate Primary Voltage (V,J 

TOTAL FLUX 
a V t  

Ti- 
(pVs ORp'db) 

50 

40 

30 

20 

10 

0 

f (kHz) f (kHz) 
uu15/22/6 EE20/20/5 1. EC35 1. EC41. EC52 
uu20/32/7 EE25/25/7 EE30/30/7 3. ~ ~ 7 0  4. EE42/42/15 
uu25/40/13 4. uu30/50/16 5. EE42/42/20 EE42154120 

EE42/66/20 6. EE55/55/2! 
7. EE55155125 uu64/79/20 

FIG. 2.13.6 (a) Magnetization c w e  for N27 femte material at 25•‹C and 100•‹C. (Cour- 
tesy of Siemens AG.) (b), (c) Optimum peak flux density as a function of frequency, 
with core size as a parameter. (Courtesy of Mullard Ltd.) 

As the peak flux density was chosen for near optimum efficiency and is well clear 
of saturation, the design approach used here will be to calculate the primary turns 
for the maximum "on" period (50% dutyLratio) with the input voltage at mini- 
mum. This will occur at the minimum line input of 90 V m s ,  and the DC voltage 
for the voltage doubler connection will be 
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where Vi, = ac input voltage, rms I 
Note: The derivation of the.PC voltage and ripple component is more fully cov- 
ered in Part 1, Chap. 6. Hence, at 90 V input, using the voltage doubler connec- 
tion, 

13.4.4 Step 4, Calculate Maximum "On" Period 

! If cross conduction (two series transistors "on" at the same time) is to be 
avoided, then the maximum "on" time cannot exceed 50% of the total period. I 
Hence I 

ton,,,, = 50% P 

At 40 kHz, 

13.4.5 Step 5, Calculate Primary Turns 

The voltage waveform applied to the transformer primary during an "on" period 
is rectangular, and the turns can be calculated using the volt-seconds (Faraday's 
law) approach. 

In the push-pull transformer, both quadrants of the BH loop are used, and the 
flux density swing, under steady-state balanced conditions, will go from -B to 
+B for a positive half cycle. 

It should be noted that Fig. 2.13.4 shows the peak flux density B, but assumes 
losses for a peak-to-peak swing AB of 2 x B. For optimum efficiency, B was 
selected at 100 mT. Therefore, the peak-to-peak change (flux density swing) 
AB = 2 x B, or = 200 mT for this example. 

The core area for the EE55-55-21 is 354 mm2, and the primary turns may now 
be calculated as follows: 

NP = vcc x ton 

where V,, = minimum DC header voltage 
to, = maximum "on" period, ks  
AB = total flux density swing, T 
A,,, = minimum pole area, mm2 - 

Hence 

222 gf = 39 turns (or 5.7 vtturn) NP = 0.2 x 

13.4.6 Step 6, Calculate Secondary Turns 

When the bridge converter is operating at full conduction angle (maximum out- 
put), the primary waveform tends to a square wave. Consequently, the rectified 
output tends to DC, and the output voltage will be the secondary voltage less 
rectifier, choke, and wiring losses. 

Allowing 1 V for all losses, the transformer secondary voltage Vs will be 6 V. 
Therefore, the turns for each half of the secondary winding will be 

Note: The secondary is normalized to one turn and the primary to 37 turns, giv- 
ing a peak flux density slightly higher than 100 mT in this example.. 

The secondary.voltage V, used for this calculation is the voltage produced at 
the minimum line input of 90 V. At this voltage the pulse width is at maximum. At 
higher input voltages, the pulse width will be reduced by the control circuit to 
maintain output voltage regulation. 

To minimize the copper losses and leakage inductance, it is important to 
choose the optimum gauge and shape of transformer wire and to arrange the 
makeup for minimum leakage inductance between primary and ssondary wind- 
ings. A split-layer winding technique will be used in this example. 

The highcurrent secondary winding should use a copper strip spanning the full 
width of the bobbin (less creepage distance). Suitable winding techniques and methods 
of optimizing wirewire shapes and gauges are more fully covered in Part 3, Chap. 4. 

13.5 STAIRCASE SATURATION 

There will, inevitably, be some imbalance in the forward and reverse volt- 
seconds conditions applied to the transformer. This may be caused by differences 
in storage times in the transistors or by some imbalance in the forward voltage of 
the output rectifier diodes. However it is caused, this imbalance resu1ts.h the 
flux density in the transformer core staircasing toward saturation with each cycle 
of operation. 

Restoration of the core during the "off' period cannot occur, because during 
this period the secondary is effectively short-circuited by the clamping action of 
diodes D5 and D6, which will both be conducting, under the forcing action of Ll 
(provided that the load is above the critical current value for Ll). 

When the core reaches saturation, there is a compensation effect, as the tran- 
sistors which are conducting the higher current on the saturating cycle will have 
their storage times reduced, and so a measure of balance will be restored. How- 
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ever, a problem still exists for transient operation, and this is discussed in the 
following section. 

13.6 TRANSIENT SA1:URATION EFFECTS 

Assume that the power supply has been operating for a period unde* light loading 
conditions, staircase saturation has occurred, and one pair of transistors is oper- 
ating near the saturated point. If a transient increase in load is now applied, the 
control circuit will demand a rapid increase in pulse width to compensate for 
losses and to increase the current flow in L1. The core will immediately saturate 
in one direction, and one pair of transistors will take an excessive current, with 
possible catastrophic results. 

If the power transistors have independent fast-acting current limits, then the 
"on" pulse will be terminated before excessive current can flow, and failure of 
the power devices can be avoided. This is not an ideal solution, since the tran- 
sient response will now be degraded. 

Alternatively, the slew rate of the control amplifier can be reduced so that the 
increase in pulse width is, say, less than 0.2 ps on each cycle. Under these con- 
ditions, the storage self-compensation effect of the power transistors will nor- 
mally be able to prevent excessive saturation. However, the transient response 
will be very much degraded, once again. Nevertheless, these two techniques are 
commonly used. 

13.7 FORCED FLUX DENSITY BALANCING 

A much better solution to the staircase saturation problem may be applied to the 
push-pull bridge circuit shown in Fig. 2.13.1. 

If two identical current transformers are fitted in the emitters of 4 3  and Q4, 
the peak values of the currents flowing in alternate pairs of transistors (and, 
therefore, in the primary winding) can be compared alternately on each half cy- 
cle. 

If any unbalance in the two currents is detected, it acts upon the ramp com- 
parator to adjust differentially the width of the drive pulses to the power transis- 
tors. This can maintain the transformer's average working flux density near the 
center of the BIH characteristic, detecting any DC offset and adjusting the drive 
pulses differentially to maintain balance. 

It should be noted that this technique can work only if there is a DC path 
through the transformer winding. A capacitor is sometimes fitted in series with 

.the primary winding to block any DC current; DC transformer saturation is thus 
'avoided. However, under unbalanced conditions this capacitor will take up a net 
charge, and so alternate primary voltage pulses will not have the same voltage 
amplitude. This results in a loss of efficiency and subharmonic ripple in the out- 
put filter; further, maintaining balanced transformer currents and maintaining ca- 
pacitor charge are divergent requirements, leading to runaway condition. There- 
fore, this DC blocking arrangement using a capacitor is not recommended. 

The series capacitor C, must not be fitted if the forced current balancing sys- 
tem is used, as it will eliminate the detectab1emDC component, and the circuit will 
not be able to operate. This is more fully explained in Part 3, Sec. 6.3. 

If the transformer's working point can be maintained close to its center point, 
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full advantage can be taken of the working flux density range, giving improved 
transient capability without the possibility of transformer saturation and power 
device failure. 

When current-mode control is used for the primary pulse-width modulation, 
flux balancing happens automatically, provided C, is not fitted. See Part 3, Chap. 

13.8 PROBLEMS 
! 

1. Why is the full-bridge converter usually reserved for high-power applications? 
2. What is the major advantage of the full-bridge converter? 
3. Why is the proportional drive circuit favored in the bridge converter? 
4. Why is it particularly important to prevent staircase saturation in the full- 

bridge converter? 
5. What measures are usually taken to prevent staircase saturation in the bridge 

converter 
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CHAPTER 14 
LOW-POWER 

SELF-OSCILLATING 
AUXILIARY CONVERTERS 

14.1 INTRODUCTION 

Many of the larger power converters require a small amount of auxiliary power 
for the supply of the control and drive circuits. Often the auxiliary requirements 
are derived from 60-Hz line transformers. This is not always very efficient, as the 
size of the transformer will often be determined by the need to meet VDE and 
UL creepage distance specifications rather than by the power needs. As a result, 
the transformer will often be larger in size than is required to meet the power 
requirements alone. 

In applications in which an unintemptible power supply (UPS) is required, 
the backup supply may be a battery-derived DC and a 60-Hz input may not be 
available. Hence, in this type of system, a 60-Hz transformer cannot be used. 

One solution is to use a low-power, high-frequency converter to supply the 
auxiliary needs. 

Very efficient low-cost converters can be produced using self-oscillating tech- 
niques. Some suitable examples are considered in this chapter. 

14.2 GENERAL OPERA T/NG PRINCIPLES 

In self-oscillating converters, the switching action is maintained by positive feed- 
back from a winding on the main transformer. The frequency is controlled either 
by saturation of the main or a subsidiary drive transformer, or in some cases by 
a drive clamping action which responds to the increase in magnetization current 
during the "on." period. 

In these simple systems, the frequency is subject to variations caused by 
changes in the magnetic properties of the core, loading, or applied voltage. 
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14.3 OPERATING PRINCIPLE, SINGLE- 
TRANSFORMER CONVERTERS 

Figure 2.14.1 shows a single-transistor version of a self-oscillating converter. 
This converter operates in a flyback mode and is more useful for low-power, 
constant-load applications, such as auxiliary supplies for the control circuits of a 
large converter. (In this example, an output of 12 V, 150 mA is developed.) 

I K  n vcc (IOOVDC) 
l5OVOC - ~ n  : r i 

INPUT 

P2 

COMMON C- 

FIG. 2.14.1 Primary voltage-regulated self-oscillating flyback convener for low-power 
auxiliary supplies. 

When first switched on, current flowing in R1 initiates the turn-on of Q1. As 
Q1 turns on, positive regenerative feedback is developed by drive winding P2 and 
applied to Q1 via C1 and Dl so that Q1 turns on rapidly. The current in the col- 
lector, and hence the emitter, of Q1 will now ramp up linearly at a rate defined by 
the primary inductance and the applied voltage. 

As the emitter current increases, the voltage across the emitter resistor R2 
(VcJ will also increase until it approaches the value generated by the feedback 
winding P2. At this point, the base current to Q1 will be "pinched off," and Q1 
will start to turn off. By normal flyback action, the voltages on all windings will 
now reverse, and regenerative turn-off will be applied to the base of Q1 by the 
drive winding P2 and capacitor C1. 

This "off' state will now continue until all the energy that was stored in the 
transformer during the "on" period is transferred to the output circuit. At this 
point, the voltage across all windings will begin to fall toward zero. Now, as a 
result of the charge that has been developed across C1 by the current in Rf as the 
drive winding P2 returns to zero, the base of Q1 will, once again, be taken pos- 
itive, and Q1 will be turned on again to repeat the cycle. 

The frequency of operation is controlled by the primary inductance, the value of 
R2, the reflected load current and voltage, and the selected feedback voltage on P2. 

To minimize the frequency change resulting from load variations, the turn-off 
time must be maintained nearly constant. This is achieved by storing sufficient 
energy during the "on" period to keep the energy recovery diode D2 in conduc- 
tion during the complete flyback period. By this means, the flyback voltage is 
maintained constant. This requires that the flyback energy considerably exceed 
the load requirements, so that the spare energy will be returned to the supply line 
during the complete flyback period, maintaining D2 in conduction. The trans- 
fomer inductance will be selected to obtain this condition by adjusting 'the core 
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gap size. In low-power, constant-load applications, a Zener diode D3 in the sup- 
ply line will stabilize the supply voltage and ensure a fixed frequency and a sta- 
bilized output voltage. 

14.4 TRANSFORMER DESIGN 

14.4.1 Step 1, Select Core Size 4 

The transformer size may be selected to meet the transmitted power requirement. 
(See Fig. 2.2.2.) But more often, for very low power applications, a practical size 
will be selected that will give a reasonable number of primary turns and wire 
gauge. Further, the core must be large enough to meet any isolation or creepage 
distance requirements if primary-to-secondary isolation is required. 

Example 

In the following example, the output power is only 3 W, and the core will be cho- 
sen for practical winding considerations rather than for the temperature rise. A 
core size EF16 in Siemens N27 material will be considered. 

14.4.2 Step 2, Calculate Primary Turns 

Assume the following specitications: 

Frequency 30 kHz (i period t = 16.5 ps) 
Core area A, 20.1 mm2 
Supply voltage Vcc 100 V 
Flux density swing bB 250 mT 

The flyback voltage will be equal to the forward voltage, as bifilar windings of 
equal turns are used in this example. 

14.4.3 Step 3, Calculate Feedback and Secondary Turns 

The feedback winding should be selected to generate approximately 3 V to ensure 
an adequate feedback factor for fast switching action of Q1. 

NJb = Np Vfi - 330 X 3 --= 
100 

9.9 turns (use 10 turns) 
vcc  

The output voltage is to be 12 V, and allowing 0.6 V for diode losses, the sec- 
ondary voltage will be 12.6 V. 

Hence 
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14.4.4 Step 4, Calculate Primary Current 

The optput power is 3 W; therefore, assuming 70% efficiency, the input power 
will be 4.3 W. 

Hence the mean input current at Vcc = 100 V will be 

For a complete energy transfer system, the primary current will be triangular, 
and the peak current can be calculated. The flyback voltage is the same as the 
forward voltage, so the "on" and "off" periods will also be equal. (See Fig. 
2.14.2.) 

From Fig. 2.14.2, 

The actual collector current should exceed this calculated mean current by at 
least 50% to ensure that D2 will be maintained in conduction during the complete 
flyback period. This defines the flyback voltage and gives a smart switching ac- 
tion. High efficiency will still be maintained, as the spare flyback energy will be 
recovered by energy recovery diode D2 and returned to the supply. Hence, in 
this example, the primary current will be increased by SO%, requiring a lower in- 
ductance: 

1, = 1.5 x Ipcak = 258 mA 

14.4.5 Step 5, Establish Core Gap (Empirical Method) 

Place a temporary gap of 0.010 in in the transformer core. Connect the trans- 
former into the circuit, and operate the unit with a dummy load at the required 
power. Adjust the transformer gap for the required period (collector current slope 
and transmitted power). Note: 

t O n =  t O F F =  16.5 SEC. 

FIG. 2.14.2 hirnary current waveform for self-oscillating auxiliary converter. I - - - - - -- -- 
\,- 1- 

1 I I 1 
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Resistor R1 is selected to give reliable starting and resistor R3 to give the re- 
quired base drive current. These values depend upon the gain of Q1; those shown 
in Fig. 2.14.1 are typical fqr a small 5-W unit. 

R2 must be selected to pinch off the driv& when the collector current reaches 
253 mA. (At this point the base current will have dropped to zejo.) Hence 

4 

Finally, R2 may be adjusted to give the required operating frequency. 

14.4.6 Establish Core Gap (by Calculation and Published Data) 

From Fig. 2.14.2, the required inductance may be calculated from the slope of the 
current and the value of the applied voltage, as follows: 

The required A, factor (nH/turn) may now be calculated: 

From Fig. 2.14.3 (the published data for the El6 core) the required gap is obtained by 
entering the figure with AL = 59 n H  

A gap of 0.6 mm (0.023 in) is indicated. 

MATERIAL N27 

TOTAL AIR GAP - 
FIG. 2.143 A, factor as a function of core 
gap size for El6 size N27 fcnite cores. 
(Cowtev of Siemens AG.) 

CHAPTER 
SINGLE-TRANSFORMER 

TWO-TRANSISTOR 
SELF-OSCILLATING 

CONVERTERS 

15.1 INTRODUCTION 

Figure 2.15.1 shows the circuit of a very basic current-gain-limited two-transistor 
saturating transformer converter. This is sometimes referred to as a DC trans- 
former. In this type of converter, the main transformer is driven to saturation, 
giving a large core loss; hence the transformer is not very efficient. Also, the 
maximum collector current in the switching transistors is gain-depe dent and not 

plications, typically from 1 to 25 W. 
f well specified. Hence, this type of converter is more suitable for ow-power ap- 

Because of the fill-conduction square-wave push-pull operation, the rectified 
output is nearly D.C, and hence the topology is capable of much higher secondary 
currents than the flyback converter considered in Chap. 14. The primary transis- 
tors see a voltage stress of at least twice the supply voltage, so the circuit is pre- 
ferred for lower-input-voltage applications. 

The major advantages are simplicity, low cost, and small size. Where the per- 
formance is acceptable, these simple converters provide very cost-effective so- 
lutions to the smaller auxiliary power needs. 

75.2 OPERATING PRINCIPLES (GAIN-LIMITED 
S WlTCHlNGI 

I 

The circuit shown in Fig. 2.15.1 operates as follows. 
On initial switch-on, a start-up current flows in R1 to the bases of Q1 and 42. 

This will initiate a turn-on action on the transistor with the lowest Vbe or highest 
gain; assume Q1 in this example. 

As Q1 turns on, the finish of all windings goes negative (starts positive), and 
positive regenerative feedback from drive winding P2 will take the base of Q1 
more positive and the base of 4 2  more negative. Hence, Q1 will switch rapidly 
into a fully saturated "on" state. 

The supply voltage Vcc is now applied across the left-hand side of the main 
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+ o  - 

OUTPUT p+ 
FIG. 215.1 Low-voltage, saturatingcorc, single-transformer, push-pull self- 
oscilfating converter (DC transformer). 

primary winding PI, and magnetization current plus any reflected Ioad current 
. will flow in the collector of 01. 

During the "on" period, the flux density in the core will increase toward sat- 
uration-say, point S1 in Fig. 2.15.2~. After a period defined by the core size, 
saturation flux value, and number of primary turns, the core will reach its satu- 
rated state. 

At S1, His  increasing rapidly, giving a large increase in collector current. This 
continues until a gain limitation in Q1 prevents any further collector current in- 
crease. At this point the magnetizing field H will not be further increased, and the 
required rate of change of B (dBldr) will not be sustained. As a result, the voltage 
across the primary winding must collapse, and the voltage on the collector of Q1 
will rise toward the supply voltage. 

As the voltage across the primary falls, the base drive voltage on P2 wifi also 
collapse, and Q1 will turn off. 

) GOOD FLYBACK 
ACTION 

FIG. 2.15.2 Typical BIH loops for ferrite cores with B)B, ratios (squareness ratios) of (a) less 
than 70% and (b) greater than 85%. 

0 .  
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1 

Because of the finite slope at the top of the BU characteristic (the POSb 
saturation permeability), there will be a flyback action in the transformer from SI 
to S2, and since dBldt is now negative, the voltages on all windings will reverse. 
This will further turn Q1 off and start to turn 42 on. 

By regenerative action, 42 will now be turned on and Q1 off, and the cycle 
will repeat on the second half of the primary winding. The flux in the core will 
now change from S2 toward S3, where the turn-off action will be repeated. 

A 
.S2 S f '  S1 

f '  r - I 
I 
I 
I 
I 
I H 

( b )  SQUARE LOOP 
POOR FLYBACK ACTION 
LOW HAG CURRENT 

,/ 

Note: The start of the turn-off action was initiated by transistor gain-current lim- 
iting. This limiting action is not well defined, as the collector current will vary 
with device type and temperature. With high-gain transistors, a very large collec- 
tor current would flow before the transistor would become gain-limited. This re- 
sults in poor switching efficiency and increased EM1 problems. Further, the ill- 
defined collector current may even result in failure of the switching device under 
some conditions if it has not been carefully selected for the correct (low) current 
gain and rating. 

15.3 DEFINING THE SWITCHING CURRENT 

Figure 2.15.3 shows a more satisfactory method of limiting the termination cur- 
rent. Emitter resistor R1 or R2 develops an increasing voltage drop as the pri- 
mary current rises. The voltages on the transistor base will track this voltage, and 
when it reaches the clamp value of the zener diode Dl or D2, the base drive cur- 
rent will be "pinched off," and turn-off action will commence. 

In this circuit, the peak collector current is defined by the choice of emitter 
resistors and clamp zener voltage, and turn-off termination current,no longer de- 
pends upon the of the transistors. 

The full action of Fig. 2.15.3 is as follows. On s-#itch-on, current flows 
through R4 and starts to turn on, say, Q1. Positive regenerative feedback from P2 
will assist the turn-on action, and Q1 will saturate into a fully "on" state. 

A drive current loop is now set up from P2 through R3, Q1 base-emitter, and 
R1, returning via D2, which acts as a diode in the forward direction. The drive 
current value is large so that the transistors are fully saturated throughout the 
"on" period. 

*""7 1, 

FK. 2.15.3 Single-transformer, nonsaturating, push-pull self-oscillating converter with 
primary current limiting. 
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With Q1 "on," the current in the collector will increase with time, as defined 
by the primary inductance, the reflected secondary inductance L1, and the load. 

As the current increases, the voltage across R1 and hence on the base of Q1 
will also increase until Zener diode Dl is brought into conduction. 

The value of R1 is chokn so that drive pinch-off occurs at a controlled max- 
imum collector current, which will be just into core saturation at, say, point S1' 
on Fig. 2.15.26. Since at the clamp current H cannot be incremented further, the 
voltages across all windings must fall toward zero, and only a v e d  small flyback 
action is required to finally turn Q1 off and 4 2  on. Thexycle of operations will 
continue for 42.  The collector termination current no longer depends on the gain 
of the transistors. 

Collector diodes D5 and D6 provide a path for reverse current when the re- 
flected load current is lower than the magnetization current. These diodes oper- 
ate in a cross-connected fashion; for example, when Q1 turns off, magnetization 
current will cause the collector of Q1 to fly positive. At the same time, the col- 
lector of 4 2  will fly negative until D6 conducts. D6 now provides clamping action 
for Q1 at a collector voltage of twice V,,. To reduce the effects of leakage induc- 
tance, PI and P3 would be bifilar-wound. 

To reduce RF1 and secondary breakdown stress, snubber networks may be 
required in addition to D5 and D6. 

To ensure good switching action, with sufficient regenerative feedback, the 
drive voltage from P2 should be at least 4 V in the circuit shown. 

75.4 CHOOSING CORE MA TERIA LS 

The efficiency and performance of these saturating single-transformer converters 
is critically dependent upon the choice of transformer material. For high- 
frequency operation, low-loss square-loop femte materials are usually chosen. 
Square-loop, tape-wound toroids may also be used, but these tend to be some- 
what expensive at the higher frequencies, as very thin laminated tape core mate- 
rial must be used to reduce losses. Some of the more recently developed amor- 
phous square-loop materials show excellent properties for this application. 

With some square-loop materials, the postsaturation permeability (the slope 
of the BIH characteristic in the saturation region) will be very low (B, is high). 
This is shown for the H5B2 material in Fig. 2.15.4b. Hence, the change in flux 
density between S1 and S2 is very small, and the flyback action at turn-off is 
weak. This gives a lazy switching action during the changeover phase. A more 
energetic switching action will be found with the H7A or similar core materials, 
as shown in Fig. 2.15.4a, but the core losses will often be higher with such ma- 
terials, since they have a low B, (remanence) value. With toroidal cores it would 
seem that the designer must make a compromise choice between a very square 
loop low-loss core (giving low core loss but lazy switching) or a lower- 
permeability, higher-loss core which will give good switching but higher magne- 
tizing currents (lower inductance) and larger losses. With other core topologies, 
the problem can be solved by introducing an air gap. This gives energetic switch- 
ing without increasing core loss. Suitable square-loop metal tape-wound materi- 
als include square Permalloy, Mumetal, and the various HCR materials. Some of 
the less square amorphous materials cln also be used. Choose square-loop ma- 
terials with care, as some are so square they will not oscillate, because the 
flyback action is too weak. (BJB. ratios should be less than 80%.) 

For high-frequency applications, the square-loop femtes are dreferred. Suit- 
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able types include Fair-Rite #83, Siemens T26, N27, Philips 3C8. TDK H7C1, 
H5B2, H7A, and many more. 

15.5 TRANSFORMERDESIGN (SATURATING- 
CORE-TYPE CONVERTERS) 

4 
In the following design example, a square-loop femte toroid in TDK H7A mate- 
rial will be used (see Fig. 2.15.4~). This material has excellent properties for this 
application, as the hysteresis losses and remanence flux are both low. Hence, this 
core gives low loss and energetic flyback action, resulting in good switching per- 
formance. A low-loss material is required, as the core will be operated from sat- 
uration in one direction to saturation in the reverse direction at 50 kHz. Since the 
complete hysteresis loop will be used, the core losses will be maximum. 

15.5.1 Step 1, Select Core Size 

For low-power converters of this type (5 to 25 W), the core size is often larger 
than the power needs alone would indicate, as the size is chosen for winding con- 
venience rather than for power considerations. Further, because the core loss is 
intrinsically large, the copper losses must be small if an excessive temperature 
rise is to be avoided. It has been found that if a wire current density of approx- 
imately 150 A/cm2 is used, and a toroidal core is chosen that will just allow a 
single-layer primary winding, then the core size will be adequate for the power 
requirements. This design approach will be used in the following example. 

Consider a design to meet the following requirements: 

Output power 10 W 
Input voltage 48VDC 
Operating frequency 50 kHz 
Output voltage 12 V 
output current 830 mA 

15.5.2 Step 2, Calculate Input Power and Current 

The output power is 10 W. Assume efficiency q = 70%; then the input power will 
be 

With full-wave rectification at the output and square-wave operation, the input 
current will be almost a continuous DC and may be calculated as follows: 
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15.5.3 Step 3, Select Wire Gauge 

At 150 A/cm2, from Table 3.1.1, a 24 gauge wire is required for 0.3 A. Hence, the 
wire diameter is 0.057 cm. 

~ o t e :  Two wires will be used for the bifilar primary winding, taking up a space of 
0.114 cm per bifilar turn. 

15.5.4 Step 4, Calculate Primary Turns 

In this type of self-oscillating converter, the duration of the "on" period, and 
hence the frequency, is set by core saturation. Since this is a push-pull circuit, 
the total flux density change AB from -B to +B must occur for each half cycle. 
From Fig. 2.15.4a, for the H7A material at 80•‹C, the saturation flux density is 
3500 G. The swing will be 2 x 3500 = 7000 G (700 mT). 

A core size is now required that will just allow a single-layer bifilar winding of 
24 AWG wires. However, there are two variables to be resolved to obtain the 
core size: 

1. The primary tuns  required to saturate the core at 48 V in the 10-ps (SO-kHz) 
half period (which are inversely proportional to the core area). 

2. The number of turns of bifilar 24 AWG that can be wound on the core in a 
single layer (which is proportional to the circumference of the center hole; see 
Fig. 215.5). 

WIRE DIAMETER ' dw 
CENTRE HOLE DIAMETER ' D, 
EFFECTIVE DIAMETER 
~ m =  f ~ - d , )  
EFFECTIVE CIRCUMFERENCE 
= H ( D - ~ ~ )  

FIG. 2.15.5 Effective inner circumference of 
toroid with single-layer winding. 

The relationship between center hole circumference and core area is not 
known in this example and will be different for various core designs, so a graph- 
ical solution will be used. The graph is developed as follows. 

Consider Table 2.15.1. It will be assumed that a suitable core will be found in 
the range from T6-12-3 through T14.5-20-7.5. 

The area of each core is given in the table, so the tuns  required for saturation 
of each core at the operating frequency and applied voltage may be calculated as 
follows: . 

Pin 14.3 1. =-=- -  m - 0.3 A Vin 48 

Vcc X ton 
NP = 

M, x A, 
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where Np = number of primary turns 
V,, = supply voltage, V 
to, = "on" time (Y2 cycle), ILS 
AB, = flux density change, T (from -B,,, to +B,,,) 
A, =,,effective core area, mm2 

The turns reqiired to saturate each core in the range T6-12-3 through T14.5-20- 
7.5 are calculated as shown above and entered in Table 2.15.2. 

The sue  of the center hole is given in Table 2.15.1, and the number of turns 
that will fit each core in a single layer, as shown in Fig. 2.15.5, can be calculated 
as follows. 

Consider the toroid center hole with closely packed windings. Figure 2.15.5 
shows that the diameter of the center hole is related to the number of turns (as- 
suming that the turns are large and the wire diameter is small compared with the 
center hole diameter) by the following formula: ' 

where D = diameter of center hole, mm 
d, = wire diameter, mm 

N,,, = number of primary wires (that will just fit on the core in a single 
layer) 

NO*: The primary is to.be wound as a bifiiar winding, and primary "turns" Np 
refers to a pair of wires which will be split finally to form each side of the center- 
tapped primary. Hence, each turn consists of two wires ig parallel, so 
N, = NJ2 .  

cThe Amber of bifiiar turns N, which will just fit on each core in a single layer 
for the range T6-12-3 through T14.5-20-7.5 is calculated and also entered in Table 
2.15.2. 

A graph is now drawn (Fig. 2.15.6) of turns required for saturation at 50 kHz 
against core area (plot A) and maximum bifilar turns that will just fit on the core 
in a single layer against core area (plot B). The intersection of these two lines 
gives optimum core area, from which the core size can be established. 

TABLE 2.15.2 Windings for Ferrite Toroidal Cores 

Maximum 
turns for a Minimum 

Cross- single-layer turns for core 
Diameter of sectional area winding of 24 saturation at 

center hole D, of core, AWG Np 50 kHz 
Core type mm rnmz Np' turns Np turns 

T6- 12-3 6 8.6 15 79 
T7-14-3.5 7 .11.8 18 
T8-164 

58 
8 15.4 22 44 

T9-184.5 9 19.5 25 35 
Tl0-20-5 10 24.0 28 28.5 
T14.5-20-7.5 14.5 20.4 42 33 
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FIG. 2.15.6. Graphical method for finding optimum toroidal core size for a single-layer 
winding. 

i t  will be seen that the ideal area is between cores TI0 and T14, and so the 
nearest larger core T10-20-5 is chosen. The core area is entered on the graph (hor- 
izontal dotted lines). A vertical line from the intersection of the core area and the 
A line gives the number of primary turns required to saturate the core (28 in this 
example), and the intersection of the core area and the B line shows that 29 turns 
of 24 AWG can be fitted in a single layer on this core. 

Clearly, the matching point will vary with different core topologies and wire 
sizes, and although a larger core can always be used, because core saturation oc- 
curs, the total power loss will increase (and efficiency fall) with the larger core. 

For this example, the T10-20-5 is chosen and a primary winding PI, P3 of 28 
turns is used. Two 24-gauge wires will be wound together to form a bifilar wind- 
ing. - 

The turns per volt are 

Selecting a feedback voltage of approximately 5 V provides adequate regenera- 
tive feedback, resulting in fast switching action. In this example, 3 turns would be 
used for the feedback winding P2. The secondary winding will be designed for the 
required output voltage by normal transformer action; in this case 8 turns are 
used. 

The value of the transistor base feed resistor R3 will be selected in accordance 
wit----m~-colle-urre~~- t r a n - g a i n . -  -':mitt-istor- 
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and R2 are chosen to ensure that transistor drive "clamp-off" wiU not occur un- 
der normal full-load conditions, but will occur before excessive collector current 
flows. A current margin of about 30% above full load is a good compromise. Re- 
member, the emitter current is the sum of the transformed load current, the mag- 
netization current, and the base drive current. In this example a value of 2.2 R is 
used. 

Cross conduction (that is, conduction caused by both power transistors being 
"on" at the same time) is eliminated in this circuit arrangement, as it is the turn- 
off action of one transistor that initiates the turn-on action of the second. Conse- 
quently, variations in storage time are automatically accommodated without the 
possibility of cross conduction. This is a useful feature of the self-oscillating con- 
verter. 

The frequency of this type of simple self-osciIIating converter will change with 
input voltage, core temperature (because of the change in saturated flux level at 
high temperatures), and load. Increasing the load results in a voltage drop in the 
transformer resistance and transistors, so that the effective transformer primary 
voltage is lower; hence the frequency will fall with increasing load. 

75.6 PROBLEMS 

1. Explain the major advantages of the self-oscillating converter. 
2. Give a typical application for a small self-oscillating converter. 
3. Why is the frequency stability of the self-oscillating converter rather poor? 
4. Why does the single-transformer self-oscillating converter tend to be limited to 

low-power applications? 4 

5. Explain why ungapped very square loop magnetic materials (such as square 
amorphous material) are considered unsuitable for self-oscillating single- 
transformer converters. 
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CHAPTER 16 
TWO-TRANSFORMER 
SELF-OSCILLATING 

CONVERTERS 

16.1 INTRODUCTION 

In the two-transformer self-oscillating converter, the switching action is con- 
trolled by saturation of a small drive transformer rather than the main power 
transformer, resulting in improved performance and better power transformer ef- 
ficiency. 

As the main power transformer is no longer driven to saturation, more opti- 
mum transformer design is possible, and the shape of the BIH loop is not so crit- 
ical. Further, better transistor switching action is obtained, because the collector 
termination current is lower and the power transistors turn off under more con- 
trolled conditions. The switching frequency is also more constant, as the drive 
transformer is not loaded by the output and the voltage across the drive trans- 
former is not a direct function of the input voltage. Hence, the operating fre- 
quency is less sensitive to supply and load changes. 

With all these advantages over the simple saturating converter, the two- 
transformer converter is preferred in many higher-power applications. It is often 
used for low-cost DC transformers. (See Chap. 17.) 

There are two major disadvantages of the simple self-oscillating two- 
transformer square-wave converter which tend to limit its applications: 

1. Soft start is difficult to provide because the pulse width cannot be easily re- 
duced during the initial turn-on action. 

2. Outputs are unregulated because of the square-wave (100% duty ratio) output. 

16.2 OPERATING PRINCIPLES 

A basic two-transformer circuit is shown in Fig. 2.16.1. This operates as follows. 
At switch-on, a current flows in R1 to initiate turn-on of one of the two drive 

transistors, say Q1. (It depends on the two devices' gains and their discrete 
emitter-base voltages.) As Q1 turns on, regenerative feedback is provided by pro- 
portional current drive from a separate drive transformer T2. The primary T2P1 

16. TWO-TRANSFORMER CONVERTERS '-1 33 

FIG. 2.16.1 Two-transformer self-oscillating converter. 

couples with the collector current of Q1 to provide the base drive to Q1 via the 
secondary winding T2S1. The phasing of the windings is such that an increase in 
current in the collector of Q1 will cause an increase in base current in Q1. Since 
T2 is a current transformer, the base drive current is defined by the collector cur- 
rent and the turns ratios of T2. (A ratio of f i ,  for a forced beta of 5, is used in this 
example.) 

With Ql in its "on" state, the voltage Vs across the secondary of the drive 
transformer T2S1 will be the base-emitter drop of Q1 plus the diode drop of Dl  
(approximately 1.3 V total). The voltage across the drive winding to 42, T2S2, 
will be the same value, but in the opposite direction, taking the base of 4 2  0.7 V 
negative. 

Atter a period of time defined by the core area and secondary voltage V,, the drive 
transformer T2 will saturate, and the drive voltage to Q1 will fall to zero. Q1 will then 
turn off. This is arranged to happen before the main transformer TI s w t e s .  

With Q1 off, the collector current will fall to zero, and the voltages on T2 will 
reverse by flyback action. 4 2  will be brought into conduction, and Q1 will turn 
hard off. The same cycle of operations will now occur on transistor 42, with the 
collector current for Q2 flowing in the second half of the drive transformer T2PZ 
and the main transformer TlP2, reversing the phase. 

Since the forward voltage of the base-emitter junction of Q1 and Dl or 4 2  and 
Dl is allowed to define the voltage across the secondary of T2, the timing voltage 
for T2 is fixed and independent of the supply voltage. Consequently, the operat- 
ing frequency is largely independent of supply and load changes. However, 
changes in temperature will affect both diode and base voltages and the satura- 
tion flux density of the drive transformer T2. Hence, the frequency is still sensi- 
tive to temperature changes. In many applications, small changes in frequency 
are not important. 

Clamp diodes D2 and D3 are fitted across the collector-emitter junctions of the 
switching transistors to provide a path for the reverse magnetization current, 
which would otherwise flow from base to collector in Q1 and Q2 during turn-on, 
when the reflected load current is less than the magnetization current. Although 
this will occur only under very light loading conditions, with proportional drive it 
can cause problems and warrants further examination. 

Consider the conditions immediately before the turn-off of Q1: A transformer 
magnetization current will have been established in the primary of the power 
transformer TlPl and the collector of Q1, flowing from right to left in the wind- 
ing. When Q1 turns off, this magnetization current will try to continue in the 
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same direction in the winding, taking the collector of Q1 positive and the collec- 
tor of 4 2  negative (flyback action). 

Since the magnetization current cannot instantly drop to zero, and with Q1 off 
cannot flow in the collector of Q1, it will commutate from the collector of Q1 to 
the collector of 42, to flow from right to left in TIP2 from the clamp diode D3. If 
D3 were not fitted, the current would flow in the base-collector junction of Q2, 
and since it is now flowing in the reverse direction to the normal c llector cur- 
rent, it diverts the base drive current away from the base-emitterjun ion into the 
base-collector junction. (The transistor is reverse-biased.) 

R 
This reverse collector current would also flow in the primary of the drive 

transformer T2P2, but in the reverse direction to that required for positive feed- 
back. This reverse current would prevent or at least delay the turn-on of 4 2  and 
is very undesirable. However, by providing a low-resistance alternative path 
through the clamp diode D3, the majority of this undesirable. current is diverted 
away from Q1. In some cases a further series blocking diode will be required in 
the collectors of Ql and 42. 

In any event, under light loading conditions, until the magnetization current 
has fallen to less than the reflected load current, there will not be a forward col- 
lector current or a regenerative base drive action. If this light loading condition is 
to be a normal mode of operation, an extra voltage-controlled drive winding will 
be required to maintain the drive until normal forward current is established. This 
extra winding T2P3 and T1S2 is shown as a dashed-line detail in Fig. 2.16.1. 

If the load current always exceeds the magnetization current, then this refine- 
ment is not necessary and diodes D2 and D3, are redundant (except as small 
snubber components if required). 

Once again, in this topology, cross conduction is eliminated, since it is the 
tun-off action of one transistor that initiates the turn-on action of its partner. 
I t  is interesting to note that staircase saturation of TI cannot occur because 
the drive transformer T2 equates forward and reverse volt-seconds in the 
longer term. Even variations in the storage times of the two transistors will be 
accommodated. 

If a drive core with a square BIH loop and a high remanence is used, "flux 
doubling" on initial switch-on is eliminated. Both cores retain a magnetic 
"memory" of the previous direction of operation. When the system is turned off, 
the residual flux remains in the drive core as a "memory" of the last operating 
pulse direction. If, on the next switch-on, the first half cycle of operation is in the 
same direction, then the drive core will saturate more rapidly, and this pulse will 
be shortened; hence saturation of the main transformer will not occur. For this 
reason the residual flux level B, of the drive transformer material should be 
higher than that of the main transformer. 

With this good control of the.state of the flux density in the main core, the 
working flux excursion of the main transformer can be selected with confidence, 
for optimum efficiency. 

It can be seen from the preceding discussion that although the self-oscillating 
circuits appear to be extremely simple, they operate in a fairly sophisticated man- 
ner, providing very efficient converter action if correctly designed. It is this type 
of converter (or DC transformer, as it is known) that is used in tandem with the 
primary series buck switching regulator (Chap. 18) to provide the extremely cost 
effective multiple-output supplies. 

To its disadvantage, two transformers i r e  required for this type of converter. 
However, the drive transformer T2 is very small, as it delivers little power. 
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16.3 SATURATED DRIVE TRANSFORMER 
DESIGN 

The drive transformer T2 is essentially a saturating current transformer. 
Having decided on the operating power, select the power transistors and o p  

erating current. From the transistor data, find the forced beta required to ensure 
good saturation and switching action. (Assume that a forced beta of 5:l is chosen 
in this example; the actual value depends on the transistor parameters.) 

This means that for every turn on the primary (collector) winding of T2P1, 5 
turns must be provided on the secondary base drive winding T2S1. Conse- 
quently, it will be seen that the base winding can be incremented only in steps of 
5 turns. 

The s~condary voltage of T2S1 is defined at a diode drop Dl plus V,, of Q1 
(approxiniately 1.3 V), and this voltage, secondary turns T2S1, and core size set 
the frequency. A core size must now be selected so that the correct operating 
frequency will be obtained with 5 turns (or an increment of 5 turns) on the base 
drive winding T2S1. (The smaller the core, the larger the number of turns for the 
same frequency .) 

16.4 SELECTING CORE SIZE AND MATERIAL 

Assume that the operating frequency is to be 50 kHz, that the required forced 
beta is 5, and that a single turn will be used on the collector wiQng. The sec- 
ondary will have 5 turns, and the voltage seen by the secondary winding will be 
1.3 V (V,, plus a diode drop). 

The area of core required for a half period (10 ~ s )  can be calculated as follows: 

where V, = secondary voltage (1.3 V) 
t = half period (10 ps) 

AB = flux density change (-B to +B) 
N, = secondary turns (5 in this case) 

If the TDK H7A material is chosen, then from Fig. 2.15.4a, the saturating flux 
density at 40•‹C is 0.42 T, and B = 0.84 T peak-to-pee. Hence 

From Table 2.15.1, the area required will be nearly satisfied by core T 4-8-2, and 
this is selected for T2 in this example. 

This core is now bifilar-wound with two wires of 5 turns to form the secondary 
windings T2S1 and T2S2. A wire to each transistor collector is passed through 
the toroid from opposite directions to give a single primary turn for each transis- 
tor, and the drive transformer is complete. 



The design of the main transformer follows the same procedure used for any 
driven push-pull converter. Typical designs are covered in Part 3, Chap. 4. 
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16.5 MAIN POWER TRANSFORMER DESIGN 

CONCEPT 

CHAPTER 17 
THE DC-TO-DC TRANSFORMER 

16.6 PROBLEMS 
I 

t 
I 

1. What is the major advantage of the two-transformer self-oscillating converter? 
2. Why is the two-transformer converter more suitable for high-power applica- 

tions? 
What is the functional name that is often applied to the square-wave self- 
oscillating converter? 
What are the major disadvantages of the two-transformer self-oscillating con- 
verter? 
By what process is staircase saturation eliminated in the two-transformer self- 
oscillating converter? 
By what process is flux doubling eliminated in the two-t.ransformer self- 
oscillating converter? 

17.1 INTRODUCTION 

Throughout the previous designs, the high-frequency transformer has been con- 
sidered an integral part of the converter topology. However, it can be shown that 
the transformer does not change the fundamental form of the converter. The ba- 
sic building blocks remain the buck and boost regulators. In all the forward con- 
verter topologies, the main function of the transformer was to provide input-to- 
output galvanic isolation and voltage transformation. 

It would be useful at this stage to introduce the concept of the ideal DC-to-DC 
transformer (a transformer that would provide a DC output for a DC input). Al- 
though this may seem a strange concept at first, consider the cosventional ideal 
transformer model. The ideal transformer would pass all frequencies from DC up- 
ward in both directions, with no power loss. It would provide any required volt- 
age or current ratio, and would have infinite galvanic isolation between input and 
output. It would also provide the same performance for all windings. Clearly such 
an ideal device does not exist. 

17.2 BASIC PRINCIPLES OF THE DC-TO-DC 
TRANSFORMER CONCEPT 

The reason that the DC-to-DC transformer concept seems strange should be rec- 
ognized as the unquestioned acceptance of a nonideal device. The practical trans- 
former can transform a DC input to a DC output only for a very short time, be- 
cause it has a limited inductance and the core soon saturates. However, this 
practical limitation can be overcome by reversing all terminals of the transformer 
before saturation occurs. 

The rotary DC converter and the synchronous vibrator (shown in Fig. 2.17.1, 
but now obsolete) did just this, physically reversing the transformer input and 
output terminals with a commutator or an electromechanical synchronous relay. 
This simple vibrator will be examined in more detail. 

In Fig. 2.17.1, switches Sl(a) and Sl(b) are on the same armature and are thus 
synchronized to each other. This synchronous vibrator circuit (apart from its me- 
chanical limitations) provides a nearly ideal DC-to-DC transformer. It is inter- 
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FIG. 2.17.1 DC-to-DC transformer (mechanical synchronous 
vibrator type). 

esting to note that it is symmetrical and hence fully bidirectional; it can transform 
DC from input to output or  vice versa. This is entirely due to the bidirectional 
nature of the mechanical switches. This circuit provides a good model for the 
modem DC-to-DC transformer concept. 

In the modem semiconductor equivalent, the bidirectional property is lost as a 
result of replacing the mechanical switches by unidirectional semiconductors. In 
the square-wave DC-to-DC converter, the primary switching Sl(a) is provided by 
two unidirectional transistors or power FETs, and the secondary synchronous 
switching Sl(b) by diode rectification. However, the basic concept is the same as 
that of the synchronous vibrator (keep reversing the input and output of the 
transformer before saturation can occur, and thus provide DC-to-DC transforma- 
tion). 

17.3 DC-TO-DC TRANSFORMER EXAMPLE 

In this example, a push-pull converter will be used to demonstrate the principle. 
Figure 2.17.2 shows a typical self-oscillating square-wave converter. This type of 
converter is characterized by full conduction angle operation; that is, no pulse- 
width modulation is applied, and each transistor is conducting for a full 50% of 
the period. Consequently, in this simple form, the converter will not provide reg- 
ulation and the DC output voltages will change in sympathy with the input. 

When operated in this mode, the converter is a true DC-to-DC transformer. Its 
main functions are to provide DC voltage and current step-up or step-down, gal- 
vanic isolation, and multiple outputs. The outputs may be isolated, common, or 
inverted as required. 

Being self-oscillating, the converter has the advantage of very low cost, since 
very few drive components are required. The full conduction angle results in a 
near DC input and output, so that very little filtering will be required. 

The output impedance of the DC-to-DC transformer reflects the input imped- 
ance and can be very low. The transformer utility and the efficiency are very high 
as a result of the full conduction angle operation. For multiple-output applica- 
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FIG. 2.17.2 DC transformer (transistor, self-oscillating. square-wave, push-pull con- 
verter with biphase rectification). 

tions, the tracking between independent outputs will be very good, typically bet- - 
ter than 2%. 

The simple self-oscillating converter shown in Fig. 2.17.2 is a modification of 
the Royer circuit, which has been described more fully in Chaps. 14, 15, and 16. 
Although this converter normally depends on saturation of the transformer to ini- 
tiate commutation, in this example the collector current at commutation is spec- 
ified by R3 and R4 and the Zener voltages Dl and D2, and the transformer does 
not saturate; hence a measure of overload protection is provided. This is a con- 
siderable improvement on the gain-limited switching action of the original Royer 
circuit. 

There are many variations of this simple DC-to-DC converter, but the princi- 
ple of operation will be similar. The main attractions are the extremely low cost 
and efficient operation. The frequency variations which occur with these simple 
systems (because of input voltage and load changes) are sometimes considered a 
disadvantage. However, since the input and output should be DC, the frequency 
of overation should not matter, and with efficient screening should be acceptable 
in aii cases. 

The DC-to-DC transformer (self-oscillating square-wave converter) is unlikely 
to be used on its own because it does not provide regulation. Hence it is normally 
supplemented with other regulating circuits to form a regulated system. 

For low-power applications, up to, say, 10 W, this type of converter is often 
used with linear three-terminal output regulators to provide fully regulated mul- 
tiple outputs from a single DC input. 

These low-power regulated converters are very often manufactured as small 
encapsulated units, and may be used to generate extra local supply voltages. 

-.. They will often be mounted directly on the users' printed circuit boards. 
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For larger-power applications, the simple single-transformer circuit may be 
used to provide the drive to a larger converter, giving rise to the two-transformer 
self-oscillating converter. The advantage is that the larger transformer will not be 
operated in a saturated mode. 

The DC-to-DC transfonrier may be preceded by a switching regulator, with 
the control loop closed to the output of the DC transformer. This combination is 
ideal for multiple-output applications, since the low source impedance for the 
DC-to-DC transformer provides very good load and cross regulatioh for the ad- 
ditional auxiliary outputs. This technique is described more fully in Chap. 18. 

17.4 PROBLEMS 

1. In the "ideal transformer," the transmission of DC current would be possible. 
Why is this not possible in practical applications? 

2. What are the basic requirements of a high-frequency square-wave converter to 
satisfy the DC transformer concept? 

3. Give the ideal transfer functions of the DC transformer. 
4. What advantages does the DC transformer provide in multiple-output applica- 

tions? 

CHAPTER 18 
MULTIPLE-OUTPUT 

COMPOUND 
REGULATING SYSTEMS 

18.1 INTRODUCTION 

It has been s h o ~ n ~ . ' ~ . ' ~ . ' ~ . ' ~ . ' ~  that it is possible to combine DC-to-DC trans- 
formers (nonregulated DC-to-DC converter circuits) with buck- or boost-derived 
regulators to produce regulated single- or multiple-output converter combina- 
tions. 

Using integrated magnetics and various modeling  technique^,'^ a wide range 
of possible combinations have been demonstrated. In many cases, these combi- 
nations are not clearly distinguishable as combinations of converter% Various ad- 
vantages and disadvantages are claimed for each combination; for example, in 
the Cuk converter it has been shown that by combining output and input chokes 
it is possible to suppress the input and output ripple currents to near zero. Hence 
combinations of converters can provide some very useful properties. 

The power supply designer who is fully conversant with the various combina- 
tions and is able to select the most appropriate for a particular application has 
indeed very powerful design tools. 

Full coverage of the many techniques i: beyond the scope of this book, but 
one particularly useful topology is covered in the following sections. For more 
information, the interested engineer should study the many excellent papers and 
books referred to in the Bibliography. 

18.2 BUCK REGULATOR, CASCADED WITH A 
DC-TO-DC TRANSFORMER 

The following section considers just one of the more popular and straightforward 
arrangements of a buck regulator cascaded with a square-wave free-running 
voltage-fed DC-to-DC converter (referred to as a DC transformer). The general 
block schematic for a FET version of this converter is shown in Fig. 2.18.1. This 
combination is particularly useful for multiple-output off-line switchmode sup- 
plies. 
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FIG. 2.18.1 Voltage-regulated DC-to-DC transformer (DC converter), consisting of a 
combination of a primary buck switching regulator and a DC-to-DC transformer. 

18.3 OPERATING PRINCIPLES 

In simple terms, in the example shown in Fig. 2.18.1, the input buck regulator 
FETl, L1, and D l  reduces the high-voltage (300-V) input to a more manageable 
preregulated 200-V DC to the push-pull DC transformer FET2, FET3, and T1. 
The control loop to the buck regulator is closed to the main output of the DC 
transformer, to maintain this output and hence the other auxiliary outputs near 
constant. 

In push-pull operation, the DC transformer FETs are subjected to a voltage 
stress of at least twice the preregulated supply voltage. The buck regulator, by 
reducing this voltage and removing input variations, considerably reduces the 
stress on the converter FETs and improves the reliability. 

The voltage control loop is closed to the output which is to be most highly 
regulated, in this case the 5-V output, by amplifier A1 and optical coupler OC1. 
Thus, the buck regulator maintains the DC supply to the DC transformer section 
at a level that will maintain the 5-V output constant. Since the input to the con- 
verter section is now almost entirely isolated from ac supply variations, and a 
much lower voltage stress is applied to the converter switching components, 
there will be a reduction in output ripple and an improved reliability. 

Further, as a result of the closed-loop control, the DC transformer volts per 
turn will be maintained constant (to the first order), and any other outputs wound 
on the same transformer will be semistabilized. 

For input voltage transients, the natural filtering provided by the large input 
capacitor C1 and the buck regulator and fdter L1, C2 gives good noise immunity. 
A small low-pass filter on the output further eliminates switching and rectifier re- 
covery noise from the output. Since the DC transformer runs under full duty ratio 
(square-wave) conditions, the rectified output is nearly DC, and only a small 
high-frequency filter is required in the output circuit. This becomes particularly 
cost-effective where a large number of outputs are required. 

In some applications, the converter o~erating frequency will be synchronized 
to the buck regulator to prevent low-frequency intermodulation components 
which tend to generate extra output ripple. 

A power FET is used in the buck regulator section so that this can be operated 
at a high freo-ncy without introducing excessive switching loss. This arrange- 

i 
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ment means that several power pulses will be provided from the buck regulator 
for each half cycle of the converter section, reducing intermodulation ripple. 

This buck-derived combination is subject to low-frequency instability at light 
loads when bipolar switches are used in the buck regulator position. This insta- 
bility is believed to be caused by modulation of the storage time of the bipolar 
transistor by direct positive feedback from the DC transformer section. The ef- 
fect is d i c u  to compensate, because it is outside of the normal control loop. 
The negligible storage time of a FET switch in the buck regulator position elim- 
inates this problem. 

It should be noted that the DC transformer is voltage-fed, capacitor C2 being 
large enough to maintain the voltage nearly constant over a cycle. This provides 
a low-impedence ripple-free preregulated DC input to the DC transformer and 
permits the use of secondary duty ratio control if additional secondary regulation 
is reauired. It also reduces cross-regulation effects. Without additional secondary .- . . 

reguiation, output regulation on theauxiliary outputs of 25% would be expected 
when the loor, is closed to the 5-V output, or 22% when the loop is closed to a 
higher-voltage, lower-current output. 

18.4 BUCK REGULATOR SECTION 

Figure 2.18.2 shows in block schematic form the basic elements of the buck reg- 
ulator section. In general, this is a current-mode-controlled system, very similar 
to the buck regulator described in Chap. 20. 

FETl J ~ C T I  1 200VDC 
0 

+3OOVDC 1 

FIG. 2.18.2 Voltage-regulated DC-to-DC transformer, using currentmode control 
on the buck regulator section with the voltage control loop closed to the secondary. 

Briefly, the buck regulator power FET is turned on in response to a clock sig- 
nal from the oscillator section. It is turned off in response to the current in L1 as 
sensed by the current transformer CTl. The current switching level is defined by 
the much slower voltage control loop from the output via A1 and OC1. 

The clock signal from the oscillator section sets the bistable switch Dl to turn 
on the series power switch FET1, which then delivers current to the --ries in- 
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ductor L1. During the "on" period, the current in inductor L1 will increase, and 
this increase is translated by the current transformer CT1 to a ramp voltage on 
the input of the voltage comparator A2. When the amplitude of the ramp voltage 
has reached the reference value set up on the noninverting input by the control 
amplifier Al, a reset signal& generated, and the driver bistable switch Dl is reset 
to the "off' state. To permit operation at pulse widths beyond SO%, the current 
feedback would have slope compensation to prevent subharmonic instability. 
(See Part 3, Sec. 10.5) 4 

It will be noted that the current-mode control defines the peak current in L1, 
making the buck regulator a voltage-controlled, constant-current source. This 
high-impedance source is converted to a low-impedance voltage source by the 
capacitor C2 at the input of the DC transformer. 

The voltage control amplifier A1 responds to changes in output voltage and 
adjusts the reference level for the ramp comparator A2. By this means the cur- 
rent in L1 and C1 is adjusted so as to maintain the output voltage of the DC trans- 
former constant. 

18.5 DC TRANSFORMERSECTION 

In the simple circuit examples shown in Figs. 2.18.1 and 2.18.2, the DC trans- 
former would be a self-oscillating square-wave bipolar or FET converter, and 
suitable circuits are covered in Chaps. 14, IS, 16, and 17. 

18.6 SYNCHRONlZED COMPOUND 
REGULATORS 

If the DC transformer and buck regulator frequencies are to be synchronized, a 
driven converter design is required. The same oscillator will drive the buck reg- 
ulator and the DC converter. (See Fig. 2.18.3.) 

It is recommended that the buck regulator operate at twice the frequency of 
the DC transformer, so that a power pulse is delivered to L1 for each "on" state 
of FET2 and FET3. This will assist in maintaining balanced conditions for the DC 
transformer, reducing the tendency for staircase saturation in the transformer. It 
also reduces the output ripple. 

The DC transformer should operate with a nearly pure square wave, so that 
the biphase or full-wave-rectified outputs are nearly pure DC. Very small output 
LC filters will then be required to remove noise spikes resulting from commuta- 
tion of the output rectifiers. These filter components can be quite small, as they 
are not required to store significant amounts of energy. 

With driven DC converters using bipolar transistors, cross-conduction prob- 
lems can occur near full 50% conduction as a result of the storage time in the 
transistors during the turn-off edge. This problem can be eliminated without in- 
troducing a "dead time" by using dynamic cross-coupled inhibit drive circuits. 
(See Part 1, Chap. 19.) 

Power FETs have an advantage for this type of square-wave DC converter 
because of the negligible storage times. No special precautions against cross con- 
duction are required when FETs are used. 
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18.7 COMPOUND REGULATORS WITH 
SECONDARY POST REGULATORS 

Where improved performance is required, additional switching or linear regula- 
tors may be added to the auxiliary outputs. When this is done, it is important to 
ensure that the input to the DC transformer is a low-impedance voltage source; 
an input capacitor will be provided as shown in Fig. 2.18.2. 4 

A further useful technique is shown in Fig. 2.18.3. Here the control loop is 
closed to a high-voltage output, in this case the + 12-V line, to provide good reg- 
ulation on the higher-voltage outputs. However, extra regulation has been pro- 
vided for the low-voltage, high-current output, +5 V at 40 A, by using a highly 
efficient saturable reactor regulator. (See Chap. 20.) 

Using this approach, the regulation of the higher-voltage auxiliary lines will be 
very good, and the tendency for loss of regulation in the low-voltage, high- 
current line is compensated by the saturable reactor regulator. 

In this hybrid arrangement, the +12- and +5-V outputs are fully regulated, 
and the additional outputs (-12 and +24 V) also have good regulation as a re- 
sult of the tight coupling to the fully regulated +12-V winding. The very low 
losses incurred by the saturable reactor regulator, buck regulator, and square- 
wave DC transformer make it possible to provide overall system efficiencies in 
excess of 70%. 

78.8 PROBLEMS 

1. Explain the meaning of the term "compound regulating systems" as used in 
Chap. 18. 

2. What are the particular advantages of combining a buck regulator with a 
square-wave DC-to-DC self-oscillating converter (DC transformer) in a 
multiple-output direct-off-line switchmode power supply system? 

3. Why is the DC transformer particularly suitable for multiple-output applica- 
tions? 

CHAPTER 19 
DUTY-RATIO-CONTROLLED 
PUSH-PULL CONVERTERS 

19.1 INTRODUCTION 

The push-pull converter is not generally favored for off-line applications, because 
the power switches operate at collector stress voltages of at least twice the sup- 
ply voltage. Also, the primary utility factor for the main transformer is not as 
good as in the half-bridge or full-bridge converter, because a center-tapped pri- 
mary is used, and only half of the winding is active at each half cycle. 

However, at low input voltages, the push-pull technique has some advantages 
over the half or full bridge, as only one switching device is in series with the sup- 
ply and primary winding at any instant. The full supply voltage is applied to the 
active half winding, and for the same output power, the switching losses are 
lower. d 

19.2 OPERATING PRINCIPLES 

The power section of a typical low-voltage DC-to-DC push-pull converter is 
shown in Fig. 2.19.1. This operates in the following way. 

The two power switches Q1 and 42 will be turned on for alternate half cycles 
by the drive circuit. When Q1 turns on, the primary voltage is impressed across 
one-half of the primary winding Pla. Under this condition, the starts of all wind- 
ings will go positive, and the collector of 42 will be stressed to a voltage of twice 
the supply voltage by transformer action from Q1. The starts of the secondary 
winding Sla will go positive, and a current flows in the secondary windings, out- 
put rectifier D6, and inductor L1. 

The primary current will now consist of the reflected load current plus a small 
component of primary magnetizing current defined by the primary inductance. 
During the "on" period, the primary current will increase as the magnetization 
component increases in both the primary inductance and the secondary filter 
choke L1. At the end of an "on" period, defined by the control circuit, Q1 will 
turn off. 

As a result of the energy stored in the primary and leakage inductances, the 
collector voltage of Q1 will fly positive, and by transformer action, the collector 
of 42 will be taken negative. When the voltage on 42 goes below zero, the en- 
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FIG. 2.19.1 Push-pull converter with duty ratio control and proportional base drive 
circuit. 

ergy recovery diode D2 will be brought into conduction to return part of the 
flyback energy to the supply line. At the same time, the output rectifier diode D5 
will be conducting some of the flyback energy to the output circuit (depending 
upon the value and distribution of the primary and secondary leakage induc- 
tances). 

With "duty ratio control," there now follows a quiescent period during which 
both switching devices will be off. During this period, the output choke L1 will 
maintain a current flow in the rectifier diodes D5 and D6, the output load, and 
capacitor C1. This current will return via the center tap of the secondary winding 
and both rectifier diodes. If the current in L1 exceeds the reflected magnetizing 
current in magnitude (the normal case), then both output rectifiers will be con- 
ducting nearly equally throughout the quiescent period, with the same forward 
voltage drop. Hence, the net voltage across the secondary winding will be zero 
(the rectifier forward voltages are equal but opposite across the secondary wind- 
ing). Consequently, during the quiescent period, the flux density in the core will 
not change; that is, the core will not be restored toward zero while Q1 and Q2 are 
off. This is an important property of this type of circuit, as it permits full use of 
the BIH characteristic. 

After a quiescent period defined by the control circuit, transistor Q2 will be 
turned on, and the previous process will repeat for 42, completing a cycle of op- 
erations. 

For the continuous conduction mode, the load current is not permitted to fall 
below the critical value,* and L1 will conduct current at all times. The output 
voltage will be defined by the primary voltage, the turns ratio, and the duty ratio 
as in the following equation: 

*See Sec. 8.3 and Fig. 2.20.lb. 
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where V,,, = output voltage, DC 
Vcc = supply voltage, DC 
N, = secondary turns 
N, = primary turns 
to, = on time, Q1 or 42 
to, = off time (Q1 and 42 off) 

I 
The control circuit will adjust the duty ratio, ton / (to, + toE) the output voltage 

constant. 
Under normal loading conditions, the load current exceeds the magnetization 

current as referred to the secondary, and the primary and secondary waveforms 
! will be as shown in Fig. 2.19.2. For steady-state conditions, there will be a bal- 

Ql 'on' 

ICl Ql 

0 

IC +-Tion'* I 

C 4 T'off' b 
1 I 

FIG. 2.19.2 Collector, voltage, and current waveforms for duty-ratic~controlled . 
converter. 

anced excursion of flux density between the negative and positive quadrants, as 
shown in Fig. 2.19.3. 

When the load current is less than the reflected magnetizing current, the .en- 
ergy recovery diodes will continue to conduct for a longer part of the "off' pe- 
riod, and the current and voltage waveforms will be as shown in Fig. 2.19.4. It 
should be noted that the collector current is reversed for a short period at the 
beginning of the "on" period. 

A problem can develop for this condition of operation. If recovery current is 
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FIG. 2.19.3 Flux density excur- 
sion for balanced push-pull con- 
verter action. 
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I D4 
FIG. 2.19.4 Voltage and current waveforms at tight loads for 
duty-ratio-controlled push-pull converter. 

still flowing in say Dl  when Q1 turns on, the collector voltage on Q1 will be neg- 
ative, and the base drive current will be diverted from the base-emitter junction 
to the base-collector junction. This drive current will be in the reverse direction 
to the normal collector current of Q1. Although this is not in itself damaging, it 
can be a problem for proportional drive systems, since this is the wrong direction 
for the proportional drive transformer, and there will not be regenerative feed- 
back from the primary of the drive transformer for this condition. 

With the drive transformer positioned as shown in Fig. 2.19.1, there will, in 
fact, be negative feedback from the drive transformer. Hence the "drive and iso- 
lation circuit" must be more powerful and maintain its active drive condition un- 
til the correc' - ward current has been established in Q1. This effect must also 
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be considered for light loading conditions in full-conduction-angle square-wave 
converters. Under some conditions, extra drive components will be required for 
this mode of operation. 

19.3 SNUBBER COMPONENTS 

To assist the turn-off action of Q1 and 42, snubber components R1, R2, C3, and 
C4 have been fitted. Now the inductively maintained collector current is diverted 
into the snubber components R1 and C3 during the turn-off edge, reducing the 
rate of change of voltage on the transistor collectors. This allows Q1 and 4 2  to 
turn off under lower stress conditions. Resistor R1 is chosen to restore the work- 
ing point for capacitor C3 during the minimum "on" period. 

This snubber action is more fully explained in Part 1, Chap. 18. 

19.4 STAIRCASE SATURATION IN PUSH-PULL 
CONVERTERS 

The push-pull converter is particularly vulnerable to staircase saturation effects. 
A direct DC path exists through the main transformer primary and primary 
switches Q1 and 42. 

If the average volt-seconds impressed across the transformer when Q1 is 
"on" is not exactly equal to that impressed by Q2, then there will be a net DC 
polarizing component. With high-permeability materials, the core will quickly 
staircase into saturation with successive cycles. 

An imbalance can be caused by variations in the saturation voltage and stor- 
age times of Ql  and 42, by differences in the forward voltage dropof the output 
rectifiers Dl  and D2, or by differences in the winding resistance between the two 
halves of the primary or secondary windings. Consequently, some DC bias to- 
ward saturation is almost inevitable. The effects of this DC bias can be reduced to 
barely acceptable limits by careful matching of the drive and output components 
and by introducing an air gap in the core. However, an air gap will also reduce 
the permeability, increasing magnetization currents. 

When bipolar transistors are used, a natural correcting effect occurs. The tran- 
sistor which is driving the core toward the saturated region will experience a rap- 
idly increasing collector current toward the end of the "on" period. This will 
tend to reduce its storage time, limiting any further excursion into the saturated 
state. Although this compensating effect may prevent failure under steady-state 
conditions, it puts a severe limitation on the transient performance of the unit. 
Rapid variations in pulse width cannot be accommodated by this natural balanc- 
ing effect. Hence, the control circuit must have a limited slew rate, reducing the 
transient performance. 

When power FETs are used in the positions Q1 and 42, the natural balancing 
effect will be absent, as these devices have negligible storage times, and the 
pulse-width error is not self-correcting. Dynamic flux-balancing techniques or 
current-mode control should be used with these devices. (See Part 3, Chap. 6.) 

19.5 FLUX DENSITY BALANCING 

When a push-pull transformer operates with a nonsymmetrical flux excursion, 
there are two detectable primary current changes before saturation occv- There 
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will be a DC offset in the current in each half of the primary winding; also, as a 
result of the curvature of the BIH characteristic, the magnetizing current compo- 
nents will not be symmetrical. 

With suitable control circuitry, the difference between alternate primary cur- 
rents pulses can be detected and used to differentially adjust the drive pulse 
width to maintain the mean flux density in the core near zero. This will ensure 
that the core operates in a balanced condition. 

This technique is almost essential for high-power duty-ratio-confrolled push- 
pull converters. Alternatively, current-mode control should be used. (See Part 3, 
Chap. 10.) 

19.6 PUSH-PULL TRANSFORMER DESIGN 
(GENERAL CONSIDERATIONS) 

It will be clear from the preceding section that the design of push-pull transform- 
ers presents some rather unique problems. Figure 2.19.1 shows that a center tap 
is required on the primary winding, and that each half of this winding is active 
only for alternate power pulses. This means that the utility factor of the primary 
winding copper is only 50%. The unused part of the winding is,occupying space 
on the bobbin and increasing the primary leakage inductance. 

To prevent excessive voltage overshoot on the collectors of Q1 and 4 2  during 
the turn-off transient, very close coupling is required between the two halves of 
the primary winding. 

NO&: The flyback voltage clamping and energy recovery action are provided to 
the transistor being turned off by the diode at the opposite end of the primary 
winding. 

To minimize leakage inductance, the two halves of the primary would nor- 
mally be bifilar-wound. However, when the transformer is wound in this way, a 
large ac voltage appears between adjacent turns at the collector ends of the wind- 
ings. This introduces considerable undamped capacitance between the supply 
lines and the collector connections; also, adjacent transformer turns are sub- 
jected to high stress voltages, with the risk of breakdown between the windings. 

These limitations become particularly severe in off-line applications with their 
inherent high-voltage conditions. This is probably the major reason why the 
push-pull technique is more favored for low-voltage DC-to-DC converters. 

19.7 FLUX DOUBLING 

(See Part 3, Chap. 7.) Generally, greater utility would be expected from the trans- 
former core in push-pull applications, as both quadrants of the BIH characteristic 
should be available for flux excursion. Under steady-state, balanced conditions, 
this is indeed the case. (See.Fig. 2.19.3.) 

However, when such systems are first switched on, or during some transient 
conditions, it should be remembered that the flux density in the core may start at 
zero rather than at + l? or  -l?. Consequently, the available flux excursion 0 at 
the instant of turn-on will be only half that normally available under steady-state 

conditions. (This is the so-called "flux doubling" effect.) If core saturation at 
switch-on is to be avoided, then the drive and control circuitry must recognize 
these start conditions and prevent the application of wide drive pulses until the 
normal working conditions of the core are restored. (This is known as "volt- 
second clamping.") 

These procedures (soft start, slew rate control, and volt-second clamping) 
are more fully explained in Part 1, Chaps. 7, 8, and 9. The following example 
assumes that these techniques will be implemented so that full advantage can 
be taken of the larger flux density excursion available in the push-pull trans- 
former. 

19.8 PUSH-PULL TRA, ER DESIGN 
EXAMPLE 

19.8.1 Step 1, Establish Full Specification 

Assume that a transformer is required to meet the following specification for a 
200-W DC-to-DC converter: 

Input voltage, nominal 48 V DC; range 42-52 V DC 

Operating frequency 40 kHz 

Output voltage 5 v 
Output current 50 A e 

Operating temperature range 0-55•‹C 
Efficiency 75% 

19.8.2 Step 2, Select Core Size 

To demonstrate a different design approach, in this example the core size and 
flux density will be chosen to give a selected temperature rise and optimum effi- 
ciency . 

The maximum permitted temperature rise for the transformer is to be 40•‹C, 
giving a maximum surface temperature of 95•‹C at an ambient of 55•‹C and an 
approximate hot spot temperature of 105•‹C at maximum ambient temperature. 

From Fig. 2.19.5, for balanced push-pull operation and a throughput power of 
300 W at 40 kHz, a core type EE42142120, with a power throughput ranging from 
220 W to 700 W, should be suitable. [The actual power rating of the core.depends 
on the permitted temperature rise, duty ratio, winding design, wire types (plain or 
Litz wire), insulation requirements, and make-up of the windings-hence the 
wide range shown in Fig. 2.19.5.1 

Since this example is a low-voltage DC-to-DC converter, the input-to-output 
voltage stress and insulation requirements are not severe, and the creepage dis- 
tance allowance is only 2 mm. The transformer will be vacuum impregnated tc 
eliminate air voids, giving good thermal conduction properties. Hence a thermal 
resistance toward the lower value indicated in Table 2.19.1 will be assumed for 
the finished product. 
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FIG. 2.19.5 Core selector chart for balanced push-pull opera- 
tion, showing throughput power as a function of frequency, 
with core size as a parameter. (Courtesy of Muilard Ltd.) 

The range of transformer thermal resistance for the EE4U4U20 (from Table 
2.19.1) is 10 to 11.5"C/W. (The loss figures are not precise, as they depend on the 
materials used, methods of makeup, and finish.) In this example, a value of 
10.5"C/W will be' assumed. 

19.8.3 Step 3, Transformer Power Losses 

If the thermal resistance is 1O.S0C/W and the maximum permitted temperature 
rise is 40•‹C, the total internal dissipation of the transformer may be calculated: 

where P, = total internal transformer dissipation. W 
R ,  = thermal resistance, "CIW 
T, = temperature rise, "C 

For optimum efficiency, the core loss PC should be 44% of the total losses Pid (see 
Fig. 2.13.5); that is, 3.8 x 441100 = 1.67 W. The optimum flux density swing to 
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give this optimum core loss at 40 kHz can be established in several ways, two of 
which are shown in the next section. 

19.8.4 Step 4, Select Optimum Flux Density (Swing) 
4 From Fig. 2.13.4, the optimum peak flux may be obtained directly from the ma- 

terial loss if the weight of the total core. the working frequency, and the total watt 
loss per gram for the femte material are known. This is the most universal ap- 
proach. 

Note: The loss graphs normally assume balanced push-pull operation, so the 
peak loss shown for B applies to a flux density swing AB of twice the peak value 
shown. It is important to remember this when calculating losses for single-ended 
operation, where the loss-producing flux swing is less than half the l? peak-to- 
peak loss shown in the loss graph in Fig. 2.13.4. 

The total weight of a pair of 42/21/20 half cores (a 42/42/20 core) is 116 g. At a 
total core loss of 1.67 W, the watt loss per gram will be 1.67/116=14.4 mW/g. 
Entering Fig. 2.13.4 with this value at 40 kHz yields a peak flux density 8 of ap- I 

proximately 100 mT (a swing AB of 200 mT p-p). 
Figure 2.19.6 shows an alternative method for establishing the optimum flux 

level for the pair of 42/21/20 half cores. In this nomogram, the total flux @ is 
given. Entering this figure at Pc=1.67 W yields a result for push-pull peak- 
to-peak flux (top of figure) of @=50 pWb. 

Note: The area of the core A, is 240 mm2, and the peak-to-peak flux density AB 
may be calculated: 

AB=-=-= 50 208 mT (A very similar result.) 
A, 240 

The corresponding copper losses should be 56% of Pid or 2.13 W. It remains to be 
seen if it is possible to obtain a copper loss of this value (or less). 

19.8.5 Step 5, Calculate Secondary Turns 

In this example, only one secondary is required, and the number of secondary 
turns will be an integer; hence the design approach will be to calculate secondary 
turns first, rounding to the nearest whole number if required. 

The optimum turns per volt may be calculated as follows: 

ton 
NIV = - 

AB X A, 

where NIV = optimum turns per volt 
ton = maximum "on" time, KS 

AB = optimum flux density swing, T 
A, = area of core, mm2 

4 
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FIG. 2.19.6 Hysteresis and eddy-current losses for a pair of E4U21120 
cores as a function of peak flux $, with frequency as a parameter. (Courtesy 
of Mullard Ltd.) 

For this calculation, the value of the flux density swing AB is twice the peak 
value 8, because both quadrants of the BIH loop are used for push-pull operation. 

The maximum "on" time for each transistor is 50% of the period, or 12.5 ps at 
40 kHz. The area of the core is 240 mm2, and the optimum flux density swing is 
200 mT. Hence the turns per volt may be calculated as follows: 

NIV = 12S = 0.26 turnslv 
0.2 X 240 

Before the secondary turns can be calculated, it is necessary to obtain the sec- 
ondary voltage V,. The absolute value of the secondary voltage cannot be ob- 
tained until the design is complete and the secondary resistance has been calcu- 
lated, so some approximations must be made at this point. 

A typical efficiency for a low-voltage converter of this type would be 75%. and 
the losses at an output of 5 V, 50 A would be 83 W. If 75% of this loss is in the 
secondary circuits, then at 50 A output the effective voltage drop for rectifier di- 
odes, choke wiring, and transformer resistance would be 1.2 V (a typical overall 
value when Schottky diodes are used). 
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With high-current, low-voltage outputs, it is normal practice to provide remote 
voltage sensing, and this must accommodate external supply line voltage losses 
of up to 0.5 V total. Hence the maximum power supply terminal voltage could be 
as high as 5.5 V to maintain 5 V at the load end of the supply leads. 

Finally, because of the transformer and secondary leakage inductance, the ef- 
fective "on" period is not a full 50% of the period. The current b ilds up rather 
slowly in the secondary at  each half cycle, and a delay of up to 'i ps could be 
expected for full output current. As a result, the effective conduction period will 
be only 46% (92% after rectification because there are two power pulses), and the 
secondary voltage must be increased to allow for this effect. 

Hence in this example the secondary voltage will be approximately 

ton + ~ O I T  
(VOut + losses) x - = (5.5 + 1.2) x - = 

ton 
loo 7.3 v 
92 

The secondary turns will be 

V, X NIV = 7.3 x 0.26 = 1.9 turns 

The turns will be rounded up to 2 turns, and as a result the flux density will be 
slightly less than optimum. 

19.8.6 Step 6, Calculate Primary Turns 

The primary turns will be calculated for minimum input voltage with an allow- 
ance of 10% for switching transistor and primary resistance loss. This will ensure 
that the required output is obtained at minimum input voltage. (Although this de- 
sign approach means that the pulse width will be somewhat narrower and the 
peak secondary voltage higher, under normal input conditions the total flux ex- 
cursion will remain as calculated, because the secondary volt-seconds will be 
unchanged.) 

The minimum supply voltage V,, is 42 V. Allowing 10% margin, the effective 
primary voltage Vp will be 38 V. 

The turns per volt were modified by the rounding-up process to 217.3 = 0.274 
turnsN. 

Hence the primary turns Np will be . , 
"P Np = - 

NIV 
Therefore Np = 38 X 0.274 = 10.4 turns 

In this example the turns will be rounded to 1 1  turns, giving slightly less output 
voltage margin. 

The primary and secondary turns have now been established, and it remains to 
select suitable wire gauges for the primary and copper strip size for the secondary 
to remain within the copper loss design requirement of 2.13 W. 

19.8.7 Step 7, Select Wire Sizes andewinding Topology 

For high-current outputs of this nature, the secondary will normally be wound 
from a copper strip and the primary from multifilament parallel insulated magnet 
wire or litz vLre. 

u 
r - - r - - - - r r - - ! I - - -  
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To minimize leakage inductance and skin and proximity effects and to opti- 
mize the F, ratio (ACIDC resistance ratio), the correct gauge of wire and strip 
thickness must be used. 

The winding makeup (that is, the number of layers and how they are config- 
ured with respect to one another) is also important to ensure minimum leakage 
inductance and proximity effects. This is more fully covered in Part 3, App. 4.B. 

A split primary winding will be used as indicated in Fig. 3.4 .8~.  If desired, the 
design may be further checked and the temperature rise predicted from total cal- 
culated losses. 

More often, at this stage, the prototype transformer would be wound using the 
wire gauges and makeup recommended in Part 3, Chap. 4. The temperature rise 
will be measured in the working environment, where the final result depends 
upon many intangible factors, including ventilation, conduction, radiation, and 
the effect of neighboring components, as well as on the transformer design. 

19.9 PROBLEMS 

1. Why is the push-pull converter not favored for high-voltage applications? 
2. When proportional drive techniques are used with the push-pull converter, it 

is necessary to provide a minimum load. Why is this? 
3. Why is the ;push-pull converter particularly vulnerable to staircase saturation 

effects? 
4. What techniques are recommended to prevent staircase saturation in the push- 

pull converter? 4 



CHAPTER 20 
DC-TO-DC SWITCHING 

REGULATORS 

20.7 INTRODUCTION 

The following range of DC-to-DC converters, in which the input and output share 
a common return line, are often referred to as "three-terminal switching regula- 
tors." 

Functionally, switching regulators have much in common with three-terminal 
linear regulators, taking unregulated DC inputs and providing regulated DC out- 
puts. They will often replace linear regulators when higher efficiencies are re- 
quired. Switching regulators are characterized by the use of a choke rather than 
a transformer between the input and output lines. 

The switching regulator differs from its linear counterpart in that switching 
rather than linear techniques are used for regulation, resulting in higher efficien- 
cies and wider voltage ranges. Further, unlike the linear regulator, in which the 
output voltage must always be less than the supply. the switching regulator can 
provide outputs which are equal to, lower than, higher than, or of reversed po- 
larity to the input. 

The four building blocks described below form the basis of all DC-to-DC con- 
verters, since the introduction of a transformer does not change the basic transfer 
functions. Further, it can be shownI6 that the inverting and Cuk regulators are 
combinations of the basic buck and boost regulators. Hence all converters are 
derived from combinations of these two basic types and have performance char- 
acteristics that are linked to their root type. The four switching regulators of ma- 
jor interest to the power supply designer are as follows: 

~ y p e  I ,  B U ~ R  ~eguhtors .  See Fig. 2.20. la. In buck regulators, the output voltage will 
be of the same polarity but always lower than the input voltage. One supply line 
must be common to both input and output. This may be either the positive or 
negative line, depending on the regulator design. 

Type 2, Boost Regu&ors. See Fig. 2.20.2~. In boost regulator%, the output voltage 
will be of the same polarity but always higher than the input voltage. One supply 
line must be common to both input and output. This may be either the positive or 
negative line, depending on the design. - 

The boost regulatorhas a right-calf-plane zero in the transfer function. (See 
Part 3, Chap. 9.) 
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(a )  

FIG. 2.20.1 (a) Basic power circuit of a buck switching regulator. 
(b) Current waveforms for buck regulator circuit. 

Type 3, Inverting ~egulators. See Fig. 2.20.3. Derived from a combination of the buck 
and boost regulators, this type is otherwise known as a "buck-boost" regulator. 
In this type, the output voltage is of opposite polarity to the input, but its value 
may be higher, equal, or lower than that of the input. One supply line must be 
common to both input and output, and either polarity is possible by design. 

The inverting regulator carries the right-half-plane zero of the boost regulator 
through to its transfer function. 

Type 4, The Cuk Regulator. This is a relatively new class of boost-buck-derived reg- 
ulators, in which the output voltage will be reversed but may be equal, higher, or 
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FIG. 2.20.2 (a) Basic circuit of DC-to-DC "boost regulator." 
(6) Current waveforms for boost regulator. 

FIG. 2.20.3 Basic circuit of DC-to-DC "inverting regulator" (buck- 
boost). 
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lower than the input. Again one supply line must be common to both input and 
output, and either polarity may be provided by design. 

This regulator, being derived from a combination of the boost and buck 
regulators, also carries the right-half-plane zero through to its transfer func- 
tion. 

Although work by Middlebrook, Cuk, Bloom, Severns, and  other^^"^"^ has 
shown that these topologies are related, for the purpose of the following discus- 
sion, each type will be considered separately. This will provide a working feel 
for the performance of the basic types. The specialist will of course be familiar 
with the many variations and combinations of the basic types, covered more fully 
in the references. 

To ease the following explanation, the continuous conduction operating mode 
will be assumed. Hence the load currents are always above the critical value 
shown in Fig. 2.20.lb. 

20.2 OPERATING PRINCIPLES 

20i2.1 Type 1, Buck Regulators 

Figure 2.20.1a shows the general arrangement of the power stages of a typical 
buck regulator. 

Switching device Q1 will be turned on and off by a square-wave drive circuit 
with a controlled on-to-off ratio (duty ratio control). 

When Q1 is "on," the voltage at point A will rise to the supply voltage Vin. 
Vnder steady-state conditions, a forward voltage of Vin - Vo,, is new impressed 
across the series inductor L1, and the current in this inductor will increase lin- 
early during the period Q1 is "on." The current waveform is shown in Fig. 
2.20.lb. 

When Q1 turnsoff, the inductor will try to maintain the forward current con- 
stant, and the voltage at point A will fly negative (by normal flyback action) until 
diode Dl is brought into conduction. The current in L1 will now continue to cir- 
culate in the same direction as before around loop B and the load. However, 
since the voltage now impressed across L1 has reversed (being Vo,, plus a diode 
drop in the reverse direction), the current in L1 will now decrease linearly to its 
original value during the "off' period. 

To maintain steady-state conditions, the input volt-seconds applied to the 
inductor in the forward direction (when Q1 is "on") must be equal to the re- 
verse output volt-seconds applied (when Q1 is "off '). Hence, the output volt- 
age will be defined by the input voltage and the ratio of the "on" to "off" 
periods. 

By inspection, when Q1 is "on," the volt-seconds appled to L1 is 

(Vin - V o d  X ton 

When Q1 is "off," the diode is conducting, and the volt-seconds applied to L1 is 

vout x toff 

Hence, to meet the volt-seconds equality on L1 (neglecting losses), 

(vin - VouJ x ton = vout x to, 
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Therefore 

vo. = vin x (-) 
ton + to, 

where VOu, - ,~ItpUt voltage 
to, - . .o f f1  time, Q I  
vin - :~rput voltage 
ton - "on" time, Q1 

With the ratlz 
ton - 

ton + toff 

defined as 111; .WY ratio D, the preceding equation will simplify to 

Since D cant,,. 5e greater than unity, it will be clear from this equation that ac- 
counting for !,-*res, the output voltage must always be less than the applied input 
voltage in the x c k  regulator. 

Since the p. \b  2r loss in L1 and Dl will be very small, and since Q1 operates in 
either a low-;;..:\l saturated "on" or high-resistance "off' state, extremely eE-  
cient DC ,<::on is obtained. 

F~~~ the :.-.ceding equation, it will be seeft further that there are no output- 
~urrent-~elatc; :xtors in the transfer function; hence the output resistance of the 
buck regulate: .s extremely low. In the first order (neglecting losses), the duty 
ratio is not rc;.:d to change to provide more output current. However, this is 
true only wl,i-- :he load current does not fall below a critical minimum value, 
shown by the -:..rr waveform in Fig. 2.20.16. This critical minimum load current 
is defined by : '; value of the inductance L1. 

~ l t h ~ ~ ~ h  ,,cation below the critical minimum load current is permitted, 
some degrad:ir\l: of performance would be expected, because the duty ratio is 
then require~i ;: :hange in response to load variations. Further, the output resis- 
tance of the p-~;.r section in this low-current discontinuous-mode region is high, 
and the trans?: .f~nction has changed. If stable operation is to be maintained in 
this area, the :.\.-.~.ol circuit must be able to compensate for these transfer func- 
tion changes. 

This type oi x c k  regulator is often used to provide additional secondary reg- 
ulation in a n:.::,?le-output converter. When it is used in this way, it would be 
common pracrx-: :0 synchronize the switching regulator repetition rate to that of 
the converter :: :Aninate low-frequency intermodulation effects (beat frequency) 
in the output :-.'le. 

To enable .-.-:non drive and control circuitry to be used for the switching reg- 
ulators in a n~;.':.:i+output application, it is better that all the converter outputs 
share a comn?.\- -:turn line where possible. 

~t should br -..id that the input current to the buck regulator is discontinuous 
(pulsating), ao: :N filtering would normally be required. Since the buck regu- 
lator has an e:?.--.-ve negative input resistance (when the input voltage rises, the 
input current f:.. . . the designer should be careful to avoid instability caused by 
input filter res.r-~-:ce. It is important that-the supply impedance presented to QI 
is low, so tha: - r n  Q1 turns on and demands a large current, the input voltage 
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is maintained nearly constant. Normally a large low-ESR capacitor will be fitted 
as close as possible to the collector of Q1, and input inductors may require some 
resistive damping. 

20.2.2 Type 2, Boost Regulators 

Figure 2.20.2~ shows the general arrangement of the power sections of a boost 
regulator. The operation is as follows. 

When Q1 turns on, the supply voltage will be impressed across the series in- 
ductor L1. Under steady-state conditions, the current in L1 will increase linearly 
in the forward direction. Rectifier Dl will be reverse-biased and not conducting. 
At the same time (under steady-state conditions), current will be flowing from the 
output capacitor C1 into the load. Hence, C1 will be discharging. Figure 2.20.26 
shows the current waveforms. 

When Q1 turns off the current in L1 will continue to flow in the same direction 
and will take point A positive. When the voltage at point A exceeds the output 
voltage on capacitor C1, rectifier diode Dl will conduct, and the inductor current 
will be transferred to the output capacitor and load. Since the output voltage ex- 
ceeds the supply voltage, L1 will now be reverse-biased, and the current in L1 
will decay linearly back toward its original value during the "off' period of Q1. 

Unlike in the buck regulator, the current into the output capacitor C1 from 
rectifier diode Dl is always discontinuous, and a much larger output capacitor 
will be required if the output ripple voltage is to be as low as in the buck regula- 
tor. The ripple current in C1 is also much larger. 

To the boost regulator's advantage, the input current is now continuous (al- 
though there will be a ripple component depending on the value of the inductance 
Ll);  hence less input filtering is required, and the tendency for input filter insta- 
bility is eliminated. Q 

As with the buck regulator, for steady-state conditions, the forward and re- 
verse volt-seconds across L1 must equate. The output voltage v,,, is controlled 
by the duty ratio of the power switch and the supply voltage, as follows. 

By inspection (to meet the volt-seconds equality on Ll), 

Therefore 

But 

Hence 

It will be seen from this equation that the output voltage is not related to load current 
(neglecting losses), and the output resistance is very low. Again, this is true only 
when the load current is not below the critical value shown in Fig. 2.20.lb. At 
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loads lower than the critical value, the duty ratio must be reduced to maintain a 
constant output voltage. 

It should also be noted that in the boost regulator, a sudden increase in load 
current requires that the "?n" period be increased initially (to increase the cur- 
rent in L1 and to make up for voltage losses). However, increasing the "on" time 
reduces the "off' time, and the output voltage will initially fall (the reverse of 
what is required) until the current in L1 increases to the new load vel. This in. e troduces an extra 180" phase shift during the transient. This is the cause of the 
right-half-plane zero in the transfer function. (See Part 3,  Chap. 9.)  

The value of L1 is usually chosen to ensure that the critical current is below 
the minimum load requirement. Further, L1 must not saturate at maximum load 
and maximum "on" period. I 

20.2.3 Type 3, The Inverting-type Switching Regulator 

Figure 2.20.3a shows the power circuit of a typical inverting (buck-boost) regu- 
lator which operates as discussed below. 

When Q1 is "on," current will build up linearly in inductor L1 (loop A). Diode 
Dl is reverse-biased and blocks under steady-state conditions. When Q1 turns 
off, the current in L1 will continue in the same direction, taking point A negative 
(by normal flyback action). When the voltage at point A goes more negative than 
the output voltage, diode Dl  is brought into conduction, transferring the inductor 
current into the output capacitor C1 and load (loop B). 

During the "off' period, the voltage across L1 is reversed, and the current 
will decrease linearly toward its original value. The output voltage depends on 
the supply voltage and duty cycle (to,lt,,), and this is adjusted to maintain the 
required output. The current waveforms are the same as those for the boost reg- 
ulator. shown in Fig. 2.20.26. 

As previously, the forward and reverse volt-seconds on L1 must equate for 
steady-state conditions, and to meet this volt-seconds equality (neglecting polar- 
ity), 

Vin X ton = Vout X toff 

Therefore 

The ratio ton/to, is defined as the duty cycle d'. Hence 

Vout = Vin X d )  

Note that the output voltage is of reversed polarity but may be greater or less 
than Vin, depending on the duty cycle. 

In the inverting regulator, both input and output currents are discontinuous, 
and considerable filtering will be required on both input and output. 

20.2.4 Type 4, The Cuk Regulator 

Since its introduction in 1977 by slobidan C U ~ , ~  the "boost-buck" regulator' 
shown in Fig. 2.20.4a, which Cuk described as the "optimum topology con- 
verter," has attracted a great deal of interest. It was the first major new switching 
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L1  'A '  -- ' 8 '  L2 

LOAO 

(c) 

FIG. 2.20.4 (a) Basic circuit of Cuk (boost-buck) regulator. (b) Stgage 
phase. (c) Transfer phase. 

regulator topology to appear for some years. Subsequent analysis and duality cir- 
cuit modeling show that this circuit is the dual of the type 3 inverting (buck-boost) 
regulator. l6 

For the Cuk regulator, some of the major features of interest to the power sup- 
ply engineer are as follows: - - 

1. Both input and output currents are continuous; further, the input and output 
r i ~ ~ l e  currents and voltages may be suppressed to zero by correct coupling of - - 

~ i - a n d  L2. 
2. Although in the basic topology the polarity of the output voltage is reversed, 

the output voltage may have values which are equal to, higher than, or lower 
than those of the input voltage. In fact, the supply may range through the out- 
put voltage value, and the output can be maintained constant. 

3. By replacing diodes by active switching devices, it is possible to reverse the 
direction of energy transfer, a useful attribute for vehicle or machine control. 
(Although this bidirectional ability also applies to the previous regulator types, 
in the Cuk topology the transfer function is not changed by reversing the cur- 
rent flow.) 

4. As with other topologies, DC isolation of input and output (galvanic isolation) 
can be provided by introducing transformers without compromising the other 
major features. 
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5. A major advantage in some applications is that a failure of a diode or switching 
device will normally result in zero output (an advantage for c r 0 ~ b a r - t ~ ~ ~  
overvoltage protection requirements). 

20.2.5 Possible ProblemtAreas (fhk Regulators) 

The designer should be cautious of the following possible limitations of the Cuk 
regulator: 4 

1. Internal resonances can cause discontinuities in the transfer function or poor 
input ripple rejection at some frequencies. Check open-loop response to en- 
sure that this will not be a problem for the intended application. 

2. In coupled inductor and transformer isolated versions, output voltage reversal 
can occur during initial "switch-on" as a result of ifrush current coupling. 

3. As with any boost-derived topology, loop stability problems can occur as 
a result of the right-half-plane zero in the transfer function. (See Part 3, 
Chap. 9.) 

20.2.6 Operating Principle (Cuk Regulators) 

The operation cycle of the Cuk regulator is more complex than those of the pre- 
vious three types, and excellent papers on this topology have been published.9J0 
However. in keeping with the previous simple volt-seconds approach, the follow- 
ing explanation is offered. 

The operating principle is best understood by considering Fig. 2.20.4 under 
steady-state operation with the following initial conditions: 

Input and output voltages are equal but of opposite polarity. 
Q1 is operating with a 50% duty cycle (equal "on" and "off' times). 
The regulator is loaded at a current in excess of the critical value, so that L1 
and L2 are continuously conducting (continuous-mode operation). 
The two inductors are identical, so that Ll=L2. Current is flowing into L1 
from left to right (forward current direction) and into L2 from right to left 
(reverse current direction). 

Note: Because the output and input voltages are equal, although of 
reversed polarity, and losses are assumed to be zero, the mean input current 
must equal the mean output current. 

Let the voltage on C1 be Vin+Vou, (2xVin in this example); also, let C1 be 
very large, so that its voltage does not change significantly during a cycle. Fi- 
nally, let C1 terminal A be positive with respect to B. 

Consider first the circuit shown in Fig. 2.20.46 with the operating conditions 
as specified above. 

When Q1 turns on, point A will go to zero, and the current in inductor L1 will 
continue to flow into Q1 around loop 1. The voltage across L1 (V,,) will be the 
supply voltage acting in the forward direction (from left to right), and the current 
in L1 will be increasing linearly. 

Hence during the "on" period of Q2, the voltage applied to L2 (V,J, neglect- 
ing polarity, is 
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At the same time as the A terminal of C1 is taken to zero volts, the B terminal will 
be taken to -(2 x Vi,) (the initial starting voltage across Cl). Diode Dl will be 
reverse-biased and hence open-circuit. The current in L2 will continue to flow 
from right to left into C1 and Q1, around loop 2, under the forcing action of L2. 
Hence, C1 will be discharging toward zero. 

During this "on" period of Q1, the voltage applied to L2 (V,,), neglecting po- 
larity, is 

Vu = (2 X Vin) - (Vout) 

Since Vou, = Vin, 

Thus the volt-seconds applied to the output inductor are equal to the volt-seconds 
applied to the input inductor. Since the voltage is applied in the forward direction 
in one case and the reverse direction in the other, the output current in L2 will 
increase at the same rate but in the opposite direction as that in L1. 

It is interesting to note at this stage that if L1 and L2 were to be wound on the same 
core with the same number of turns and phased correctly, the ripple current compo- 
nents would exactly cancel to zero, and the effective input and output currents would 
be a steady DC. This can in fact be done, although it is not considered further here.30 

Consider Fig. 2.20.4~. When Q1 turns off, the forcing action of L2 will drive 
Dl into conduction (loop 4), taking the voltage at point B to zero (neglecting di- 
ode drops). At the same time, point A will have been taken to 2Vin (the voltage 
across the capacitor), so that the voltage across L1 will have reversed, with an 
effective value of Vin, but in the opposite direction to that in the "on" state; how- 
ever, under the forcing action of L1, the current in L1 will still continue in the 
forward direction, but will be decreasing. With Q1 "off," the currest path for L1 
will be from the supply into C1 and through Dl (loop 3). 

Hence the voltage applied to L1 during the "off' period (V,,) is \ 

Current is now flowing into terminal A of capacitor C1, replacing the previously 
removed charge. Since Dl is conducting, the voltage across L2 for the "off' pe- 
riod is simply V,,, (neglecting diode drops), and the voltage polarity is such that 
the current in L2 will be decreasing. 

Hence the voltage applied to L2 during the "off' period (VL2) is 

But 

The volt-seconds applied to L1 and L2 are the same during the "on" and "off' period. 
It has been shown that the magnitude of the voltages and volt-seconds applied 

to L1 and L2 for both "on" and "off' periods are the same, although the polar- 
ities are reversed. Also, the forward and reverse volt-seconds equate for both in- 
ductors. Hence, with equal "on" and "off' periods, the initial assumed condi- 
tions for steady-state operation are satisfied. 

In general, to satisfy the "on" and "off' volt-seconds equality in, say, L1 
(neglecting polarity), 
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But 

Hence 

Therefore 

But 

'on -=d '  
ton 

Hence 

VOut = Vin X d' 

Applying this approach to L2 yields the same result. Hence for a 50% duty cycle 
(where ton = to,), Vou, = Vi, but the polarity is reversed. 

20.3 CONTROL AND DRIVE CIRCUITS 

There are many suitable control and drive circuits in both discrete and integrated 
circuit form. Many of the single-ended control circuits used for the forward and 
flyback converters can be used for the Cuk regulator. 

Although many switching regulator control circuits use duty ratio control quite 
successfully, the more recent current-mode control techniques can be applied. 
These will yield advantages similar to those found in conventional transformer 
converters. 

Research and development work is still in progress on this interesting and use- 
ful range of regulators using transformers and chokes in integrated magnetic as- 
semblies. Full coverage of these techniques is beyond the scope of this book. For 
more information on this subject, the interested engineer should study papers by 
Slobodan Cuk, R. D. Middlebrook., Rudolf P. Severns., Gordon E. Bloom., and 
others, some of which are covered in References 9, 10, 16, and 20. 

20.4 INDUCTOR DESIGN FOR SWITCHING 
REGULATORS 

It will be clear from the preceding that the inductors (or chokes) play a critical 
part in the performance of the regulators. 

These inductors cany a large Eomponent of DC current, as well as sustaining 
a large high-frequency ac stress. The inductor must not saturate for any normal 
condition, and for good efficiency the winding and core losses must be small. 
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The choice of inductance is usually a compromise. Theoretically, the induc- 
tance can have any value. Large values are expensive and lossy, and give poor 
transient load response. However, they also have low ripple currents and give 
continuous conduction at light loads. Small values of inductance give high ripple 
currents, increasing switching losses and output ripple. Discontinuous conduc- 
tion will occur at light loads, which changes the transfer function and can lead to 
instability. However, the transient response is good, and efficiency is high, size 
small, and cost low. The choice is a compromise between minimum size and cost, 
and acceptable ripple current values, consistent with continuous-mode conduc- 
tion. 

Although there are no set rules, one arbitrary choice that is often applied is to 
choose an inductance such that the critical current (the current at which discon- 
tinuous conduction occurs) is below the minimum specified load current. (See 
Fig. 2.20. la,) However, if the minimum load current is zero, this cannot be done. 
Hence, although this criterion may be a useful guide, a well-designed regulator 
must work without instability well below the critical current value. 

It should be noted that although operation at currents below the critical value 
is permitted, the load and line regulation will be degraded. Also, with the ripple 
regulator circuit (Sec. 20.7), the frequency can be very low at light loads. 

A practical approach used by the author is to chose the inductance value to be 
as small as possible consistent with acceptable ripple current. Values of ripple 
current between 10% and 30% of ID, load (maximum) are used depending on the 
ripple and transient response requirements. Remember, the smaller the induc- 
tance, the lower the cost and the better the transient load response. 

20.5 INDUCTOR DESIGN EXAMPLE 
Q 

Calculate the inductance required for a 10-A, 5-V type 1 buck regulator operating 
at 40 kHz with ari input voltage from 10 to 30 V, when the ripple current is not to 
exceed 20% of I,, (2 A). 

Procedure: Maximum ripple current will occur when the input voltage is maxi- 
mum-that is, when the voltage applied across the inductor is maximum. 

1. Calculate the "on" time when the input is 30 V.  

where t, = total period (ton + r o d  

Hence 

2. Select the peak-to-peak ripple current. This is by choice 20% of ID,, or 2 A in 
this example. 

3. Calculate the voltage across the inductor V,. 
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4. Calculate the inductance. 

VL = - L X dlldt 

Therefore 

The critical load will be I,, = 1 A, or 10% in this example. 
The design of these inductors (chokes) is covered more fully in Part 3,  Chaps. 

1, 2, and 3. 

20.6 GENERAL PERFORMANCE PARAMETERS 

Where input-to-output galvanic isolation is not essential, switching regulators can 
provide extremely efficient voltage conversion and regulation. In multiple-output 
switchmode power supply applications, independent fully regulated secondary 
outputs can be provided by these regulators. The performance of the overall 
power unit can then be extremely good. 

The user should specify the range of load currents for which full performance 
is required. This range should be as small as is realistic (the lower the minimum 
current, the larger the inductor and the cost). In particular, full performance con- 
tinuous conduction at very light loads should not be demanded, since this may 
require a very large series inductor, which would be expensive and bulky and 
would introduce considerable power loss. 

20.7 THE RIPPLE REGULATOR 

A control technique which tends to be reserved for the buck-type switching reg- 
ulator is the so-called "ripple reguiator."" This is worthy of consideration here, 
as it provides excellent performance at very low cost. 

The "ripple regulator" is best understood by considering the circuit of the 
buck regulator shown in Fig. 2.20.5~. 

A high-gain comparator amplifier A1 compares a fraction of the output voltage 
V,,, with the reference V,; when the output fraction is higher than the reference, 
the series power switch Q1 will be turned off. A small hysteresis voltage (typi- 
cally 40 mV) is provided by positive feedback resistor R1, so that Q1 will stay 
"off' until the voltage has fallen by 40 mV, at which point Q1 will turn on again 
and the cycle will be repeated. 

By this action the output voltage is made to ramp up and down about its mean 
DC value between the upper and lower limits of the hysteresis range (Fig. 
2.20.5b). 

The time taken for the voltage to rampip to the higher limit is defined by the 
value of the inductor, output capacitor, and supply voltage. 

The time taken for the voltage to ramp down to the lower limit is defined by 
the output capacitor and load current. Since both periods are variable, the oper- 
ating frequency is variable. 
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+ V  out 

(b) 

FIG. 2.20.5 (a) Rippie-controlled switching buck regulator circuit 
(ripple regulator). (b) Output ripple voltage of ripple regulator. a 

The output ripple is always constant at the hysteresis value (40 mV in this ex- 
ample), irrespective of load. If the load is very small, the frequency can be very 
low. 

20.8 PROBLEMS 

1. The term "switching regulator" is used to describe a particular type of DC- 
to-DC converter. In what way do these converters differ from the more con- 
ventional transformer-coupled converters? 

2. What is the major advantage of the switching regulator over the more familiar 
three-terminal linear regulator? 

3. Explain the major transfer properties of the following regulators: buck regu- 
lators, boost regulators, inverting regulators, and the Cuk regulator. 

4. In what way does the Cuk regulator differ from the three previous types of 
regulators? 

5. Why is the boost regulator particularly prone to loop stability problems? 
6. Describe some of the limitations of the coupled inductor integrated magnetic 

Cuk regulator. 
7. Why is a minimum load necessary on a switching regulator? 
8. Why is the output choke in a buck regulator relatively large? 



CHAPTER 21 
HIGH-FREQUENCY 

SATURABLE REACTOR 
POWER REGULATOR 

(MAGNETIC DUTY 
RATIO CONTROL) 

21.1 INTRODUCTION 

The saturable reactor regulator, otherwise referred to as the saturable-core mag- 
netic regulator o r  magnetic pulse-width modulator, as  applied to high-frequency 
switchmode power supplies, is a relatively new development of the very well es- 
tablished line frequency magnetic amplifier power control technique. However, 
in high-frequency applications, the mode of operation is quite different. 

As a result of the recent advances in magnetic materials, particularly the low- 
loss square-loop field-annealed amorphous alloys, these techniques are now find- 
ing interesting reapplications in high-frequency switching regulators. 

The major attraction of this method of control is that large currents at low 
voltages can be efficiently regulated. The power loss in the saturable reactor is 
mainly limited to  a small resistive loss in the winding. The core loss can usually 
be neglected, a s  it is independent of the load current being controlled and is usu- 
ally small compared with the transmitted power. A further advantage is the in- 
herent high reliability of the saturable reactor and its ability to provide indepen- 
dent isolated secondary regulation in multiple-output applications. 

21.2 OPERA TlNG PRINCIPLES 

In simple terms, the saturable reactor is. used in high-frequency switchmode sup- 
plies as  a flux-saturation-controlled power switch, providing regulation by sec- 
ondary pulse-width control techniques. 

The method of operation is best explained by considering the conventional 
buck regul-'-r circuit shown in Fig. 2.21.1. This figure shows the output LC filter 
and rectif such a s  would be found on the secondary of a typical single-ended 

L 
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FIG. 2.21.1 . Typical secondary output rectitier and filter cir- 
cuit of a duty-cycle-controlled forward converter. 

forward converter). In this type of filter arrangement, the output voltage is re- 
lated to the transformer secondary voltage by the following equation: 

where V,,, = output voltage 
V ,  = transformer secondary peak voltage 
ton = "on" time, p s  (when voltage at point A is high and positive) 
to, = "off" time, FS (when voltage at point A is negative) 

The ratio to,l(ton + tOR) is often referred to as the duty rati0.D. It  can be seen 
from the above equation that adjusting the duty ratio or input voltage will control 
the output voltage. 

In many of the previous techniques, the width of the power S l s e s  on the pri- 
mary of the main transformer will be adjusted by the primary power switches to 
provide dynamic control of the output voltage. In some multiple-output buck- 
regulator converters, the input voltage to a square-wave converter (DC trans- 
former) will be controlled so as to provide a fixed output voltage. In some 
multiple-output applications, additional regulation will be required on auxiliary 
outputs, and linear regulators will often be used even though high dissipation will 
occur. 

Clearly, if some form of pulse-width control is used to provide the required 
regulation on the secondary outputs, it should be possible to obtain higher effi- 
ciency. Pulse-width control can be introduced at several positions in the second- 
ary loop. In Fig. 2.21.2, for example, a switch S1 has been introduced in the sec- 
ondary circuit at point A. 

This switch may be operated in synchronism with the applied power pulses to 
further reduce the pulse width applied to the output filter L1, C1. This reduction 

1 . I -- 
FIG. 2.21.2 Output filter, showing duty cycle (pulse width) seconf' 
control switch S1 in series with the rectifier diode Dl. 

- 1  1171- 1 - 
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in pulse width may be achieved by either switching off the power pulse early, 
thus removing the trailing edge of the power pulse, or switching on the power 
pulse late. thus removing the leading edge of the power pulse. In either case, the 
effective pulse width to the output filter will be reduced, and by applying dy- 
namic control to this switch'; output regulation can be obtained but at a lower 
output voltage. 

If the switch and other components are very low loss, then the ficiency of 
this method of power control will be high. To achieve this, the swit 1 h must be 
nearly perfect. That is, it needs near-zero "on"-state resistance, very high "off '- 
state resistance, and low switching losses. 

Clearly, the switch in Fig. 2.21.2 could be replaced with any device which pro- 
vides suitable switching action. Some examples would be power FETs, SCRs, 
triacs, or transistors (Bisyn). However, all these devices have relatively high 
losses at high output currents. In the following section, a low-loss magnetic 
switch will be considered. The magnetic switch is a magnetic reactor (choke) 
which will be considered "on" when saturated and "off' when not saturated. 

27.3 THE SATURABLE REACTOR POWER 
REGULATOR PRINCIPLE 

Consider what would be required from a magnetic reactor to make it behave like 
a good magnetic on-off switch. It must have a high effective inductive reactance 
in its "off' state (nonsaturated state), and low effective inductive reactance in its 
"on" state (saturated state). Also, it must be able to switch rapidly between 
these two states with low loss. These properties can be obtained from the satu- 
rable magnetic reactor, if the correct core material is used. 

Consider the BIH characteristic for a hypothetical, near ideal, square-loop 
magnetic material, as shown in Fig. 2.21.3. 

BS - S A T U R A T I O N  
F L U X D E N S I T Y T O B E  
A S  LARGE A S  P O S S I B L E  SOUARENESS R A T I O  

B r / E s  TO BE 
NEAR U N I T Y  

-H 

FOR LOU L O S S  
- B  

FIG. 2.21.3 BIH loop of an "ideal" saturable core for pulse-width mod- 
ulation. 

This near-square magnetization characteristic has the following properties: 

1. In the nonsaturated state (points S2 and S3), the characteristic is vertical, 
showing negligible change in H (current change) for the full excursion of AB 
(applied volt-seconds); that is, the permeability is very high. An inductor 
wound on such a core would have nearly infinite inductance. Hence, provided 
that the core is not allowed to saturat;, negligible current would pass. (The 
reactor would be in its "off' state and would make a good low-loss "off' 
switch.) 
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2. Now consider the core in a saturated state (at, say, point S1 on the character- 
istic). The BIH characteristic in this area is nearly horizontal, so that a negli- 
gible change in B will result in a large change in H; that is, the permeability is 
near zero, and the inductance is near zero. The impedance will be very close 
to the resistance of the winding, only a few milliohms. In this state the reactor 
presents very little impedance to the current flow. (It is now in its "on" state 
and makes an efficient "on" switch.) 

Since the area of the ideal BIH loop is negligible, very little energy is lost as the 
BIH loop is traversed. Consequently, this ideal core may be switched between 
the "on" and "off' states at high frequency, and the losses will be very small. 

It now remains to see how the core may be switched between these two states. 

27.4 THE SATURABLE REACTOR POWER 
REGULATOR APPLICA TION 

Consider a reactor wound on a core of ideal square-loop material and fitted in 
series with output rectifier diode Dl (position A in Fig. 2.21.1). This gives the 
circuit shown in Fig. 2.21.4. 

FIG. 2.21.4 Single-winding saturable reactor regulator with simple voltage- 
controlled reset transistor Q1. 

In the circuit shown in Fig. 2.21.4, assume that the core is unsaturated at a 
point S3 on the BIH characteristic shown in Fig. 2.21.5. When the start of the 
secondary winding of T2 goes positive, Dl will conduct, and a voltage will be 
impressed across the winding SR of the saturable reactor. The applied volt- 
seconds increases the flux density B from S3 toward positive saturation, as 
shown by the dashed line. Provided that the "on" period is short, the change in 
flux density AB is small, and the core will not saturate; B moves to, say, a point 
level with S2. Hence, only a small magnetization and core loss current will flow 
into the output. (The area of the BIH loop has been exaggerated for clarity.) 

If Q1 is conducting during the "off' state (secondary voltage of T l  reversed), 
then the core will be reset to point S3, and for the next power pulse, the same 
small BIH loop will be followed. Hence, the only current allowed through to the 
output load will be the magnetization and loss current of the reactor (which is 
very small compared with the load). 

If, on the other hand, the core was not reset after the first forward voltage 
pulse (Q1 turned off), then the core will have reset to a point on the H = 0 line 
level with.S2. Now the second forward voltage pulse will take the core from point 
S2 into saturation, along the dashed line to, say, point S1 on the BIH character- 
istic. The impedance of the reactor will now be very low, and a large current can 
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FIG. 2.21.5 Saturable reactor core magnetization curves, showing 
two reset examples S2 and S3. 

flow via Dl and L1 into the output capacitor and load during the remainder of this 
second pulse. 

If Q1 remains off, then at the end of the second pulse, when the current in the 
secondary of T i  and the saturable reactor falls to zero, the core will return to its 
remanence value (B, on the BIH characteristic). The rectifier diode Dl prevents 
any reversal of current in the reactor winding, and there will not be a reverse 
reset action. 

Hence, at the beginning of the third and subsequent "on" periods, only a very 
small increment in B (applied volt-seconds), from Br to B,, is required to saturate 
the core. Hence only a very short forward volt-seconds stress is required to take 
the core back into saturation at S1. With the ideal core material, the slope (per- 
meability) of the characteristic in the saturated area (point S1) will be near zero, 
and the inductance is negligible. 

Hence, after initial switch-on, only two forward polarization pulses were re- 
quired to make the saturable reactor look like a magnetic switch in its "on" state. 
All the time it remains in this state, it presents very little impedance to the flow of 
forward (output) current. It introduces only a slight winding resistance and gives 
a short delay to the leading edge of the applied pulse, as the core is incremented 
from Br to B, with each pulse. Hence, this ideal saturable reactor may be made to 
behave like a magnetic on-off switch by either resetting or not resetting the flux 
density level before the beginning of each "on" pulse. 

In practice, the core will normally be reset between pulses to some interme- 
diate point between S3 and Br on the BIH characteristic. Consequently, when the 
next forward voltage pulse is applied, therg will be a delay in the current flow 
while the core is taken from its nonsaturated point (say S2 on the characteristic) 
into a saturated state. At saturation the core switches to its low-impedance "on" 
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state, and the remainder of the power pulse will be allowed through to the output 
circuit. 

In this type of circuit, it is only possible to reduce the effective pulse width 
and hence reduce the output voltage. The forward current pulse is made narrower 
by presetting the flux density further down the BIH characteristic. By using Q1 to 
give a controlled reset during the "off' period (when the secondary voltage of T l  
is reversed), the output voltage can be controlled to some lower value. (The reset 
increases the delay applied-to leading edge of the power pulse, as shown in Fig. 
2.21.6.) 

APPLIED VOLTAGE 

SECONDARY CURRENT AT 
P O I N T  ' A '  ( N C  REACTOR! 

SECONDARY CURRENT AT 
P O I N T  ' A '  ( W I T H  REACTOR 
F I T T E D  AND RESET T O  52 or 5 3 )  

CURRENT 
- - - - -  t 

MAG. I 4 

CURRENT 

FIG. 2.21.6 Secondary current waveforms with saturable reactor fitted. 

For a given core size, the time taken to bring the core from, say, S3 on Fig. 
2.21.5 to saturation (the leading-edge delay) will be defined by the number of 
turns, the applied voltage, and the required flux density increment (the change in 
AB from the reset value to the saturated value), as defined by Faraday's law: 

where td = delay time, ps 
N = turns 
AB = preset flux density change S3 to B,, T 
A, = area of core, mm2 
V, = secondary voltage 

21.5 SATURABLE REACTOR QUALITY FACTORS 

The effectiveness of the saturable reactor as a power switch will be determined 
by several factors as follows: 
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Controlling Factors as an "Off" Switch. 

The magnetization current can be considered a leakage current in the "off' state of the 
switch. The reactor's quality as an "off' switch-that is, its maximum impedance- 
will be defined by its maximum inductance. This in turn depends on the permeability of 
the core in the unsaturated state and the number of turns. Increasing the number of 
turns will, of course, increase the inductance and reduce the magnetization current. 
However, large numbers of turns will increase the copper losses and m' 'mum turn-on 
delay, degrading the performance as an "on" switch. "Y 

Controlling Factors as an "On" Switch. 

The reactor's quality as an "on" switch will depend on the resistance of the winding, 
the residual inductance in the saturated state, and the minimum turn-on delay time. 

1. Minimum Resistance. A low resistance indicates a minimum number of turns and 
maximum wire gauge, which is in conflict with the requirement (above) for max- 
imum inductance. Hence, the actual choice of turns must be a compromise. 

2. Minimum Inductance. Some magnetic materials still exhibit considerable perme- 
ability in the "saturated" state. This limits the minimum inductance and maxi- 
mum let-through current. In the "on" state, the minimum reactance is required, 
and reducing the number of turns and using a very square loop core with low 
postsaturation permeability improves this parameter. 

3. Minimum Turn-On Delay. This is the inevitable delay on the leading edge of the 
current pulse, caused by the need to take the core from the residual flux level B, 
to the saturated level Bs when there is no reset (the "on" state). 

For  a defined core, number of turns, and operating voltage, the minimum turn- 
on delay time is controlled by the B,IBs ratio of the core material. During the 
"off '  period, provided that there is no reset current, the flux density in the core 
will return to  its residual value B,. When the next power pulse is applied, there is 
an inevitable delay in reactor conduction as the flux density increments from B, 
to B, at point S1 on Fig. 2.21.5. This minimum undesirable delay may be calcu- 
lated from the previous equation if B,,, and B, are known. 

Because of the delay, the maximum width of the current pulse let-through to 
the output filter will be narrower than the applied secondary voltage pulse, and 
some of the control range will be lost. It should be noticed from the previous 
equation that the delay time is proportional to the number of turns, while induc- 
tance is proportional to the number of turns squared. 

Although it is possible to reduce the turn-on delay by prebiasing the core into 
its saturated state with a control winding, generally it is not economic to use the 
control power in this way. 

Once again, the ideal solution is a very square loop material with a B,/B, ratio 
close to 1. 

4. PowerLoss. At a fixed frequency, the power loss depends on two factors, cop- 
per loss and core loss. 

First, the copper loss is controlled by the size of the wire and the number of 
turns, and this loss decreases as the core gets larger. Second, the core loss gets 
larger as the core size and control range get larger. Hence, as in normal trans- 
formers, the core size is a compromise choice. However, because of the high cost 
of the core material, the smallest practical core size is often selected, even if this 
does not give the smallest overall power loss. (The copper loss will be large.) 
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21.6 SELECTING SUITABLE CORE MATERIALS 

The ideal core material would match the ideal BIH characteristic shown in Fig. 
2.21.3 as closely as  possible. That is, it would exhibit high permeability in the 
nonsaturated state (values from 10,000 to 200,000 are possible), and the saturated 
permeability and hysteresis losses would be very low. 

TO minimize the turn-on delay, the squareness ratio BlB, should be as  high as  
possible (values between 0.85 and 0.95 are realizable). The hysteresis and eddy- 
current losses should be small to minimize core loss and allow high-frequency 
operation-remember, in this application, the flux density swing is large. Square- 
loop materials are now available which have usable square-loop magnetic param- 
eters and acceptable losses up to 100 kHz. Unfortunately, most manufacturers d o  
not quote the saturated permeability of their cores at this time, and no standards 
are available; hence some research in this area is necessary. 

For low-frequency operation, up to, say, 30 kHz, suitable materials will be 
found in the grain-oriented, cold-rolled, field-annealed Permalloys and Mumetals. 
These materials are nickel-iron alloys available in tape-wound toroidal form for 
maximum permeability and best squareness ratios. Magnetic field annealing will 
improve the squareness ratio. 

For higher-frequency applications, up to, say, 75 kHz, some of the more re- 
cent amorphous nickel-cobalt alloys are more suitable. At the time of writing, ef- 
ficient operation much above 50 kHz is not possible with these materials because 
of their excessive core loss and modified pulse magnetization characteristics. 
However, rapid improvements are being made. 

For higher frequencies, square-loop ferrite materials are more suitable. 
Some of the core materials found most suitable for this application are listed in 

Table 2.21.1. 
6% 

21.7 CONTROLLING THE SATURABLE - ..- 

REACTOR 

As explained in Sec. 21.2, to control the saturable reactor in switching regulator 
applications, it is necessary to reset the core during the "off' period to a defined 
position on the BIH characteristic prior to the next forward power pulse. 

The reset (volt-seconds), may be applied by a separate control winding 
(transductor or magnetic amplifier operation; see Fig. 2.21.7) or by using the 
same primary power winding and applying a reset voltage in the opposite direc- 
tion to the previous power pulse during the "off' period (saturable reactor oper- 
ation; see Fig. 2.21.5). Although the circuits for these modes of operation are 
quite different, as far as the core is concerned the action is identical. . 

In Fig. 2.21.7, the reset is provided during the "off' period of D1-that is, 
when the drive winding has gone negative-by the reset transistor Q1, which ap- 
plies a voltage to a separate reset winding via D2. The reset current flows from 
the positive output, through Q1, the SR reset winding, and D2, to the transformer 
secondary. (This secondary is negative during the reset period.) 

The reset magnetizing ampere-turns will be equsl and opposite to the previous 
forward magnetizing ampere-turns. (This magnetizing current is shown on the 
leading edge cf the waveform in Fig. 2.21.6 and is considered leakage current as  
far as the perfect magnetic switch is concerned.) The advantage of having a sep- 
arate reset winding is that the reset current can be reduced by increasing the 
turns. However, remember: forward and reverse volt-secondslturn must be 
equal. More reset turns require more reset volts or more reset time. 
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FIG. 2.21.7 Two-winding saturable reactor regulator (transductor type) ap- 
plied to buck regulator output circuit. 

The saturable reactor control circuit shown in Fig. 2.21.4 operates as follows. 
As the output voltage tries to exceed the Zener diode ZD1 voltage, Q1 will turn 

on, increasing the reset of the core. The core is reset to a position on the BIH 
curve that provides the correct delay on the leading edge of the next power pulse 
to maintain the output voltage constant. 

Since the pulse width can only be reduced, the required output voltage must 
be obtained at a pulse width which is narrower than the normal secondary for- 
ward "on" period. 

In Fig. 2.21.4, the reset voltage is applied directly to the main winding of the satu- 
rable reactor. A major advantage of this arrangement is that the reset current from Q1 
automatically provides the preloading of the output necessary to exactly reabsorb the 
reactor "leakage" current component from the previous forward "on" period. 

In this example, reset current flows via Q1 and diode D2 into the main winding 
whkn the transformer secondary voltage is negative. Diode Dl is reverse-biased 
(turned off) during this reset action. 

The current waveforms at point A with and without the saturable reactors are 
shown in Fig. 2.21.6. The excursions on the BIH loop for two different pulse- 
width conditions are shown in Fig. 2.21.5. 

It is important to notice at this point that the current taken during the resetting 
of the core is given by the value of the negative magnetization force -H required 
to take the core from B, to a point, say, S3 on the BIH characteristic. For a par- 
ticular reactor at a fixed input voltage, this current is entirely controlled by the 
core parameters, not the control circuit or load. The previous forward current 
(and hence the load power) does not affect the value of the reset current, as the 
core always returns to the same remanence value B, when the forward current 
has fallen to zero. (When the current is zero, H must be zero.) 

Hence, irrespective of the forward current or the position on the BIH loop at 
which the core was saturated during forward conduction (i.e., HI, H2, H3, etc.), 
the reset current remains the same during the following reset period. Conse- 
quently, very large powers can be controlled with small reset currents, giv,ing 
high efficiency control. Remember, after the core has saturated, the inductance is 
near zero, and no further energy is being stored in the core as the output current 
increases. (In other words the incremental YZLI' tends to zero as L tends to zero 
in the saturated state.) 

21.8 CURRENT LIMITING THE SATURAEL E 
REACTOR REGULATOR 

Figure 2.21.8 shows a simple current-limiting circuit which operates as follows. 
When the output current is such that the voltage across RI exceeds 0.6 V m- 
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SR ' A '  01 - - ---  L 1 R 1  + 
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FIG. 2.21.8 Saturable reactor buck regulator with current-limiting circuit R1 
and 42. 

sistor 4 2  will conduct and provide a reset current via D2 when the secondary 
voltage goes negative, thus limiting the maximum current. When this type of cur- 
rent limiting is provided, the saturable reactor must be designed to withstand the 
maximum forward volt-seconds without saturating (after being fully reset on the 
previous half cycle). Remember, this applies even when the output voltage is 
zero (e.g., when a short circuit is applied to the output). If the voltage drop in the 
reset circuit exceeds the forward drop in Dl ,  L1, it may be necessary to tap the 
reset diode into the SR winding to ensure a full reset when the output is short- 
circuited. 

For high-current applications, the loss in the current-sensing resistor R1 may 
be unacceptable; in this case, a current transformer should be used in series with 
Dl. The DC current transformer shown in Part 3, Sec. 14.9 is particularly suitable 
in th'is application, and would be placed in the DC path, in series with L1. 

21.9 PUSH-PULL SATURABLE REACTOR 
SECONDARY POWER CONTROL CIRCUIT 

The discussion so far has been limited to single-ended systems. In such systems, 
the same time (volt-seconds) is required to reset the core during the "off" period 
as was applied to the core to set it during the "on" period. Therefore, if control 
is to be maintained under short-circuit conditions, the duty ratio cannot exceed 
50% unless a high-voltage reset circuit is provided or a reset tapping point is pro- 
vided on the SR winding. 

In the push-pull system shown in Fig. 2.21.9, two saturable reactors are used 
to provide two forward power pulses per cycle. These current pulses are routed 
via diodes Dl and D2 into the output LC filter. Consequently, even for full 
square-wave input (100% duty ratio), separate alternate saturable reactor paths 
are in operation for each half cycle, and there is a 50% "off' period for the reset 
of each reactor providing the required reset volt-seconds. 

A single control transistor Q 1  may be used to reset both reactors, as the 
reset current will be automatically routed to the correct reactor by the gating 
action of diodes D3 and D4 (one diode or the other being reverse-biased dur- 
ing the reset). 

Current limiting is provided by Q2, which turns on when the voltage across RI 
exceeds 0.6 V as a result of an overload current. Once again, current transform- 
ers may be used if preferred, but would be positioned in series with Dl or D2 (or 
in the DC path to L1 in the case of the DC current transformer). 

The push-pull technique is recommended for higher output currents, as it will 
considerably reduce the output ripple filtering requirements. 

Voltage Control 
- -.-.-J Reset Current 

Reset Current 

FIG. 2.21.9 Push-pull saturable reactor secondary regulator circuit. 

21.10 SOME ADVANTAGES OF THE 
SATURABLE REACTOR REGULATOR 

For low-voltage, high-current secondary outputs, the saturable reactgr control is 
particularly valuable. The "onv-state impedance may be very close to the resis- 
tance of the copper winding (a few milliohms in high-current applications). Con- 
sequently, the voltage drop across the reactor element will be very low in the 
"on" state. In the ."off' state, with the right core material, the inductance and 
hence the reactance can be very high, and leakage current (magnetization cur- 
rent) is low. Consequently, very efficient duty ratio power control is possible. 
The reliability of the saturable reactor is very high, as it may be considered a 
passive component. 

In a multiple-output application, the secondary saturable reactor regulator 
provides high-efficiency, fully independent voltage and current limit control. Fur- 
ther, all outputs may be isolated if required. The saturable reactor is indeed a 
powerful control tool. 

21.11 SOME LIMITING FACTORS IN 
SATURABLE REACTOR REGULATORS 

The saturable reactor is not a perfect switch. Several obvious limitations, such as 
maximum and minimum "off' and "on" reactance, have already been men- 
tioned. Some of the less obvious but important limitations will now be consid- 
ered. 

I .  Paras& Reset. When the voltage applied to the reactor reverses during the re- 
set period, the main rectifier diode Dl must block (turn off). During this blocking 
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period, there will be a reverse recovery current flowing in the diode. This reverse 
current flows in the reactor winding and applies an unwanted reset action to the 
core; hence, the core is reset to a point beyond the normal remanence value B, 
(even when reset is not required). 

As a result of this spurious reset action, the minimum tun-on delay is in- 
creased, reducing the range of control. Therefore, fast diodes with low recovered 
charge should be chosen for Dl and D2. t 

2. Postsaturation Permeability. The permeability in the saturated state is never zero. 
At best it will be at least that of an air-cored coil. 

At very large currents, the saturated inductance of the core may limit the cur- 
rent let-through to such an extent that full output cannot be obtained. If this is a 
problem, then a larger core with fewer turns should be used. Remember, L is 
proportional to NZ, but B is proportional to NIA, and a net reduction in the sat- 
urated inductance is obtained at the same working flux density by using a larger 
core with fewer turns. Fenite cores, with their larger postsaturation permeabil- 
ity, are more prone to this problem. 

21.12 THE CASE FOR CONSTANT-VOLTAGE OR 
CONSTANT-CURRENT RESET (HIGH-FREQUENCY 
INSTABIL 1 N CONSIDERA TIONSl 

At high frequencies the area of the BIH loop increases, giving an increased core 
loss and a general degradation of the desirable magnetic properties. 

In particular, some materials show a modification of the BIH loop to a pro- 
nounced S-shaped characteristic. This S shape can lead to instability if constant- 
current resetting is used in the control circuit. This effect is best understood by 
considering Fig. 2.21.10. 

If constant-current reset is used, then the magnetizing force H is the con- 
trolled parameter. As H is being incremented from zero to H2 during reset, an 
indeterminate range is entered between HI and H2, in which +B will "flip" to 
-B  because of the negative slope of the BIH characteristic between H2 and HI,  
and progressive control is lost. 

In practice, a very large compliance voltage from the constant reset circuit 
would be required to change B from +BI to -B2 rapidly. Therefore, some mea- 
sure of control is normally retained even with constant-current reset, since most 
real constant-current circuits have a limited compliance voltage and the control 
circuit reverts to a voltage-limited state during this part of the reset. However, 
this may not be a well-defined action. 

For this reason, better stability will be obtained if controlled volt-seconds 
reset is used rather than constant-current reset (particularly at light loads). 
Voltage reset will increment the flux density B rather than the magnetization 
force H. This is more controllable in the negative-slope region shown in Fig. 
2.21.10. 

For voltage reset, a fast-slew-rate, low-output-impedance voltage-controlled 
amplifier is preferred. The decoupling capacitor shown in Fig. 2.21.8 converts the 
current control of Q1 to virtual voltage control at high frequencies, but degrades 
the transient response and is a compromise solution only. 
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FIG. 2.21.10 High-frequency pulse magnetization BIH loop, showing S- 
shaped BIH characteristic. 

u 

21.13 SATURABLE REACTOR DESIGN 

The most difficult design decision is the selection of core material and core size. 
As previously discussed, this depends on the application, frequency, and re- 
quired performance. However, once the core selection has been made, the rest of 
the design procedure is relatively straightforward. 

21.13.1 Core Material 

The choice of core material is normally a compromise between cost and perfor- 
mance. At low frequencies, there are many suitable materials, and the controlling 
factors will be squareness ratio, saturation flux density, cost, and core losses. 
Also, at low frequencies, core losses are less important, giving a wider selection. 
At medium frequencies, up to, say, 35 kHz, the core loss starts to be the pre- 
dominant factor, and Permalloys, square ferrites, or amorphous materials will be 
chosen. At high frequencies, above 50 kHz, the core loss tends to .become exces- 
sive, and the parameters of the cores rapidly degrade. Ferrite materials are prob- 
ably the best choice. (The author's experience is limited to frequencies below 50 
kHz at this time.) 

For very high frequency operation, more than 75 kHz, better results may be 
found using sine-wave converters and true magnetic amplifier techniques. Sine- 
wave operation extends the useful frequency range of the material. (Many nF the 
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/core losses are proportional to rates of change of induction rather than to fre- 
quency per se.) 

21.13.2 Core Size 

The practical requirements of the power circuit usually determine the core size. 
In low-voltage, high-current applications, the reactor winding mayqbe three or 
four turns of large-gauge wire, and the practical difficulties of winding this wire 
on the core will determine the core size. In many cases the winding will be a con- 
tinuation of the transformer secondary, and the same wire will be used. To min- 
imize the turns on the saturable reactor, a large flux density excursion, typically 
300 to 500 mT, will normally be used; hence the core loss will be relatively large 
compared with the copper loss for high-frequency operation. 

A typical example of the single-ended forward saturable reactor regulator will 
be used to demonstrate one design procedure. 

21.14 DESIGN EXAMPLE 

Consider a requirement for a 5-V, 20-A saturable reactor to operate at 35 kHz in 
the single-ended forward converter shown in Fig. 2.21.4. 

21.14.1 Step 1, Select Core Material 

From Table 2.21.1, suitable materials would be Permalloy, square ferrite, or 
Vitrovac 6025. In this example, assume that cost is less important than perfor- 
mance, so that the best overall material, Vitrovac 6025 amorphous material, will 
be used. 

21.14.2 Step 2, Calculate the Minimum Secondary Voltage Required from 
the Converter Transformer 

The maximum "on'' time is 50% of the total period, or 14.3 ~s at 35 kHz. When 
the SR is fitted, there will be an unavoidable minimum delay on the leading edge 
of the "on" pulse, as a result of the time required to take the core from B, to B,,, , 
even when the reset current is zero. Previous experience with the 6025 material 
using fast diodes indicates that this delay will typically be 1.3 ~ s .  (The actual 
value can be calculated when the turns, core size, and secondary voltage have 
been established.) Therefore, the usable "on" period will be approximately 13 
ps. The minimum secondary voltage required from the converter transformer, to 
develop the required output voltage can now be calculated: 

21.14.3 Step 3, Select Core Size and Turns 

In this example, it will be assumed that the transformer secondary has been 
brought out as a flying lead, and that this wire is to be wound on to the saturable 
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reactor core to form the winding. The core size is to be such that the winding will 
just fill the center hole. Further, it will be assumed that the wire size on the trans- 
former secondary was selected for a current density of 310 A/cm2 and that 10 
wires of 19 AWG were used. Assuming a packing factor of 8O%, the area required 
for each turn will be 19.5 mm2. 

The next step is an iterative process to find the optimum core size. The larger 
the core size, the smaller the number of turns required, but the larger the center 
hole size. 

Consider a standard Series 2 toroid, size 25-15-10. From the manufacturer's 
data, this toroid has a core area of 50 mm2 and a center hole area of 176.6 mm2. 
The turns required on this core (if the flux density change is to be 500 mT and the 
core is to control to full pulse width) may be calculated as follows: 

where V, = secondary voltage 
to, = time that forward voltage is applied, ps 
LU = flux density change, T 
A, = core area, rnm2 

The area required for six turns of 10 x 19 AWG at 80% packing density is 117 
mm2, and this will just fit the core center hole size. 

At higher input voltages, the flux density excursion will be larger, but as the 
core can support a total change of 1.8 T ( + 4 to - d), there is an adequate flux 
density margin. 

21-14-4 Step 4. Calculate Temperature Rise 
4 

The temperature rise depends on the core and winding losses and the effective 
surface area of the wound core. The core loss of Vitrovac 6025 at 35 kHz and 500 
mT is approximately 150 Wlkg. The weight of the 25 x 15 X 10 core is 17 g, so 
the core loss is 2.5 W. The copper loss is more difficult to predict, as an allow- 
ance must be made for the increase in effective resistance of the wire as a result 
of skin effect. With a multiple-filament winding of this type, the F, ratio (ratio of 
DC resistance to effective ac resistance) is approximately 1.2, giving a winding 
resistance of 0.0012 Cl and a copper loss (Z2R loss) of 0.48 W. Hence, the total 
loss is approximately 3 W. The surface area of the wound core is approximately 
40 cm2, and from Fig. 3.1.9, the temperature rise will be 55•‹C. Since much of the 
heat will be conducted away by the thick connection leads, the actual rise will 
normally be less than this. 

21.15 PROBLEMS 

1. Explain the basic principle of the saturable reactor regulator. 
2. What are the desirable core properties for saturable reactors? 
3. How does the saturable reactor delay the transmission of the leading edge of a 

secondary current pulse? 
4. How is the saturation delay period adjusted? 
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5. Why is the saturable reactor particularly suitable for controlling high-current 

outputs? 
6. Why is constant-voltage reset preferred to constant-current reset in high- 

frequency saturable reactp regulators? 
7. Why are fast secondary rectifier diodes recommended for saturable reactor 

regulators? 
4 

CHAPTER 22 
CONSTANT-CURRENT 

POWER SUPPLIES 

22.1 INTRODUCTION 

Most engineeh will be very familiar with the general performance parameters of 
constant-voltage power supplies. They will recognize that these power supplies 
have a limited power capability, normally with fixed output voltages and some 
form of current- or power-limited protection. For example, a 10-V 10-A power 
supply would be expected to deliver from zero to 10 A at a constant output volt- 
age of 10 V. Should the load current try to exceed 10 A, the supply would be 
expected to limit the current, with either a constant or a foldback characteristic. 
The well-known output characteristics of one such supply are shown in Fig. 
2.22.1. a 

22.2 CONSTANT-VOLTAGE SUPPLIES 

From Fig. 2.22.1, the output characteristics of the constant-voltage supply will be 
recognized. The normal working range for the constant-voltage supply will be for 
load resistances from infinity (open circuit) to 1 R. In this range, the load current 
is 10 A or less. The voltage is maintained constant at 10 V in this "working 
range." 

At load resistances of less than 1 R, the current-limited area of operation will 
be entered. In a constant-voltage supply, this is recognized as an overload con- 
dition. The output voltage will be decreasing toward zero as the load resistance 
moves toward zero (a short circuit). The output current is limited to some safe 
maximum value, but since this is normally considered a nonworking area, the 
characteristics of the current limit are not very closely specified. 

22.3 CONSTANT-CURRENT SUPPLIES 

The constant-current supply is not so well known, and therefore the concept can 
be a little more difficult to grasp. In the constant-current supply, the previous 
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FIG. 2.22.1 Output characteristics of a constant-voltage 
power supply, showing constant-current and reentrant- 
current protection locus. 

constant-voltage characteristics are reversed. Figure 2.22.2 shows the output 
characteristics of a typical constant-current supply. 

It should be noted that the controlled parameter (vertical scale) is now the out- 
put current, and the dependent variable is the compliance voltage. The normal 
"working range" is now from zero ohms (short circuit) to 1 R, and in this load 
range the output current is maintained constant. 

At load resistances in excess of 1 R, a compliance-voltage-limited protection 
area is entered. For the constant-current supply, this voltage-limited area would 
be considered an overvoltage condition. Since this is normally a nonworking pro- 
tection area, the output voltage may not be well specified in this area. 

< I n  LOAD L I N E  
FOR 1 n 

NORMAL UORKING 
RANGE LOADS <I n 

ADJUSTABLE 
CURRENT 
RANGE ! VOLTAGE L I M I T E D  

PROTECTION RANGE 
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COMPLIANCE 10V \ 
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L I M I T  LOCUS 

FIG. 2.22.2 Output characteristics of a constant-current power supply, show- 
ing constant-voltage compliance limits. 
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22.4 COMPLIANCE VOLTAGE 

The terms used to describe the operation of a constant-current supply are some- 
what less familiar than those used for the constant-voltage supply. For a variable 
constant-current unit, the output current may be adjusted, normally from near 
zero to some maximum value (simply described as the constant-current range). 

To maintain the load current constant, the output terminal voltage must 
change in response to load resistance changes. The terminal voltage range over 
which the output current will be maintained constant is called the "compliance 
voltage." This compliance voltage usually has a defined maximum value. 

In the example shown in Fig. 2.22.2, the compliance voltage is 10 V, and a 
constant current of 10 A will be maintained into a load resistance ranging from 
zero to 1 R. 

Constant-current supplies have limited applications. They will be used where 
currents must be maintained constant over a limited range of variations of the 
load resistance. Typical examples would be deflection and focusing coils for elec- 
tron microscopes and gas spectrometry. 

Figure 2.22.3 shows the basic circuit for a constant-current linear supply. In 
this example, a voltage-controlled current source is shown. This is an important 
concept, not previously introduced. Just as constant-current supplies can be con- 
figured from voltage-controlled current sources, so can constant-voltage supplies 
be configured from current-controlled voltage sources. This concept has impor- 
tant implications for current sharing, when constant-voltage supplies are to be 
operated in parallel. 

CONSTANT 
CURRENT 

FIG. 2.22.3 Example of a constant-current linear supply 
(basic circuit). 

In this example, the load current returns to the supply via the low-value series 
resistor R,. The current analogue voltage developed across this resistor is com- 
pared with the internal reference voltage by amplifier A l ,  and the series regulator 
transistor Q1 is adjusted to maintain the voltage across R, constant. Thus the cur- 
rent in R, will be maintained constant, and provided that the amplifier input cur- 
rent is negligible, the load current will also be maintained constant, irrespective 
of load resistance, within the "compliance voltage range." 

It should be noted from Fig. 2.22.3 that as the load resistance increases, the 
voltage across the output terminals V, increases to approach the supply voltage 
Vh. When V ,  = Vh, Q1 will have been fully saturated and has no further control. 
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Beyond this point, the current must start to fall, and the output voltage will be 
defined by the characteristics of the header supply V,, which is not regulated and 
hence is not well specified in this example. 

Although it is possible to reconfigure a constant-voltage supply to give 
constant-current performance, this is not recommended. To provide maximum 
efficiency and high performance, the constant-current supply will have a very 
low reference voltage (typically less than 100 mV), the internal current shunt 
must be  highly stable, and internal current paths must'be well def ind.  

22.5 PROBLEMS 

1. How d o  the general performance parameters of a constant-current power sup- 
ply differ from those of a constant-voltage power supply? 

2. What is the meaning of the term "compliance voltage" in a constant-current 
supply? 

3. What would be considered an overload condition for a constant-current sup- 
ply? Compare this with a constant-voltage supply. 

4. Why is the output ripple and noise voltage a meaningless parameter for a 
constant-current supply? 

5. How should output ripple and noise be defined in a constant-current supply? 

CHAPTER 23 
VARIABLE LINEAR 
POWER SUPPLIES 

23.7 INTRODUCTlON 

The variable linear power supply, although perhaps somewhat out of place in a 
switching power supply book, has been included here for several reasons. 

First of all, when very low output noise is required, the linear regulator is still 
the best technique available. Also, the "cascaded" linear system described here 
is a very useful and somewhat neglected technique. Finally, the high dissipation 
and low efficiency of the dissipative linear regulator serve to illustrate the advan- 
tages of the switchmode variable supply, described in the next chapter. 

In this section, we review the basic concepts of a linear variable supply for 
laboratory applications. The same general principles will apply to fixed-voltage 
linear regulators, except that for the latter the losses would norfially be much 
lower. 

To  its advantage, the linear regulator has inherently low noise levels, usually 
measured in microvolts rather than the more familiar millivolts of switchmode 
systems. For applications in which the minimum electrical noise levels are essen- 
tial (for example, sensitive communications equipment and research and devel- 
opment activities), the advantage of the very low noise levels of the dissipative 
linear regulator often outweighs the wish for maximum efficiency. 

The transient response of a well-designed linear system may be of the order of 
20 p,s for full recovery, rather than the 500 ps for the typical switchmode regu- 
lator. 

The major disadvantage of the linear regulator is that it must dissipate as heat 
the power difference between the used output power (volt-amperes) and the in- 
ternally generated volt-amperes. This dissipation can be very large. It is a t  a max- 
imum at high output currents and low output voltages. 

In the example to be considered here (a 60-V, 2-A variable supply), the un- 
regulated header voltage will be 65 V minimum. When the variable output voltage 
is set to zero at  2 A load (an output short circuit), a normal series regulator dis- 
sipation would be I30 W minimum. If this energy is all concentrated in series lin- 
ear regulator transistors, then expensive heat sinks and transistors will be re- 
quired: 

The following section describes a method of secondary preregulation which 
allows the majority of the unwanted energy to be dissipated in passive resistors 
rather than in the series regulator transistors. Dissipating the energy in resistors 
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has major advantages. It should be remembered that good-quality wirewound re. 
sistors are much more efficient a t  dissipating the unwanted energy, since they 
may run at  much higher surface temperatures than semiconductor devices can. 
Hence smaller air flow can efficiently carry away the excess heat. Resistors are 
also much lower in cost thaq extra regulation transistors. The dissipative resis- 
tors may be positioned external to the main power supply case, allowing much 
smaller units to  be built without an excessive internal temperature rise. Finally, 
less expensive linear regulator transistors and smaller heat sinks mag be used. 

23.2 BASIC OPERATION (POWER SECTION) 

Figure 2.23.1 shows the basic block diagram of the power section of the linear 
supply. R1 and 4 2  form a preregulator to the main linear regulator transistor Q1. 

VH=+70V R 1  01 +V OUT = 0-6OV - - - .  
Sc 

' 2 AMPS 
1 )  MAX 

CONTROL CCT 
INPUT - LOAO 

FIG. 2.23.1 Power circuit topology of a basic "piggyback" type linear variable-voltage 
power supply. 

The unregulated DC header voltage VH is developed from the line input, using 
a standard 60-Hz isolation and voltage transformer T1 and bridge rectifier Dl. In 
this example, the supply is required to provide an output of 60 V at 2 A maxi- 
mum, and to provide a margin for regulation and loss, the header voltage is 65 V 
minimum. 

The unregulated header voltage must be large enough to allow for losses in the 
linear regulator, input voltage variations, and the input ripple voltage-in this ex- 
ample, a minimum of 65 V at  the lowest line input of 105 V. At the nominal line 
input of 115 V, the voltage on C1 will be 70 V DC. Full-wave bridge rectification 
by D l  makes for a low ripple voltage on C1 and good transformer utility. 

23.2.1 Preregulator Operation 

The nominal 70-V DC nonregulated header voltage VH is applied to a network of 
resistor R1 in parallel with transistor Q2, in  series with the normal linear regula- 
tor transistor Q l  , as shown in Fig. 2.23.1. 

When the power supply has been set to give a low output voltage (for exam- 
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ple, 0 V at 2 A), transistor 4 2  is turned off, and the majority of the applied header 
voltage will appear across R1. Hence, the maximum dissipation will appear in the 
resistor, and Q1 is relieved of the high-stress dissipative conditions that would 
normally apply in a conventional series regulator. 

When the output voltage is set to  a high value (for example, 60 V,  2 A), tran- 
sistor 4 2  will be turned hard on, applying a short circuit across R l .  The differ- 
ence between the header voltage and the required output voltage will now appear 
across transistor Q1, but since this voltage is now only 10 V, the dissipation in Q1 
is only 20 W. 

Between these two extreme conditions, 4 2  will conduct current in such a way 
that the transistors and resistor take up various proportions of the total stress. By 
the correct selection of resistor values, Q1 working voltage, and drive design, the 
maximum stress on Q1 and Q2 can be limited to less than 41 W rather than the 
140-W stress that would have occurred in the conventional series regulator. 

23.3 DRIVE CIRCUIT 

Figure 2.23.2 shows the basic elements of the drive circuit for the cascaded 
power sections. 

YH=t70Y R l  ' C '  Ql +Y OUT = 0-60V 
cOc 

I 

2A 

R4 

4 

LOAO 

R5 

-- 
FIG. 2.23.2 Basic drive circuit for "piggyback" variable power supply. 

The operation is best understood by considering four extreme operating con- 
ditions. These will be 

1. Low-output-voltage, high-current conditions 
2. High-output-voltage, high-current conditions 
3. Intermediate-voltage, high-current conditions (say, 30 V, 2 A) 
4. Low-output-voltage, intermediate-current conditions 
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First, consider the condition in which the output voltage has been set at zero and 
the load current is at a maximum of 2 A. Assume nominal line voltage and a 
header voltage of 70 V. Under this condition, transistor 4 2  is turned off, and the 
output current path is via Rl and transistor Ql to the load. Since the current is 2 
A, the voltage drop across R1 will be 60 V and its dissipation will be 120 W. Tran- 
sistor Ql holds off the remaipder of the voltage, i.e., 10 V, and the dissipation in 
Ql is only 20 W. Q1 will maintain the output voltage near zero under the control 
of amplifier A 1. 

The drive conditions for Q1 and Q2 are as follows: Q1 is condukting, and a 
base drive current is flowing in the Zener diode ZD1 and the base-emitter of QI.  
The voltage at point A is thus Vb,,Q,, + VzDl (in this example, 11.4 V). The volt- 
age at point B is at least a diode drop less, or 10.7 V in this example. Since the 
voltage at point C, the collector voltage of Q1, is 10 V, Q2 will be close to con- 
duction but still "off." Hence, the assumed initial conditions are satisfied. 

Consider now the second condition, in which the output voltage is 60 V and 
the load current is increased from zero to 2 A. 

With the output voltage set to 60 V, as the load current is increased from zero 
toward 2 A, the voltage across R I will increase and the ccllector-emitter voltage 
of QI will decrease. 

When the collector-emitter voltage of Q1 drops below 10 V,  diode D2 and the 
base-emitter junction of Q2 will become forward-biased, and a current will flow 
into the base-emitter junction of Q2. Q2 will turn on progressively as the load 
current increases, feeding current to the collector of Q1 and partly bypassing the 
series resistor R1. 

Hence, Q2 is a voltage follower, its emitter output tracking the voltage at point 
A (less 1.4 V). Q2 will turn on just sufficiently to maintain the collector-emitter 
voltage of Q1 at 10 V. As the load increases still further, a larger current will flow 
in 4 2  to maintain these conditions, so that when the load is 2 A, Q2 is conducting 
fully and the vol!age across RI is near zero. 

Therefore, f o ~  an output of 60 V at '2 A, the dissipation in 4 2  and RI is near 
zero, and QI dissipates the difference between the header and output voltage (in 
this example, 2 A at 10 V). Hence the dissipation i n  Ql is 20 W. relatively small 
for the 120-W maximum output power conditions. 

Consider now the third (midrange) operating condition. With an output of 30 V 
at 2 A, Q2 will be conducting so as to maintain the collector-emitter voltage of Ql 
at 10 V. Hence, the voltage at point C will be 40 V and the dissipation in Q1 will 
be 20 W. The voltage drop across R1 and 4 2  is 30 V. For this condition, the cur- 
rent in R1 is 1 A, and its dissipation will be 30 W. 4 2  must conduct the difference 
between the current in R1 and the output current, or 1 A in this example. The 
voltage across Q2 is the same as that across R1, and the power in Q2 will also be 
30 W. 

Hence, the power distribution in Qi ,  Q2, and R1 in this example will be 20,30, 
and 30 W, respectively, a fairly even distribution. 

Consider the final example, when the output voltage is zero and the current is 
to be reduced below 2 A. Let the initial conditions be the same as in the first 
example. The current is 2 A, the voltage across R1 is 60 V, the voltage on the 
collector of Q1 (point C) is 10 V, and Q2 is just turned off. 

As the current is reduced, the voltage across R1 is reduced and the voltage 
across Q1 is increased, taking point C more positive. Hence, for these output 
voltage conditions, Q2 will remain "off' for all currents of 2 A or less. When the 
load current is 1 A, the voltage drop across R1 will be 30 V, and the dissipation 
in Q1 will be 40 W. 

23. VARIABLE LINEAR POWER SUPPLIES .99 

23.4 MAXIMUM TRANSISTOR DISSIPATION 

It is clear from the preceding that the distribution of losses depends on loading 
and output voltage, and the maximum dissipation condition is not easily seen. 
However, the maximum loss in Q1 may be established as follows: 

The power loss in Ql is given by the following equation: 

or PQl = VH.I - ~ 1 . 1 ~  

where PQ, = power in transistor Q1 
V,, = header voltage (70 V) 
R1 = series resistor value (30 R) 

I = output current 

Therefore, in this example, 

This equation will have a maximum value when the first differential is zero. Dif- 
ferentiating, 

which = 0 when I = 1.166 A 

Hence the maximum dissipation in Q1 will be given when the load current is 1.166 A. 
From the preceding equation, the loss in Q1 when I = 1.166 A is 40.83 W. 
Therefore, the majority of the power dissipation requirements aredealt with by 

resistor R1. The regulator transistors are subjected to considerably less stress than 
would be the case if the complete supply voltage and current were to be presented to 
a single series device, when the dissipation could be 140 W maximum. 

23.5 DISTRIBUTION OF POWER LOSSES 

Figure 2.23.3 shows how the power losses are distributed between the two power 
transistors QI and Q2 and the series -. . resistor RI over the output voltage range for 
the maximum output current of 2 A. 

Note that the peak power conditions for transistors Q1 and 4 2  occur at dif- 
ferent voltages and that both devices can be mounted on the same heat sink. This 
need be rated only for the worst-case combination, which never exceeds 41 W. 
This is considerably lower than the 140 W that would have been dissipated if the 
preregulator had not been used. 

23.6 VOLTAGE CONTROL AND CURRENT LIMIT 
CIRCUIT. 

~ a b o r a t o r ~  variable supplies are usually designed to provide constant-voltage or 
constant-current performance with automatic crossover between the two modes. 
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FIC. 2.23.3 Distribution of power loss in "piggyback" linear power supply. 

Figure 2.23.4 shows a typical output characteristic with the supply set for 30 V 
and 1 A. Load lines for 60 a, I5 a, and the critical value 30 are shown. 

It will be seen that the mode of operation depends on the values of output volt- 
age and current which have been selected on the supply controls, and on the load 
resistance applied to the output terminals. When the load resistance is higher 
than the critical value R,, then the power supply will be operating in its constant- 
voltage mode, range A, and when the resistance is lower than the critical value, 
the supply will be in its constant-current mode, range B. 

When the supply is used in the constant-voltage mode (the usual operating 
mode), the adjustable current control is used to set the overload current limit, 
normally for protection of the supply and external load. When the supply is op- 
erating in the constant-current mode, the voltage control sets the compliance 
voltage. (This voltage setting defines the external load resistance at which the 
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FIG. 2.23.4 Load lines for constant-voltage/con- 
stantcurrent "piggyback" linear power supply. 

unit reverts from the constant-current to the constant-voltage mode.) The control 
circuit must give a well-defined performance for both modes of operation, with 
automatic and stable transition from one mode to the other (hence, automatic 
crossover). e 

23.7 CONTROL CIRCUIT 

A suitable control circuit is shown in Fig. 2.23.5. Amplifier A1 provides the volt- 
age control, and amplifier A2, the constant-current control. 

The method of operation is best explained by considering the conditions when 
a 60-R load is applied to the output with the controls set as specified above. 

Under these conditions, the supply is in the constant-voltage mode, and am- 
plifier A1 will compare the internal reference voltage (TL 431) with the voltage 
developed across the divider network R15, RV2. Amplifier A1 will respond to 
any tendency for the output voltage to change by adjusting the drive cu,rrent 
through diode D5 and transistors Q4 and Q3 to the power regulators, so as to 
maintain the output voltage constant at, say, 30 V. 

At the same time, the current control amplifier A2 will compare the voltage 
developed across the current shunt R2 (a function of the output current) with the 
current reference voltage on RVI. In this example, the current is less than 1 A 
and the voltage across R2 is smaller than the clirrent reference voltage developed 
across RV1, and so pin 2 of amplifier A2 will be low. Hence, the A2 amplifier 
output will be high, with output diode D4 reverse-biased and not conducting. 
Consequently, for this particular loading condition, the voltage control amplifier 
A1 defines the conditions of operation, and the supply is operating in range A. 

Now assume that the load resistance is changed from 60 R to 15 R. The unit 
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will now be operating in a constant-current mode, delivering 1 A and developing 
15 V across the 15-0 load. The action is as  follows. 

Amplifier A2 compares the voltage generated across the series shunt resistor 
R2 (the voltage analogue of the output current) with the current reference voltage 
from the current control potentiometer RVl. 

Amplifier A2 responds to any tendency for the current in the shunt R2 to 
change by adjusting the drive current through diode D4, transistors Q4 and 4 3 ,  
and the output transistors so as to maintain the output current constant. 

In constant-current operation, the output voltage is lower than the voltage de- 
fined by the voltage control amplifier A l .  For this condition of operation, A1 will 
have its inverting input (pin 6) low, and its output voltage will be high. Diode D5 
is reverse-biased, and the power supply is operating entirely under the control of 
the current control amplifier A2. 

The transition from constant-voltage to constant-current control takes place at  
the critical load resistance R, (30 0 in this example). This transition is very sharp 
because of the high DC gain of the control amplifiers. Only a 1- o r  2-mV change 
is necessary to turn the amplifiers from off to  on. The gating diodes D5 and D4 
ensure that only one amplifier is in control at any time. 

Both the constant-voltage and constant-current boundaries of Fig. 2.20.4 may 
be changed by adjusting the appropriate variable control. The value of the critical 
load resistance R, will, of course, change accordingly. 

Two light-emitting diodes (LEDs) LP1 and LP2 indicate the operating mode. 
When the supply is operating very close to the critical crossover point, both in- 
dicator lights will be on, showing an indeterminate state of operation. This area 
should be avoided by adjusting the appropriate control to bring the unit into a 
defined mode. 

23.8 PROBLEMS .a 

1. The linear-regulator-type power supply can be very inefficient when used as a 
variable supply. Why is this? 

2. What is the advantage of the cascade (piggyback) variable linear regulator 
technique? 

3. What are the major advantages of the linear variable regulator compared with 
a switching regulator? 
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24. I INTRODUCTION 

There are many types of variable linear laboratory power supplies. Typically, 
they will have output voltages adjustable from zero to some maximum value and 
can be used in either constant-voltage or constant-current mode. However, what- 
ever the form these supplies take, conventional variable linear supplies will have 
three things in common: they are large, heavy, and inefficient. 

At low output voltages, the majority of the rated power must be wastefully 
dissipated within the power supply, and conversion efficiencies will be very low. 

The use of switching regulator techniques can eliminate the extremely lossy 
operation and will reduce size and weight. 

By using the "flyback" or buck-boost-derived switchmode converter tech- 
nique, a further major advantage can be obtained. A single switchmode supply 
can be made to provide the voltages and currents of up to three separate variable 
linear supplies. 

With dissipative linear supplies, it is normal practice to provide several differ- 
ent models to cover a range of voltages and currents, even when the rated output 
power is the same. For example, a 300-W linear unit may be rated at, say, 10 V, 
30 A; 30 V, 10 A; or 60 V, 5 A, in three separate units. When the 30-V supply is 
set for an output of 10 V, it will still only deliver a maximum of 10 A; it is then 
operating at only 100 W output, the remainder being dissipated in the supply. 

Consequently, to cover a range of currents at the same power level, several 
different linear variable power supplies are required. 

Using the flyback switchmode technique, it is possible, in a single unit, to pro- 
vide nearly constant output power over the majority of the output voltage and 
current range. Consequently, a single switchmode supply designed for a 300-W 
capability will cover the range of the previous three linear supplies. The typical 
output characteristic for such a supply is shown in Fig. 2.24.1. 

A switchmode variable supply of this type is much more versatile than the ear- 
lier variable linear supplies and will be considerably smaller and lighter. The ef- 
ficiency will be maintained near 70% ov'er the complete current and voltage 
range. 
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FIG. 2.24.1 Output characteristic and load lines for constant-power-rating, variable 
switchmode power supply (VSMPS). 

24.2 VARIABLE SWITCHMODE TECHNIQUES 

There are a number of difficulties in the design of variable switchmode supplies. 
Probably the most obvious is the potential for relatively large conducted and ra- 
diated electrical noise. Laboratory-grade power supplies are often used for de- 
velopment applications which will be sensitive to electrical noise and ripple. 
Hence, good ripple rejection and noise filtering must be provided; filtering cannot 
be too good in this application. Faraday screens for switching sections and filters 
are essential, and metal or screened cabinets are used to minimize EM1 prob- 
lems. 

The requirement of operating down to zero output voltage also becomes a 
problem in switchmode supplies, since this demands very narrow power pulses, 
and it becomes difficult to control the required output power. This limitation can 
be overcome by using fast FET switching and a different method of control for 
low output voltages and currents. 
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24.3 SPECIAL PROPERTIES OF FL YBACK 
CONVERTERS 

.-\n investigation of the flyback technique (see Chap. 1) reveals a very useful 
property of flyback converters: The energy storage cycle and the energy transfer 
~ y c l e  may be considered entirely independent operations. 

Consider the simple diagonal half-bridge flyback power section s h w n  in Fig. 
2.24.2. During the period when both FETs are "on," energy is being stored in the 
tnnsformer magnetic field. Since the secondary is not conducting when the F E T ~  
lus "on," the transformer may be considered a single-winding jnductor in which 
rncrgy is being stored. At the end of an "on" period, energy of L, . Zp2 is stored 
in the core. 

At the end of the storage cycle (when the FETs turn off), the primary stops 
c~nducting, and the transformer acts a s  a single-winding inductor, with the sec- 
Lmiary winding and output circuit now setting the operating conditions. 

FIG. 2.24.2 Basic diagonal half-bridge power section of a typical 
flyback variable SMPS. 

Since these two actions are independent, there is no direct connection be- 
:\; ten the operating conditions of the primary and those of the secondary (except 
,- .:.A : the power must be conserved). The secondary output voltage and current are 
c?: defined by the input, a s  would be the case with a normal transformer, and the 
2::put power may be taken as  high-voltage, low-current o r  low-voltage, high- 
.-:Tent, or in fact any combination of the two, provided that the power conser- 
\ xion requirements are satisfied. 

.-\less obvious feature is that provided that the complete energy transfer mode 
15 naintained (discontinuous-mode operation), the secondary turns also have no 
k e c t  bearing on the output voltage and current. 

In simple terms, for a defined primary operating condition, the complete en- 
:.-s -. transfer flyback converter transformer can be considered a constant-energy 
i.vce. 
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24.4 OPERA TlNG PRINCIPLES 

Consider once again the flyback power section shown in Fig. 2.24.2. Assume energy 
has been stored in the main tmnsfoper T1 during the "on" period. It wiU now be 
shown that this energy may be transferred to the load as any combination of current 
and voltage, provided that the power conservation criteria are satisfied. 

The first requirement that must be satisfied (if the core is to continue to oper- 
ate at a defined flux density under steady-state conditions) is that the equality of 
the forward and flyback volt-seconds (per turn) must also be satisfied. In terms of 
flux density, this means that the forward and flyback AB must equate, to prevent 
core saturation. 

It can be demonstrated that if a load is applied to the output of a fixed- 
frequency, defined-duty-ratio flyback converter, then the output voltage will ad- 
just over a few cycles, until the conditions of volt-second and power equality are 
satisfied. 

This self-adjusting action holds for a wide range of loads and turns ratios. Lim- 
iting values are found where the secondary turns are so  low (or output voltages so 
high) that the flyback voltage as referred to the primary exceeds the supply volt- 
age. At this point the flyback energy will be returned to the supply through Dl 
and D2, and energy transfer is lost. A further limiting value will be found where 
the secondary turns are so large (or output voltages so low) that the converter 
moves into the incomplete el ergy transfer mode (continuous mode) where the 
effective DC current component can cause core saturation. 

It should also be noted that with a particular fixed load, the load voltage can 
be adjusted by adjusting the primary input volt-seconds (duty ratio or input volt- 
age). Of course, if the input voltage and frequency are constant, then only the 
duty ratio needs to be adjusted. 

Accepting for a moment the concept that the flyback converter cai, be made to 
behave as a constant energy transfer system as described above, providing a wide 
range of output voltages and currents within the rated power range, a constant- 
power envelope of voltage against current may be drawn for the maximum 300-W 
capability of this particular system. 

Figure 2.24.1 shows the constant-power envelope. Initial arbitrary limiting 
values of voltage and current are shown at 60 V and 30 A. In this example these 
limits are selected to suit the choice of output component ratings. The constant- 
power envelope is swept out between points P1 and P2 by maintaining the input 
conditions constant and simply varying the resistance of the load. The plot as- 
sumes that complete energy transfer is maintained throughout the range, and 
since the pulse width and input voltage are maintained constant, the input power 
will be constant. 

The previous assumptions may now be further tested and perhaps better un- 
derstood by examining a particular operating point, say point P3 on the charac- 
teristic shown in Fig. 2.24.1. 

This point is on the maximum output power characteristic, at a voltage of 30 V 
at 10 A, a power of 300 W. Consequently, the input power will need to be ad- 
justed to this power plus some allowance for losses. With the control circuit set 
for 30-V constant-voltage operation, a second point P4 at lower current will also 
be considered. This represents an increase in load resistance from 3 to 6 a. 

When the load resistance is increased to 6 a, the control circuit will recognize 
and respond to the tendency for an increase in output voltage, and will adjust the 
input power (pulse width) to maintain the voltage across the load nearly constant 
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at 30 V. Hence a new working point P4 will be established at a lower power level 
of 150 W. 

Hence, by selecting a range of loads and output voltages, a family of curves 
may be established which will sweep out the complete area bounded by the 
constant-power limit and the maximum voltage and current limits. 

It  has been assumed, to  tbis point, that the storage period ("on" time) and 
energy transfer periods (flyback time) have been independent and self-adjusting, 
and that the complete energy transfer mode has been maintained throughout the 
different output voltages. T o  achieve this over a wide range of loads rhu i res  that 
the "on" and flyback periods be small compared with the total period. At the 
minimum output voltage, the flyback period must not exceed the "off' period. It 
is difficult to achieve this with fixed-frequency operation. 

24.5 PRACTICAL LIMITING FACTORS 

I .  Minimum Secondary Turns. As previously mentioned, with the circuit shown in 
Fig. 2.24.2, the flyback voltage as referred to the primary cannot exceed the input 
voltage V,,, as diodes Dl  and D2 would then conduct the flyback energy back to 
the supply and it would not be transferred to the output. Assuming that V,, is 300 
V ,  the secondary turns for maximum 60 V output must be at least 20% of the 
primary turns. 

2. Maximum "On" Period. If the lower-voltage operating point'P5 is now consid- 
ered, the output voltage is only 10 V. Since the secondary turns are constant, if a 
stable working flux density is to be maintained in the transformer core, the 
flyback volt-seconds must be constant, and the flyback time must now be six 
times longer than it was at  60 V. 

If the output power and frequency are to remain constant, the maximum "on" 
period can now be only one-seventh of the total period, and the peak primary 
current will need to be more than three times greater in amplitude than it would 
be for the more conventional 50% duty ratio. Hence, the primary efficiency will 
be degraded, and large power devices would be required. Increasing the number 
of turns makes this even worse. 

24.6 PRACTICAL DESIGN COMPROMISES 

In the interest of component economy and optimum efficiency, some design com- 
promises are usuallv made. 

By allowing the unit to revert to incomplete energy transfer at the lower out- 
put voltages, and reducing the operating frequency at the lower output powers, 
the "on" period can be increased, reducing the peak current. Also, by using a 
control circuit that limits the maximum current, the stress on the switching de- 
vices, output rectifiers, and output capacitors is reduced. 

However, these techniques also reduce the maximum output power at the 
lower output voltages. The lower dashed line in Fig. 2.24.1 shows the modified 
power output characteristics of the compromise example used here. The maxi- 
mum output current is reduced to 20 A to limit rectifier diode size and output 
capacitor ripple current requirements. - 

In the cross-hatched area of Fig. 2.24.1, where the transferred power is 25 W or less, 
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constant-frequency operation would require extremely narrow "on" periods. 
Better control can be obtained by reducing the frequency at low power. Hence. 
in the following example, the repetition rate will be reduced at low loads and/or 
low voltages. 

24.7 INITIAL CONDITIONS 

The following compromise parameters will be used for this design: 

1. Complete energy transfer will be maintained down to 30 V output, giving a full 
300 W output to  this voltage. Below 30 V, the unit will revert to incomplete 
energy transfer, resulting in some reduction in the maximum output power, 
but also a corresponding reduction in the maximum primary current. 

2. At 10 V the maximum output current will be limited to 20 A to reduce the 
stress on the output rectifiers and secondary winding, reducing the maximum 
power to 200 W. 

3. At output powers below 25 W, the minimum pulse width will be fixed, and the 
repetition rate will be reduced to control the output, giving better control at 
light loads. 

In this supply, power FETs provide considerable advantages. With these de- 
vices used as  the main switching element, switching times are very short and 
storage times negligible. Consequently, good switching action can be maintained 
for very narrow conduction angles. 

The transformer design is complicated by the fact that the secondary must de- 
liver both high currents at low voltages and low currents a t  high voltages. The 
output rectifiers and capacitors must also be rated for both of these conditions. 
The modified power characteristic at lower output voltages reduce'? these prob- 
lems. 

24.8 THE DIAGONAL HALF BRIDGE 

Figure 2.24.2 shows the arrangement for the power components. A single-ended 
diagonal half-bridge. dual-FET flyback primary stage is used. In this arange-  
ment, both switching elements, FETl and FET2, will be either in their "on" 
state or in their "off' state simultaneously. The energy recovery diodes Dl  and 
D2 will return any flyback energy stored in the leakage inductance to  the supply 
lines and will also provide voltage clamp protection on the FET switches. 

This arrangement is particularly suitable for FET operation, since it prevents 
voltages in excess of the supply line from appearing across the F E T  switching 
devices under any conditions. 

Energy will be stored in the transformer during the "on" state of FETl and 
FET2. During this period, the output rectifier D3 will be reverse-biased, and the 
secondary current is zero. 

When the FETs are turned off, the voltage across the primary windings will 
reverse by flyback action, initially bringing diodes D l  and D2 into conduction. At 
the same time, a secondary emf will be generated which will drive current into 
the secondary leakage inductance and output diode D3. When the secondary cur- 
rent has been fully established and the energy in the leakage inductance has been 
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vid, :.\ amplifier Al .  Block 6 also contains the mode state indicators and the 
,,,,, ::. mode-controlled pulse-width control amplifier A3, shown more fully in 

' :&6. 

24.7 ,* OVERALL SYSTEM OPERATING 
p ~ / , \  .-1PLES 
- 
Th,. ,.. : d l  operating principles will be explained with the aid of the block sche- 
ma, ,. .: Fig. 2.24.3. 

\\ ..;:I the unit is first switched on, block 1 will limit the,inrush current, rectify 
,,, .:put, and charge up the main storage capacitors C5 and C6 in block 3. At 

the . . -: time, it provides a filtered 60-Hz ac supply to the 60-Hz auxiliary trans- 
for,,:. .:I block 2. 

,\ ..;:I the auxiliary supply has been established, block 4 (the oscillator unit) 
will :, .mning at  22 kHz, providing clock pulses to the pulse-width modulator, 

.it the same time, block 5 will be providing a progressively increasing 
pul., -:,ith to the drive transformer T2 in block 3. Under these conditions, the 
con,, .:r section, block 3, will be transferring energy to the output capacitor C9, 

pro$.' ..:vely increasing the output voltage with each pulse. 
\, ..... I the required output voltage has been established, amplifier A1 will act 

on ,:., ::llse-width modulator, block 5, to control the pulse width and maintain 
the ,., . . ~ t  voltage constant. During op.eration in the constant-voltage mode, vari- 
atic,,., ! Load will be recognized by A l ,  which will adjust the primary duty cycle 
to n:. . . i n  the output voltage constant. ,, -.:. : the load power is less than 25 W, the primary power pulse will become 
con,, . .. .lt 1 p s  (the minimum pulse-width limit). Any further reduction in power . : a c k  6 to provide a signal to the oscillator section, block 4, to increase 
the . ... :" period. Hence, for powers below 27 W, the "off' period will increase, 

red,;, the operating frequency and hence the output power. Thus the con- 
, .:\.erts from a fixed-frequency variable-duty-cycle to a variable-frequency 
(fix,., :n" time, variable "off '  time) system. This provides much better control 
at ]iG. .*ads. ,, -. : larger output currents are demanded, such that the output current . :be preset current limit set by R6 and amplifier A2, then this amplifier 
will ; ,: ,wer control from the voltage amplifier A l .  It will control the duty cycle 
to n:. ... i n  the output curren t  constant. 

,A. -: load resistance becomes very small, say near short circuit, the output 
pea., -::I drop below 27 W, and the unit will revert to a fixed "on" time, vari- 
able ... :" time mode of operation, as in the previous voltage-controlled case. 

-,..: output voltage and output current are high, then the power limit am- 
plifi,. , \ : in block 6) will respond to the peak primary current signal from current 
tran, .. w T3 to prevent any further increase in input o r  output power. The 

::ited mode has now been entered. Under these conditions, the voltage 
and , ;."t control amplifiers A1 and A2 have no further control of the unit, and 
the ,., . ..>ad mode indicator will be illuminated. This is not a normal mode of 
opel :. .-, m d  is provided to protect the power unit and load. 

24.7. !NDIVIDUAL BLOCK FUNCTIONS 
- 
The , . :xeleemnts of the block schematics in Figs. 2.24.4, 2.24.5, and 2.24.6. 
will :..... ?e considered in more detail. 
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Figure 2.24.4 shows the internal circuit for the input power section, block 1; 
the auxiliary supply, block 2; and the power converter, block 3. 

Block 1, Input Filter. In block 1 the ac line input is taken via the supply switch 
SW1 and fuse FSI to the input filter inductor L1. Inrush current limiting is pro- 
vided by thermistor THI in series with the rectifier bridge Dl .  Rectifier D l  pro- 
vides a DC input to the filter and storage capacitors, C5 and C6, to provide the 
unregulated DC header voltage to the converter section, block 3. 

Block 3,  Converter Section. The converter section, block 3, contains the power 
switches FETl and FET2, both of which will be "on" or "off '  simultaneously, 
so that they act as a single switch in series with the flyback transformer primary. 
They provide energy to the the switching transformer TI  during the "on" period. 
This stored energy will be transferred to the storage capacitor C9 by flyback ac- 
tion during the "off' period to provide the required output voltage and current. 

High-frequency output filtering is provided by inductor L2 and capacitor C10. 
In the flyback converter, L2 is not intended for energy storage (as it would be in 
a forward converter); hence, it is quite small. 

Output DC current information is provided by shunt R6. The output voltage 
and current meters are connected as shown, and dummy load resistor R5 pre- 
vents loss of control when the output is "off' load. 

To reduce the rate of change of voltage on the power switches .FETl and 
FET2, and also to reduce RFl  noise, snubber components R3, R4, C7, and C8 
are provided. 

To  prevent voltage overshoot as  a result of leakage inductance, clamp diodes 
D2 and D3 are fitted. These diodes will prevent any voltage stress in excess of the 
supply voltage appearing across the two switching elements FETl  at4d FET2 dur- 
ing the flyback period. Energy stored in the primary leakage inductance will be 
returned to the supply lines by D2 and D3. Finally, a current transformer T3 pro- 
vides information on peak primary current. 

Block 2 ,  Auxiliaty Supply. In block 2, the 60-Hz ac input to the auxiliary supply 
transformer T4 is taken from the output of the supply filter and inrush limiting 
thermistor THl.  

The secondary of T4 is rectified by the bridge rectifier D5 and smoothed by 
capacitor C11 to provide an unregulated 20 V DC to the control circuits. A series 
connection of resistor R7 and Zener diodes ZD1 and ZD2 provides additional reg- 
ulated 15- and 5-V auxiliary outputs to the control circuits. 

Comparator amplifier ICla gives a soft-start output signal when the auxiliary 
voltage on the unregulated 20-V line exceeds 19.7 V. This amplifier has an open 
collector output, so that capacitor C12 charges up relatively slowly via R12 when 
the amplifier output goes high. This provides the progressively increasing soft- 
start signal to the pulse-width modulator IClc in block 5. 

Blocks 4 and 5, Oscillator and Pulse-Width Modulator Circuits. Figure 2.24.5 shows the 
oscillator and pulse-width control circuits. 

In block 4, amplifier IClb forms a relaxation oscillator which operates in the 
following way. 

Assume that capacitor C15 is discharged to its low state. A reference voltage 
has been set up on pin 5 of the comparator amplifier IClb by the divider network 
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FIG. 2.24.5 Oscillator and pulse-width modulator for VSMPS. 



R13, R14. Hence pin 5 will be high and pin 4 low, and the output of the amplifier 
(pin 2) will be high. 

A noninverting buffer amplifier in IC2 provides a high output at pin 2 to diode 
D9. Current will now be flowing in D9 via resistor R16 to charge up capacitor 
CIS. At the same time, positive feedback via RI5 will have taken pin 5 to an even 
higher voltage. 

-capacito;C15 now charges until the voltage on pin 4 exceeds the voltage on 
pin 5. At this time, the output of amplifier IClb will go low, and thk buffered 
output from IC2 pin 2 will also go low. This reverse-biases D9, cutting off the 
charge current to R16. At the same time, R15 will take pin 5 slightly lower, latch- 
ing the amplifier into the low state; R15 provides a defined hysteresis voltage. 

C15 will now discharge through the network D8 and the constant-current dis- 
charge transistor Q1. The constant-current value of QI is in turn initially defined 
by the emitter resistor R17 and the divider network R19, R20 (since diode Dl2 
will not be conducting under normal conditions). Hence, C15 will now discharge 
back to the voltage level on pin 5, and the cycle will repeat. 

It should be noted that when Dl2 and R21 conduct, taking current away from 
the base of Q1, the constant-current discharge of Q1 will be reduced, increasing 
the discharge time of C15. This would increase the "off' period of the oscillator 
and converter, and would reduce the frequency. 

In block 5, the "JK flip-flop," IC2, will toggle on alternate clock pulses from 
the oscillator. In the absence of a reset signal on pin 12 of IC2, there would be a 
square-wave drive to FET3 from pin 15 of IC2. Hence the drive transformer T2 
and power switches FETl and FET2 would deliver a square drive to the output 
transformer. However, under normal conditions, the square-wave drive signal of 
IC2 will be terminated before the end of a 50% period by a reset signal at pin 12 
of IC2. 

During the start-up phase, the reset signal is provided by IClc in response to 
the soft-start voltage from C12 in the auxiliary start circuit in block 2. IClc pin 9 
receives a triangular voltage signal from R23 as a result of the inductive rise of 
primary current in the primary of T2 after turn-on of FET3. Pin 8 of IClc receives 
a progressively increasing DC voltage from C12 (block 2), starting the instant the 
power supply is turned on. As a result of these two actions, the "high" state out- 
put signal from IClc is progressively delayed as soft start progresses, giving a 
progressively increasing pulse width from IC2 to the drive switch FET3, trans- 
former T2, and power switches FETl and FET2. 

IClc also controls the maximum permitted pulse width by limiting the voltage 
on pin 8 as a result of the selection of the divider resistors R24 and R25. Further, 
it should be noted that if the auxiliary voltage is low, and hence the soft-start 
signal on C12 is low, the drive pulse width is negligible and the output is inhib- 
ited. 

Under normal conditions, as the pulse width from IClc increases during the 
soft start, a second pulse-width control from the control section via Dl 1, will take 
over the control of IC2. This control section is shown in Fig. 2.24.6. 

Block 6, Control Amplifiers and Pulse- Wdth Moduhior. Figure 2.24.6 shows the voltage 
and current limit control amplifiers A1 and A2, together with the mode indicators 
and minimum pulse-width limiting circuits. 

Consider the supply operating in a voltage-controlled mode. The voltage con- 
trol amplifier A1 (IC2a) has a reference voltage of +5 V connected to pin 3. The 
inverting input, pin 2, is taken to the divider network RVI, R30 and monitors the 
output voltage at the power supply output terminals. 
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In response to an increasing output voltage, pin 2 will go high, taking the out- 
put of A1 low and bringing diode Dl3 into conduction. This reduces the voltage at 
the input to the divider network D16, R38, R39. Thus, the input voltage to pin 10 
of ICld will be controlled by the voltage control amplifier. Diode Dl4 is reverse- 
biased at this time. 

On pin 11 of ICld is a triaAgular voltage waveform, generated by the current 
transformer T3. This is developed by the inductive rise in primary current in the 
primary of transformer T1 when FETl and FET2 are "on." When thqvoltage on 
pin 11 of ICld exceeds the voltage on pin 10, the output from the amplifier goes 
high and is routed to the pulse-width-control reset pin of IC2 via D11. Thus it 
turns off the drive to the power switches. 

The phasing is such that reducing the input voltage on pin 10 will reduce the 
drive pulse width. Consequently, the voltage control amplifier A1 has control of 
the pulse width under normal operating conditions. Since the ramp voltage on pin 
11 is an analogue of the primary current, this is current-mode control. 

Under low-voltage or low-loading conditions, the output of pin 1 of IC2a will 
be taken very low until diode Dl6 becomes reverse-biased; hence any further re- 
duction in the output voltage of A1 will not further reduce the pulse width. How- 
ever, at this point, as the voltage of amplifier A1 continues to go more negative, 
it will take the frequency control line to a lower voltage, bringing Dl2 into con- 
duction and reducing the voltage on the base of Q1 (block 4). This will increase 
the "off' time of the drive oscillator (at a fixed "on" time), reducing the fre- 
quency, and thus further reducing the output from the converter. 

When diode Dl6 becomes reverse-biased, the system reverts from a fixed- 
frequency variable-duty-cycle to a variable-frequency with a fixed "on" period. 
The minimum pulse width under these conditions is defined by divider network 
R40, R39 and is set to be 1 ps in this example. 

The current control amplifier A2 operates in a similar manner, except that it 
responds to the voltage analogue of the output current, developed across the sec- 
ondary current shunt R6. This voltage is compared with the reference voltage de- 
veloped by divider network R31 and current control potentiometer RV2. 

The active amplifier is identified by the mode indicators, LED1 and LEDZ, 
which indicate voltage or current regulation mode. Only one amplifier can be in 
an active state at any time, the control signal being gated to the drive circuit by 
diodes Dl3 or D14. 

24.72 PRIMARY POWER LIMITING 

Consider Fig. 2.24.6. The maximum voltage on pin 10 of ICld is defined by the 
divider network R37, D16, R38, R39, R40. (The amplifiers A1 and A2 cannot take 
Dl6 input high because of the blocking diodes Dl3 and D14.) A voltage clamping 
action on the input of diode Dl6 is provided by the zener diode Dl5 and the base- 
emitter junction of 42. 

Under overload conditions, the outputs of A1 and A2 are both higher than Dl5 
clamp voltage, and the limiting condition is entered. The outputs of both ampli- 
fiers A1 and A2 will be high, diodes Dl3 and Dl4 are reverse-biased, and the 
peak primary current in TI is defined by the maximum voltage on pin 10 of ICld. 
The unit will be in a power-limited state. 

This overload condition is indicated by mode indicator LED3, which will be 
turned on as a result of the clamp current from ZDlS flowing in the base-emitter 
of 4 2  turning this transistor on. 
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24.13 CONCLUSIONS 

This completes the basic circuit description. In general, it has been shown that 
the switchmode variable supply consists of a flyback converter of special design 
operating in a constant energy transfer mode. The energy input is adjusted by the 
control circuit to maintain the output voltage or current constant. 

For practical reasons, the operating mode is modified to a variable-frequency 
system at low voltages or low loads. To meet these needs, the control circuit 
must provide a number of extra functions. In particular, it reverts to a variable 
mode of operation at light loads to maintain complete control. Also, the maxi- 
mum primary current is limited, preventing primary overloading. 

The use of the flyback complete energy transfer mode of operation provides a 
trade-off between output voltage and current to provide constant-power ability 
over a wide operating range. 

Transformer design for the switchmode variable power supply is covered in 
Chap. 25. 



CHAPTER 25 
SWITCHMODE VARIABLE 

POWER SUPPLY 
TRANSFORMER DESIGN 

25.1 DESIGN STEPS 

25.1.1 General Considerations 

In the flyback converter design in Chap. 24, the flyback voltage (as referred to 
the primary winding) cannot exceed the supply voltage, as diodes D2 and D3 
would then return the flyback energy to the primary circuit, and it would not be 
transmitted to the output. 

The need to satisfy the above requirement defines the turns ratio that must be 
used at  the maximum output voltage of 60 V. Further, since the output voltage 
covers a wide range (from 0 to 60 V), and th,e secondary turns cannot be changed 
when the output voltage is changed, the secondary winding must be capable of 
providing the maximum output current (20 A in this example). Hence, to mini- 
mize copper losses, the secondary turns should be kept to a minimum. 

Hence, the minimum secondary turns are defined by the maximum output 
voltage, the maximum permitted flyback voltage, and the primary turns. The 
minimum secondary wire gauge is defined by the maximum secondary current. 
Because the secondary turns and current are larger than normal, the transformer 
core will be larger than that normally expected for the required transmitted 
power. 

25.1.2 Step 1, Selecting Operating Mode 

In the switchmode variable supply, it is the transformer design which defines the 
mode of operation (complete or incomplete energy transfer). The choice depends 
on a number of practically oriented compromises. The factors to be considered 
are as  follows. 

If complete energy transfer is to be maintained down to very low output volt- 
ages, then the primary "on" period will need to be very short. This results in a 
very low primary efficiency because the peak primary current will be very large. 
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Conversely, if incomplete energy transfer is to be maintained at high output volt- 
ages, then the primary inductance will need to be very large. It will then be 
difficult to avoid core saturation at low output voltages, where the transformer 
will be operating with a large DC current component. 

In this example a compromise choice is made, so that the mode changes from 
complete to incomplete at half output voltage. 

These three fundamental criteria will now be used as a basis for the trans- 
former design. 

I 25.1.3 Step 2, Transformer Core Size 

To minimize secondary turns, a core with a large cross-sectional area is required. 
Also, to allow sufficient window space for the high-current secondary winding, 
the core size will be larger than is normally expected for the required power out- 
put of 300 W. 

From Fig. 2.2.2, the PM #87 core is rated for 800 W, and this will be consid- 
ered. To  allow the maximum range of pulse-width control, the minimum operat- 
ing frequency will be used. As this must be above the audio band, 22 kHz is se- 

i lected. 
I Further, as  previously explained, the flyback voltage referred to the primary 

at 60 V output cannot exceed the minimum supply voltage. Consequently, to pre- I 

vent saturation of the core, a duty ratio of less than 50% applies at 60 V output. 
(The forward and flyback volt-seconds must equate.) 

At 30 V out, the operating mode will change to the continuous mode. Since the 
secondary turns are constant, the flyback voltage will be only half the applied 
voltage (as referred to the primary); hence, to maintain volt-seconds equality, the 
flyback period must be twice the forward period. Therefore, at 22 kHz, the "on" 
period will be 15 ps and the "off' period 30 ps, making up the totakperiod of 45 
ILs. 

By just completely using the total available period at an output of 30 V, this 
voltage becomes the transition point for the move from the complete to the in- 
complete energy transfer mode (continuous mode). Figure 2.25.1 shows the pri- 
mary current waveform for the above conditions. 

The minimum secondary and primary turns required to meet these conditions 
can now be calculated. 

PRIMARY SECONDARY CURRENT 
CURRENT REFERRED T O  PRIHARY 

FIG. 2.25.1 Current waveform in discontinuous mode. 
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25.1.4 Step 3, Calculate Minimum Primary Turns 

From Faraday's law, 

where N,,,,,, = minimum primary turns 
Vp = minimum primary voltage (280 V) 

t = maximum "on" time, ps (15 ps) 
B = optimum flux density, mT (150 mT) 

A,  = area of center pole, mm2 (700 mm2) 

Therefore 

280 = 40 turns Np(min) = 0.15 700 

Calculate the primary volts per turn (P JN): 

25.1.5 Step 4, Calculate Minimum Secondary   urns 
Since the secondary volts per turn must not exceed the primary volts per turn 
during the flyback period, the minimum secondary turns required for an output of 
60 V may be calculated: 

where V,,, = maximum output voltage 

The secondary turns will be rounded up to the nearest integer, i.e., 9 turns. To 
maintain the correct turns ratio, the primary is adjusted to 42 turns, and the flux 
density will be slightly smaller. 

At 30 V output, the flyback voltage (as referred to the primary) will be only half 
that at 60 V out, although the primary voltage and transformer turns remain the 
same. Hence, at 30 V out, the flyback time must be twice the preceding "on" time 
if a stable working point for the core flux density is to be maintained (the forward 
and flyback volt-seconds per turn must be the same for steady-state conditions). 

The primary and secondary current waveforms, referred to the primary, for 
30- and 60-V outputs are shown in Fig. 2.25.1. 

25.1.6 Step 5, Primary Inductance 

It is now possible to calculate the peak primary current for an output of 300 W 
assuming an efficiency of 70%. From this, the primary inductance can be estab- 
lished 
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where Po,, = required output power, W 
Eff = efficiency from primary to output, % 

At 280 V input, the mean primary current will be 

By inspection of Fig. 2.25.1, the peak primary current will be six times the mean 
current. Therefore 

I, = 6 x I,,, = 9.2 A 

The slope of the primary current with respect to the "on" time will be 

---- dl - 9'2 - 0.613 Alps 
dt 15 

The primary inductance may now be calculated as follows: 

therefore 

25.1.7 Step 6, Core Air Gap Size 

The A, factor for an ungapped PM 87 core is 12 pH for a single turn. With the 
minimum primary turns of 42, this would give an inductance of 21 mH. It is clear 
that a very large air gap will be required with this core for a primary inductance 
of 456 pH. (See Chap. 2 for methods of establishing the gap size.) 

25.1.8 Step 7, Power Transfer Limits 

At voltages above 30 V, the transformer is operating in a complete energy trans- 
fer mode, and the energy in the core at the end of a primary "on" period is given 
by E=Yi L,, In2 joules/cycle. This energy is transferred to the output at each cy- 
cle. Hence, by setting a maximum limit for the peak primary current, the maxi- 
mum value of the transferred power is defined. 

In the range from 60 V output to 30 V output, the maximum output power (at 
70% efficiency) is given by 



PART 2 

Po,, = 70% of E x frequency 

At 30 V output, the time taken to store the required maximum power in the core 
is 15 ,us. This storage time /s the same at 60 V output, as the primary voltage, 
inductance, and turns remairi the same. However, the flyback period at 60 V out- 
put will be only half that of the 30-V condition (15 ~s instead of 30 ,us). This re- 
duction is indicated on Fig. 2.25.1, and shows that the converter WI operate in 
the discontinuo~s mode (complete energy transfer) between 30 and bg V output. 

Note: Although the average secondary current at 60 V is now only half the value 
shown for 30 V, the output power remains constant. 

At voltages below 30 V, the unit reverts to the continuous mode (incomplete 
energy transfer). Figure 2.25.2 shows the waveform to be expected at 10 V out. 
The criteria for developing this waveform are as follows: 

0 6.43,u.S 15 ,U  30,i.L~ 45pS 

FIG. 2.25.2 Current waveform in continuous mode. 

The peak primary current I, will be limited to 9.2 A by the primary current 
limit. 

To  maintain forward and flyback volt-seconds equality, with a secondary 
flyback voltage of only 10 V, the flyback period must be 6 times longer than the 
"on" period. Hence, with a total period of 45 ps, the maximum "on" period is 
6.43 ps. 

Since the primary voltage, inductance, and transformer turns remain un- 
changed, the current slope dZJdt during the "on" period remains the same. The 
starting current (at the beginning of an "on" period) may be calculated as fol- 
lows: 

The slope of the primary current is 

p 9.2 - = - =  
At 15 

0.613 Alps 

Since the current a t  the end of a primary "on" period cannot exceed the limiting 
value of 9.2 A at  maximum output, the current at the start of the "on" period 
may be calculated: 
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With incomplete energy transfer, the energy transferred at each cycle is that 
value which was stored in the core at the end of an "on" period, less the energy 
remaining in the core at the beginning of the next "on" period. 

Since all other factors remain constant, the percentage of power remaining in 
the core may be calculated from the ratio of the current (squared) at the end of an 
"on" period to the current (squared) at the beginning of the next "on" period. 
The energy (%) remaining in the core at the start of a period is 

Since 33% of the energy remains in the core and the maximum output power at 10 
V output is 67% of 300 W, or 200 W. This gives an output of 20 A at 10 V. The 
reduced power locus is shown in Fig. 2.24.1. 

Hence, as a result of the change from complete to  incomplete energy transfer 
beIow 30 V, the power curve is somewhat reduced if the peak primary current is 
limited to 9.2 A. However, a very useful 20-A output current is .still available at  
the lower output voltages. 

It is recommended that a primary current limit always be used with this type 
of supply. It reduces the high current stress which would normally apply to both 
input and output circuits, if the constant power curve is maintained at the lower 
output voltages. 

The remainder of the transformer design, i.e., selection of wire sizes and gen- 
eral design parameters, will be very similar to that used in the design of the 
flyback transformers shown in Chap 2., except that the secondary must be rated 
for the higher current of 20 A. Part 3, Chap. 4 covers general design and wire - 
selection. a 

25.1.9 Final Transformer Specification 

Core size 
Center pole area A, 
Operating frequency 
Total period 
Maximum "on" period 
Minimum primary volts 
Optimum flux density 
Primary turns 
Secondary turns 

= PM 87 
= 700 mm2 
= 21 kHz 
= 45 ps 
= 33.3% (15 ,us) 
= 280 V DC 
= 0.15 T 
= 42 
= 9 

25.2 VARIABLE-FREQUENCY MODE 

If the minimum pulse width is limited to 1 ,us, it can be shown (by the same meth- 
ods as used above) that the maximum input power at the limiting input current of 
9.2 A will be 57 W. 

This limiting power condition will occur at very low output voltages, but the 
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limiting output current will still be 20 A. Hence the internal losses will be large 
(say 30 W). Hence, if the output power falls below, say, 27 W at low output volt- 
ages, the power must be further reduced, and the system reverts to a variable- 
frequency mode: 

At high output voltages, where complete energy transfer takes place, the max- 
imum input power for a I-ps period will be only 1.9 W. Hence, constant- 
frequency operation will be maintained down to this much lower powet level at 
higher voltages. Figure 2.24.1 shows the area of variable-frequency operation. 

25.3 PROBLEMS 

The switchmode variable supply may replace two or three linear variable sup- 
plies in the same power range. Why is this? 
Why is the flyback technique particularly suitable for switchmode variable 
supplies? 
Why is constant-frequency operation abandoned at low output powers in the 
variable switchmode supply? 
Why is the output power at low output voltages somewhat less than that at 
high output voltages? 

APPLIED DESIGN 



CHAPTER 1 
INDUCTORS AND CHOKES 
IN SWITCHMODE SUPPLIES 

The following types of wound components (inductors and chokes) are covered in 
this chapter: 

1.2 Simple inductors (no DC current) 
1.3 Common-mode line-filter inductors (special dual-wound inductors 

which carry large but balanced line frequency currents) 
1.7 Series-mode line-filter inductors (inductors which carry large and unbal- 

anced line frequency currents) 
1.8 Chokes (inductors with a large DC bias current wound on gapped ferrite 

cores) 
1.12 Rod chokes (chokes wound on femte or iron powder rods) 

4+ 

The derivation of magnetic equations and the development of nomograms are 
shown in Appendixes 3.A, 3.B, and 3.C. 

1.1 INTRODUCTION 

For the purpose of this discussion, the term "inductors" will be reserved for 
I wound components which do not carry a DC current, and the term "chokes" will 

be used for wound components which carry a large DC bias current, with rela- 
tively small ac ripple currents. 

The design and materials used for the wound component can vary consider- 
ably depending on the application. Further, the design process tends to be itera- 
tive; a number of interactive but often divergent variables must be reconciled. 

The engineer who fully masters all the theoretical and practical requirements 
for the optimum design of the various wound components used in switchmode 
supplies has a rare and valuable design skill. 

The design approach used here will depend on the application. The final de- 
sign often tends to be a compromise, with emphasis being placed on minimum 

I cost, minimum size, or minimum loss. Since the optimum conditions for these 
three major requirements are divergent, a compromise choice will often have to 
be made. The designer's task is to obtain the best compromise. 

In switchmode applications, inductors (no DC bias) will normally be confined 
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tL, IL,\, .?:. is filters used in the supply line. Here, their function is to prevent the 
,o,,,~,,;:::.: d high-frequency noise back into the supply lines. For this applica- 
,iL,,,, I:,i- ;?re permeability would normally be regarded as an advantage. 

c.tl,.,rs ,~nductor~ which carry a large DC bias current) will be found in high- 
iscq,,,:.;x >wer output filters and continuous-mode buck-boost convener 
..,,,,,- ---cr?;." In such applications, low permeability and a low high-frequency 
,.,,,, ::.. .;::Id normally be considered advantages. ...- I . ~  .. . .::::e the number of turns and hence reduce copper loss, it Aight have 

t.r.crl -.;-2 that a high-permeability core material with a low core loss would 
P, --.-.: .:Arable. Unfortunately, in choke design, the large DC current corn- 
[\,",,. ,-i ;.:: limited saturation flux density of real magnetic materials force the 
sc,c,.rl..- .-: "low-permeability material or the introduction of an air gap in the 
;,,, 5.- .:':r. as a result of the low effective permeability, more turns are 
n-..;... ., .-::in the required inductance. Hence, in choke design, the desired ., ... . 

...,.-3. :s and high efficiency are compromised by the need to support a 
!.--.. ;I- : - . - s t .  :.,,+. 

~;vP_E INDUCTORS - 
:.. ,,., .....- :iy applications, pure inductors (those which do not carry a DC ... - ,-, -..-. .-; 1 forced high-current ac component) are rare. Since the design of .. .. ,.. .. --.,,. 4 is relatively straightforward (the inductance may be obtained di- >... 
.... .- .- :Y .4, value provided for the core, because no gap is required), their -.- < . 
. - . --.i 41: covered here. However, remember that with such inductors the ,. . t 
:_;- ..:-. =-. -s.~ases as NZ; therefore 

- wWN-MODE LINE-FILTER INDUCTORS I-: --  - 
.- _ -  - . .$-- ' 

. shows a balanced line filter typical of those used to meet the 
. ,,.- .- -ri: RFI noise rejection limits in direct-off-line switchmode supplies. . - 
.- >-:. . <?arate inductors, Ll(a) and LI(b), which are wound on a single 
. .-. 

..I - - . 12al-wound common-mode line-filter inductor. Also shown is L2, 
. . . :<?-wound series-mode inductor. - ..- - - .. - . z p l e s  of dual-wound common-mode filter inductors are shown in 

- - .; .. . . 
. 2- 

-.- .. 
- ._- . - -_  - mode filter inductor has two isolated windings with the same 

- -- -.-s The windings are connected into the circuit in such a way that _. . - 
. . -z:s are in antiphase for series-mode line frequency currents. - ,- 
- -,-, - -: - - ~ e t i c  field that results from the normal series-mode ac (or even - - -  >-- ,.:- .--nts will cancel to zero. 
; , 1 -. J windings are connected in this way, the only inductance pre- 

. ,::-node currents will be the leakage inductance between the two %.,-- . _ _ _ - - -  - .- -.ixr the low-frequency line current will not saturate the core, and a 
-.--,---..? material may be used witfiout thc need for a core air gap. Thus 
-.-L 
. , - ::- can be obtained with few turns. 
z - -. 
; ...- 1.- common-mode noise (noise currents or voltages which appear - -- 
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LINE 
INPUT 

N 
LOAD 

2::::: 

L I \ " I  

c 1 1 -LC* NOTE: L I ( ~ )  & L I ( ~ )  COMMON MODE 
CHOKE WINDINGS ON SAME CORE 

E c (NOTE PHASE OF WINDINGS) 
L2 SERIES MODE CHOKE 

(a) 

H I G H - P E R M E A B I L I T Y  
F E R R I T E  T O R R O I D  

INSULATOR / 
BETWEEN W I N D I N G S  

(3mm C R E E P A G E )  

(b) 

NO GAP /\ / REQUIRE0 

INSULATOR BETUEEN 
WINDINGS 3mm 
CREEPAGE DISTANCE 

G .  3.11 (a) Line input filter for reduction of SMPS common- and differential- 
.mode conducted noise. (b) and (c) Typical examples of common-mode line-fdter in- 
ductors. (4 Typical series-mode line-filter choke using low-permeability high-loss 
iron dust toroidal cores. 
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on both lines at the same time with respect to the ground plane), the two windings 
are in parallel and in phase, and a very high inductance is presented to common- 
mode currents. Hence common-mode noise currents are bypassed to the ground 
plane by capacitors C1 and C2. This arrangement prevents any significant 
common-mode interference currents from being conducted back to the input sup- 
ply lines. 

C 1.3.1 Basic Design Example of a Common-Mode Line-Filter Inductor 
(Wound on an E Core) 

In this example, it will be assumed that the maximum common-mode inductance 
is required from a specified core size, using a high-permeability ferrite E core. 
The effective DC or low-frequency ac current in the core is zero as a result of 
using two equal opposed and balanced windings, as shown in Fig. 3 .1 .1~ .  Very 
often, in the design of common-mode line-filter inductors, the designer will sim- 
ply choose to obtain the maximum possible inductance at the working current 
from a particular core size, chosen to meet the size needs (consistent, of course, 
with acceptable performance, power loss, and temperature rise). 

When this approach is used, core loss is assumed to be negligible, and bobbins 
will be completely filled with a gauge of wire that will just give a copper loss that 
will result in an acceptable temperature rise at the maximum working current. 
Although with this design approach the number of turns and the interwinding ca- 
pacitance may be quite large, giving a low self-resonant frequency, the low- 
frequency inductance and noise rejection will be maximized for the core size. 
Moreover, the higher-frequency components can often be more effectively 
blocked by the series-mode inductor L2, which would normally have a high self- 
resonant frequency. 

If this design approach is chosen, and a ferrite E core is to be used, then the 
design steps discussed in the following sections should be followed. 

1.3.2 Core Size 

Select a core size that suits the mechanical size requirement, calculate the "area 
product" (AP), and refer to the core area product graph, Fig. 3.1.2, to obtain the 
thermal resistance R,, of the finished inductor. 

Note: The area product is the product of the core area and the usable winding 
window area (one side of the E core on bobbin; see Appendix 3.A; an example of 
the use of Fig. 3.1.2 is given in Sect. 1.4). 

1.3.3 Winding Dissipation 

Calculate the permitted winding dissipation W that will just give an acceptable 
temperature rise AT. Then obtain the winding resistance R ,  at the working (rms) 
current I .  Assume zero core loss. 

and 
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% THERYAL RESISTANCE Rth ' C ~ W  

3 \ 4  5 6 7 8 9 1 0  15 20 30 

OUTPUT DC CURRENT (AMPS) 

FIG. 3.1.2 Nomogram for establishing the area product (and hence the size) for chokes in femte 
material, as a function of DC load current and inductance, with thermal resistance as a parameter. 

From this permitted maximum resistance (of the fully wound bobbin), the wire 
gauge, turns, and inductance can be established by one of the methods discussed 
in the following sections. 

1.3.4 Establish Wire Size, Turns, and Inductance 

Many manufacturers provide information on the resistance and m a x i r n u ~  ?urn- 
ber of turns of a fully wound bobbin using various wire gauges. Also, the Bc- 

L 
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tors for the core are often provided, from which the inductance can be calculated. I 
I An inductor wound following the preceding simple steps provides the maxi- Because balanced windings are used, there is no need for an air gap. mum inductance possible on the selected core size, at the maximum rated current In some cases a nomogram is available, from which the wire gauge, turns, and and selected temperature rise. The finished choke will look much like the exam- 

resistance of the wound component can be read directly. (A good example is ple shown in Fig. 3.1.1~. shown in Fig. 3.1.3. and an application is shown in Sec. 1.4.) 
If the above information is not available for the chosen bobbin, then the turns, 

gauge, and resistance may be calculated from the basic core data. (Se@ppendix 
3.B.) 1.4 DESIGN EXAMPLE O F A  COMMON-MODE 

EXAMPLES 
I 

I I I M U L T I P L E  WIRES 
1 ! ! !' l i  JO OF 18 AWG 

27 

FIG. 3.1.3 Nomogram for establishing the wire size for chokes in ferrite material, as a function 
of turns and core size, with resistance as a parameter. 

LINE-FIL TER INDUCTOR (USING A FERRITE E 
CORE AND GRAPHICAL DESIGN METHOD) 

28 26 24 22 20 18 16 14 12 10 
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Assume that an EC35 core is to be used to provide the maximum inductance for 
a common-mode line-filter inductor, with a temperature rise not to exceed 30•‹C at 
an input current of 5 A rms. 

The area product for the EC35 is 0.7 (when a bobbin is used). Entering the left 
side of Fig. 3.1.2 with A P  = 0.7 gives the thermal resistance 20•‹C/W (at the top of 
the nomogram). Hence the dissipation permitted for a temperature rise AT of 
30•‹C will be 

At a current of 5 A rms, the maximum resistance is related to power by 

23 

Hence a 

From the nomogram shown in Fig. 3.1.3, the maximum number of turns to give a 
resistance of 0.06 on the EC35 core can be established as follows: 

Find the required resistance (0.06 n )  on the top horizontal scale of resistance. 
(An example is shown at top left.) Project down to the upper (positively sloping) 
"resistance and turns" lines for the EC35, as shown in the example. The inter- 
section with the EC35 line is projected left to give the number of turns (56 in this 
example). From the same point, project right to the intersection with the nega- 
tively sloping "wire gauge and turns" line for the EC35 core. This point is then 
projected down to the lower scale as shown to give the wire gauge (approxi- 
mately #17 AWG in this example). 

In a common-mode inductor, the winding will be split into two equal parts. 
Hence the EC35 bobbin would be wound with two windings of 28 turns of #17 
AWG. 

21 

Note: For resistance values of less than 50 ma,  enter the graph from the bottom 
scale of resistance and project up to the lower group of "resistance and turns" 
lines. For example, assume that a winding of 40 m a  is required on an EF25 core. 
Enter the graph from the lower 40-ma scale and project up to the EF25 "resis- 
tance and turns" line. Project left to give the total number of turns (34 in this 
example). The intersection of this turns line with the "wire gauge and turns" line 

19 17 15 13 11 
WIRE GAUGE 
AWG 
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for the EF25 core is then projected down to give the gauge (#I7 AWG again in 
this example). Hence two windings of 17 turns of #17 AWG would be used. 

For  applications not covered by the nomogram, the winding parameters may 
be calculated as shown in Appendixes 3.A and 3.B. 

1.5 CALCULATING INDUCTANCE (FOR 
COMMON-MODE INDUCTORS WOUND ON 

(I FERRITE E CORES) 

In dual-winding, common-mode inductors, the series-mode line frequency or DC 
magnetization force will cancel out, as  a result of the reverse phasing of the two 
windings. Hence, a high-permeability core material may be used, and a core gap 
is not required. Therefore, in most cases the inductance can be calculated from 
the published A, values. 

For  the example shown above, the A, value for the EC35 without an air gap is 
approximately 2000 nH. The inductance for each 28-turn winding can be calcu- 
lated as follows: 

In general, 

L = N ~ A ,  

For the above example, 

For the purpose of calculating the common-mode inductance, both windings are 
effectively in parallel, and the inductance is that of a single winding. 

This graphical design approach also gives the maximum common-mode induc- 
tance that can be obtained from this core at 5 A for a temperature rise of 30•‹C. 

If the power supply input power Pin is to be used to obtain the rms current for 
the above calculations, remember to allow for the power factor of the capacitor 
rectifier input filter (typically 0.63) when calculating the rms current. Also calcu- 
late the maximum rms current a t  minimum input voltage. For example, 

The choice of core material depends on the noise spectrum. In most cases, the 
noise will be most troublesome in the lower-frequency range (from the switching 
frequency to, say, 800 kHz). For  this application, a large inductance is required, 
and high-permeability iron or  femte core material will be used. If the problem 
noise is in the higher-frequency spectrum, then powdered iron cores, with their 
inherently larger high-frequency power loss, may provide better results. 

1.6 SERIES-MODE LINE-INPUT-FILTER 
INDUCTORS 

L2 in Fig. 3 . 1 . 1 ~  is a series-mode line-filter inductor. Even though these induc- 
tors do not carry DC in this position, the peak line frequency currents are large, 

I and a high forcing voltage exists. Also the duration of the current pulse is very 

I 
long compared with the switching frequency. Hence, the inductor can be consid- 
ered to  be driven from a constant-current line frequency source, and at the peak 
line current this has a saturating effect similar to that of DC. L2 must be designed 
to carry this current without saturating. 

I Consider a typical off-line capacitive input rectifier circuit. Because of the 
large input capacitor, a large current pulse flows on the peak of the applied volt- 
age waveform as the input nctifier diodes conduct. It is essential to ensure that 

I L2 will not saturate during this current pulse, even under full-load conditions. 
and the design of these input inductors should follow the same approach used for 
DC current choke design. (See Sec. 1.8.) To prevent saturation of L2, it may be 
necessary to use gapped ferrite cores or low-permeability iron powder cores. 

With capacitor rectifier input circuits, it may be difficult to calculate the peak 
current in L2, since it depends upon a number of ill-defined variables. These in- 

i clude the line source impedance, circuit resistance, input capacitor ESR values, 
and total loop inductance. It is often better to simply measure the current and 
calculate the peak flux density in the core. A 30% safety margin between the peak 
and saturation flux densities should be provided to allow for component and line 
impedance variations. Part 1, Chap. 6 shows graphical methods of establishing 

i the peak rectifier current. 

I If the peak rectifier current is known, the inductor design may proceed in the 
same way as a choke design, with the peak forced ac current taking the place of 
the DC current in the calculations. 

1.7 CHOKES (INDUCTORS WITH DC BIAS) 
4 

Chokes (inductors which carry a large component of DC current) are to be found 
in some form in all switchmode supplies. Choke design can be quite complex, and 
a good working knowledge is most essential. The power supply engineer will 
need to develop considerable skill in the choice of core material, core design, 
core size, and winding design if the most cost-effective chokes are to be pro- 
duced. The subject is very broad, and this discussion will be confined to those 
types of chokes most often used in high-frequency switchmode applications. 

Chokes range from small femte beads used, for example, to profile the base 
drive currents of switching transistors, up to the very large high-current chokes 
used in power output filters. Typical examples of switchmode chokes are shown 
in Fig. 3.1.4. 

1.7.1 Core Material 

The core material will be chosen to suit the operating frequency, ratio of DC to ac 
current, inductance, and mechanical requirements. Where the ac component o r  
frequency is low-for example, in series line input filters-then a laminated sili- 
con iron or similar material may be chosen. This will have the advantage of high 
saturation flux density and will need fewer turns for the required inductance, re- 
sulting in lower copper losses. Where the operating frequencies and ac currents 
are higher, core losses will need to be considered, and. gapped femte,  
Molypermalloy, or powdered iron materials may be chosen. 
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FIG. 3.1.4 Examples of typical output chokes and differentiahode input 
chokes. 

1.7.2 Core Size 

Often the most difficult choice is that of core size and configuration. A bewilder- 
ing range of core topologies exist, and it can be difficult to decide which would be 
the optimum choice for a particular application. 

The area product of the core provides a good method of selecting core size. it 
has been shown'.' that the area product factor tends to be reasonably constant 
for all core topologies of the same general power rating, and this can be used to 
select the core size. 

Note: The area product AP is the product of the winding window area and the 
core center pole area. (See Appendix 3.A.) 

In general, 
AP = A, . A ,  cm4 

where AP = area product, cm4 
A, = core winding window area, cm2 
A, = area of center pole, cm2 

The area product is 
lated from the core 

quoted by many 
dimensions. 

core manufacturers, or may be easily calcu- 

I .  INDUCTORS AND CHOKES 3.13 

1.7.3 Temperature Rise 

In g'eneral. the temperature rise of the wound component in free air cooling con- 
ditions will depend on the total loss in the wound component and the compo- 
nent's surface area. The surface area is also related to the area product for 
"scrapless" core geometries. 

Figure 2.1.2 shows the typical thermal resistance (dashed line) expected from 
a core whose size is defined in terms of its area product AP. The graph was de- 
rived from the measured values of thermal resistance for the EC, ETD, RM, and 
PQ families of cores.'.'.'" 

The actual temperature rise AT that may be expected from a particular core 
size AP will be given by the thermal resistance and total dissipation, as follows: 

where AT = temperature rise, "C 
P = total dissipation, W 

R, = thermal resistance, "CIW 

N O ~ C  In choke design, the loss P will be mainly copper loss. Core losses are 
small in most cases, and may be neglected. 

1.7.4 Core Air Gaps 

If considerable DC currents flow in the choke, the use of gapped E or C cores 
may be considered. The materials used here range from the various iron alloys 
for low-frequency operation (or even for high-frequency operation where flux ex- 
cursions are very small) to gapped ferrites when higher ac currents and high- 
frequency operation are required. a 

Since chokes will normally be required to support the DC component without 
saturation, relatively large air gaps are used, and the effective permeability, irre- 
s~ective of the material chosen, is usually very low-typically between 10 and 
3b0. 

Figure 3.1.5 shows the effect of introducing an air gap into a high-permeability 
ferrite core (lower BIH loops), and also the difference between a gapped ferrite 
and a gapped iron core (upper BIH loop). It should be noted that the value of Hdc 
(proportional to DC current) that would have caused saturation of a nongapped 
ferrite core at point B,,, results in a lower value of magnetization Bd, when a gap 
is used. There is sufficient margin to support the ac ripple component AB in the 
gapped example. Also shown is the difference in flux density and permeability 
between a gapped ferrite and gapped silicon iron core for the same magnetizing 
force Hdc. 

Note: Ferrite material saturates at a lower flux density than iron, even when 
gapped. Further, to prevent saturation, a large gap must be used in the core, re- 
sulting in a lower effective permeability (slope of the BIH curve) and giving lower 
inductance. This lower permeability means that for a defined AB,, (amplitude of 
applied ripple voltage), the ripple current AH,, will be larger with the ferrite ma- 
terial even when a gap is used. This effect is clearly seen in the larger horizontal 
spread of AH in the ferrite BIH loop of Fig. 3.1.5, compared with that of the iron 
core. 

The higher saturating flux density of the iron core permits a smaller gap, giv- 
ing a larger permeability for the same DC bias condirjons; hence the inductance is 
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FIG. 3.1.5 Comparison of the BIH characteristics of ferrite and iron 
cored chokes, with and without air gaps. showing the change in mag- 
netizing current swing (ripple current) as a function of a fixed flux den- 
sity swing (ripple voltage) for the two materials. 

greater, and the ripple current will be smaller. In Fig. 3.1.5 the ripple current is propor- 
tional to AH,. It will be seen that for the same applied ripple voltage AB, the iron core 
gives a smaller ripple current. Further, if AB is small (large DC current, low voltage 
applications), the laminated iron core loss can be acceptably low; hence laminated iron 
or powdered iron cores should be considered for this type of application. 

A further advantage of the gapped E or  C core is that the effective permeabil- 
ity can be optimized for the application by adjusting the gap size for the most 
effective performance. This cannot be done with a toroidal core. 

Although magnetic radiation from the gap can sometimes be a problem, a copper 
shield can reduce this by up to 12 dB or more (see Sec. 4.5 in Part 1). Hence the use of 
a gapped core should not be rejected on the grounds of possible magnetic radiation 
problems. 

The core size depends on the total loss and the permitted temperature rise. The c o p  
per loss depends on the DC current, turns (inductance), and wire size. The core loss, 
and hence the choice of core material, depends on the ac volt-seconds that the choke 
must withstand, that is, the flux density swing AB and the operating frequency. 

1.8 DESIGN EXAMPLE OF A GAPPED FERRITE 
E-CORE CHOKE (USING AN EMPIRICAL 
METHOD) 

In this example it will be assumed that the choke is required to support a large 
DC current with considerable high-frequency ripple current; hence a low-core- 

1.  INDUCTORS AND CHOKES 3.15 

loss material will be used, and an air gap will be required. A typical application 
would be an output filter inductor for a high-frequency forward converter. In this 
example the DC current is 10 A mean, with a ripple current not exceeding 3 A at 
100 Hz. 

It will also be assumed that the maximum core size is defined by the mechan- 
ical rather than the ideal electrical needs. Hence the design approach will be to 
obtain the minimum ripple current (maximum inductance) from the defined core 
size. The following simple empirical approach may be used to obtain optimum 
inductance and air gap size: 

1. Select core and bobbin size (as defined by the mechanical needs), and com- 
pletely fill the bobbin with a gauge of wire that will give acceptable I'R power 
loss and hence acceptable temperature rise (say, 40•‹C). Use the maximum mean 
DC current value for this calculation, and proceed as  for the example in Sec. 1.4. 
(Many manufacturers provide information on wire gauges and the resistance of a 
fully wou.nd bobbin; alternatively, the temperature rise may be obtained from 
Fig. 3.1.2'and the wire gauge and turns from Fig. 3.1.3.) 
2. Assemble core and bobbin, allowing an adequate air gap (say, 20% of the di- 
ameter of the center pole). Fit the choke in the power filter position in the supply, 
and observe the choke ripple current waveform. Adjust the air gap under maxi- 
mum load and input voltage conditions until a minimum ripple current is ob- 
served. (A clear minimum will be seen.) By this means, maximum dynamic in- 
ductance has now been obtained. Increase the air gap above this minimum by at 
least 10%. to allow for variations in materials and the reduction in saturation flux 
density level at higher temperatures. With a little practice, it is possible to get 
very close to the optimum value with minimum effort and time. 

The empirical design is now complete. This approach results in the maximum 
inductance that this particular choice of core size can give for the4onditions of 
operation (current) and the chosen temperature rise. 

Note: 

1. With femte material, the core loss is normally much less than the copper loss; 
hence it has been neglected in this example. With iron powder or laminated 
cores, the core loss may be considerable and must be added to the I ~ R  loss 
when establishing the temperature rise. - 

2. In some applications, the absolute value of the inductance may be critical (it 
may control transient performance and loop stability), In such cases a more 
complex. design approach which yields the required inductance must be used. 

1.9 DESIGN EXAMPLE OF CHOKES FOR BUCK 
AND BOOST CONVERTERS (BY AREA PRODUCT 
GRAPHICAL METHODS AND BY CALCULATION) 

In the nonisolated buck and boost switchmode regulators shown in Fig. 3 . 1 . 6 ~  
and 6, the output choke current is continuous and large. This results in a large 
DC magnetization bias. However, the ripple current is normally relatively small 
compared with the maximum load current, giving a low magnetization swing and 
hence low core loss. 
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FIG. 3.1.6 (a)  Basic buck regulator circuit. (b) Basic boost regulator cir- 
cuit. (c) Output current waveform for buck regulator and input current 
waveform for boost regulator, with L1 in continuous-mode conduction. 

In the case of the buck regulator, Fig. 3.1.6a, the input to the choke L1 may be 
a switched DC from Q1, as in a DC-to-DC switchmode regulator, or a pulse- 
width-modulated square wave from the secondary of a transformer, in the case of 
a fully isolated switchmode converter. In the second case, the switching transis- 
tor Q1 will be replaced by the rectifier diods Dl. 

The boost regulator circuit shown in Fig. 3.1.66 is normally reserved for 
nonisolated DC-to-DC switchmode regulators where the output voltage must be 
higher than the supply. The output current is discontinuous (even though the 
choke current is continuous), giving higher output ripple voltages. In isolated 
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transformer-coupled applications, where higher output voltages are required, the 
voltage step-up is normally provided by the transformer, and a buck-type sec- 
ondary regulator would be used. 

In continuous-mode applications, the current in the filter choke L1 for both 
buck and boost circuits under steady-state conditions will have a shape similar to 
that shown in Fig. 3.1.6~. The current at the start of a cycle will have the same 
value as at the end of a cycle. The peak-to-peak ripple current Imin to Imax is nor- 
mally small compared with the mean current. 

In the buck application, the mean choke current is equal to the output DC load 
current, the supply current being discontinuous. In the boost application, the 
supply current is the same as the mean choke current, the output current being 
discontinuous. 

In both types of converter, the choke inductance will have been chosen to give 
continuous-mode conduction from a small load (normally 10% or less) to full-load 
operation. Hence, the peak-to-peak ripple current would be less than 20% of the 
full-load current. Even in applications in which the load is fixed, the ripple cur- 
rent will still be made quite small, to ensure good switching efficiency and low 
output ripple voltages. 

To minimize the choke size, the core may be operated at a flux density near 
saturation, since the change in flux density is small (ripple currents are small). If 
a fenite core is used, the core loss will be very small, and the temperature rise 
will depend mainly on the winding copper losses. Hence, the core size, for a de- 
fined temperature rise, will depend on the winding copper loss at full load. 

1.9.1 General Conditions for Graphical Choke Design (Using Gapped 
Ferrite Cores) 

The following starting conditions will be assumed: 
Q 

1. The choke is to be designed for a buck or boost regulator for which the ripple 
current does not exceed 20% of the maximum defined load current. 

2. A gapped fenitk core will be used; hence the core losses will be small and can 
be neglected. 

3. The maximum temperature rise is to be limited to 30•‹C above ambient. 
4. To allow some margin for maximum current limiting, the flux density is not to 

exceed 0.25 T for normal operation. 
5. A copper packing factor K, of 0.6 is assumed (that is, 60% of the bobbin wind- 

ing window area is utilized by copper). This is a typical value for a single 
winding using round wire. See Appendix 3.B. 

6. The value of the required inductance will be established by assuming a,20% 
peak-to-peak ripple current and a maximum "off' period of 80%. (A typical 
choke current waveform for a buck regulator meeting these conditions is 
shown in Fig. 3.1.6c.) 

With the above parameters defined at typical values, a very simple area prod- 
uct graphical approach may be used to establish the choke requirements. 

1.9.2 The Area Product Design Nomograms 

The area product AP is the product of the core winding window area and the core 
center pole area. This product value tends to be similar for all core topologies of 
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similar power rating and general size. Further, the A P  links the inductance value 
to the load current and copper loss, and hence the temperature rise, and will be 
used to establish the core size for the following choke design. The area product 
derivation is shown in Appendix 3.A. 

Many core manufacturers provide the A P  figures for their standard cores. Al- 
ternatively, the A P  may be eabily established from the dimensions of the core. 
(See Sec. 7.2 in Part 1.) 

Figure 3.1.2 has been developed for gapped femte cores. It show9 the area 
product (and hence the core size) as a function of the load current, with the in- 
ductance as  a parameter. It  assumes an ambient of 20"C, a temperature rise from 
ambient of 30"C, a maximum flux density B of 250 mT, and a copper packing fac- 
tor of 0.6. .- . -. 

The A P  values shown in Fig. 3.1.2, and those for the EC70, EC52, EC41, and 
EC35 cores (listed in Table 3.3B.1, page 3.62), are based on the product of core 
area and useful bobbin window area (rather than core window area). Where bob- 
bin windings are to be used, this should be normal practice when using Fig. 3.1.2, 
as the value of A P  can be considerably reduced by the window space used for the 
bobbin material. 

1.10 CHOKE DESIGN EXAMPLE FOR A BUCK 
REGULATOR (USING A FERRITE E CORE AND 
GRAPHICAL AP DESIGN METHOD) 

Sample Choke Specification 

Output voltage = 5 V 
Maximum output current = 10 A 

Frequency = 25 kHz 
Maximum ripple current = 20% I,,, (2 A) 

Maximum temperature rise = 30•‹C 

1.10.1 Step 1, Establish Inductance 

tance as follows: 
Starting values: 

Frequency f = 25 kHz. Hence, T = l l f =  40 FS 

Output voltage = 5 V 
Input voltage = 25 V 

Calculate "on" time ton: 

Draw the current waveform for full load and maximum input voltage (see Fig. 
3.1.6~). From the slope of the current waveform. establish the required induc- 

~ u t y  ratio = 9 = 2 

Hence 

During the "off' period, the' current falls by 20% of I,oad(max,, or  2 A in this ex- 
ample, and the inductance may be calculated. 

Consider Fig. 3 .1.6~.  During the "off' period, current loop B is established, 
and the magnitude of the voltage across the choke, lel, is the output voltage plus 
the D2 diode voltage drop (the diode, being forward-biased, takes the input to L1 
negative). During the "off' period, the current is flowing in loop B under the 
forcing action of choke L1. During this period the current will be decaying at  a 
constant rate defined by 

Hence 

1.10.2 Step 2, Establish Area Product AP 

Using the graph shown in Fig. 3.1.2, find the area product A P  for$he required 
load current and inductance. In this example, entering the bottom of the graph 
with the required current of 10 A and projecting upward to meet the required in- 
ductance of 90 p H  yields (to the left) an AP of approximately 1.5. This value falls 
between the EC41 core (AP = 1.46) and the EC52 core (AP = 2.96). The smaller 
EC41 core is chosen in this example, although it will give a larger temperature 
rise. Note that as the core sizes only change in large increments, absolute values 
of AP and hence temperature rise are not always possible. 

1.10.3 Step 3, Calculate Turns 

The minimum number of turns that may be used on a core to give the required 
inductance without exceeding the flux density is given by Eq. (3.A.9): , 

where Nmin = minimum turns 
L = inductance (90 x H) 

I,, = maximum current (1 1 A) 
B,,, = maximum flux density (250 x TI 

A, = center pole area (106 x cm') 



Hence 

1.10.4 Step 4, Establish Optimum Wire Size 

For  minimum loss, the wire size should be such that the winding spice is just 
completely filled when the required number of turns and insulation have been 
wound on the bobbin. Information on the gauge and number of turns for a fully 
wound bobbin, together with the winding resistance, is often provided by the 
bobbin or  core manufacturers. 

Alternatively, the gauge may be calculated, o r  the nomogram shown in Fig. 
3.1.3 may be used. . 

In this example, entering the nomogram shown in Fig. 3.1.3 at the left with 37 
turns gives the wire gauge at  the first intercept with the EC41 core line as #14 
AWG (lower scale). 

If p;eferred, thk wire size can be calculated as  follows:. The cross-sectional 
area of a wire that will just fill the bobbin is given by '' 

where A, = wire cross-sectional area, mm2 
A, = total winding window area, mm2 
K, = winding packing factor 
N = turns 

In this example, 

A,. = 138 mm2 (EC41) 
K, = 0.6 (for round wire) 
N = 37 

Hence 

giving a wire size of #14 AWG (which is the same as the size established by the 
nomogram method). 

1.10.5 Step 5, Calculate Core Gap 

If it is assumed that most of the reluctance will be in the air gap (the normal case), 
then the approximate air gap length l,, neglecting fringe effects, will be given by 
the following formula: 

-. 
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where 1, = total air gap, mm 
= 4~ x lo-' 

p, = 1 (for air) 
N = turns 

A, = area of center pole, cm2 
L = inductance, H 

In this example, 

Hence 
4n x lo-' x 372 x 106 X X 0.1 = mm lg = 

90 X 

For a minimum external magnetic field, the gap should be confined to the center 
pole only. However, with this type of inductor, when the ripple current compo- 
nent is small, the gap may extend right across the core, and the radiation will not 
be excessive. The majority of any remaining external field may be effectively 
eliminated by fitting a copper screen as shown in Fig. 1.4.5. 

With the EC core, the area of the center pole is less than the sum of the outer 
legs, and if the gap extends right across the core, then the effective leg gap will be 
reduced by this ratio. In any event, because of the neglected core permeability 
and fringe effects, some adjustment of the air gap may be necessary to  obtain 
optimum results. a 

1.10.6 Step 6, Check Temperature Rise 

The temperature rise will depend mainly on the total power loss (core loss plus 
copper loss), the surface area and emissivity, and the air flow. In the interest of 
simplicity,, a number of second-order effects have been neglected in the design 
procedure: These neglected effects will only result in a small error in the final 
calculated temperature rise. In any event, the temperature of the choke should be 
checked finally in the working prototype, where the layout and thermal design 
will also introduce additional "difficult to determine" thermal effects. 

The preceding graphical design approach assumed that the core loss using fer- 
rite cores would be negligible. This may be verified as follows. 

1.10.7 Step 7, Check Core Loss 

The core loss is made up of eddy-current and hysteresis losses, both of which 
increase with frequency and flux excursion. The loss factor depends on the ma- 
terial and is provided in the material specifications. Usually the published graphs 
assume a symmetrical flux density excursion about zero (push-pull operation), so 
the indicated B,,, is only half AB peak-to-peak. For first-quadrant buck and 
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boost chokes and flyback applications, the calculated AB peak-to-peak should be 
divided by 2 to enter the graphs and obtain the core loss. 

In the preceding example, the ac flux density excursion is given by 

lel . ton Lu?, = N.A, 
where ABac = ac flux density swing, T 

lel = output voltage plus diode drop, V 
to, = "off' time, ps 
N = turns 

A, = area of core, mm2 

For the above example, 

lel = 5.6 V 
to, = 32 ps 
N = 37 

A, = 71 mm2 

Hence Bac is 

With a typical ferrite material, at this flux density and a frequency of 20 kHz, the 
core loss will be less than 4 mWJg (see Fig. 2.13.4), giving a total core loss of 104 
mW with the EC41 core (a negligible loss). Hence, with ferrite material, core loss 
will not be significant, except for high-frequency and large-ripple-current appli- 
cations. 

Much greater losses will be found with powdered iron cores, and it may not be 
possible to neglect the core loss with these materials. 

1.10.8 Step 8, Check Copper Loss 

The DC resistance of the wound choke can be obtained from the bobbin manu- 
facturer's information, or it may be calculated using the mean diameter of the 
wound bobbin, turns, and wire size. In any event, it should finally be measured, 
as winding stress and packing factors will depend on the winding technique, and 
will affect the overall resistance. Remember, the resistance of copper will in- 
crease approximately 0.43%J•‹C from its value at 20•‹C. This makes it 34% higher 
at 100•‹C. 

The copper power loss is given by f R .  (Since the ripple current is small, the 
skin effects are neg1igible;and the mean DC current and DC resistance can be 
used with little error.) Hence 

Power loss = 12R W 

In this example, 

I = 1 0 A  and 1 2 = 1 0 0  

The length of the winding, and hence the resistance, may be established from the 
mean diameter of the bobbin and the number of turns, as follows: 

Mean diameter of EC41 bobbin dm = 2 cm 

Total length of wire I ,  = rr x dm X N cm 

Therefore /,a x 2 x 37 = 233 cm 

From Table 3.1.1, the resistance of #14 AWG wire is between 83 pRJcm at 20•‹C 
and 1 1  1 pWcm at 10O0C, giving a total resistance between 19.3 and 25.8 mR. 

Hence the power loss 12R will be between 1.9 and 2.58 W .  
From Table 2.19.1, page 2.155, the thermal resistance of the EC41 is 1 5 . 5 " W ,  

TABLE 3.1.1 AWG Winding Data (Copper Wire, Heavy Insulation) . 

Diame- Diarne- 
ter, Area, ter, Area, 
cop- cop- insula- insula- A for 
per, per, tion, tion, R/cm Rlcm 450 

AWG cm cmZ cm cmz 20•‹C 100•‹C ~ 1 c t - n ~  
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giving a temperature rise of between 29.5 and 40•‹C, depending on the ambient 
(starting) temperature. 

1.10.9 Step 9, Check Temperature Rise (Graphical Method) 

The graphical area product design approach using Fig. 3.1.3 should result in a 
temperature rise of 30•‹C in free air. t A further design check may be made by obtaining the thermal resistance from 
Fig. 3.1.2. With this, the temperature rise may be calculated and confirmed. 

Entering the graph once again with 37 turns, the second intercept with the 
EC41 resistance and turns core line gives a wound resistance at 100•‹C of 21.5 mn 
(lower scale). 

The power loss I'R is 2.15 W. The thermal resistance of the EC41, from Fig. 
3.1.2, is IYCIW. Hence the temperature rise AT will be 

giving a working temperature of 52"C, at an ambient temperature of 20•‹C. 
The larger temperature rise is due to the choice of the smaller core. If this is 

not acceptable, choose a larger core or reduce the inductance requirements. 
The area product graph in Fig. 3.1.2 assumes a wire current density of 450 

Ncm, which will give a temperature rise of 30•‹C for a core size with an A P  of 1 
cm4. To obtain the same temperature rise with larger cores, a smaller current 
density should be used. (The surface-area-to-volume ratio is not so good in larger 
cores.) However, the packing factor tends to be better in larger cores when cop- 
per strip or rectangular conductors are used. Hence, provided that the complete 
window is utilized, this results in a lower current density in the larger cores, com- 
pensating somewhat for the reduced surface area ratio. 

1.10.10 Step 10, Check Temperature Rise (Area Product Method) 

The "scrapless" E-core geometry allows the surface area of the wound core to 
be related to the area product. Further, the surface area defines the rate of heat 
loss and hence the temperature rise. 

The nomogram in Fig. 3.1.7 shows the surface area as a function of area prod- 
uct (top and left scales), and the temperature rise as a function of dissipation, 
with surface area as a parameter (lower scale and diagonal lines). 

The thermal resistance values given in Fig. 3.1.2 are valid only for a temper- 
ature rise of 30•‹C. Figure 3.16.11 shows that the thermal resistance is a function 
of the temperature differential, and falls as the temperature differential increases. 
Hence, when the temperature rise of the wound core is other than 30"C, a more 
accurate figure will be obtained from Fig. 3.1.7. 

Example 

Predict the temperature rise of the EC41 core when the total wound component 
loss is 3.9 W. 

The area product of the EC41 core is 1.46. 
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AREA PRODUCT AD (cml' 

DISSIPATION (WATTS1 

FIG. 3.1.7 Nomogram giving temperature rise as a function of area product and dissipation, with 
surface area as a parameter. 

Enter the nomogram in Fig. 3.1.7 at the top with an A P  of 1.46. The intersect 
with the AP line (dashed line) gives the surface area on the left scale (40 cm2 in 
this example). 

Enter the nomogram with the total dissipation (lower scale), and the intersect 
with the surface area line (40 cm2) gives the temperature rise on the diagonal 
lines (70•‹C in this example). 

1.11 FERRITE AND IRON POWDER ROD 
CHOKES 

For small low-inductance chokes, the use of straight open-ended femte or iron 
powder rods, bobbins, or spools or axial lead fenite rods should be considered. 
In many cases, the ac current will be much smaller than the DC current (for ex- 
ample, in a second-stage LC output filter), and the high-frequency magnetic ra- 
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EFFECTIVE PERHEABILITY fp) 

FIG. 3.1.8 Effective permeability JL, of rod core chokes as a function of the initial material per- 
meability, with the ratio of length to diameter as a parameter. (By W. J .  Polydorofn 

diation from these open-ended rods, normally the most objectionable parameter, 
will be acceptably small. 

By careful attention to minimizing the interwinding capacltance-for example, 
using spaced windings and insulating the wire from the fenite rod former-the 
self-resonant frequency of chokes wound on open-ended rods can be made very 
high. An example of a wound fenite rod, a self-resonant choke filter, is given in 
Part 1, Sec. 20.5. These chokes, when uskd in output LC filters with low-ESR 
output capacitors, can be very effective in reducing high-frequency output noise. 

SINGLE-LAYER COlL 
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The intrinsically large air gap will prevent the saturation of high-permeability fer- 
rite rods, even when the DC current is very large. The wire gauge should be cho- 
sen for acceptable dissipation and temperature rise. 

The lower-cost iron powder rods are also suitable for this application. The lower 
permeability of these materials is not much of a disadvantage, as the large air gap 
swamps the initial permeability of the core material. The inductance is more depen- 
dent on the geometry of the winding than on the properties of the core. 

The inductance of a "rod core" choke depends on the turns, core material 
permeability, and geometry. Figure 3.1.8 shows how the inductance of iron pow- 
der rod wound chokes is related to core permeability and winding geometry. It 
should be noted that for most practical applications, where the length-to-diameter 
ratio is of the order of 3: 1, the initial permeability of the core material p, will not 
significantly affect the relative permeability p,. Hence, the inductance is not very 
dependent on the core permeability. The information in Fig. 3.1.5 can also be ap- 
plied to  high-permeability ferrite rod chokes with little error. 

Figure 3.1.9 gives the design information for single- and multiple-layer wind- 
ings on rod-type chokes. 

MULTILAYER COlL 

WHERE: 

L = Inductance (microhenries) 

peff = Effective permeability of core 

N = Number of turns 

d = diameter of core (inches) 

I = length of coil/core (inches) 

b = coil build (inches) 

r = radius of coil (inches) 

FIG. 3.1.9 Methods of winding rod core chokes, and inductance calculations. IArnold Eng. Co.) 
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1.12 PROBLEMS 

1. Explain the functional difference between inductors and chokes, as  defined in 
this chapter. 

2. Why is the DC component b f  conducted current a problem in choke design? 
3. Give a method of reducing core permeability without necessarily changing the 

core material. a 
7 4. By what means is the problem of core saturation eliminated in dual-wound 

common-mode input filter inductors? 
5. Explain the conditions that would control the selection of each of the follow- 

ing core materials for choke construction: (a) iron powder; (b) molybdenum 
Permalloy (MPP); (c) gapped fenite; (4 gapped 1aminateQ::iron. 

CHAPTER 2 
HIGH-CURRENT CHOKES 

USING IRON POWDER CORES 

2-7 INTRODUCTION 

Iron powder cores are constructed from finely divided ferromagnetic material 
bonded together by a nonmagnetic material in such a way that small gaps are in- 
troduced in the magnetic path throughout the body of the core. These distributed 
gaps significantly lower the effective permeability and increase the energy stor- 
age capability of the core. A further advantage of the distributed gap is the re- 
duction of the radiated magnetic field as a result of the elimination of the discon- 
tinuity associated with the discrete air gap, more common in the ferrite or silicon 
iron-cored chokes. 

For filter applications, improved high-frequency performance is sometimes 
obtained from iron dust cores, because of their large high-frequendp losses. The 
iron dust core tends to reduce radiation due to core loss, and the material can be 
manufactured to selectively absorb some part of the high-frequency energy. 
These properties, together with the relatively low interwinding capacitance pos- 
sible on a single-layer toroidal winding, results in good high-frequency rejection. 
However, considerable core losses and hence temperature rise may occur with 
this material at high frequency, when the flux density swing is large, and this 
must be considered in the choke design. An undoubted advantage of the iron dust 
core is its low cost. 

At high frequencies, better choke efficiency will be obtained with 
Molypermalloy (MPP) toroids, as these have much lower core losses at high fre- 
quencies and will give a lower temperature rise. These cores are available in a 
wide range of sizes, shapes, and permeability, typically ranging from 14 through 
550. To their disadvantage, the cost of MPP cores is generally considerably 
greater than that of powdered iron. Hence, for medium-frequency switchmode 
output choke applications, "iron powder" cores offer a very cost-effective alter- 
native to MPP, gapped ferrites, or laminated silicon iron. 

Unlike in the ferrite core. the power loss in the powdered iron material cannot 
normally be neglected when establishing the total power loss and temperature 
rise. Using the manufacturer's core data, operating frequency, core weight, and 
flux density excursion, the core losses can be established. These losses must be 
added to the copper losses to obtain the total dissipation. 

Although iron powder materials have relatively large core losses compared 
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2.5 METHODS USED TO DESIGN IRON 
POWDER E-CORE CHOKES (GRAPHICAL AREA 
PRODUCT METHOD) 

General Conditions 

In this example, in the interest of minimum cost, it,has been assumed that the 
smallest E core consistent with a maximum temperature rise of 40'0 is to be 
used. The required inductance and maximum DC load current are known. 

With the above parameters defined, the smallest core size may be obtained 
using the area product nomogram in Fig. 3.2.2. [This nomogram is developed 

THERMAL RESISTANCE 'CW AT 25'C 6 50•‹C 

8=350mT D.C. CHOKE CURRENT (MPS) 
K=.5 
T = 4 0 • ‹ C  
EXP=0.97 

FIG. 3.2.2 Nomogram for iron powder cores, giving area product (and hence core size) as a 
function of DC load current and required inductance. with thermal resistance as a parameter. 
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from Eq. (3.A. 13) and covers the current range from 1 to 100 A and inductances 
from 250 nH to 32 mH.1 

Design Steps 

In the area product graphical design approach, the following design steps should 
be followed: 

1. To establish the core size, obtain the required area product as follows: Enter 
the bottom of the graph with the required DC current, project up to the re- 
quired inductance, then project horizontally left, to the vertical scale, which 
then indicates the required area product. 

The area product translates to core size (see Table 3.2.2). Interpolate be- 
tween the lines for other inductances, choose the next larger core size, o r  
reduce the required inductance if the area product is between core 
sizes. 

2. Calculate the number of turns needed to give the required inductance, using 
Eq. (3.A.9): 

TABLE 3.2.2 Iron Powder E Core and Bobbin Parameters a 

Core parameters Bobbin I 
Core 
type 
No. 
7 

E75 
El00 
El25 
El37 
El62 
El68 
E168A 
El78 
E220 
E225 
E450 - 
Where I = magnetic path length, cm 

A, = effective core area, cm2 
V = volume of core, cm3 
W = window area of core, cm2 

A p  = area product of core, cm4 
AWb = window area of bobbin, cmZ 
Apb = area product of bobbin, cm4 
m,, = mean length of turn, cm 
S, = surface area of wound core, cmZ 
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3. Calculate the initial permeability required from the core material, using Eq. 
(3.A. 17). 

4. Select the nearest core material that meets or exceeds the perme bilit re- 
quirements from Table 3.2.1. 1 

5. Calculate the DC magnetizing force HDc and check the percentage initial per- 
meability from Fig. 3.2.2. 

6. Calculate the permeability of the selected core at the working magnetizing 
force H, and establish whether an air gap is required. (A gap is required if the 
permeability is too large or the core is saturating.) 

7. If an air gap is required, first establish the effective length of the air gap 
built into the core material at the existing permeability. (This is the air gap 
that would exist if the distributed gap were all collected in one place.) As- 
sume that the core material itself has zero reluctance. This calculation is 
quite simple; for example, if the existing permeability is 50, then the core 
length is 50 times longer than it would have been if it had been all air. This 
means that the effective air gap is only '/so of the actual length of the 
core. 

Also calculate the required effective gap at the required (lower) permeabil- 
ity; for example, if a permeability of 40 is required, then the gap would be 1/40 
of the core length. The difference between these two effective gaps is the 
length of the real air gap that must be added to obtain the required permeabil- 
ity. Hence 

le le l g = - - -  
P x  Pr 

8. Calculate wire size and winding resistance. 
9. Calculate the copper loss and check the predicted temperature rise of the fin- 

ished choke from the thermal resistance shown in Fig. 3.2.2. If the ripple cur- 
rent exceeds 10% or the operating frequency is above 40 kHz, check the core 
loss and adjust the temperature rise prediction if necessary. 

The following example demonstrates the use of the above equation. 

2-6 EXAMPLE OF IRON POWDER E-CORE 
CHOKE DESIGN (USING THE GRAPHICAL AREA 
PRODUCT METHOD) 

In this example, a 25-kHz continuous-mode buck regulator choke with the. fol- 
lowing parameters is to be designed on an iron powder E core: 
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Inductance = 1 mH 
Mean DC current = 6 A 

Maximum temperature rise = 50•‹C 
Maximum ripple current = 10% 

2.6.1 Step 1, Establish Core Size 

Obtain the area product from Fig. 3.2.2. 
In this example, entering the graph with 6 A and projecting up to the 1-mH line 

gives an area product of 4.4. 
From Table 3.2.2, the El68 core with an AP of 5.28 (4.3 with bobbin) meets - ~ 

this requirement. 

2.6.2 Step 2, Calculate Turns 

where N = total turns 
L = inductance, mH 
I = maximum DC current, A 

B = maximum flux density, m 
A, = effective core area, cm2 

Nofe: To limit core loss, the graph in Fig. 3.2.2 was developed using a peak flux 
density of 350 mT. This value is used to calculate the turns. a 

From Table 3.2.2, the El68 core constants are 

Area of center pole A, = 1.84 cm 

Length of magnetic path I ,  = 10.3 cm 

Hence 

2.6.3 Step 3, Calculate Required initial Core Relative Permeability m, 

where p,, = 47~ x lo-' 
1, = effective magnetic path length, cm 
L = inductance, mH 
N = turns 

A, = area of core, cm2 



Hence 

At a required permeability o[ 51, only the 40 and 26 core materials can be con- 
sidered, as the rest have permeabilities which are already too low. 

2.6.4 Step 4, Calculate the DC Magnetizing Force H,, 

Note: The magnetizing force is required so that the percentage initial permeabil- 
ity can be obtained. 

where HDc = DC magnetizing force, Oe 
N = turns (93) 
I = DC current (6 A) 

I ,  = magnetic path length (10.3 cm) 

Hence 

2.6.5 Step 5, Establish Effective Working Permeability and Select Core 
Material 

From Fig. 3.2.1, at H = 68 Oe the percentage initial permeability is only 41% of 
p-75 for the #26 mix material or 44%of p-60 for the #40 mix material, giving 

pdem = 30.75 for the #26 material 

pdem = 26.4 for the #40 material 

Hence, at H = 68, the effective permeability of the nongapped cores in any of the 
materials is lower than the required value of 51, because the core material is ap- 
proaching saturation. However, if the higher-permeability material is chosen, it is 
possible to delay the onset of saturation by introducing an air gap. (Although the 
gap will reduce the permeability at low values of magnetizing force, it will in- 
crease it at high values by reducing the onset of saturation.) Hence in this exam- 
ple an air gap is indicated. 

To obtain the highest possible permeability at full-load current, the higher- 
permeability (p-75) #26 mix material is selected, and it is gapped to give a per- 
meability of 51 at low currents. 

2.6.6 Step 6, Establish Air Gap Size 

The effective length of the core air gap intrinsic to the El68 p75 core (that-is, the 
effective length of the internal distributed gap) is I&, (103175 mm = 1.37 mm, 

- - - - --- - 
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this example). If the effective permeability prcern is to be 51, then the effective air 
gap must be increased to 103/51 = 2.02 mm. The difference is 0.65 mm (26 mil), 
and this is the required total air gap (in practice 13 mil in each leg). Hence 

where I ,  = effective length of magnetic path (of core), mm 
I ,  = length of air gap, rnrn 
pr = relative permeability (before gap is introduced) 
px = required permeability (after gap is introduced) 

In this example, 

Some adju~tment of the air gap may be required to obtain the optimum induc- 
tance. 

2.6.7 Step 7, Establish Optimum Wire Size 

For minimum copper loss the winding should fill the available bobbin window 
area with some allowance for insulation. 

From A ~ ~ e n d i x  3.B, the packing factor K, for round wire with heavy-grade 
insulation ii'0.64. 

The El68 core and bobbin have been selected. From Table 3.2.2, the window 
area of the bobbin A,,, is 2.32 cm, and 93 turns are required (from%ep 2). Hence 
the area of the wire k; is 

From Table 3.1.1, a #I6 AWG wire is selected. 

2.6.8 Step 8, Calculate Copper Loss 

The total length of wire 1 on the fully wound bobbin can be calculated from the 
number of turns N and mean turn length I,,,. 

From Table 3.2.2, the mean turn length 1, for the El68 bobbin is 9.2 cm. 

Hence 

l = N x I ,  cm 

Therefore, in this examples, 1 = 93 X 9.2 = 856 cm. 
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The resistance per centimeter of #I6 AWG copper wire RT., at 70•‹C ( 5 p c  rise 
above ambient) is 0.00015 Wcm (Fig. 3.4.11). Hence the total resistance of the 
winding Rw, is 

The power P dissipated in the winding as a result of the DC current flow is 

(I 

P = I2 X R = 6' x 0.128 = 4.6 W '+. 

2.6.9 Step 9, Calculate Temperature Rise 

From Fig. 3.2.2, the thermal resistance (R, w-a) of the El68 wound assembly at 
a temperature rise above ambient of 50•‹C is given by the intersection of the her- 
izontal El68 line with the diagonal 5VC line as 9.1•‹CIW (top scale). Hence the 
temperature rise of the wound core AT. resulting from copper loss only would be 
approximately 

AT, = (R, w-a) x W = 9.1 x 4.6 = 41.8"C 

Core Loss (Iron Powder Cores). The above example neglects the core loss and is 
valid so long as this loss is negligible. However, at ripple currents of more than 
10% and/or frequencies higher than 40 kHz, the core loss can become significant 
and must be considered. 

In this example, c iGla te  the core loss for the above choke at 10% ripple cur- 
rent and 40-kHz operation. From Eq. (3.A.9) the flux density swing can be de- 
termined: 

where AB = flux density swing, mT 
L = inductance, mH 
I = ripple current, A p-p 

A, = effective core area, cm2 
N = turns 

+om Fig. 3.2.3, the core loss at 35 mT and 40 kHz is 50 mW/cm3, and with a core 
folume of 19 cm3, the total core loss is 950 mW. Hence, in this example, the core 
,ss would give a 20% increase in the total loss, and the temperature rise will now 
e 50.3OC. Therefore some allowance must be made for core loss. 

At high frequency and high ripple currents, t h ~  core loss quickly predominates 
nd may even prevent the use of iron powder cores, as the following example 
IOWS. 
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A t  FLUX DENSITY SWING AB 
( I N  MILLITESLA)  

FIG. 3.2.3 Core loss as a function of ac flux density swing for iron powder #26 mix, with fre- 
quency as a parameter. (Micromerals Inc.) 

Example 

Consider the loss in the above choke example (1 mH at 6 A) if the choke were 
operated at 100 kHz and 20% ripple current (20% x 6 A = 1.2 A p p  ripple cur- 
rent). 

Hence 

From Fig. 3.2.3, the core loss of #26 mix at 70 mT and 100 kHz is 800 
mW/cm3. The core volume (Table 3.2.2) is 19 cm3, and the total core loss is 



(0.8 x 19) = 15.2 W. Clearly the #26 iron powder material would not be suitable 
for this application. 

The corresponding loss using k-60 Molypermalloy (MPP) material would be 
1.5 W, and with gapped ferrite, only 0.5 W. Hence, these materials would be 
more suitable and would be considered for this type of high-frequency, high- 
ripple-current application. 

In the final application, the temperature rise depends on the complex thermal 
interaction of the complete thermal system in the finished product. A final tem- 
perature measurement of the choke under working conditions is essential to com- 
plete the design process. 

CHAPTER 3 
CHOKE DESIGN 

USING IRON POWDER 
TOROIDAL CORES 

3. I INTRODUCTION 

Iron powder toroids can be very suitable for chokes in output filters of power 
converters provided that the DC current component is large compared with the 
ripple current. With iron powder, the core loss will be relatively low in the mid- 
frequency range, and although it will be somewhat higher than with MPP (mo- 
lybdenum Permalloy) cores, there is a significant reduction in cost. 

In applications in which high-frequency noise rejection is important, toroidal 
chokes with a single-layer winding give minimum interwinding capacitance and 
good noise rejection. When maximum inductance is required, a "full" multilayer 
winding will be used. 

For the purpose of this discussion, the term "choke" will be used to describe 
an inductor which canies a large DC bias current and small ac ripple currents of 
less than 20%. 

Since toroidal cores are generally supplied uncut, it is not possible to intro- 
duce an air gap into the magnetic path so as to change the permeability; hence, 
the design procedure must ensure that the core will not saturate under maximum 
current conditions, without requiring an air gap. 

The area product of a toroid is often much larger than that of an E core of 
equivalent core area, as the window (center hole area) is relatively large. The 
main reason for a large window is to provide space for the winding shuttle when 
a winding machine is used. Unlike the bobbin-wound E core, the window space 
of a toroid cannot be fully utilized when machine winding is used. 

It is common practice to wind single-layer windings on toroids, both for ease 
of winding and to get lower interwinding capacitance for improved high- 
frequency noise rejection. This can give very poor copper packing factors with 
relatively large copper loss. 

A further complication unique to the toroid is the variation in the wire packing 
factor between the inner and outer surfaces. Because of this, small cores tend to 
have very poor packing factors when large-gauge wires are used. 



The strict consistency of geometric ratios brought about by the "scrapless" 
approach to the E-core topology is not relevant to toroids; hence, there is a much 
greater variation in the core geometry with toroidal cores. As a result of the 
above limitations, together with the geometric inconsistency of the toroids, the 
area product design approach used for transformers and E-core chokes tends to 
be less generally applicable; it will not be used in the following example. 

3.2 PREFERRED DESIGN APPROACH (TOROIDS) 

Because the toroid window area tends to be rather large relative to the core 
cross-sectional area, it has been found to be better to allow the magnetic require- 
ments to define the minimum core size, rather than the temperature rise require- 
ments that were used for the E-core design approach. 

In the following example, the need to provide a defined inductance, while pre- 
venting core saturation under maximum current conditions, will be used to define 
the minimum core size. 

Further, it will be shown that this design approach yields a suitable core size 
and required number of turns directly from a single nomogram, when only the 
required mean current and inductance are known. The maximum temperature 
rise is then controlled by selecting a suitable wire gauge. 

Although the nomograms used in this section were developed specifically for 
the ~icrometals@ powder cores, they may be used for any powder cores of sim- 
ilar geometry and permeability. 

3.3 SWINGING CHOKES 

Although this was not previously mentioned, chokes wound on re.al ferro- 
magnetic materials will display some nonlinearity as a result of the nonlinear 
magnetization characteristic. The general effect is to reduce the effective small- 
signal dynamic inductance as the DC polarizing current increases. Where this 
effect is undesirable, air gaps will often be introduced to linearize the character- 
istic. 

In some applications, a nonlinear choke characteristic (swinging choke) can be 
useful. For example, in buck regulators, if the inductance of the choke can be 
made to increase at light loads, continuous-mode converter operation can be ex- 
tended to smaller minimum load currents. Conversely, at larger load currents, the 
inductance will be lower, giving better transient response. Chokes which display 
this change in effective inductance with DC bias current are known as "swinging 
chokes." The nonlinear BIH characteristic of nongapped iron powder toroids can 
be used to provide an inductance "swing" ratio of up to 2:l. 

3.3.1 Types of Core Material Most Suitable for Swinging Choke 
Applications 

For good swinging choke performance, the BIH loop of the core material should 
be very nonlinear. As the magnetizing force H increases @C load current in- 

_). bI.".." "I".".. -. .- 

creases), the core material is taken toward saturation, and the permeability 
should become progiessively lower. Some iron powder materials are particularly 
suitable for this application, as they display a rapid change in permeability. 

Figure 3.2.1 shows how the permeability of the various iron powder materials 
falls as the DC magnetizing force H increases. The #26 and #40 materials display 
a rapid fall in permeability as H increases and are more suitable for swinging 
choke applications. 

If these materials are operated at a maximum full-load magnetizing force H of 
50, the permeability will be only half of the initial value, and the incremental full- 
load inductance will be only half of the initial (low-current) value. This change in 
permeability gives an inductance swing of 2:1, a useful range. Further, the core is 
not easily saturated at higher values of H, and the current overload safety margin 
is good. (A current overload of 100% will only reduce the inductance by a further 
20%, and the core will not be saturated.) This provides a safe overload current 
margin for most applications. Further, it will be shown that choosing the magne- 
tization H for a value of 50 gives a suitable core size, resulting in a working tem- I 
perature rise not exceeding 40•‹C. 

3.3.2 Design Example (Swinging Chokes) 

The following design example is for a swinging choke with a 2: 1 inductance swing 
ratio, wound on a toroidal powder core. A graphical design method based on the 
nomogram shown in Fig. 3.3.1 will be used. (The derivation of this nomogram is 
given in Appendix 3.C.) 

Although Fig. 3.3.1 has been based on the #26 mix material, it can be used for 
all the iron powder materials by applying the inductance adjustment factors 
shown in the diagram. When this design approach is used with the low- 
permeability #28 and #8 materials, the major difference is that the inductance 
swing will be much less. 

3.3.3 Choke Specification 

Assume a requirement for a continuous-mode, 5-V, 10-A, 100-kHz buck regulator 
swinging choke. The peak-to-peak ripple current is to be 20% of the rated current 
at the maximum duty ratio of 48%. The inductance swing is to be 2: 1, so as to 
give continuous choke conduction down to a minimum load of 0.5 A. To satisfy 
this requirement, the ripple current must not exceed 10% of rated output current. 
Hence at a 0.5-A load the inductance must be double that at full load, and the 
choke specification will be as follows: 

V,", = 5 v 
I,, = lo A 

= 2 A (at full load) 
f = 100 kHz 
t,, = 10 ps 

ton = 5.2 PS 

I,-, = 1 A (at minimum load, 0.5 A) 
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CHOKE CURRENT (AMPS) 

FIG. 3.3.1 Nomogram for iron powder toroidal cores, giving turns as a function of choke cur- 
rent, with required inductance and core size as parameters. 

3.3.4 Step 1, Calculate the Inductance Required at Full load 

In the buck regulator (Fig. 2.20.la), during the "off' or flywheel period, the volt-. 
age e across the choke L is constant at V,,, plus a diode drop; hence 

di 
lel = L- 

dt 

where lel = the magnitude of the voltage across the choke during the "off" 
period 

dildt = the rate of change of current during the "off" period 

and L may be calculated as follows. 

In this example, e = V,,, + 0.7 = 5.7 V 

and 

Hence 

3.3.5 Step 2, Obtain Core Size and Turns from Nomogram (Fig. 3.3.1) 

Enter the nomogram at the bottom scale with the required maximum load cur- 
rent of 10 A. Project upward to the required inductance (14.8 pH in this ex- 
ample). Use the 15-pH full-load inductance intersect (heavy line marked 15 
bH). The nearest (lower) solid diagonal gives the required core size (T90 in 
this case). 

The horizontal left projection from the core and inductance intersect indicates 
the required turns (21 in this example). Thus a T90 core wound with 21 turns will 
be used. 

3.4 WINDING OPTIONS 

Once the required turns have been determined (as shown above), there are three 
options normally considered for toroidal choke winding depending on the re- 
quired performance. 

3.4.1 Option A, Minimum Loss Winding (Full winding) 

In this design option, the main aim is to minimize the power loss (mainly copper 
loss). Hence the maximum wire gauge that will just fill the available window 
space (normally limited to 55% of the total window area) is selected. 

This "full winding" will give the lowest copper loss, but it is more difficult and 
expensive to manufacture. Further, because of larger interlayer winding capaci- 
tance, the high-frequency noise rejection is not as good as that of a single-layer 
winding. 

3.4.2 Option B, Single-Layer Winding 

In this option, a wire gauge is selected that will just give the required number of 
turns in a single layer (with a space between start and f ~ s h  of at least one turn). 
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This option gives easy, low-cost windings with a low distributed capacitance and 
good high-frequency noise rejection. However, it has the disadvantage of poor 
utility of the available winding space, with higher copper loss and the largest tem- 
perature rise. 

3.4.3 Option C, Winding for a Specified Temperature Rise 

This option is a compromise approach in which the wire gauge is selected to give 
a specified temperature rise that is between the minimum value provided by op- 
tion A and the maximum loss condition of the single-layer option B. 

3.5 DESIGN EXAMPLE (OPTION A) 

Once the inductance, turns, and core size have been selected using Fig. 3.3.1, as 
described in Sec. 3.4, the maximum wire size that will just N145% of the selected 
core window area is required. 

3.5.1 Selecting Wire Size 

Figure 3.3.2 is a nomogram showing the gauge of wire and number of turns that 
will just give a full winding on the selected core. 

Enter the graph from the left with the required number of turns. The intersec- 
tion of the number of turns with the solid diagonal "core line" for the selected 
core indicates the required wire gauge on the lower scale. 

Note: The dashed lines in Fig. 3.3.2 indicate the gauge of wire to be used if a 
single-layer winding is to be maintained. 

It should be noted that at wire gauges above #I8 AWG, the option for multiple 
wires of 18 AWG (for ease of winding) is provided. Other wire sizes may also be 
used, so long as the copper cross-sectional area is maintained. 

When the solid line is followed above the slope discontinuity on Fig. 3.3.2, the 
winding reverts from a single-layer to a multiple-layer winding. 

Example 

Using the information for the 10-A 15-pH example in Sec. 3.3.5, 21 turns on a 
T90 core are required. Entering Fig. 3.3.2 with 21 turns, the intersect with the 
T90 core solid line indicates a wire gauge of #13 AWG, or three wires of #18 
AWG, for a full winding. (The intersect is above the slope discontinuity; hence 
the winding will be multiple-layer.) 

3. CHUKE DESIGN 

0 0 0  n Y) * - 
CORE SIZE FULL WINDING - 8 8  M 2 !2 

I l l1  I l l 1  I l l '  I l l 1  l f ' l  1 1 1 1  1 I 1 MULTIPLE WIRES 
+- 18 AUG 

256 128 64 32 16 8 4 2 1 

WIRE SIZE (AWG) 
FIG. 3.3.2 Nomogram for iron powder toroids, giving wire size as a function of turns, with 
core size and single- or multiple-layer windings as parameters. 
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3.5.2 Temperature Rise, Full Winding 

Figure 3.3.3 indicates the temperature rise (above ambient free air temperature) 
to be expected from a full winding on the stated core sizes (or for cores of similar 
surface area with the same copper loss). 

2 5 10 20 30 40 50 60 

TEMP. ( O C )  RISE 

FIG. 3.3.3 Nomogram for iron powder toroids, giving temperature rise as a function of choke 
DC ampere-turns, with core size for single-layer windings as a parameter. 

Enter the graph at the left with the required ampere-turns. The intersect with 
the core size indicates the temperature rise on the lower scale. 

Example 

Using the information from the previous example, 10 A and 21 turns gives 210 
ampere-turns, on the T90 core. 

Entering Fig. 3.3.3 at the left, with 210 ampere-turns, the intersect with the 
T90 core indicates a temperature rise of approximately 15'C (on the lower scale). 

This temperature rise is a free air prediction considering copper loss and core 
area; it neglects core losses, which should be small. However, the temperature 
needs to be checked in the finished application, since core losses, together with ... . . - 

the thermal contribution from nearbyhot components, can make a considerable 
difFerence in the final temperature. 

I 

! 

3.6 DESIGN EXAMPLE (OPTION B) 

Single-layer windings have the advantage of being simple to manufacture and 
having low interwinding capacitance, giving good high-frequency rejection. The 
disadvantage is smaller wire sizes and higher copper loss, giving a higher temper- 
ature rise. 

3.6.1 Selecting Wire Size 

Using the same example as for the full winding, a choke of 15 p H  at 10 A on a 
T90 core will require 21 turns. 

Entering Fig. 3.3.2 with 21 turns and using the dashed T90 core line this time 
(for a single-layer winding) yields a smaller gauge of #15 AWG (or two wires of 

3.6.2 Temperature Rise 

To obtain the temperature rise for a single-layer winding, enter Fig. 3.3.4 with the 
load current. The intersect with the selected wire gauge indicates the temperature 
rise on the lower scale. 

In this example, 10 A and #15 AWG yields a predicted temperature rise of 
22•‹C (47% higher than the full winding example). 

3.7 DESIGN EXAMPLE (OPTION C) 

This option is more difficult to design, since it requires a more iterative process. 
Using the preceding approaches, the temperature will be between 15 and 22"C, 
depending on the wire gauge. For temperature outside this range (for the same 
current and inductance), the same design process as in the above examples may 
be used, with larger or smaller cores selected to give smaller or larger tempera- 
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FIG. 3.3.4 Nomogram for iron powder toroids using single-layer windings, giving temperature 
rise as a function of DC load current, with wire sue as a parameter. 

ture rises. Several iterations may be required to get acceptable results. Alterna- 
tively, the process may be reversed by starting with the required temperature 
rise, using Fig. 3.3.4 for single-layer windings or Fig. 3.3.3 for full windings. 

Note: Changing the number of turns from that indicated in Fig. 3.3.1 will 
change the inductance and "swing" ratio. (The swing ratio is given by the per- 
centage permeability graph, Fig. 3.2.1 .) 

3-8 CORE LOSS 

In all the above examples, the core loss has been neglected; hence the tempera- 
ture rise prediction is valid only when the core loss is in fact negligible. At high 
frequency and high ripple currents, the core loss may be significant and should be 
considered. 

~ -. 

For the previous example, the flux density swing at full load can be deter- 

mined from Eq. (3A.9) as follows: 

where AB = flux density swing, T 
L = inductance, H 

I,*,, = ripple current, A p p  
A, = core area, cm2 
N = turns 

In the above example, 

From Fig. 3.2.3 (p. 3.39), at a frequency of 100 kHz and a flux density swing of 
33.8 mT, the core loss is 140 mW/cm3. The core volume is 2.68 cm3, giving a total 
loss of 375 mW. Although small, this compares with the copper loss and should 
be considered when calculating the temperature rise. At lower frequencies the 
core loss can be neglected. 

i 

3.9 TOTAL DISSIPA TION AND TEMPERATURE 
RISE 

When the core loss is large and cannot be neglected, the temperature rise can be 
obtained from Fig. 3.3.5, using the total dissipation figure. 

Add the copper and core losses to obtain the total dissipation. Enter the no- 
i 

mogram (Fig. 3.3.5) with the total dissipation on the lower scale. The intersect 
with the surface area (left) or core size (right) gives the predicted temperature rise 
on the diagonal lines. 

3.9.1 Calculate Winding Resistance 

Using the example for option A, the full winding (Sec. 3.3,  calculate the copper 
resistance from the wire gauge, number of turns, and total winding length. For 
the full winding the following parameters were obtained: 

Turns N = 21 
Wire gauge = 3 wires of #18 AWG 

MI* = 3 cm 
RT,, (resistance of #18 AWG) = 0.00024 CUcm at SOT (p. 3.23) 

Load current = 10 A 

The total copper resistance of each wire is given by 
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TOTAL DISSIPATIOH (MATTS1 

TOROID 
CORE I 

I 
74000 

73000 

7225 

190 

FIG. 3.3.5 Nomogram for toroidal cores, giving temperature rise as a function of total dissipa- 
tion and core surface area, with the surface area of typical cores as a parameter. 

Hence, with three wires in parallel, 

21 X 3 X 0.00024 - 
Rtotal = 3 

- 0.005 n 

Copper dissipation = I'R = 0.5 W 

Add the core loss Sec. 3.8 (375 mW). 

Total dissipation = 0.5 + 0.375 = 0.875 W 

From Fig. 3.3.5, the temperature rise for the T90 wound core at full load, in- 
cluding the core loss, will be approximately 22•‹C. 

3.10 LINEAR (TOROIDALI CHOKE DESIGN 

Although the design approach detailed in Secs. 3.2 through 3.7 specifically ap- 
plies to "swinging chokes," it can also be used for linear choke design. Linear 
chokes require the core permeability to remain constant throughout the current 
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range so that the inductance will remain constant. It is not possible to completely 
eliminate the inductance swing, as all materials display some curvature in the BIH 
characteristic. However, the #28 and #8 materials, when operated at a magne- 
tizing force of 50 Oe, will have a maximum swing of less than lo%, as shown in 
Fig. 3.2.1. 

Hence, for linear choke design, choose #8 or #28 material and adjust the in- 
ductance sho.wn in Fig. 3.3.1 by the correction factor shown for the selected ma- 
terial. Otherwise proceed as f& "swinging choke" design. 



APPENDIX 3.A 
DERIVATION OF AREA 
PRODUCT EQUATIONS 

for Energy Storage Chokes 

The area product (AP) is the product of the core winding window area and the 
center pole cross-sectional area. As such, the dimensions are in cm4. This factor 
can be used by core manufacturers and designers to indicate the power-handling 
ability of transformer and choke cores.ls2 

Chokes (inductors which carry a large DC current component) wound on fer- 
rite cores will have relatively large air gaps to prevent saturation of the core. As 
a result, the majority of the reluctance and stored energy will be concentrated in 
the air gap, not in the core. On this basis the following approximations can be 
used in the derivation of equations relating the area product (AP) to the induc- 
tance and current ratings of chokes wound on gapped ferrite cores: 

1. The reluctance of the core may be considered negligible compared with the 
air gap; hence all the energy will be assumed to be concentrated in the air 
gap. 

2. With a large air gap, the permeability pr is nearly constant, provided that sat- 
uration is avoided; hence the BIH characteristic is assumed to be linear. 

3. A uniform distribution of flux density in the air gap is assumed. 
4. A uniform distribution of field intensity H in the air gap is assumed. 

3.A. 1. BASIC MAGNETIC EQUATIONS SI UNITS 

1. In accordance with Faraday's law of induction, the emf induced in a winding 
is -- 

Also, 

Hence 
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For this example (assuming that the gap is concentrated in a single place), 
A, = A,, where A, is the area of the core pole. (Fringe effects are neglected.) 

2. Ampere's law of electromotive force (as applied to the field in the air gap) is 

m d  = $ ~ . d  1, = H , ~  = NI (3.A.2) 

3. The magnetic field relationship is 

B = kr'hLO. H 

But pr = 1 (in the air gap). Hence 

From Eq. (3.A.1), 
di e = La- 
dt 

Hence 
e-dt = Lsdi 

Multiplying both sides by I and integrating, 

Hence 

From Eq. (3.A.2), 

5. 

Multiplying Eq. (3.A.5) by Eq. (3.A. l), 

Hence 



PART 3 

E . I . d t = A , . I , - H a d B  

Integrating both sides, 

6. 

J E . I . ~ ~ = J = A , . ~ , . J H - ~ B  (3.~.6) 

From Eq. (3.A.3), 

Substituting for H  in Eq. (3.A.6), .with p,, constant, 

Hence 

But from Eq. (3.A.3), 

B - = H  
Clo 

Hence 

7. 
1 J = - . B . H . A  . I  
2 g g 

Equating Eqs. (3.A.4) and (3.A.7), 

8. 

Hence the circuit energy equals the magnetic energy stored in the gap. 
From Eq. (3.A.2), 

Substitute in Eq. (3.A.8): 

Simplify: 

Hence 

L - I  N = -  
B A, 

where I = peak current. 

Now consider the winding: The ampere-turns is the current density in the wire 
I, multiplied by the usable window area A, modified by the packing factor K,. 

N . I,, = I, . A, - K, 

where I,, = rms (heating) current. 

Hence 

10. 
A, . I, - K, 

N =  
Zms 

Equating N in Eqs. (3.A.9) and (3.A. lo), 

The area product AP = A,  x A,; hence, solving for AP and converting dimen- 
sions to centimeters, 

In continuous-current choke applications, the peak current amplitude I is very 
close to the r m s  current I,,; hence, I x I,, = 12. Further, for most practical 
applications, the current density I,, packing factor K,, and peak flux density l3 
can be considered constant. Hence, Eq. (3.A. 11) relates the area product to the 
stored energy, !h (L . 12)K. 

The nomogram shown in Fig. 3.1.2 was developed assuming that the current den- 
sitv was such as to eive a temDerature rise of 30•‹C in free air cooling conditions. 
 her, the packinglfator K, k assumed to be constant at 0.6 (nominal for a single 
winding of round wire), and the peak flux density is assumed to be 0.25 T. 

It has been shownls2 that a choke with an area product of 1 will have a tem- 
perature rise of approximately 30•‹C in free air at a winding current density I, of 
450 A/cm2. With larger cores the current density must be decreased, as the ratio 
of volume to surface area decreases with size. 
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Hence with larger cores the current density I ,  should be reduced as follows: 

Substituting for I, b . K,, , and I ,  in Eq. (3.A. 11) gives for a 30•‹C temperature rise 
the special case for A P  of 

A family of curves of AP developed from Eq. (3.A.13) for various values of in- 
ductance L plotted against load current is shown in Fig. 3.1.2. 

3.A.2. FURTHER USEFUL DERIVATIONS 

Energy Storage 

From Eq. (3.A.7), 

From Eq. (3.A.3), 

14. 
B H=- 

Pr ' Po 

Substituting Eq. (3.A.3) into Eq. (3.A.7), 

B~ ' Ag - Ig 
J = joules 

2 . h ' P r  

But A . I ,  = volume of air gap (or volume of core and air gap where I ,  is total 
mean fength of magnetic path, A, is effective area of core, and kr is permeability 
of core plus gap). Hence, in general, the energy density is 

15. 

Or for the air gap only (since kr = I), 
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3.A.3. INDUCTANCE 

From Eq. (3.A.8), 

But from (3.A.5) 
H 1, 

I = -  
N 

Hence (substituting for 12) 

Substitute p, . (l, for BIH from Eq. (3.A.3): 



APPENDIX 3.B 
DERIVATION OF PACKING 

AND RESISTANCE FACTORS 

The nomogram shown in Fig. 3.1.3 is developed from the basic physical param- 
eters of the core and former. 

3.B. 1. MAXIMUM TURNS 

For choke applications, a fully wound bobbin is normally used so as to obtain the 
maximum energy storage with minimum copper loss. The aim is to use the small- 
est core that will just provide the required inductance with an acceptable temper- 
ature rise and minimum vpltage drop. 

The stored energy J is 5 L . z2 joules. To maximize J with a defined maximum 
load current, L must be maximum. Further, for a defined core size and material, 
L a N ~ ,  and hence the number of turns must be maximum. 

However, the larger the number of turns, the greater the copper loss and tem- 
perature rise. Hence, to obtain the optimum inductance on a particular core size, 
a compromise must be made between temperature rise and inductance. 

3.8.2. PACKING FACTOR K, 

The window area of the core cannot be fully utilized for winding copper because 
of the need for a bobbin and insulation. Further, the wire shape and wastage 
mean that only part of the available space is occupied by copper. 

In chokes, a single winding is normally used, and the need for insulation is 
minimal. The nomogram assumes that round wires will be used, and the ratio of 
a round conductor to the occupied rectangle is ~ ( r ) ~ / ( 2 r ) ~  = d 4  = 0.785. In the 
middle of the wire range (#20 AWG), if heavy-grade insulation is used, the ratio 
of the copper area to the overall wire area is 0.83 (the remainder being taken up 
.by the wire insulation). This reduces K, to 0.65, and to allow a margin for end 
wastage and insulation, a packing factor K,, of 0.6 will be used. If the wire is to be 
wound on a bobbin, this packing factor must be applied to the usable window 
area of the bobbin a,, rather than to the window area of the core. 

-- - _- - - -  
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3.B.3. RESISTANCE FACTOR R, 

The resistance factor Rx is defined as the resistance of a single turn with a cross- 
sectional area that will just fill the available window area at a packing factor of 
0.6. To calculate the resistance of this single turn, it is necessary to obtain its 
effective mean length I,,, and its area. For this, the mean diameter and window 
area of the particular bobbin must be used. Hence, the resistance factor R, has a 
specific value for each core size and allows the resistance of a fully wound bobbin 
R, to be quickly established for any number of turns, as follows: 

where R, = the resistance of the winding, assuming a fully wound bobbin, kfl 
N = total turns 

R, = resistance factor (defined above), and shown in Table 3.3B.1 

Note: The resistance increases as N2, not N, because the bobbin is always as- 
sumed to be fully wound. Hence if the turns double, the copper area must halve, 
and the total length of the winding doubles. 

The volume resistivity p of copper at O•‹C is 1.588 @Icm3. 

Note: The volume resistivity is defined as the resistance across opposite faces of 
a 1-cm cube of copper at O•‹C (+273 K), in microhms. Hence the resistance of a 
length of copper wire at O•‹C, Rc,, is given by 

The temperature coefficient of copper referred to O•‹C, R ,  is between 0.00427 and 
0.00393 fl/(fl . "C), depending on how soft it is. For this example a nominal 
value of 0.004 fl/(fl "C) will be used. Hence the resistivity of the copper wire at 
100•‹C, p,, may be calculated as follows: 

where p,, = resistivity of copper at PC,  fl/cm3 
p = resistivity of copper at O•‹C, fl/cm3 

R, = temperature coefficient of copper at O•‹C 
T = working temperature, "C 

Hence at 100•‹C, p,, is 

Using this value of resistivity, the published window area of the EC range of bob- 
bins A,, , and a packing factor K, of 0.6 for round wire, the resistance factor R, 
for the EC range of bobbins was calculated, and is shown in Table 3.3B.1. 
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TABLE 3.38.1 Resistance Factor R, and Effective Area Product EAP for the EC Range 
of Cores, Using Round Magnet Wire at a Working Temperature of 100•‹C 

Core tvae 

1, 4.12 5.2 5.0 6.0 7.3 
46 

9.5 
Rx 34 18.72 16.33 12.8 7.54 
EAP 0.715 1 .46 2.96 9.91 

where R, = resistance factor 
pt, = copper resistivity at 100•‹C, CLn/cm3 
I,,, = mean length of turn, cm 

A,, = bobbin window area (one side), cm2 
K, = packing factor (0.6) 

Note: R, is in microhms. 

3.B.4. NUMBER OF TURNS IN A FULLY WOUND 
BOBBIN 

The number of turns that will fit into a fully wound bobbin is simply determined 
by dividing the useful window area of the bobbin, A,, x K,, by the area of the 
copper for the selected wire gauge, A,. Hence 

Turns = 
Awb X Ku 

(3.B.5) 
Ax 

3.B.5. RESISTANCE OF A FULLY WOUND 
BOBBIN 

From Eq. (3.B.1) and the listed resistance factor, the resistance of a fully wound 
EC bobbin can be quickly established as follows: 

APPENDIX 3. C 
DERIVATION OF NOMOGRAM 

The nomogram in Fig. 3.3.1 is developed for the Micrometals T range of iron 
powder cores, with the initial magnetization condition H = 50 Oe. From Fig. 
3.2.1 it can be seen that this gives an initial permeability of 50% for the #26 iron 
powder material. This provides the 2:l inductance swing for the "swinging 
choke" requirement. 

From the magnetizing equation, 

where H = magnetizing force, Oe 
N = turns 
I = peak current, A 

1, = effective magnetic path length, cm 

From Eq. (3.C.1), 

Figure 3.3.1 shows a plot of N vs. Zfor each core at a constant magnetizing force 
H of 50 Oe. 

The inductance for the specified number of turns may be obtained from the 
published A, value or from Eq. (3.A. 17). The inductance has also been plotted on 
Fig. 3.3.1. 

Note: The discontinuity between cores T38-50 and T184-225 is caused by a 
change in the geometry of the cores between these sizes. 



CHAPTER 4 

DESIGN 
(GENERAL PRINCIPLES) 

4.7 INTRODUCTION 

The design of the switchmode transformer, more than any other single factor, will 
determine the overall efficiency and cost of a modem switchmode supply. Un- 
fortunately, the transformer design process also tends to be the most poorly un- 
derstood area of switchmode design. 

The intention of this section is to throw some light on the major parameters 
which control high-frequency transformer design. The subject is vast, and many 
volumes have already been devoted specifically to it. It is beyond the scope of 
this book to deal with more than some general aspects, but thew are covered in 
sufficient detail to allow the production of working prototypes which will not be 
too far from an optimum design. 

Expert transformer engineers will already be familiar with the many volumes 
available on the subject, and will be using one of the more sophisticated core ge- 
ometry, area product, or computer-aided design techniques. This section is not 
intended for them, and they will hopefully forgive the nonrigorous approach used 
in the interest of simplicity. The subject is dealt with here in a relatively general 
way, as specific design examples have already been given in the appropriate con- 
verter sections. 

This chapter is broken down into five parts as follows: 

1. Sections 4.2, 4.3, and 4.4, transformer size 
2. Section 4.5, flux-density swing 
3. Section 4.6, turns 
4. Section 4.7, core loss 
5. Section 4.8, copper loss 
6. Section 4.9, skin effects 

The design procedures apply in the frequency range 20 kHz to 100 kHz and 
assume the use of low-loss transformer femtes and bobbin windings. It is also 
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Although it is generally understood that the transformer sue  is related to the 

.3 OPTIMUM EFFICIENCY 

, core geometry, and operating 
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FIG. 3.4.1 Nomogram giving power ratings of ferrite cores as a function of core vol- 
ume, with core size and frequency as parameters. (SLrnens A O  

Figure 3.4.2 shows the copper loss, core loss, and total loss of a N27 ferrite 
EC41 core at 20 kHz and 50 kHz, as a function of flux density swing. 

At 50 kHz the maximum efficiency (lowest loss) occurs when the core loss is 
44% and the copper loss 56% of the total loss. At 20 kHz the optimum efficiency 
occurs near where core and copper losses are equal. However, the minimum loss 
curve is quite broad-based, and near-optimum designs for both frequencies will 
result if copper and core losses are kept nearly equal. 

Further factors affecting core size are operating frequency, core material, 
number of windings, number and location of screens, and any special insulation 
requirements. 

The manufacturer's power nomograms normally assume single primaries and 
secondaries, with minimum insulation requirements. Furthermore, the nomo- 
gram is developed for a defined operating frequency and temperature rise. How- 
ever, in real applications, to obtain an optimum design, the designer must make 
allowances for all the major design factors when selecting core size. 

In general, transformers requiring a large number of secondary windings 
andlor special insulation requirements (for example, transformers that are re- 
quired to meet the 6-mm creepage distance for UL, IEC, and VDE safety spec- 
ifications) will require larger cores. Transformers to be operated at higher fre- 
quencies and those with simple windings and insulation requirements will require 
smaller cores. 
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FIG. 3.4.2 Copper and core losses as a function of flux denslty swing, with frequency 
as a parameter, showing the cond~tions for minimum total loss in SMPS transformers, 
using an EC41 ferrite core. 

Finally, the choice of converter and rectifier topology also affects the copper 
utilization factor and hence transformer size. 

4.4 OPTIMUM CORE SIZE AND FLUX DENSITY 
SWING 

With so many interdependent variables, it is difficult for the designer to make an 
optimum core size and flux density choice. The nomogram shown in Fig. 3.4.3 
has been developed by the author to provide a more comprehensive approach to 
core size and flux density selection for half- and full-bridge topologies. It has 
been developed from the information provided for Siemens N27 ferrite (a typical 
power ferrite) and gives the optimum flux density swing and core size (in terms of 
area product) for a known power requirement and operating frequency. The tern- 
perature rise using this approach should be near 30•‹C in free air. 

The nomogram may also be used as a general guide for core size in single- 
ended topologies, although the power rating should be reduced by approximately 
35%. (The actual reduction depends on the duty ratio.) In single-ended designs, 
the optimum flux density swing shown at the base of the nomogram would apply 
only to high-frequency core-loss-limited designs. 

Although the nomogram provides a good starting point, some iteration may 

6;. 
C-_ 

I_ -_I -a -- -- -- 
H' 
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FIG. 3.4.3 Nomogram for fenite cores, giving area product (and hence core size) and op- 
timum flux density swing as a function of output power and frequency. 

still be required for optimum design. (The use of this nomogram is demonstrated 
in Chap. 5. )  

The area product calculations used for the development of Fig. 3.4.3 are 
shown in Appendix 4.A and allow for a sandwiched construction using split pri- 
maries (see Fig. 3.4.8~1, b, and c) ,  interwinding safety or Faraday screens, and 
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6-mm creepage distances as shown in Fig. 3.4.9. Hence, the power ratings for the 
cores are somewhat lower than the manufacturers' nomograms would indicate. 
The reduced power ratings are in accordance with the author's findings in prac- 
tical applications. 

Some of the more sophisticated core geometry design methods or computer- 
aided design programs are intended to provide the optimum size without the need 
for multiple iterations. However, even with the aid of such programs, in most 
practical designs some iteration will still be required. 

For the power supply designer who does not have computer-aided design pro- 
grams at hand, the nomogram shown in Fig. 3.4.3, the manufacturers' nomo- 
grams, or the area product approach shown in Sec. 4.5 will provide a good design 
starting point and will reduce the amount of iteration required to optimize the de- 
sign. 

4.5 CALCULATING CORE SIZE IN TERMS OF 
AREA PRODUCT 

The area product AP is the product of the winding window area and the cross- 
sectional area of the core. It can be shown (Appendix 4.A) that the area product 
is related to the power rating of the core. By limiting the number of variables, an 
equation linking core area products to power outputs can be developed. This al- 
lows the initial core size to be calculated in terms of its area product. 

Equation (4.A.14) shows how, once the required temperature rise and wire 
current density have been defined, the area product of a core is related to its 
power-handling capacity. Since most manufacturers now give the area product 
values for their cores, a core size can be quickly selected once the required area 
product has been calculated. If the area product is not given, it can be established 
from the core dimensions (AP = A, x A,). 

The following equation shows the area product in terms of output power, flux 
density swing, operating frequency, and an overall copper utilization factor K. 
[See Eq. (4.A.14) and Table 3.4.1.1 

where AP = area product, cm4 
Pi,, = input power, W 
K' = overall copper utilization factor 
AB = flux density swing, T 
f = frequency, Hz 

In the development of this equation, the following assumptions have been made. 
(Values are summarized in Table 3.4.1 .) 

1. Temperature rise. The temperature rise for natural free air convection cool- 
ing is to be approximately 30•‹C. 

2.  Wire current density I,. The copper magnet wire is operated at a current 
density commensurate with a temperature rise of 30•‹C. (This is based on the 
empirically developed value of 450 Alcm2 for an area product of unity.) Larger 
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TABLE 3.4.1 Overall Copper Utilization Factors K' for Standard Converter Types 

Pri- Sec- 
rnary ondary Kp Ku Kt K' 

Converter type form form (Ap/A,d !b.& (K,,-K; Kt) 

Forward SE CT 0.32 0.4 0.71 0.091 
SE SE 0.4 0.4 0.71 0.114 

Full and half SE CT 0.41 0.4 1.0 0.164 
bridge SE SE 0.5 0.4 1.0 0.2 
CT push-pull CT CT 0.25 0.4 1.41 1.141 

CT SE 0.295 0.5 1.41 0.208 

transformers must have a lower current density, as the ratio of cooling surface 
area to heat-generating volume is lower. [See Eq. (4.A.12) and Refs. 1 and 2.1 

3. ESficiency. The input/output efficiency is assumed to exceed 98%. (A well- 
designed transformer should achieve this value.) 

4. Overall copper utiIization factor K t .  The overall copper utilization factor 
K' = K,, x Kp x K t .  The nomogram shown in Fig. 3.4.3 has been developed 
for the bridge and half-bridge topologies, and a conservative overall copper 
utilization factor K' of 0.12 has been used. (See Table 3.4.1.) More correctly, 
the copper utilization factor Kt depends upon the converter type, rectification 
methods, insulation, wire form, and window utilization factor. It is developed 
from a number of subfactors described in Secs. 4.6, 4.7, and 4.8 as follows. 

4.6 PRIMARY AREA FACTOR K,, 

This factor is the ratio AJAwb and relates the effective primary copper area A, to 
the available winding window area A,,. The effective copper area A,, depends on 
the converter topology. For example, a full-wave center-tapped winding is only 
50% utilized, as the current only flows in one half of the winding at each half 
cycle. Hence, to keep the copper loss power density the same in primary and 
secondary, 59% of the window area would be used for the center-tapped primary 
winding. The Kp factors for other topologies are given in Table 3.4.1. 

4.7 WINDING PACKING FACTOR K,, 

In practice, only about 40% of the available core window area A ,  is filled by cop- 
per. Although this may sound very low, it should be remembered that round 
wires can occupy only 78% of the available window area because of the inevita- 
ble gaps between wires, and of that, only 80% of the wire is copper because of the 
insulation layer on the wire. A further part of the window is to be used for 
interwinding insulation material, creepage distance requirements, and RFI and 
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safety screens. Hence K, is dependent on a number of practical factors related to 
winding and insulation needs. 

Nofe: The area product is normally quoted for the core window area A , .  When 
bobbins are used, a further 20% to 35% of the core window area is taken up by 
the bobbin. This effect has been allowed for in the development of Fig. 3.4.3, 
reducing K, to 0.4. That means that only 40% of the core window area A,, can be 
used for conducting copper wire. 

4.8 RMS CURRENT FACTOR K, 

This factor, Z,,lZ , relates the effective DC input current to the maximum rms 
primary current. ft depends on the converter topology and operating mode. Typ- 
ical values of K, for the common converter topologies are shown in Table 3.4.1. 

4.9 THE EFFECT OF FREQUENCY ON 
TRANSFORMER SIZE 

The classic transformer equation is usually given as 

N =  - lo8 (for sine-wave operation) 
4.44f BA, 

where N = minimum turns 
V = winding voltage, V rms 
f = minimum frequency, Hz 
B = peak flux density, G (Note: 10,000 G = 1 T) 

A, = effective core area, cm2 

This formula indicates that turns N and frequency f are inversely proportional, 
and on this basis it could be assumed that doubling the freauency would halve the 
number of turns, leading to a much smaller traxkformer:   ow ever, in practice 
this does not occur, as most core materials show a rapid increase in core loss as 
the frequency increases. Consequently, to maintain core and copper losses nearly 
equal (for maximum efficiency), a much smaller flux density excursion is used at 
the higher frequency, and B will be reduced. 

Since the number of turns cannot be reduced as much as may have been 
expected, the anticipated reduction in core size will not be fully realized, un- 
less special low-loss high-frequency ferrites are used in the higher-frequency 
application. Manufacturers are constantly improving the performance of their 
femte materials, and the designer would do well to investigate the latest ma- 
terials and optimum flux density swing where high-frequency operation is re- 
quired. 
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4.10 FLUX DENSITY SWING DB 

For maximum efficiency, the flux density swing AB should be selected such that 
the core loss is equal to the copper loss. Unfortunately, this optimum selection is 
not always possible, as core saturation may limit the flux density swing to a lower 
value, preventing an optimum selection. 

Figure 2.13.6~ shows the normal saturation characteristic of a typical ferrite 
material at 25'C and 100•‹C. It should be noted that to allow a working margin, the 
peak flux density should not exceed 250 mT. (In push-pull this would be a max- 
imum flux density swing AB of 500 mT peak-to-peak.) 

Figure 3.4.2 shows a plot of copper loss, core loss, and total loss for an EC41 core 
and bobbin, when operated at 20 kHz and 50 lcHz with output powers of 150 and 210 
W, as a function of flux density swing. (This design is covered in Chap. 5.) At 20 kHz 
the maximum efficiency occurs near where the core and copper losses are equal, giving 
a total loss of 2 W and a temperature rise of 30•‹C for this size core. The flux density 
swing for optimum efficiency at 20 kHz is 320 mT peak-to-peak. 

For 50-kHz operation, to obtain the same core loss (and hence temperature 
rise), the flux density must be reduced to 180 mT. However, the frequency has 
increased by more than the reduction in flux density, so the turns will be fewer. 
The reduction in number of turns and increase in wire size reduce the copper 
winding resistance, allowing a larger winding current for the same copper loss. 
The transformed power may be increased to 210 W to give the same copper loss 
and temperature rise as in the previous 20-kHz example. Hence, increasing the 
frequency results in a net increase in the transformer power rating, but a reduc- 
tion in optimum flux density swing. 

It is clear from Fig. 3.4.2 that for optimum efficiency the flux density swing 
must be quite carehlly selected to suit the operating frequency, power output, 
and permitted temperature rise. The total transformer loss will be equivalent to 
twice the core or copper loss when the transformer is designed for optimum ef- 
ficiency, since core and copper loss are nearly equal at this optimum condition. 

Figure 3.4.4 shows the flux density swing AB as a function of core loss for N27 
femte, with frequency as a parameter, in the range 5 to 200 kHz. The recommen- 
dations shown in Fig. 3.4.3 provide a good starting point for the selection of flux 
density swing AB. Remember, in push-pull applications the peak flux density 8 
will be only half the total swing provided that the sweep is centered. (See the 
discussions of staircase saturation and flux doubling effects in Chaps. 6 and 7.) 

In single-ended forward converters, only the first quadrant of the BIH loop is 
utilized. With ferrite materials at low frequencies (below 40 kHz and 100 W), 
even if the total available flux excursion is fully utilized, it is unlikely that the 
core loss will be equal to the copper loss for normal core geometry. A design of 
this type is said to be saturation-limited. Further, unless current-mode control (or 
one of the special input voltage compensated control chips) is used, the working 
flux density in the forward converter may need to be further reduced to prevent 
saturation during start-up or transient operation. muring start-up, maximum volt- 
second conditions could well be applied to the core.) 

In push-pull applications (full-bridge and half-bridge) at low frequencies, the 
full BIH characteristic range can in theory be utilized. However, once again, this 
flux density swing may need to be reduced to prevent saturation during start-up 
and transient operating conditions. Current-mode control overcomes these start- 
up and transient limitations, allowing a larger flux density swing to be utilized. 
Various methods of controlling transient and start-up conditions are discussed in 
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A 0 FLUX DENSITY SUING (HILLITESLA] 
FIG. 3.4.4 Core loss for N27 ferrite material as a function of flux density swingand frequency. 
(Siemens AG.) 

the appropriate converter sections. In high-frequency applications, the flux den- 
sity swing may be very much limited by the optimum efficiency requirements, 
and special soft-start circuits may not be required. The converter topology, 
methodof operation, power output, and frequency must be considered before se- 
lecting the operating flux density swing. 
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4.1 1 THE IMPACT OF AGENCY 
SPECIFICA TlONS ON TRANSFORMER SIZE 

The need to meet insulation and creepage distance requirements, where UL and 
VDE specifications are to be satisfied, can prevent the realization of smaller 
transformer sizes at higher frequencies. The specified 4- to 8-mm creepage dis- 
tance (the minimum distance between primary and secondary windings for off- 
line applications) must be maintained even in high-frequency transformers. This 
results in very poor utilization of the window area and an increase in leakage in- 
ductance, particularly when smaller cores are used. The effect is to force the se- 
lection of a larger core than the pure electrical and temperature rise requirements 
would normally demand. 

4.12 CALCULATION OF PRIMARY TURNS 

Once the core size has been selected, the number of primary turns must be se- 
lected for optimum efficiency. To minimize copper losses, the tendency would be 
to use the smallest possible number of primary turns. However, provided that the 
frequency and voltage remain constant, the smaller the number of primary turns, 
the larger the flux density swing demanded from the core material. In the limit, 
the core will saturate. A second effect of reducing tums and increasing the flux 
density swing will be to increase the core losses to a point where they may be- 
come the predominant loss. 

As previously explained, the optimum efficiency will be found where the cop- 
per losses and core losses are approximately equal. In push-pull transformers at 
high frequencies, the need to satisfy this optimum efficiency requirement will de- 
b e  the maximum flux density swing and hence the minimum number of primary 
turns. Such a design is said to be core-loss-limited 

- - -- - - - - . 
At low frequencies, particularly with single-ended converters, the core loss 

will be much less than the copper losses, and the factor limiting the minimum 
number of primary turns will be the need to prevent core saturation. Such designs 
are said to be saturation-limited. 

Core saturation must be avoided at all costs. The impedance of the primary 
windings in the saturated region will fall to a value close to the DC winding re- 
sistance. This low resistance will allow damagingly high currents to flow in the 
transformer primary, with inevitable failure of the primary switching elements. 

Because the primary waveform in switchmode converters is a square or quasi- 
square wave, a modified form of the classic transformer equation (derived from 
Faraday's law) may be used to relate primary or secondary tums to the core pa- 
rameters and transformer operating parameters. In this equation the turns are re- 
lated to the applied volt-seconds as follows: 

where N = primary turns 
V = DC voitage applied to winding when switching device is "on" 
t = "on" time of half period, ps 

hB = maximum flux density swing, T 
A, = core cross-sectional area, rnm2 
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Note: In saturation-limited designs, the minimum core area A,. should be used to 
prevent saturation of any part of the core. In core-loss-limited designs, the effec- 
tive core area A, should be used to more correctly reflect the bulk core loss. 

Under steady-state conditions, each cycle is identical, and a single period is 
sufficient to define the operating parameters. From the preceding equation, it will 
be noted that the primary turns N are directly proportional to the primary voltage 
V and the time that the voltage is applied to the primary windings, time t. They 
are inversely proportional to the flux density swing LW and the core cross- 
sectional area A,. 

It would now seem to be a simple matter to establish the primary turns by 
inserting the appropriate constants into this equation. However, a further com- 
plication now &iseH in the selection of the constants. 

In some voltage-controlled converter circuits, it is possible, under start-up or 
transient conditions, for the maximum primary voltage and maximum "on" pe- 
riod to coincide. If this type of converter topology is used, to prevent saturation 
of the core, the maximum primary voltage and maximdm "on" period must be 
used in the equation to calculate the primary turns. 

If current-mode control is used, the onset of core saturation is controlled, and 
the maxiimm "on" time will only coincide with the minimum primary voltage; 
thus these values will be used in the equation to calculate the primary turns. This 
will result in a smaller number of turns in a saturation-limited design. 

Some duty-ratiocontrolled systems apply primary input voltage feedforward com- 
pensation, fast primary current limiting, or slew rate control. In such cases, the same 
conditions as for current-mode control will apply to the transformer design. 

In push-pull applications, a saturation problem can arise on initial start-up. The flux 
excursion for the first half cycle will be in the fmt or third quadrant of the BIH loop 
only. (,The core will have restored to the remanent flux density B, near zero when the 
supply was previously turned off.) Unless precautions are taken to limit the flux excur- 
sion for the first few cycles of operation (soft start) or current-mode control is em- 
ployed, the push-pull transformer can saturate on the first half cycle (the so-called "flux 
doubling effect"). If soft start or current-mode control is not used, the transformer must 
be designed for a smaller flux swing, resulting in an increased number of primary tums. 
Hence, to realize the improved efficiency that is normally possible with push-pull trans- 
formers because of their larger flux density swing, appropriate soft-start methods, slew- 
rate control, or current-mode control techniques must be used to prevent core satura- 
tion during start-up. 

Remember, under steady-state conditions, in the push-pull transformer, it 
should be possible to swing the flux density from the positive first quadrant 
through to the negative third quadrant, doubling the possible flux excursion com- 
pared with the single-ended transformer. In the ideal case, this would halve the 
number of primary turns and improve the transformer efficiency. In practice, it is 
usually not possible to utilize this full flux density swing, as some margin must be 
provided for start-up and transient operation, and at high frequencies the flux ex- 
cursion may be limited by core loss considerations. 

For core-loss-limited applications using N27 or similar transformer femte ma- 
terials, select a value of flux density swing, as recommended in Fig. 3.4.3, for 
initial design purposes. For other materials, calculate the loss permitted for the 
temperature rise required [Eq. (4.A.16) or (4.A.18)]. Select a flux density swing 
to give a core loss of half this value (in an optimum design, the other half will be 
used for copper loss). The manufacturer's core material loss curves will provide 
core loss and flux density swing information, and the optimum flux density swing 
can be established. 
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After all these aspects are considered, the appropriate constants are entered in 
the equation and the number of primary turns calculated. 

4.13 CALCULATING SECONDARY TURNS 

When the number of primary turns has been calculated, the number of secondary 
turns may be established from the primary-to-secondary voltage ratio. In buck- 
derived converters, the secondary voltage will exceed the output voltage as de- 
fined by the duty ratio. A further allowance must be made for diode drop and 
choke voltage drop. These calculations are usually made for minimum input volt- 
age and maximum pulse width. Some adjustment of primary turns may be re- 
quired to eliminate partial secondary turns; in the case of saturation-limited de- 
signs, the turns adjustment must be to the next higher integer. 

In closed-loop converter topologies that employ current-mode control, or in 
duty ratio systems with primary voltage pulse-width compensation, the primary 
voltage-"on" time product, V,, x to,, remains constant as a result of the control 
circuit action. It is often more expedient in this case to calculate the secondary 
turns first so as to avoid partial turns. Since the output voltage is maintained con- 
stant by the control loop, it has a defined (known) value. This output voltage and 
the maximum "on" period will occur at minimum input voltage, and these values 
would be used in the equation to calculate the minimum number of secondary 
turns. It should be remembered that in saturation-limited designs, the number of 
turns established from the equation is the minimum number of turns that may be 
used, and any rounding process to eliminate partial turns must result in an in- 
crease in turns rather than a decrease. In core-loss-limited designs, the rounding 
process may be in either direction, increasing or decreasing the core loss as de- 
sired. 

In multiple-output applications, the number of secondary turns for the mini- 
mum output voltage is normally calculated first. The normal requirement is that 
partial turns must be avoided, and so this winding is rounded to the nearest in- 
teger. (In saturation-limited designs this would be the next higher integer.) The 
primary turns and the remaining secondary turns are then scaled accordingly. 

4,14 HALF TURNS 

Where E cores are used, special techniques can be employed for half-turn re- 
quirements on major outputs. {See Sec. 4.23.) For low-power auxiliary outputs, 
half turns are sometimes used on the center pole or core legs, and in this event a 
small gap must be introduced in each leg of the transformer, to ensure good cou- 
pling to the half turn and reduce flux imbalance in the outer legs. (Typically a gap 
of 0.1 mm would be sufficient.) Alternatively, external inductors may be used for 
the adjustment of auxiliary voltages. (See Part 1, Chap. 22.) 

4.15 WIRE SIZES 

The selection of primary and secondary wire gauges and the overall winding to- 
pology is a most important and often the most difficult part of the transformer 
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design. A large number of practical and electrical parameters control the choice 
of wjnding topology and wire size. 

The initial selection of the core size was based upon a wire current density 
selected to give a 30•‹C temperature rise. One approach in selecting wire size is to 
calculate the current density required to meet this criterion [from Eq. (4.A.12)J 
and hence obtain the required cross-sectional area of the wire. However, at this 
stage, the "die has already been cast," because the core size has been selected. 
Hence the winding window area is already defined by the bobbin. 

To maintain the primary and secondary losses equal, the winding area occu- 
pied by a primary should be the same as that occupied by the secondary. It was 
initially assumed that 50% of the available bobbin window area would be occu- 
pied by copper (25% each for primary and secondary), the remainder of the win- 
dow space being occupied by space between windings (because round wire is 
used) and the insulation and screening between primaries and secondaries. Since 
the numbers of primary and secondary turns are known, it is better at this stage 
to select a wire size that will make the best use of the available window area. 
However, before this can be done, it is necessary to make an assessment of the 
winding topology, and to consider the implications of skin and proximity effects. 
At low frequency the complete window will be used, but at high frequencies with 
push-pull operation, lower losses may result from using thinner wire and fewer 
layers because of the improved F, ratio. In this case not all the window area will 
be used. (The F, ratio is the ratio of the effective ac resistance of the wire to its 
DC resistance. See Appendix 4.B.) 

4.16 SKIN EFFECTS AND OPTIMUM WIRE 
THICKNESS 

Before the final wire gauge can be selected, skin and proximity effects must be 
considered. (See Appendix 4.B.) In simple terms, at high frequencies, the com- 
bined effects of the internal field within the wire and the proximity of fields from 
adjacent turns is to force the current to flow in a thin cusp at the surface and to 
the upper or lower edge of the conductor. In a simple open wire, this thin surface 
conduction layer is annular, with a thickness called the "penetration depth" A. 
The penetration depth is frequency-dependent, and the current density will have 
fallen to approximately 37% at a depth defined by 

where A = penetration depth, mm 
f = frequency, Hz 

Hence in the simple (open wire) case, if the radius of the wire exceeds the pen- 
etration depth, there will be a poor copper utilization factor, giving excessive 
copper losses. 

In the transformer, the situation is more complex because of the fields from 
adjacent windings; hence, the winding topology plays an important role in the se- 
lection of wire size. The proximity of adjacent wires and layers forces the current 
into an even smaller cusp at the inner or outer edge of the wire, so that the ef- 



PART 3 4. SWITCHMODE TRANSFORMER DESIGN (GENERAL PRINCIPLES) 3.79 

OPTIMUM WlRE DIAMETER FOR FR=l.S(mm) 

0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 1 

OPTIMUM WlRE GAUGE FOR FR=l.S(AWG) 

FIG. 3.4.5 Optimum wire gauge (AWG) and diameter (mm) as a function of the number of effective 
layers in the winding, with frequency as a parameter. 

fective conduction area is further reduced. Therefore, when more than one layer 
is used, the wire size should be further reduced. 

In practice, the minimum F, ratio (the ratio between the DC resistance and the 
effective ac resistance) vrill approach a minimum of 1.5 in a well-designed wind- 
ing. To achieve this, the wire diameter or strip thickness must be optimized for 
the operating frequency and number of layers. Figures 3.4.5 and 3.4.6 indicate 

0.2 0.3 0.4 0.5 0.6 

OPTIMUM STRIP THICKNESS FOR FR=l.S(mn) 

FIG. 3.4.6 Optimum copper strip thickness (mm) as a function of the number of effective full-width 
layers in the winding, with frequency as a parameter. 

the maximum wire diameter (as a single strand) or maximum strip thickness that 
should be used in the transformer winding, as a function of the number of effec- 
tive layers, with frequency as a parameter, to give an F, ratio of 1.5. 

If the cross-sectional area of the wire that would just fill the available window 
space, or the size indicated by the current density, exceeds the size indicated by 
Fig. 3.4.5 or 3.4.6, then two or more wires should be used to make up a cable of 
the appropriate cross-sectional area. These multifilament windings may be ap- 
plied as a single multifilar layer or as a twisted cable. For very high frequency 

i 
applications, the specially woven Litz wire should be considered. I 
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S T R I P  THICKNESS % 
BELOW OPTIMUM FOR F R z 1 . 5  

100% 90% 8 0 %  70% 63% 

WIRE AWG S I Z E  BELOW 
OPTIMUM FOR FR.1.5 

FIG. 3.4.7 The F, ratio (ac/DC resistance ratio), as a function of a 
percentage of optimum thickness for an F, ratio of 1.5, for wire or 
strip sizes less than optimum thickness. 

Finally, the size of the cable should be adjusted to give a complete number of 
layers per winding. The selection should favor the minimum number of layers, 
since a reduction in number of layers improves the Fr ratio (somewhat compen- 
sating for the increased resistance of the smaller cable). Also, fewer layers will 
reduce the leakage inductance. 

The effective Fr ratios for wires which are less than the diameter used for an 
F, ratio of 1.5 are shown in Fig. 3.4.7. 

4.17 WINDING TOPOLOGY 

The winding topology has a considerable influence on the performance and reli- 
ability of the final transformer. 
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To reduce leakage inductance and proximity and skin effects to acceptable 
limits, the use of sandwich winding construction is almost inevitable in high- 
frequency transformers. 

Figure 3 . 4 . 8 ~  shows the distribution of magnetomotive force (mmf) in a simple 
wound transformer, and Fig. 3.4.8b, that in a sandwiched wound transformer. In 
the simple winding, the primary magnetizing mmf builds up with increasing 
ampere-turns to a maximum at the primary-to-secondary interface. The second- 
ary ampere-turns are nearly equal and opposite, reducing the mmf to zero at the 
outer limits of the winding. Large values of mmf increase proximity effects and 
leakage inductance. In the sandwiched winding, the maximum mmf is reduced; it 
is zero in the center of the secondary winding. 

Ns LAYERS 

Np LAYERS 

I Ns' LAYERS I 

Np LAYERS - n 

SIMPLE AND SANDWICHED TRANSFORMER WINDING 
ARRANGEMENTS AND m.m. f  . DIAGRAMS 

I I H PRIMARY I 

SAFETY SECONDARY 

I I X PRIMARY I 

> R F I  SCREENS 

(cl 

FIG. 3.4.8 (a) and (b) Distribution of magnetization force in simple and sandwiched trans- 
former winding topologies. (c) Makeup of a sandwiched (split) winding topology, showing the 
position of windings, safety screens, and RFI screens. 
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4.17.1 Effective Layers 

The effective layers referred to in Figs. 3.4.5 and 3.4.6 are the number of layers 
between a plane of zero mmf and a plane of maximum mmf. Hence, in the case of 
the secondary winding in the sandwiched construction of Fig. 3.4.8b, the effec- 
tive layers are only half the total number of secondary layers, because a zero 
mmf occurs in the center of the winding. 

Since the maximum mmf and proximity effects are lower in the sandwiched 
construction, the copper losses and leakage inductance are reduced. If the sec- 
ondary is a single layer, giving an effective half layer, the wire or strip may be 
twice as thick as the optimum given for a single layer in Fig. 3.4.5 or 3.4.6. 

In sandwiched construction, the normal design approach is to split the primary 
into two halves with the secondary windings sandwiched between them, as 
shown in Fig. 3.4.8~. In some multiple-output applications, particularly those in 
which the secondary windings have low-voltage, high-current, relatively constant 
loads, there is some advantage in splitting the secondary windings into two sec- 
tions, with the primary in the middle. In this second arrangement, the winding 
carrying the highest secondary current would be placed close to the core, as the 
mean turn length will be smaller, resulting in lower copper losses. A second ad- 
vantage of this topology is that windings which are close to the core will now 
have lower ac voltages, reducing the RFI coupling from primary to core, second- 
ary, and case. However, this approach should be used with caution, because the 
secondary windings must be selected for equal ampere-tuns loading above and 
below the primary and the loads must be constant; otherwise large leakage in- 
ductances can occur. 

In this example the primary has been split into two equal parts, one above and 
one below the secondary windings. Four screens have been incorporated be- 
tween the primary and secondary windings. The screens adjacent to the primary, 
S1 and S4, are Faraday screens, fitted to reduce RFI coupling between the high- 
voltage primary windings and the safety screens S2 and S3. The Faraday screens 
are connected to the primary common line, to return capacitively coupled RFI 
currents to the primary circuit. The safety screens S2 and S3 are connected to the 
chassis or ground line, to isolate secondary outputs from the primary circuit in 
the event of an insulation failure. These screens, although necessary to meet 
safety and emission requirements, occupy considerable space and increase the 
primary-to-secondary leakage inductance. (See Sec. 4.22.) 

After deciding on the winding topology, calculate the space occupied by 
screens and insulation. The remaining space is then available for primary and sec- 
ondary windings. 

Some further constraints are placed upon the winding design. 
It is preferable that windings occupy a discrete number of layers. In the case 

of the split primary winding, the layers should be an even number to allow equal 
splitting of the half primaries. Partly wound layers both are inefficient in the use 
of the winding space and promote insulation breakdown where the terminating 
wire is brought across the top of the underlying layers. Since the volts per turn 
can be quite large in high-frequency transformers, a terminating wire which spans 
several turns will be subjected to a higher breakdown voltage stress. Further, the 
terminating wire is subject to considerable mechanical stress, because it forms a 
discontinuity or "bump" in the winding, and the remaining layers apply consid- 
erable pressure to this bump. Most insulation breakdown failures in switching 
transformers can be traced to this type of winding discontinuity or to bad termi- 
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nation practices in which wires are crossed over each other in the terminating 
process. Good winding practice dictates that all layers should be complete, that 
terminating wires be brought out with additional insulation, and that terminating 
wires not cross over other windings or terminating wires wherever practical. 

To meet the creepage distance and spacing requirements demanded by VDE, 
UL, IEC, and CSA specifications, it is necessary to leave a creepage distance of up 
to 8 mm between the primary and secondary windings. (See Fig. 3.4.9a, b, and c.) 

To meet the creepage distance requirement more easily, it is good practice to 
terminate primary windings on one side of the bobbin and secondary windings on 
the other. This also has the advantage that primary and secondary terminating 

SECONDARY w FORMER 

TOTAL CREEPAGE 
DISTANCE 8mm 
( I E C 4 1 5  & VOE804) 

TOTAL CREEPAGE 
DISTANCE 8mm 

CREEPAGE DISTANCE 
TO DEAD METAL PARTS 
3m 

FIG. 3.4.9 (a), (b),  and (c) Some methods of insulation and winding arrangements, meet- 
ing safety creepage distance requirements, in agency approved types of transformer 
makeup. 
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wires are well separated. At high frequencies, where window space is limited, the 
technique shown in Fig. 3.4.9b may help. I fa  grounded safety screen is fitted, the 
creepage distance may be reduced to 3 mm (see Fig. 3.4.9~). The screen must be 
connected to ground (chassis) and rated to carry the maximum fault current to 
clear fuses or other protective devices. 

Although the design intention is to occupy the space equally with primary and 
secondary windings, some deviation from this equality is acceptable, as an in- 
crease in loss in the primary will be partially compensated by a decrease of loss 
in the secondary, or vice versa. The overall eficiency of the transformer is not 
greatly compromised by small deviations from the ideal, although the hot spot 
within the greatest loss winding will be somewhat higher in a nonbalanced situa- 
tion. 

It has been shown that the selection of wire size is a complex choice defined 
by many practical and electrical considerations. It is incumbent on the trans- 
former design engineer to either wind or closely supervise the winding of the pro- 
totype transformer, to ensure that it is a practical proposition and that his design 
intentions have been fully satisfied. 

The layout of the printed circuit board should conform with the ideal trans- 
former pin terminations, rather than the reverse. 

In the final analysis, core losses and copper losses should be calculated to 
check that the design is fully optimized. Several iterations may be necessary to 
achieve optimum performance. 

4.18 TEMPERATURE RISE 

Under convection-cooled conditions, the temperature rise depends on the total 
internal loss and surface area. The original design aim was a temperature rise of 
30•‹C, and this should be checked by calculating the losses, and hence the tem- 
perature rise, in the final design. 

4.18.1 Core Loss 

The core loss depends on the core material, flux density swing, frequency, and 
core size. Figure 3.4.4 shows the core loss for a typical transformer ferrite 
(Siemens N27). In this example the loss is given in terms of miUiwatts per gram to 
a base of flux density swing AB with operating frequency as a parameter. 

Most loss diagrams assume push-pull operation and are plotted for peak flux 
density. They assume a symmetrical flux swing about the origin, and the losses 
are plotted for a flux density swing of twice the peak value 8. When calculating 
core loss for a single-ended converter using such diagrams, divide the trans- 
former flux density swing by 2 and enter the graph with this as the peak value to 
obtain the core loss for single-ended applications. 

4.18.2 Copper Loss 

The copper loss depends on the winding resistance, the F, ratio (ac to DC resis- 
tance ratio), and the rms current. 
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ALTERNATING IPK IRMS = I P K  

SQUARE WAVE IDC = I P K  

I D C  = IPK 
SQUARE WAVE 2 

, . 1 1 R M S . E  
VT 

SAUTOOTH f i  IDC = 

FIG. 3.4.10 Common switchmode power converter waveforms, showing effective rms and DC 
values. 

Figure 3.4.10 gives the rips conversions. for the more common converter 
waveforms; Table 3.1.1, the standard winding data; and Fig. 3.4.11, the 
temperature-resistance correction factors. 

The DC winding resistance is calculated for the total winding length, using the 
mean turn length for each section of the winding, turns, and wire gauge. This DC 
resistance is then multiplied by the F, ratio, obtained from Fig. 3.4.7 or 3.4B. 1, 
and the copper temperature resistance factor, from Fig. 3.4.11, to obtain the ef- 
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COPPER RESISTANCE FACTOR AT TEMP 'T' RELATIVE 
TO ITS RESISTANCE AT 20•‹C 

FIG. 3.4.11 Copper resistance factor as a function of temperature, showing ratio 
of resistance at temperature T compared with that at 20•‹C. 

fective ac resistance Re at the operating frequency and estimated working tem- 
perature. 

where P, = winding copper loss, W 
I,,, = rms winding current, A 

Re = effective ac resistance of winding, R 

The copper losses should be calculated for each winding to check for reasonable 
loss distribution. The sum of copper and core losses gives the total transformer 
loss. 

4.18.3 Temperature Rise Nomogram 

The temperature rise may be checked using the area product-surface 
area-temperature nomogram shown in Fig. 3.1.7. 
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Enter the top of the nomogram with the area product AP. The nearest hori- 
zontal to the intersect with the dished "AP line" gives the surface area to the 
left. Enter the lower scale with the total loss, and the nearest diagonal to the in- 
tersect with the surface area line gives the temperature rise. 

Alternatively, calculate the temperature rise from Eq. (4.A.16) or (4.A. 18): 

where AT = temperature rise, "C 
P, = total internal power loss, W 
A= = surface area, cm2 

AP = area product, cm4 

This approximate formula holds well for temperatures in the range 20 to 50•‹C. 

4.19 EFFICIENCY 

The efficiency q may be established in the normal way from the calculated losses 
and transferred power. 

output power X 100 % = output power + losses 

4.20 HIGHER TEMPERATURE RISE DESIGNS 

Where a temperature rise in excess of 30•‹C is permitted, the design process used 
in Fig. 3.1.7 may be reversed, giving a smaller transformer with a higher temper- 
ature rise. 

In this case, enter Fig. 3.1.7 with the required area product and establish the hor- 
izontal surface area line. The intercept with the required (higher) temperature rise 
gives the permitted total dissipation. For an optimum design, the core loss will be 
half this value, and Fig. 3.4.4 gives the optimum flux density swing for this core loss. 

The transformer design example shown in Sec. 3.5 illustrates the design pro- 
cedure. 

4.21 ELIMINATING BREAKDOWN STRESS IN 
BIFILA R WINDINGS 

In a bifilar winding, two or more insulated magnet wires are wound together, in 
parallel, to give independent windings. These windings, although isolated, are 
closely magnetically coupled. 
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Bifilar windings on high-voltage converters are a source of potential break- 
down, so this technique should be limited to low-voltage applications. No prob- 
lem exists where wires are eventually to be connected in parallel to form a 
multifiiar winding, or where the stress voltage between isolated windings is low. 

A typical bifilar winding application would be the energy recovery winding in 
a single-ended forward converter. In some configurations an energy recovery 
winding will be required to restore the transformer during the flyback period and 
recover the flyback energy. A bifilar winding will normally be preferred, since 
any leakage inductance between the main winding and the flyback winding will 
result in an excessive voltage overshoot on the collector of the switching device. 

In off-line applications, it is common practice to provide a bifiiar-wound en- 
ergy recovery winding on the primary of the transformer. However, this winding 
is a possible cause of failure, since a high stress voltage exists between adjacent 
turns of the two windings. If there is a weak point anywhere in the insulation 
covering, this is a potential cause of failure. Although the insulation on the mag- 
net wire may be rated at several thousand volts, a single flaw along the length of 
the winding can result in breakdown, since the voltage stress, at all points, is con- 
siderable. Moreover, careless winding techniques which allow two bifilar wires to 
cross will result in high mechanical stress at the crossover point, which may 
cause failure under high-temperature conditions. 

Hence, if bifilar windings are considered essential, only the best-quality high- 
temperature insulating materials should be used, and considerable care must be 
taken in winding, insulation, and material handling. The operatives should under- 
stand the problem. 

In the above example, separating the windings into two isolated and insulated 
layers would normally be unacceptable because of the increase in leakage induc- 
tance. However, it is possible, by suitable circuit techniques, to obtain good per- 
formance without the need to bifilar-wind the energy recovery winding. One such 
technique (discussed in Part 2, Sec. 8.5) will be used as an example here. 

As shown in Fig. 2.8.1, a separate energy recovery winding (not bifilar- 
wound) may be used without the leakage inductance becoming a problem if the 
energy recovery diode D3 is placed in the top end of the energy recovery wind- 
ing. A capacitor Cc links the junction of this diode and winding to the collector of 
the switching transistor Q1. The two equal turns windings on the transformer are 
on separate layers, isolated from each other, so inevitably there will be some 
leakage inductance between them. 

During a cycle of operations, if no leakage inductance were present, the starts 
of the two windings would exactly track each other (with DC offset of Vc3,  so 
that the voltage across the capacitor Cc would remain constant at the supply volt- 
age. However, the leakage inductance will tend to produce voItage spikes, but 
any tendency for the collector voltage to overshoot is now very effectively 
clamped by the path provided through Cc and D3. 

The value of C, is chosen to be large com~ared with the transferred enerev so 
that the voltage change across C, du&g a ciamping period will be insignifiIc'ant. 

In this topology, although the leakage inductance has not been eliminated, it is 
no longer a problem. The energy stored in the leakage inductance is returned to 
the supply line through Cc and D3 during the turn-off transient. (This is more fully 
explained in Sec. 8.5 of Pait 2.) 

Using this circuit topology, the transformer reliability problems that would 
have been inherent with a high-voltage bifiar winding have been eliminated. This 
example demonstrates the importance of integrating the circuit and transformer 
design processes if optimum designs are to be produced. 
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4.22 RFI SCREkNS AND SAFETY SCREENS 

To prevent RF currents flowing from primary to secondary or ground through the 
interwindine ca~acitance. it is necessaw to fit a screen against the primary wind- 
ings. This & o i d  be connected to the common input point to return capacitively 
coupled currents to the primary. This common point will usually be either the 
positive or the negative high-voltage input line. 

Since this is not a safety screen, very thin copper screen material can and 
should be used. Thick copper is not the best selection, as its low resistance gives 
a large eddy-current loss. For this application, a higher-resistance nonmagnetic 
material, such as phosphor bronze or manganin, should be considered. Also, 
minirnum-thickness insulation should be used. Excessive buildup in the screens 
and insulation should be avoided to minimize leakage inductance. 

In high-voltage or "off-line" applications, a further safety screen should be 
provided between the RFI screen and the secondary. This screen, together with 
its terminating wire, must be of sufficient gauge to carry the fusing current of the 
supply (a safety regulation requirement). Insulation type and thickness must be 
selected to meet specified safety requirements. Where both screens are fitted, 
some reduction in the overall insulation requirements may be obtained by isolat- 
ing the RFI screen from the input supply common point with an approved high- 
voltage series capacitor. A value of 0.01 yF is adequate, and the voltage rating 
should be as required by the specified safety regulations. The total insulation 
thickness for all screens then becomes accountable for safety requirements. 

Where high-voltage isolated secondary outputs are required, it may be neces- 
sary to provide a third screen to return the capacitively coupled output winding 
to screen currents, back to the appropriate output winding. Fortunately, in most 
cases this third screen is not essential, because in most applications the output 
windings common either is connected directly to the safety ground (chassis) or 
may be returned to same through a low-impedance capacitor. 

Note: Such connections or capacitors must be fitted as close as possible between 
the safety screen and the offending output winding to reduce the length of the 
circulating current path. 

The ends of the screens must be suitably insulated to prevent a shorted turn, 
and the minimum overlap should be used to midimize the overlap capacitance. 
(Note that at high frequencies a large overlap capacitance will make the screen 
look like a shorted turn.) 

The screen terminating wire should be taken from the center of the screen to 
minimize the inductive coupling of the screen return currents. (Capacitively in- 
duced but inductively coupled screen currents then cancel as they flow in oppo- 
site directions in each half of the screen winding.) These second-order effects are 
more important at higher frequencies. 

4.23 TRANSFORMER HALF-TURN TECHNIQUES 

In some applications, it would be an advantage to be able to adjust the trans- 
former windings to the nearest half turn. 

However, the simple expedient of winding half a turn on the center pole of an 
E core at best results in poor coupling to the half turn and bad transformer reg- 
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ulation and under some conditions can cause saturation of one leg of the trans- 
former core. 

An analysis of this simple half-turn arrangement (see Fig. 3.4.12~ and b) 
shows that it is similar to placing a turn on one leg of the transformer core, since 
the external current loop must be closed back to the start of the main winding, 
eventually (even though it may be via the external circuit). In Fig. 3.4.12, a turn 
and a half is shown, but the effect is the same. Since under balanced conditions, 
half the flux in the center pole can normally be expected to flow in each leg, the' 
leg half turn would appear on first inspection to give the desired half flux linkage 
and hence half voltage coupling. However, as soon as any load is applied to this- 
winding, a back mmf is generated, increasing the reluctance of the leg to whici( 
the half turn couples. (This is shown in Fig. 3.4.126, leg C). 

Since a low-reluctance alternative path for the flux is presented in the other 
leg of the E core (path A), the magnetic flux from the center pole will be redi- 
rected into this side and the apparent effective half-turn coupling will be lost; 
consequently, the voltage generated by the half turn will very quickly decay as 
the winding is loaded, giving poor regulation. 

The situation can be improved by gapping the core (including the outer legs), 
so that the difference in reluctance caused by the unbalanced mmf is swamped by 
the large reluctance introduced by the air gap. In flyback converters, this air gap 
may already be the normal situation. Provided that the mrnf generated by the half 
turn is small compared with the reluctance introduced by the air gap, then rea- 
sonable coupling to the half turn will be maintained, and for low-power auxiliary 
outputs, this simple half-turn winding with an air gap compensation may be quite 
satisfactory. 

However, for higher-power applications, the technique shown in Fig. 3.4.12~ 
and d should be adopted. An analysis of this arrangement shows that two half 
turns are now effectively applied to each leg of the transformer. These half turns 
operate in parallel and are phased such that the back mmf will equal and oppose 
the prime flux in each leg, so that flux balancing is maintained irrespective of the 
loading. Regulation is now very good, and an air gap is not essential. 

For current transformers, this special half-turn arrangement can be particus 
larly useful in high-current applications, since it will halve the secondary turns 
required. In this case, of course, the half turn would be the primary current wind- 
ing, and the full turn shown on the center leg would not be required. 

By a similar process, X cores and some pot cores with four ports provide for 
balanced quarter turns. 

4.24 TRANSFORMER FINISHING AND VACUUM 
IMPREGNA TlON 

Wound components are resin-impregnated for three major reasons: 

1. To exclude moisture from the windings and prevent degradation of the insu- 
lation by fungicidal attack. 

2. TO stabilize the position of the windings and prevent mechanical creepage and 
noise. 

3. To exclude air voids and provide a homogeneous mass for best thermal prop- 
erties, to eliminate hot spots, and to prevent discontinuity in interwinding ca- 
pacitance, eliminating corona-induced failure. 

(a) 

TOP I 

--+ 
BACK nunf AS A RESULT OF SECONDARY CURRENl 

UNBALANCED 1% TURN SECONDARY 

tb) 

EXTERNAL 
CIRCUIT 
RETURN PATH 

FIG. 3.4.12 (a) and (b) Diagram showing the loss of flux linkage, and flux imbalance, caused by one 
method (often used) of windiig half turns on an E core transformer. (c) and (d) A special E core half- 
turn winding arrangement, giving good flux Wage with balanced core flux density operation. 
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FIG. 3.4.12 (Continued) 

A number of proprietary varnish and resin materials are available for this pur- 
pose, and care should be taken to select an approved material in accordance with 
the final specifications and operating temperature of the. transformer. To ensure 
thorough impregnation of small wound components, a resin with a low viscosity 
should be chosen where possible. 

The wound bobbin should be thoroughly dry before encapsulation; an oven 
drying process at 110•‹C for at least 4 h is recommended. This also tends to sta- 
bilize and anneal the windings and remove stresses which would otherwise be 
locked in by the encapsulation process. 

4.24.1 Impregnation Problems with Ferrite Materials 

With ferrite materials and some grain-oriented iron materials, it is particularly im- 
portant that the core not be included in the vacuum impregnation process. With 
some materials, there can be considerable degradation of the magnetic properties 
as a result of the mechanical stresses set up by the hardening resin. Some cores 
must be free to magnetostrict, and this is particularly important with square-loop 
ferrite toroids and HCR tape wound cores. For this type of component, the resin 
finishing should be limited to the winding only. 

For square-loop toroids, it may be possible to eliminate the need for impreg- 
nation by using multifilar, thin-walled insulated wire in place of magnet wire. A 
high-temperature insulation is preferred, such as PTFE or irradiated PVC. 

Toroidal cores that have been Parylene coated are less susceptible to change 
when impregnated, as the Parylene coating, which is stress-free, prevents ingress 
of resin into the normally porous ferrite. 

Cores with bobbins can suffer additional problems because the varnish fills up' 
the space provided for bobbin expansion. This causes further mechanical stress 
and possible breakage of the core at high temperatures because of the different 
rates of expansion of the various materials. 
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In general, femtes are not improved by varnish or resin, and vacuum impreg- 
nation should be limited to the winding and bobbin only, where possible. Expect 
considerable changes in the properties of the core material when impregnation of 
the complete transformer is unavoidable. 

High-voltage stress testing should not be carried out until the winding has 
been dried out and the varnish or resin has been completely cured. 

4.25 PROBLEMS 

1. Why is it so important for the switchmode power supply designer to have a 
very good working grasp of the design of switchmode transformers? 

2. What is the difference between an AIEE class A and an AIEE class B trans- 
former? 

3. Why is it difficult to relate transformer size directly to power throughput? 
4. What are the loss conditions normally assumed to give optimum transformer 

efficiency? 
5. Why does the choice of converter topology and rectifier arrangements affect 

transformer core size? 
6. What property of the core material normally defines the minimum number of 

primary turns on a medium- or low-frequency transformer? 
7. What property of the core material normally controls the number of primary 

turns in a high-frequency transformer design? 
8. Why is it often difficult to reduce the transformer size in direct-off-line con- 

verter applications, even when the operating frequency is very high? 
9. What are the basic steps that should be taken to reduce primary-to-secondary 

leakage inductance? 
10. What is the core area product AP? 
11. In what way is the area product dimension useful in transformer design? 
12. What would be the typical efficiency of an optimum-design switchmode 

transformer? 
13. Why are skin and proximity effects so important in the selection of magnet 

wire sizes for high-frequency switchmode transformers? 
14. Why is the transformer DC winding resistance not meaningful in terms of cal- 

culating the copper losses in a high-frequency transformer? 
15. Why are half turns a problem in conventional E-core transformer designs? 
16. What is the advantage of a bifilar winding, and how is it constructed? 
17. What are the disadvantages of a bifilar winding? 
18. What is the difference between a transformer RFI screen and a safety screen, 

and how are these constructed? 
19. Is it possible to fit half turns to a conventional E transformer without causing 

flux imbalance? 



APPENDIX 4.A 
DERIVATION OF AREA 

PRODUCT 
EQUATIONS FOR 

TRANSFORMER DESIGN 

4.A. 1. DERIVATION OF TRANSFORMER AREA 
PRODUCT (A PI 

The transformer input power Pin depends on the output power Po,, and efficiency 
7. Hence 

The average DC input current to the converter transformer Id, depends on the 
input power Pin and the DC input voltage Vin. Hence 

Pin 
Idc = - v, 

The maximum rms primary current I,, occurs when the input voltage is mini- 
mum Vin,,,, and the pulse width is maximum. Factor Kt relates the DC input to 
the rms primary current dependent on the converter topology. Kt = I,,lI,,. 
Hence 

Substituting Eq. (4.A.2) for I,, at minimum input voltage, 

Pin 
Ipm = 

Vin(min) Kt 

The usable window area A, (available for the primary winding) depends on the 
total window A,,., the window area resewed for the primary, given by the 
"primary area factor" K,, and the primary area "utilization factor" K,. Hence 
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A, = A, X Kp X K, (4.A.S) 

-The number of primary turns N, that will just fd the primary window space A,, at 
a wire current density of J depends on the primary current; hence 

Substituting Eq. (4.A.S) for A, and Eq. (4.A.4) for I,,,,, 

A, . K, . K, . J . Vin(min) . Kt 
Np = (4.A.7) 

Pin 

From Faraday's law, 

Hence 

A, = 
Np . Pin 

K, . K, . J - Vin(min) . Kt 

E',, = NdcP 

where ton = "on" period 
AB = flux density change during "on" period 
A, = effective core area 

The maximum "on" time is one half period at the operating frequency f; hence 

1 
*on(max) = - 2f 

(4.A.9) 

Substituting Eq. (4.A.9) into Eq. (4.A.8), 

Now AP = A, X A, 

Combining Eqs. (4.A.7) and (4.A.10), 

AP= 
Pin 

m4 (4.A. 11) 
Kt.K,.Kp-J.Al3-2f 

If the transformer is limited to a 30•‹C temperature rise under convection-cooled 
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conditions, the wire current density J is given by the empirical relation's2 

J = 450 x lo4 x AP-0.125 Nm2 (4.A.12) 

(For a constant temperature rise, the current density must fall as the transformer 
size increases, as the ratio of volume to surface area falls with increasing size.) 

Substituting Eq. (4.A.12) into Eq. (4.A.11) and converting AP to centimeters, 

Therefore 

Since K' = Kt . K,  . Kp (see Table 3.4.1), Substituting K' in Eq. (4.A.13) and 
simplifying gives 

Hence the size of the transformer, in terms of area product AP, can be found 
knowing the input power Pin, flux density swing AB, frequency f, and a constant 
of topology K' for a free air temperature rise of 30•‹C. 

4.A.Z. TOPOLOGY FACTORS K' 

The topology factor K' depends on the type of converter, the type of secondary 
winding and rectification, insulation and screening requirements, and current 
waveforms. 

K' is made up of three subfactors as follows: 

4.A.3. PRIMARY AREA FACTOR K, 

This is the ratio of the winding area provided for the primary to the total window area 
(AJA,,). Although the window area is normally split equally between primary and sec- 
ondary, the primary area is not always fully used for the main primary winding. For 
example, in the forward converter, an energy recovery winding is usually bifilar- 
wound, with the main primary taking up part of the winding area. Further, in the center- 
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tapped push-pull topology only half the primary is active at any time, reducing the ef- 
fective primary to 25% of the total window area. In the same way, a center-tapped 
secondary winding has the same 25% utility factor. 

4.A.4. WINDOW UTILIZATION FACTOR K, 

This is the ratio of the area of window occupied by copper to the total available 
window area. With round wires and normal insulation, this factor is typically 0.4 
(40%). When bobbin windings are used, this may be as low as 30%. 

4.A.5. CURRENT FACTOR Kt 

This is the ratio of the DC input current to the maximum primary current (I,&,). 
It depends on the topology of the converter and the shape of the primary current 
waveform. For simplicity, rectangular waveforms are assumed; this introduces 
little error in practice. 

The winding form of the primary is defined by the type of converter. How- 
ever, a choice exists for the secondary winding form depending on the rectifica- 
tion circuit. Bridge rectifiers require a single winding and biphase rectifiers a 
center-tapped winding with a lower copper utilization factor. 

4.A.6. TEMPERATURE RISE 

The temperature rise of the transformer under free air convection-cooled condi- 
tions depends on the total internal losses (core loss plus copper losses) and the 
effective surface area. Figure 3.1.7 is developed from measured results and in- 
formation published in References 1, 2, and 15. It shows the relationship of sur- 
face area to area product for typical switchmode ferrite cores. It also predicts the 
temperature rise above ambient as a function of total internal dissipation with 
area product or surface area as a parameter. The temperature rise predictions as- 
sume free air cooling and an ambient air temperature of 25•‹C. The predicted tem- 
perature rise (in the range 20 to 70•‹C) may be obtained directly from the nomo- 
gram by entering with the surface area of the transformer and internal dissipation. 
If the area product is known, an indication of the surface area may be obtained 
from the same nomogram using the "AP line" area product intersect. 

Alternatively, for a small temperature rise in the range 20 to 50•‹C, the follow- 
ing approximate formula developed from Fig. 3.1.7 may be used: 

where AT = temperature rise, OC 
PI = total internal loss, W 
A, = surface area of transformer, cm2 
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The surface area A, is related to the area product AP as follows: 

A, = 34 x AP'." cm2 (4.A. 17) 

Substituting for A, in Eq. (4.A.16), 

from which the thermal resistance R, (normalized for a 30•‹C temperature rise) 
will be 

APPENDIX 4.B 
SKIN AND PROXIMITY 

EFFECTS IN HIGH-FREQUENCY 
TRANSFORMER WINDINGS 

4.6.1. INTRODUCTION 

The information pres~nted here provides some explanation and justification for 
the design methods used in Chap. 4. For a more complete background, see Ref- 
erences 1, 2, 8, 15, 31, 58, 59,60,65,66, and 67. 

To o~timize the efficiencv of high-freauencv switchmode transformers. suit- 
able wire gauges, strip sizes,-and wikding must be used. Filling up the 
available window area with a gauge of wire that will fit simply will not do if op- 
timum efficiency is to be obtained. The simple design rules used for line- 
frequency transformers are inadequate for optimum design of high-frequency 
transformers. 

Figures 3.4B.1, 3.4B.5, and 3.4B.6 show how the effective ac resistance of a 
winding is related to frequency, wire size, and number of layers. Hence, at high 
frequencies, when two or three layers of wire are used in a winding, the F, ratio 
(the ratio of the effective ac resistance of the winding to its DC resistance) could 
quite easily be a factor of 10 or more in a poor design. That is, the effective re- 
sistance of the winding at the working frequency could be 10 times greater than 
its DC resistance. This would give excessive power loss and temperature rise. 

The intuitive temptation to use as large a wire as possible often leads to the 
wrong result in a high-frequency application. Using too large a wire results in ex- 
cessive loss as a result of skin and proximity effects. Hence too large a wire 
gauge, giving many layers and excessive buildup, is just as inefficient as having 
too small a gauge. It will be shown that because of skin and proximity effects, an 
ideal wire size or strip thickness exists, and this must be used if optimum efi- 
ciency is to be obtained. 

A brief examination of skin and proximity effects would perhaps be helpful at 
this stage. 



FIG. 3.4B.1 F, ratio (ratio of aclDC resistance as a result of 
skin effect) as a function of the effective conductor thickness, 
with number of layers P as a parameter (After ~owelp'.) 

4,B.Z. SKIN EFFECT 

Figure 3.4B.2 shows how an isolated conductor carrying a current will generate a con- 
centric magnetic field. With alternating currents a magnetomotive force (rnmf) exists, 
generating eddy currents in the conductor. The direction of these eddy currents is such 
as to add to the current at the surface of the wire and subtract from the current in the 
center. The effect is to encourage the current to flow near the surface of the conductor 
(the well-known skin effect). The majority of the current will flow in an equivalent sur- 
face skin thickness or penetration depth A, defined by the formula 

where A = penetration depth, rnm 
f = frequency, Hz 

K, = material constant (K, ranges from 75 for copper at 100•‹C to = 65.5 
for copper a t  20•‹C) 
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THROUGH WIRE 

FIG. 3.48.2 Showing how "skin effect" is caused. Current is constrained to 
flow in the surface layer of the conductor as a result of concentric magnetic 
fields in the body of the conductor caused by the current flow. 
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FIG. 3.4B.3 Effective skin thickness as a function of frequency, with temperature as a 
parameter. 



Figure 3.4B.3 shows the skin thickness or penetration depth for copper at 20•‹C 
and 100•‹C plotted over the frequency range 10 to 300 H z .  

For connections to and from the transformer, individual wire diameters in ex- 
cess of 2 or 3 times the skin thickness should be avoided. For high-current ap- 
plications, multifilament windings are preferred. Go and retun wires to the same 
winding should be tightly coupled and run as parallel or twisted pairs. This is also 
desirable to reduce external leakage inductance. 

Remember, the copper losses increase in proportion to the current density 
squared; therefore, a small increase in current density at the surface will have a 
significant effect on the effective ac resistance ratio (F, ratio). 

4.8.3. PROXIMITY EFFECTS 

In a transformer, the simple current distribution resulting from the skin effect will 
be further modified by proximity effects from adjacent conductors. 

As shown in Fig. 3.4B.4, when a number of turns are wound to form one or 
more layers, a magnetomotive force (mmf) is developed in line with the plane of 
the winding. The effect of this mmf is to develop eddy currents whose direction is 
such as to add to the current flow toward the ~rimarv-to-secondarv winding in- 
terface and reduce the current on the side of th;windikg away from the intezace. 
As a result of these proxin~ity effects, the useful area of a conductor is further 
reduced. 

The proximity effect is most pronounced where the mmf is maximum, that is, 
at the primary-to-secondary interface. Figure 3 . 4 . 8 ~  and b @. 3.81) shows the dis- 
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FIG. 3.4B.4 Showing how "proximity effects" are caused. Current is constrained 
to flow toward the interface of the windings as a result of incident magnetic fields 
from nearby turns. 

4. S W I T C H M O D E  T R A N S F O R M E R  D E S I G N  ( G E N E R A L  P R I N C I P L E S )  3.1U3 

tribution of mmfin a simple winding configuration and that in a sandwiched con- 
struction. In the sandwiched form, the maximum mmf is halved, and the center of 
the middle winding has an rnmf of zero. As a result, the proximity effects in the 
center of the winding are also zero. Hence, for the determination of F,, only half 
the layers and turns of the center winding need be considered. 

4.8.4. DETERMINATION OF OPTIMUM WIRE 
DIAMETER OR STRIP THICKNESS 

Figure 3.4B.1 shows the F, ratio (ac resistancelDC resistance) plotted against the 
equivalent conductor height cp, with number of layers as a parameter. 

In general, 

where cp = effective conductor height, mm 
h = thickness of strip (or effective diameter of round wire) 
F, = copper layer factor 

Note: To simplify the mathematical treatment, a round conductor of diameter d 
is replaced by a square one of the same area with an effective thickness h; e.g., 

Area of round wire = nr2 or n(d12) 

Area of square wire = h2 

Hence 

Therefore, 

The copper layer factor F, is a function of the effective wire diameter, spacing 
between wires, tuns, and useful winding width: 

where N = turns per layer 
b, = useful winding width, mm 

4.B.5. OPTIMUM STRIP THICKNESS 
.-, 

In the simple case of a full-width copper strip winding, at a f d  frequency, Q goes 
to MA, since F, = 1; aiso, the number of layers is equal to the number of turns. 
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The ideal strip thickness can now be established from Fig. 3.4B.1 as follows: 

but (for a defined bobbin size and number of turns) 

N . p . 1  p Rdc = - a - 
A 

where p = resistivity of cop er, f h n  4' A = area of wire, cm ; 

1 = length of wire, cm 
N  = turns 

Hence 

Therefore 

and 

Rac = Fr ' Rdc 

P Fr R ,~~F, . -~LX-  (since cp = hlA) 
b W S h  b;A cp  

By plotting F,lcp against cp with turns (or layers with a strip winding) as a pa- 
rameter (Fig. 3.4B.9, the minimum ac resistance point for each number of 
turns can be seen. The minimums fall close to a line (dashed in the figure) 
where F, = 4/3. For a given number of turns (layers), the optimum strip 
thickness h is obtained from the lower scale as a multiple of the skin thickness 
at the operating frequency. For example, with two turns, the minimum ac re- 
sistance is found where HIA = 1 and the optimum strip thickness is the same 
as the skin thickness. 

It has been shown that for a simple strip winding, the optimum strip thickness 
is a function of the frequency and number of turns (layers), and will be found near 
an F, ratio of 1.33. 

4. B.6. OPTIMUM WIRE DIAMETER 

With round wire windings, the determination of optimum wire diameter is 
more complex than that for the stri winding, shown above; however, by a 
similar process, it has been shown~'' .~.~ that the optimum wire diameter 
will be found near F, = 1.5. 

Figures 3.4B.6 and 3.4B.7 show the optimum copper strip thickness or wire 
diameter to use to obtain the ideal F, ratio. They are plotted against the number 
of "effective layers," with frequency as a parameter. 

rac 
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FIG. 3.4B.5 Plot of R,  - ,/A with number of layers as a parameter, 
showing the development of the conditions for optimum F, ratio and op- 
timum conductor thickness. (J.  Jongsma 1882 Mullard Lrd. Ref. 58.) 
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FIG. 3.4B.6 Optimum wire diameter for an F, ratio of 1.5, as a function of the number of ef- 
fective layers in the winding, with frequency as a parameter (Mullard Lrd.) 
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FIG. 3.4B.1 Optimum strip thickness for an F, ratio of 1.4, as a function of the number of 
effective layers, with frequency as a parameter. (Mullard Ltd.) 

4.8.7. "EFFECTIVE LA YERS, " CURRENT 
DENSITY, AND NUMBER OF CONDUCTORS OR 
STRIP WIDTH 

The number of effective layers depends on the winding topology. In the sand- 
wiched construction (Fig. 3.4.8c), only half the total layers need be considered, 
as the primary is split into two parts and the mmf is zero in the center of the 
secondary winding. This split winding allows the use of a larger-diameter wire or 
thicker strip, reducing the overall resistance. 

The optimum thickness of strip or maximum diameter of wire has now been 
established. It remains only to select the width of the strip or the number of par- 
allel conductors or Naments that are to be used for the windings. This choice 
depends upon the current that each winding is to carry. 

4.8.8. CURRENT DENSITY I, 

As a first approximation, the current ratings for the wire shown in Table 3.1.1 
may be used. These are based on a current density of 450 Alcm2, which is the 
optimum density for a core with an area product of 1 cm4 and a 30•‹C temperature 
rise. 

a.c.  -d.c. 
RESISTANCE 
RATIO (FR) 

0 0.2 0.4 0.6 0.8 1.0 

ER OR STRIP THICKNESS 
ER OR STRIP 

FIG. 3.4B.8 F, ratio for wires below optimum thickness. (MuNard 
Lrd.) 

More correctly, with larger cores the current density I, should be reduced, as 
the heat-dissipating surface area increases less rapidly than the heat-generating 
volume. In general: 

Practical limitations may not allow the use of the optimum wire size. For 
nonoptimum conditions, the effective ac resistance may be established from Fig. 
3.4B.1 for a thickness greater than optimum, and from Fig. 3.4B.8 for a thickness 
smaller than optimum. 



CHAPTER 5 
OPTIMUM 

150-W TRANSFORMER 
DESIGN EXAMPLE 

USING NOMOGRAMS 

5.1 INTRODUCTION 

The following example will demonstrate the rapid optimization possible using the 
various nomograms shown in Chap. 4. 

The transformer is a self-oscillating half-bridge square-wave DC-to-DC con- 
verter operating at 20 kHz and producing 150 W. To minimize leakage inductance 
and skin effects, a sandwiched construction as shown in Fig. 3.4.8~ is to be used. 
The transformer is required to meet UL and VDE safety requirements, and will 
have two grounded safety screens. 

The input voltage is 200 V, and the output is to be 25 V at 6 A, using bridge 
rectification. The temperature rise is to be 30•‹C in free air cooling conditions. 

5.2 CORE SIZE AND OPTIMUM FLUX DENSITY 
SWING 

For an output power of 150 W at 20 kHz with a 30•‹C temperature rise, for half- 
bridge or push-pull applications, the nomogram shown in Fig. 3.4.3 indicates an 
EC41 core with a flux density swing of 330 mT for optimum efficiency. (The ex- 
ample is shown on the nomogram.) 

5.2.1 Use of Nomogram 3.4.3 

Step 1. Enter the nomogram on the right-hand side with the required power (150 
W), and at the top with the required operating frequency (20 H z ) ,  as shown in 
the example drawn on the nomogram. 

Step 2. The horizontal line from the intersection of the frequency and' power 
lines gives the area product AP (left) and some examples of standard switch- 
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mode cores (right). In this example, A P  = 2.2, and suitable cores would be EC41 
or ETD3411711 I .  Choose one of the recommended cores, or select a different core 
type using the area product value. In this example, the EC41 (FX 3730) core is 
chosen. 

Step 3.  The vertical projection from the intersection of the power line with the 
frequency line to the lower flux density swing scale indicates a AB value of 330 
mT. Hence, for this example, an EC41 core with a flux density swing of 330 mT 
is chosen. 

5.3 CORE AND BOBBIN PARAMETERS 

Core type = EC41 
Area product of EC41 (core) = 2.6 cm4 

Window area of bobbin = 134 mm2 
of core = 215 mm2 

. Width of bobbin = 24 mm 
Effective core area = 121 mm2 

Topology factor K'  (from App. 4.A) = 0.164 
Total weight (cores) = 52 g 

Optimum flux density swing AB from 
Fig. 3.4.3 = 330 mT 

Frequency = 20 kHz 
Half period = 25 ps 

5.4 CALCULATE PRIMARY TURNS 

The converter is in square-wave full-conduction-angle operation, so the maxi- 
mum "on" period for each drive device is a half cycle, or 25 ps. (This type of 
converter is sometimes referred to as a DC transformer; see Part 2, Chap. 17.) A 
single half-period square pulse gives the maximum primary volt-seconds stress; 
hence the turns can be established from a single half cycle using the volt-seconds 
approach. 

From Faraday's law of induction, 

where N, = primary turns 
V = primary voltage (200 V) 
t = "on" period (25 ps) 

AB = flux density swing (0.33 T) 
A, = effective core area (121 mm2) 

Hence 
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NP = 
200 25 

= 125 turns 
0.33 X 121 

5.5 CALCULATE PRIMARY WlRE SIZE 

The bobbin window area A,, for the EC41 is 134 mm2. 
K,,, , the bobbin window copper utilization factor, is 50% (Appendix 4.A). For 

equal primary and secondary loss, 25% will be used for each winding. Hence 25% 
of A,,. is used for the primary winding window A,,p. The rest is used for insulation 
and screens. 

Hence primary window area A , , ,  is 

The area available for each turn is 

-=-= 333 0.268 mmz 
Turns 125 

Although round wire, which would normally utilize only 78% of the window area, 
is to be used in this example, the K, factor already corrects for this, and the cal- 
culated area is the area of the round wire. Hence, from Table 3.1.1, the nearest 
i~wlated wire size is #24 AWG, with a diameter of 0.57 mm (including the insu- 
lation thickness). 

' 1 ' 1 ~  bohbin width is 24 mm. Allowing a creepage distance of 3 mm at each 
side, the usable width is 18 mm. 

'I'he maximum number of turns per layer is 

-- I' - 31.5 turns 
0.57 

With a split primary, an even number of primary layers must be used. In this ex- 
ample, four layers of 31 turns will be used, giving a total of 124 turns for the pri- 
mary. 

5.6 PRIMARY SKlN EFFECTS 

From Fig. 3.4.5, the maximum wire diameter for an F, ratio of 1.5 can be found. 
(F,. is the ratio of the effective ac resistance to the DC wire resistance.) At 20 
kHz, using two layers (the first-half primary section), the maximum wire diame- 
ter would be 0.7 mm for an Fr ratio of 1.5. 

From Table 3.1.1, the selected #24 AWG wire diameter (copper only) is 0.51 
rnm. or only 73% of the value for an Fr of 1.5. 

From Fig. 3.4.7, the Fr value will be 1.12 (negiigible skin effect), and this Fr 
value will be used in calculating copper loss for the primary. 
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5.7 SECONDARY TURNS 

A bridge rectifier will be used on the secondary so that a single winding may be 
used. 

The DC voltage is to be 25 V. The secondary voltage must allow for two diode 
drops and winding resistance. 

Allowing for two diode voltage drops of 0.8 V, the approximate secondary 
voltage will be 25 + 1.6 = 26.6 V. The primary volts per turn are 

Hence the secondary turns are 

= - _  *'" - 16.5 turns 
Vs 

PJN 1.613 

with a half-turn allowance for winding resistance; therefore 17 turns will be used. 

5.8 SECONDARY WlRE SlZE 

With 17 turns and a window .area of 33.5 mm, the area available for each turn is 
1.97 mm2. 

From Table 3.1.1, the nearest standard wire is #I5 AWG, with a copper di- 
ameter of 1.45 mm. 

5.9 SECONDARY SKlN EFFECTS 

With a split winding, only half the secondary layers need be considered; assume 
1 layer at this stage. From Fig. 3.4.5, the maximum wire diameter for an F, ratio 
of 1.5 is 1 rnm, and the single #15 AWG wire at 1.56 mm diameter is too large for 
effective use. 

It is interesting to note that even at this low 20-kHz frequency, the skin effects 
are beginning to control the selection of wire size. 

Dropping down three wire gauges will halve the area of the wire, and a bifilar 
winding of #18 AWG will have the same total area as the #I5 AWG original se- 
lection. The copper diameter of the #18 AWG wire is 1.02 mm, giving the re- 
quired F, ratio of 1.5. 

The usable bobbin width is 18 mm, so that a bifilar winding of 9 turnsflayer 
may be used, giving nearly two layers for the secondary winding. 

5.10 DESIGN NOTES 

At this stage the design isessentiallymmplete for most practical purposes. A half 
turn was added to round up the secondary, but no allowance has yet been made 



for voltage drop due to the winding resistance. The voltage drops will be small 
(usually less than 2%), and the primary turns may be adjusted to compensate. 

For the most accurate results, the winding resistances must be calculated and 
an accurate adjustment of the primary turns can then be made. In the final anal- 
yses the performance and temperature rise must be measured in the finished 
product to include all the intangible thermal effects resulting from location and 
nearby components. 

In this example, the losses will be calculated to prove the design. 

5.17 DESIGN CONFIRMATION 

In this example, the core and copper losses will be calculated to prove the design. 
From the calculated figures, the efficiency and the temperature rise will be pre- 
dicted, and in the process, the core and copper losses will be obtained. From this 
the optimum design efficiency will be checked. Finally, with the winding resis- 
tances established, any need for a turns correction can be accurately determined. 

5.72 PRIMARY COPPER LOSS 

Calculate the mean turn length Mlt for the inner primary section: 

\ ~ o t a l  length of half primary 412 = Nd2 x M,,. 

From Table 3.1.1 and Fig. 3.4.11, the resistance of #24 AWG wire at 50•‹C is 
0.00095 Ncrn, giving a half primary resistance of 0.279 SZ at DC. 

At the operating frequency, the working resistance R,, will be greater because 
of skin and proximity effects. From Fig. 3.4.5, the primary F, is 1.12; hence 

Because the converter has full duty cycle square-wave conduction, the primary 
rms current is the same as the DC input; hence 

Copper loss in the inner half primary is Z:R~ = (0.75)' x 0.333 = 0.187 W. 
In a similar way, the loss in the larger-dlameter outer half primary is 0.22 W, 

giving a total primary loss of 0.407 W. 

5.13 SECONDARY COPPER LOSS 

The mean diameter of the secondary winding is 1.8 cm. The length of the sec- 
ondary winding is 

The DC resistance of #18 AWG wire at 50•‹C is 0.00023 SZ, giving a resistance of 
0.022 0 for each wire (0.01 1 n for the bifilar winding). 

The F, ratio is 1.5 for the secondary, giving an ac resistance of 

1.5 X 0.011 = 0.0165 0 

The secondary copper loss Z:R, is 6' x 0.0165 = 0.594 W. 
The total copper loss is 0.407 + 0.594 = 1.001 W. 

5.14 CORE LOSS 

Figure 3.4.4 shows the core loss as a function of flux density swing for N27 fer- 
rite, with frequency as a parameter. Enter the graph at the bottom with the flux 
density swing (330 mT from Fig. 3.4.3). The horizontal projection from the flux 
density-frequency intersection gives the core loss in milliwatts per gram (in this 
case, 21 mwlg). - 

The total core weight is 52 g, giving a total core loss of 

Total Loss 

The total transformer loss is W,,,,,, plus W,,,,: 

1.001 + 1.09 = 2.091 W 

5.75 TEMPERATURE RISE 

The temperature rise may be established from the nomogram shown in Fig. 3.1.7 
or from Eq. (4.A.18). 

Using Fig. 3.1.7, proceed as follows: Enter the nomogram at the top with the 
core area product (2.6 for the EC41). The horizontal projection from the inter- 
section of the AP value with the dashed AP line gives the surface area, 54 cm2 
(left scale). Enter the lower scale with the total dissipation, 2.09 W. The inter- 
section of the dissipation line with the surface area line gives the temperature rise 
on the diagonal (30•‹C in this example). 

From Fig. 3.1.7, the temperature rise is predicted to be 30•‹C. From Eq; 
(4.A.18), the predicted rise is 30.46"C. 



5.16 EFFICIENCY 

Efficiency 11 = output power 
output power + losses 

Since the copper losses and core losses are nearly equal (Sec. 
clearly an optimum design. 

5.14), this is 

CHAPTER 6 

STAIRCASE SATURATION 

6.1 INTRODUCTION 

The term "staircase saturation" describes a dynamic transformer saturating ef- 
fect that is particularly prevalent in push-pull converters. In such converters, the 
transformer primary is actively driven in both directions, and both quadrants of 
the BIH characteristic are utilized. 

For maximum-efficiency operation, full use must be made of the transformer 
core, and at lower frequencies large symmetrical flux excursions would normally 
be required. 

As a result of variations in saturation voltage, switching times, rectifier volt- 
age drops, and transformer winding resistance, the transformer flux excursion in 
one direction is not always exactly balanced by the flux excursion in the reverse 
direction. Therefore, the mean working point for the core may move slightly 
away from the center point (zero flux) at the end of a cycle of operations. In 
push-pull forward converters, because of output diode flywheel action, the wind- 
ing voltage is clamped to zero during the "off' period; hence there is no DC res- 
toration of the core between cycles. As a result, any flux density offset progres- 
sively increases with each cycle, and the mean flux level will "staircase" toward 
saturation. 

In effect, the imbalanced transformer polarization results in a net DC current 
in the transformer windings, and even a slight imbalance will quickly drive a high- 
permeability core to saturation. 

Fortunately, the effect tends to self-limit, because the increasing magnetizing 
current which occurs during the saturating half cycle tends to reduce the width of 
the power pulse during that half cycle. (The storage time of the transistor is 
reduced.) However, the mean working point for the core will have been offset 
from zero, and if no corrective action is taken, the available flux excursion in one 
direction is reduced. This limits the ability of the supply to respond to transient 
changes, reducing the utility of the core. 

In duty-ratio-controlled push-pull applications, some imbalance in alternate 
half cycles, and hence flux excursions, is almost inevitable. In practice there 
will always be some small drive or output diode imbalance. Thus, unless steps 
are taken to ensure flux balancing, there will inevitably be partial saturation of the 
core in one direction or the other. 
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6.2 METHODS OF REDUCING STAIRCASE 
SATURATION EFFECTS 

By careful selection of components, the saturating effects of pulse asymmetry 
can be reduced to barely acceptable limits. Matching of transistors and diodes 
offers a partial solution to the problem. So, too, may adjustment of the differen- 
tial drive conditions and the introduction of a small air gap in the core. (With an 
air gap, some small DC current offset can be tolerated without severe saturation.) 
However, these measures can give only limited success. 

The same asymmetry problem can occur in the half-bridge circuit, although 
some improvement may be obtained by breaking any DC path in the primary cir- 
cuit with a small series capacitor. It is quite common to find such a capacitor in 
haif-bridge converters. 

Unfortunately, this primary "blocking" capacitor does not completely elimi- 
nate the staircase saturation problem. A second DC path usually exists in the sec- 
ondary winding and output circuit. This DC path is more difficult to break. For 
example, in a buck-derived push-pull output stage, the output choke forces sec- 
ondary current conduction, even during the "off' period of the primary power 
switches. During this period, current continues to flow in both output rectifier 
diodes and secondary windings. Since both diodes conduct, if there is a differ- 
ence in diode forward voltages, an effective net DC voltage will be applied to the 
secondary winding during the "off' period. Once again, this will result in a net 
DC polarizing current in the secondary, and this secondary current can also 
cause core saturation. 

Under the conditions where the secondary is unbalanced, the primary block- 
ing capacitor will introduce a second undesirable effect. It takes up a net DC 
charge, so that alternate half cycles will now be of different voltage amplitudes. 
This introduces subharmonic ripple into the output filter, increasing output rip- 
ple. 

Hence, even ough these commonly used techniques can reduce the staircase 
saturation effects t orkable limits, severe restrictions are placed on transient 
performance as k a resul the limited flux density swing in one direction. Imme- 
diate saturation of the c o r h n  occur if the "on" period, or applied voltage, is 
suddenly increased during the critical, near-saturated half cycle. 

To overcome these problems, current-mode control or other active flux bal- 
ancing techniques should be used, particularly in high-power push-pull convert- 
ers. In duty ratio control systems, a forced flux balancing technique can be used, 
as described in the following section. 

6.3 FORCED FLUX BALANCING IN 
DUTY-RA TIO-CONTROLLED PUSH-PULL 
CONVERTERS 

When a core is operating with nonsymmetrical flux excursions, two effects will 
be noticed in the primary. First, alternate primary current pulses will have a DC 
offset. Second, in more severe cases, there will be a sudden increase in the pri- 
mary current at the end of the "on" period during one half cycle. This increase 
occurs for the partially saturated direction of drive, because of the rapid curva- 
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FIG. 3.6.1 Basic push-pull power circuit, showing current 
transformer locations (TI and T2) for forced flux density 
balancing in push-pull topologies. 

ture of the BIH characteristic toward core saturation. Hence, peak and mean cur- 
rents will be different for alternate half cycles. 

By differentially comparing the currents flowing in the two half cycles, small 
differences may be detected and used to differentially control the pulse width of 
the drive to the switching devices and thus minimize the offset. 

Figures 3.6.1 and 3.6.2 show the basic elements of a forced flux balancing 
circuit. 

To provide the required information on first- and third-quadrant flux excur- 
sion, two separate current transformers T1 and T2 are required. These are fitted 
in series with the two switching devices, so as to measure the forward and re- 
verse transformer primary currents. The actual position of the current transform- 
ers depends on the converter topology; Fig. 3.6.1 shows a typical push-pull 
example. 

Figure 3.6.2 shows the drive output circuit of a typical pulse-width-modulated 
(duty ratio control) system. The normal oscillator A6, voltage control AS, pulse- 
width modulators A3 and A4, and output gates U2 and U3 are shown. 

To this duty ratio control system has been added a forced flux balancing cir- 
cuit, TI, T2, A1, and A2. This operates as follows. 

The outputs of the two current transformers T1 and T2 are rectified by Dl and 
D2 and compared via R1 and R2 to develop a voltage on C1 which is proportional 
in direction and amplitude to the mean difference between forward- and reverse- 
going current pulses in the two power switches. 

The voltage amplifier A1 gives an output proportional to the mean DC voltage 
on C1. Heavy integration of the current pulses is provided by feedback compo- 
nents R1 and C1. This makes the output of amplifier A1 essentially DC, propor- 
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tional in amplitude and direction to any imbalance detected between the collector 
currents. 

The output of A1 is fed directly to the top of the resistor chain R3, R4, R5, R6 
and also to amplifier A2, where it is inverted and fed as an equal but opposite 
polarity to the bottom of the resistor chain. 

Note that under this condition, the control input at the center of the resis- 
tor chain (junction R4, RS) is not changed in response to a current imbalance. 
However, the inputs to the ramp comparator amplifiers A3 and A4 are 
differentially adjusted, with alternate pulse widths changed to restore current 
asymmetry. 

Hence, the current balancing circuit is able to increase the pulse width for one 
side and decrease the other, depending upon the direction and amplitude of any 
imbalanced condition, without changing the mean output voltage. 

The voltage control amplifier A5 will continue to adjust the common pulse 
width (the output of both ramp comparators) so as to control the output voltage in 
the normal way. 

Note: Changing the voltage at the center of the divider chain R3, R4, RS, R6 
(voltage control input) changes both output pulse widths equally, resulting in a 
change of output voltage without changing the differential current control. 
Hence, the two control loops operate independently of each other, an important 
stability criterion. 

This type of circuit is able to introduce a net primary DC current to compen- 
sate for any secondary asymmetry, provided that a DC current path is provided 
in the primary circuit. Hence a DC blocking capacitor must not be fitted in the 
primary when this circuit is used. With half-bridge circuits, special techniques 
will be required to provide a DC current path in the primary. (See Sec. 10.10 in 
this Part.) 

The same current transformers can be used for current limiting purposes by 
using the mean current analogue voltage information available at the outputs 
of Dl or D2. (The extra inputs to gates U2 and U3, I1 and 12, are additional 
inhibit inputs. These may be used to prevent cross conduction; see Part 1, 
Chap. 19.) 

6.4 STAIRCASE SA TURA TlON PROBLEMS IN 
CURRENT-MODE CONTROL SYSTEMS 

Although current-mode control can provide automatic balancing of the flux den- 
sity in push-pull systems, it also requires a DC current path in the primary. This 
is hardly surprising, because with current-mode control, the peak current remains 
constant, and any imbalance in the primary or secondary volt-seconds results in 
a differential pulse-width change to correct the asymmetry. Hence, the original 
volt-second asymmetry must be compensated for'with an ampere-second asym- 
metry. This requires a compensating DC current flow in the primary circuit, and 
a DC blocking capacitor must not be used in the primary circuit. Once again, spe- 
cial techniques will be required in the half-bridge circuit to meet this need. (See 
Sec. 10.10.) 



' PROBLEMS 

What is meant by the term "staircase saturation"? 
What methods may be used to reduce staircase-saturation effects? 
What method of switchmode control is recommended to eliminate the prob- 
lems of staircase saturation? 
A DC blocking capacitor must not be used in the primary when current-mode 
control is used. Why is this? 

FLUX DOUBLING 

The term "flux doubling" refers to a possible saturation hazard that exists in 
push-pull systems. 

Under steady-state conditions, a balanced push-pull transformer should be 
able to sustain a maximum flu excursion of nearly twice the peak flux density 
(from -$ to +$). In many low-frequency designs, maximum advantage is taken 
of this large potential flux swing, so that the number of primary turns may be 
reduced and improved efficiency obtained. 

Under steady-state operation, the starting position for the flux at the beginning 
of each half cycle will be either +8 or -8, the core having been clamped at this 
value during the "off' period by flywheel action of the output choke and rectifier 
diodes. Hence the maximum flux density swing during steady-state half cycles 
will be d. However, in a system running at this large level of flux density swing, 
a possible hazard exists on initial switch-on and under transient conditions. 

The starting point for the initial flux excursion (when the system is first 
switched on or following a condition of very light loading when the pulse width 
has been very narrow), will be near zero. (See Fig. 2.9.2.) From this starting 
point, a sudden flux excursion of 28 (the steady-state excursion) would result in 
the core saturating for the first half cycle, often with damaging results. 

To prevent this so-called "flux doubling" effect, either the initial choice of 
working flux density swing must be lower than $, reducing the utility of the core, 
or the control circuit must recognize the potential hazard and reduce the pulse 
width until the correct working conditions are established. (See "Soft Start," 
Part 1, Chap. 9, and "Current-Mode Control," Part 3, Chap. 10.) 
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8.1 INTRODUCTION 

Any closed-loop control system that has the potential for a loop gain of unity and a 
frequencydependent internal phase shift of 360" has a potential for instabiity. In 
switchmode supplies, because a low-pass filter will be used in the power stages to 
eliminate noise and provide smooth DC outputs, an inevitable phase shift is intro- 
duced which reduces the phase margins and can lead to instability. . 

Almost all switchmode power supplies will have a closed-loop negative feed- 
back control system, to provide good performance. In the negative feedback sys- 
tem, the control amplifier will be connected in such a way that an intentional 
phase shift of 180" is introduced. Hence, any perturbation internally generated 
within the feedback loop will normally result in antiphase feedback to eliminate 
:he undesirable changes. 

If the phase of the feedback were to remain at 18O0, then the control loop 
would always be stable and the design engineer's life would be very much sim- 
?lified. Of course, this is not the case in the real world, where various switching 
delays and reactances introduce additional phase shifts, which may lead to insta- 
zjility if the correct loop compensation is not used. 

3.2 SOME CAUSES OF INSTABILITY IN 
SWITCHMODE SUPPLIES 

Zonsider Fig. 3.8.1. This shows a typical closed-loop negative feedback switch- 
ng supply with the major elements separated into three patis. 

Block 1 is the converter section, which will have a tiansfer function that de- 
pends on the converter topology and output filter. 
Block 2 is the pulse-width modulator, which will provide most of the voltage 
gain to be found external to the control amplifier. 
Block 3 is the control comparator amplifier, the reference voltage, and the 
loop compensation networks. 

FIG. 3.8.1 Block schematic diagram of the control loop. for a forward (buck-derived) 
switchmode power converter. Showing power section block 1, pulse-width modulator block 
2. and control circuit block 3. 

Assume that a square-wave perturbation is introduced at node A. This square 
wave will contain energy distributed as an infinite series of odd harmonic com- 
ponents. If the response of a real system is examined for progressively increasing 
harmonics, it will be seen that the gain and phase shift change as the frequency 
increases. If the gain is equal to unity at a frequency at which tot 
phase shift is 180" (this additional 180•‹, together with the original 
ing value, gives 360' total phase shift), then sufficient energy will arrive back at 
the input of the system, in phase, to sustain the original perturbation, and the 
system will oscillate' at that frequency. 

However, normally the control amplifier will have feedback compensation 
components 22 arranged to reduce the gain at higher frequencies such that sta- 
bility is maintained at all frequencies. 

8.3 METHODS OF STABILIZING THE LOOP 

Several quite different but equally valid and successful methods can be used to 
stabilize the control loop. 

By Circuit and Mathematical Analysis 

For design engineers who are comfortable with the theoretical and mathematical 
analysis of closed-loop systems, this is probably the most suitable approach, giv- 
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:ng optimum performeecc by design. It does, however, assume that all the pa- 
-ameters of the circuit ;lnd components are known, and linear operation is as- 
sumed. In practice it is llnllkely thaf all the parameters will be known to the ac- 
x racy  required for flrll analysis; In particular, the inductors will not retain 
:onstant values throupl~out the full current range. Also, the effect of large tran- 
iients which take the svslem out of.the linear operating range is difficult to pre- 
dict. Hence, some "fm. t~ning" will usually be required, using one of the test 

~ ~ 

methods shown below. 

4 
~nterrogative Methods of Loop Stabilization 

Empirical Methods of Obtaining Loop Stability 

-n this approach, the ,-01itr01 loop is closed using an overcompensated control 
;mplifier with a domin:lnf l o w - f ~ ~ q ~ e n c y  pole to obtain initial stability. The corn- 
3ensation network is thc.11 dynamically optim~zed by using transient pulse-loading 
.o,chniques. This methrd is very fast and effective, but the correct general form of 
:he compensation necsork required to suit the converter topology must be 
.sown. (See Figs. 3.10 S and 3.10.9.) One advantage of this approach is that 
.age-simal conditions i.ln be dynamically investigated. For this reason, transient 
 ad testing is recommcedd as a final proving test, whatever technique is used to 

zstablish the compens;l[l~ln network. 
The major disadvanl.tfe of the empirical approach is that it will not be known 

xhether optimum perfLv111ance has been obtained. However, if the performance 
5 well within fhe reqll~lrd specification requirements, it probably is not impor- 
.ant that it always bc optimum. Several units should be examined to obtain 
pread margins. This nl.-rhod of testing will not always expose loops which are . 
lnly conditionally staW 

2embinaiion of Desigrr and Measurement 

'his approach uses a ;,mbination of the above methods, depending on the de- 
ligner's skill and expe~lcnce, the type of product, the equipment available, and 
.ne designer's preferen.-;'- 
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8.4 STA8ILITY TESTING METHODS 

Transient Load Testing 

The theoretical analysis of loop stability criteria in switchmode power supplies is 
complicated by the fact that the transfer function changes under different loading 
conditions. The effective inductance of the various wound power components 
will often change significantly with load current. Further, when large-signal tran- 
sient conditions are considered, it may be found that the control circuits are dis- 
placed to nonlinear operation (hit the end stops), and linear analysis will not give 
the complete picture. 

Transient load testing provides a very quick and powerful tool for the exarni- 
nation of the overall loop response at various loads and under large-signal dy- 
namic conditions. 

8.5 TEST PROCEDURE 

Figure 3.8.2 shows a typical "transient load test" setup. Typically. the power 
supply under test is connected directly to a fixed load R1, and via a fast semi- 
conductor switch to load R2. Both loads are resistive and adjustable. It is impor- 
tant that the switched component of the load be noninductive. (Noninductive car- 
bon pile adjustable resistors may be used in this position.) 

PRE-TRIG SIGNAL 

FIG. 3.8.2 A pulse loading test circuit, used for transient 
load testing of power supplies. 

The fixed load is adjusted to provide at least the minimum current rating for 
the power supply, typically 10 or 20%. 

The switched component of load may then be adjusted from zero to 80 or 90%, 
and the waveform under transient conditions examined on the oscilloscope. 

8.6 TRANSIENT TESTING ANALYSIS 

Typical transient current and' voltage waveforms are shown in Fig. 3.8.3. 
Waveform ((I) shows an underdamped response, with the control loop ringing af- 
ter the transient edge. A power supply showing this type of response will have 
poor gain and phase margins, and may be only conditionally stable. With a 
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w';. 3.8.3 Typical output cumnt and voltage wavefoims, for switchmode converters 
utl,lrr pulse loading conditions: (a) underdamped performance. (6) overdamped perfor- 
m:ltl~r.. (c)- optimum performance. 

..fol tn;mce of this type, oscillation may occur under some loading conditions, 
as :I result of additional phase change or increase in gain at higher tempera- 
-cS. llence, this response is not recommended, and the compensation network 

*.,,ut,~ he adjusted to roll off at a lower frequency. 
W:I\ rfom (b) shows an overdamped response, which, although very stable, 

- vs IIOI give the best transient recovery performance. The roll-off frequency 
'.,ru~r~ be increased. 

w~r-sfom (c) is closer to an optimum condition, giving good performance and 
+lc. tc~nsient response, with adequate gain and phase margins for most appli- 
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cations. However, conditionally stable systems can give good transient perfor- 
mance, and a Bode plot is also advisable. A good symmetrical waveform for both 
positive- and negative-going current edges is also desirable, as this indicates that 
the control and power sections are well centered on the control range and that the 
slew rate is the same for both increasing and decreasing load conditions. It may 
not be possible to get symmetrical slew rates with buck regulators. The header 
voltage from the transformer will often be low, and the rate of change of current 
in the output inductor for increasing currents will be less than that for reducing 
currents. (The pulse width cannot increase by the same ratio as it can decrease.) 

The transient load switch will normally be adjusted for unity mark space ratio. 
However, with high-current power supplies, it is sometimes an advantage to 
make the "on" period shorter than the "off' period, thereby reducing the power 
requirements for the switched load. The repetition rate should be adjustable so 
that initial measurements can be started at a low frequency and increased as the 
loop is optimized. The rate of change of current on the load switch dIIdt should 
be defined. Industry standards include rates of 5 Alps and 2 MA/. Transient re- 
sponse figures that do not state the magnitude and rate of change of load current 
are meaningless. 

Once the compensation components have been optimized for full load, the 
load and input voltage should be reduced to obtain results for the full specified 
operating range. 

Several units should be examined to give an indication of spreads in perfor- 
mance. Finally, the loop should be examined, using a gain and phase measuring 
technique (Bode plot) to obtain the gain and phase margins and to ensure that the 
systei is not conditionally stable. 

8.7 BODE PLOTS 
* 

Bode plots of the completed power supply are an excellent method of indicating 
the overall dynamic response of the system. A Bode plot is a graphical represen- 
tation of the gain in decibels and phase angle in degrees for any part of, or the 
total, open or closed loop, plotted to a base of log frequency. A plot of the overall 
system shows the phase margins when the gain is unity (0 dB) and the gain mar- 
gins when the phase shift is 360" total (an extra 180" phase shift). A Bode plot will 
also show any tendency for unwanted deviations in response, which can be 
caused by input and output parasitic filter resonances. For optimum performance 
and stability margins, it is recommended that the phase margin be at least 45" at 
unity gain. 

8.8 MEASUREMENT PROCEDURES FOR BODE 
PLOTS OF CLOSED-LOOP POWER SUPPLY 
SYSTEMS 

Most stabilized power supplies will have very large DC gains, to give well- 
defined output voltages. This high gain makes it difficult to make open-loop mea- 
surements. In open-loop operation a very small DC or ac input voltage change 
tends to take the output to the limit of the range and into nonlinear operation, and 
the correct DC operating conditions are not maintained. Hence, it is more n o d  
to carry out the Bode plot with the unit in closed-loop operation. 
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For this reason, the measurement procedures to be considered here will allow 
the phase and gain to be plotted without breaking the feedback loop. 

Figure 3.8.4 shows one basic method for making noninvasive measurements of 
gain and phase for a closed-loop Bode plot. 

POWER SUPPLY U.T. --------_--__ 
I I 
I 1  I 1 I 

I 
(BLOCK 1 )  

OSC 
I 

COMMON I 1 I I 
LINE -s 

FIG. 3.8.4 Test circuit for closed-loop Bode plots of switchmcde conveners. 

Block 1 is the converter and pulse-width modulator; and block 2 is the com- 
pensated control amplifier within the power supply. The measurement equip- 
ment, consisting of transformer Tl, voltmeters V1 and V2, and oscillator V3, is 
connected between the external output and the remote sensing terminals 
''+ OUT" and "+ S." Transformer Tl is designed to have a very low output 
impedance and wide bandwidth. It also provides a DC link so that the control 
loop is not broken for DC conditions. 

The oscillator introduces a very small series-mode voltage V3 into the loop via 
- transformer Tl. The effective ac input to the control amplifier is measured by 
voltmeter V1. The ac output voltage of the supply is measured by voltmeter V2. 
(Capacitors C1 and C2 provide DC isolation.) The ratio VUVl (in decibels) is the 
voltage gain of the-system. The difference in phase (in degrees) is the phase shift 
around the loop (after making allowance for the fixed 180" negative feedback 
phase reversal). 

The injected signal level must be sufficiently small that no part of the control 
loop is taken outside its normal linear behavior range. Typical injection levels for 
V1 may be 10 mV or less at the input to the amplifier "+ Sense." The frequency 
is then changed in small increments. At each measurement frequency, the input 
signal voltage V1 is measured, and this is compared with the signal arriving at the 
output terminals of the supply V2. Both the amplitude ratio V2N1 in decibels and 
the phase difference in degrees are plotted. 

The plot of amplitude and phase is made against a log base of frequency, after 
making due allowance for the 180" phase shiff built into the comparator connec- 
tions. A typical Bode plot is shown in Fig. 3.8.5. 

,-. 
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'FIG. 3.8.5 Example of a Bode plot for a switchmode power con- 
verter, showing good phase and gain margins. 

8.9 TEST EQUIPMENT FOR BODE PLOT 
MEASUREMENT 

The basic equipment required for this type of plot is 

1. A variable-frequency oscillator covering the range from low freq$encies-10 
Hz or less-to 50 kHz or more 

2. Dual, narrowband selective peak or rms reading voltmeters covering the same 
band as the oscillator 

3. Specialized gain and phase meters 

Because of the large system gain, the input voltage V1 will be very small, and 
the voltmeters will use narrowband tuned amplifiers to extract the required signal 
with a good signal-to-noise ratio. These voltmeters must be adjusted to the oscil- 
lator frequency for each point on the frequency spectrum to be examined. This is 
a time-consuming exercise. Several specialized measuring instruments are avail- 
able which have sweep oscillators and tracking voltmeters, and many of these 
will display and print out the Bode plot automatically. 

Alternatively, one of the many spectrum analyzers may be used. These will 
have a built-in sweep generator and comparative voltmeters and phase detectors; 
also, they will give an automatic sweep over the required band. This second 
method is preferred, not only because it is much quicker, but because very small 
increments of frequency are easily achieved, producing a nearly continuous plot. 

Suitable instruments include the Hewlett-Packard 3594A13591A oscillator and 
selective voltmeter and the Bafco Model 916H Frequency Response Analyzer. 

Among the particularly suitable spectrum analyzer instruments is the Anritsu 
Network/Spectrum Analyzer Type MS420A. This instrument has a frequency 
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range from 3 Hz to 30 MHz. The start and finish frequencies can be specified. 
and the gain and phase are displayed on a linear or log frequency scale. Internal 
calibration is provided so that any gain and phase errors introduced by the test 
method, transformer TI, or terminations C1 and C2 can be eliminated from the 
final measurements. This is achieved by making a calibration sweep into a resis- 
tive termination simulating the input impedance of the power supply amplifier. 
Any deviation fiom a flat response caused by the termination reactance is then 
retained in the equipment memory and subtracted from the final measurement, 
eliminating measurement errors. An optional bubble memory interface is avail- 
able to retain test programs for future use. reducing setup time. 4 

8.10 TEST TECHNIQUES 

In theory, the Bode plot measurements may be made at any point in the loop. 
However, to obtain good measurement accuracy, the node selected for signal in- 
jection must look back at a low source impedance and into a high input imped- 
ance in the next stage. Also, there must be a single signai path. In practice, the 
measurement transformer is normally introduced into one of the two positions in 
the control loop shown in Figs. 3.8.4 and 3.8.6. 

,... ". 
POWER CONVERTER I CIRCUITSAND 

I 
I 

1 OUTPUT FILTER 1 ....- 1 1  

PULSE 
WIDTH 
MOOULATOR 

( V I )  OSC (V2 )  
OUTPUT 

I NETWORK ANALYZER 
(M5420A) 

COMMON 

FIG. 3.8.6 A closed-loop Bode plot. showing an alternative injection point and 
using a network analyzer method. 

The position for TI shown in Fig. 3.8.4 mets  the above criteria. The source 
impedance (in the direction of the injected signal) is the low output impedance of 
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the power section, and the input impedance of the next stage is the high input 
impedance of the control amplifier AI. A second position in the control section 
meeting this criterion is shown in Fig. 3.8.6, between the low-impedance output 
of the amplifier A1 and the high input impedance of the pulse-width modulator. 

To provide the best signal-to-noise ratio for good measurement accuracy, the 
signal level should be as large as possible. It must. however, be small enough to 
ensure that the loop remains in linear operation and does not "bottom out" at 
any part of the circuit at any frequency. This can be checked by observing the 
waveform at the power supply output terminals, where any distortion during the 
frequency sweep indicates an overload condition. 

The phase margin is measured where the gain is 0 dB (unity gain), a'nd the gain 
margin is measured where the phase change is 360" total (180" measured). The 
gain at this frequency should be less than unity. 

8.11 MEASUREMENT PROCEDURES FOR BODE 
PLOTS OF OPEN-LOOP POWER SUPPLY 
SYSTEMS 

As previously mentioned, the open-loop low-frequency and DC gains of power 
supplies are usually very large, making it difficult to make true open-loop mea- 
surements. If the interrogative method (Sec. 8.3) is to be used. then the open- 
loop Bode plot of the power section and pulse-width modulator is required, so 
that the optimum compensation network can be determined by the "difference 
technique:" (See Sec. 8.12.) 

One method that can usually be used to obtain the effective open-loop Bode 
plot above a few hertz is shown in Fig. 3.8.7. 

To define the DC conditions, the loop is closed at DC, using an eercompen- 
sated control amplifier with a dominant very low frequency pole. This will ensure 
that the loop remains stable for measurement purposes and allows the required 
load currents and output voltages to be set up. The transient performance would, 
of course, be very poor, but it is not important at this stage. 

An interrogating signal V1 is now injected at the input to the pulse-width mod- 
ulator, node B. The output of the loop V2 is measured at the output terminals of 
the supply, node A. 

~ o t e :  The input to the control amplifier. node C, should not be used for input or 
output measurements, as the voltage at this node will always be constant at V,,. 
Hence, in a high-gain closed-loop ampiifier, there will not be any measurable ac 
voltage at node C. 

A Bode plot of the pulse-width modulator input V1 to power supply output V2 
gives the open-loop transfer function of the power-loop and pulse-width modula- 
tor stages. The control amplifier and feedback components have been excluded 
from this measurement. From this information, the optimum compensation net- 
work for A1 can be calculated. 

In lower-gain systems, it is possible to operate in true open loop by replacing 
the amplifier A1 by an adjustable DC polarizing supply. If this approach is used, 
the DC supply should have a large decoupling capacitor C1, to ensure a low ac 
source impedance. The voltages would again be injected and measured as shown 
in Fig. 3.8.7, except that the output DC value would be set by adjusting the po- 
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FIG. 3.8.7 A quasi open-loop Bode plot, showing the transfer function of the 
power and modulator sections of a switchmode converter and using a network 
analyzer method. 

larizing supply voltage. Some test equipment (for example, the Solartron FRA) 
has a DC polarizing output for this purpose. 

8.12 ESTABLISHING OPTIMUM 
COMPENSATlON CHARACTERISTIC BY THE 
"DIFFERENCE METHOD" 

Once the transfer characteristic (open-loop Bode plot) of the pulse-width modu- 
lator and power converter sections (that is, the complete loop less the control 
amplifier) has been measured, the requirements of the compensated control am- 
plifier can be established. 

On the same Bode plot, roughly define the required optimum transfer charac- 
teristic. The difference between the optimum and measured open-loop character- 
istics is the desired response of the compensated control amplifier. 

Of course, it may not be possible to completely satisfy the optimum charac- 
teristic with a real amplifier, and the aim should be to get as close as possible. 
Proceed as follows: 

1. Put zeros in the compensation network near the frequencies where excess 
poles occur in the open-loop plot, so that the phase shift is less than 315" up to 
the crossover frequency (a phase margin of at least 45'). 

2. Put poles in the compensation network near the frequencies where ESR zeros 

-. .. 
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occur in the open-loop plot. (Otherwise these zeros will flatten the gain char- 
acteristic and prevent it from falling off as desired.) 

3. If the low-frequency gain is too low to give the desired DC regulation (because 
of the zeros added in step I), add a pole-zero pair to boost the gain at low 
frequencies. 

In most cases, some "fine tuning" will be required, and this is best carried out 
using transient load testing (Sec. 8.6). 

8.13 SOME CAUSES OF STUBBORN 
INSTABILITY 

8.13.1 Gain-Forced Instability 

If the control amplifier is connected so that the inverting input is connected to the 
reference voltage (a common mode of operation when using optocouplers; see 
Fig. 3.8.8a), then the gain of the amplifier cannot be less than unity even with a 
100% feedback factor. (The amplifier tends to a voltage follower as the negative 
feedback increases. See Fig. 3.8.86.) 

FIG. 3.8.8 A diagram of an often-used control amplifier configuration, showing 
how the loop gain in this arrangement is limited to a minimum of unity. 

If the gain of the rest of the circuit is greater than unity at high frequency, then 
it will be impossible to stabilize the loop using conventional roll-off components 
around the amplifier section only. 

The correct approach here is to reduce the gain of the pulse-width modulator 
and power converter section well below unity. Alternatively, the configuration of 
the amplifier can be changed to the more normal inverting input connection using 
a further unity gain inverting amplifier to restore the required phase to the 
optoisolator input. (See Chap. 11 for suitable optocoupler circuits.) 

8.13.2 Subharmonic instability in Current-Mode Control Systems 

In the examples dealt with so far, the assumption has been made that voltage- 
mode control has been used, and-in these systems the subharmonic instability 
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problem will not exist. However, this will not be the case with current-mode con- 
trol. 

When current-mode control is used with continuous inductor current topolo- 
gies (for example, the flyback, boost, and buck converters or regulators), a form 
of subharmonic instability will occur if the duty cycle exceeds 50%, that is, if the 
maximum "on" period exceeds 30% of the total period. In this instability mode, 
alternate pulses will be wide and'then narrow; although not damaging, this is un- 
desirable, as it will increase the output ripple and may result in transformer sat- 
uration during the wide pulse. 

In some applications, it is necessary to provide full output for a ve?y wide 
input voltage range. Limiting the maximum pulse width to less than 50% for 
this requirement results in excessively narrow "on" periods for high input 
voltages. This results in a loss of efficiency as a result of high peak primary 
currents. Therefore, it would be useful, where the input voltage range is large, 
to allow the drive pulse width to exceed 50% without developing subharmonic 
instability. 

There are a number of ways of achieving this. Clearly, reverting to voltage- 
mode.contro1 would eliminate the difficulty, but this is not always desirable, since 
the advantages of the current control method would then be entirely lost. 

8..13.3 Slope Compensation 

The usual cure for subharmonic instability is "slope compensation." In this 
method of compensation, a constant-amplitude time-dependent voltage ramp is 
summed with the voltage analogue of the current ramp, so as to at least double 
the slope of the waveform applied to the pulse-width modulator. This will com- 
pletely eliminate the subharmonic instability. (See Chap. 10.) 

8.13.4 Example of Slope Compensation Methods 

Figure 3.8.9 shows current-mode control applied to a single-ended forward con- 
verter. The pulse-width modulator responds to the current flowing in the primary 
winding, using the voltage analogue developed across R3. Q1 remains "on" until 
the current reaches the limiting value, at which point voltage applied to the in- 
verting input of the PWM exceeds the control voltage, and QI will turn off. The 
current analogue is summed with a compensation voltage ramp from R1 to elim- 
inate subharmonic instability. 

As an alternative, in forward converters, a gap can be introduced in the trans- 
former core, increasing the primary magnetization current. This magnetization 
current is proportional to the input voltage, and hence can provide the required 
ramp compensation. The input voltage and time-dependent magnetizing current 
ramp will be added to the secondary inductor current ramp in the transformer. 
This approach has the advantage of improving the input ripple rejection and sta- 
bility, but reduces the efficiency as a result of losses in the energy recovery cir- 
cuit and the increased switching losses. 

Some converter topologies, namely Cuk, flyback, and boost converters when 
operated in the incomplete energy transfer mode (continuous inductor current 
mode), will display a tendency to instability that will not respond to normal com- 
pensation techniques. This instability is often caused by the "right-half-plane 
zero" inherent in the topology. (See Chap. 9.) 
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FEEDBACK 
FROM OUTPUT 

i FIG. 3.8.9 A current-mode control section used in forward converten, showing the 
1 ramp compensation input derived from the oscillator section. 
! 
1 
I 8.14 PROBLEMS. 

I 1. Describe the basic stability factors required in any closed-loop dbntrol sys- 
tem for an unconditionally stable loop. 

2. What are the criteria for a conditionally stable loop? 

i 3. What are the datlgers of a conditionally stable loop? 
4. Why are dynamic methods of loop stability analysis, such as Bode plots and 

transient analysis, recommended in addition to normal mathematical analysis? 
5. Explain why it is so difficult, in practice, to obtain open-loop analysis of most 

switchmode or linear power supply control loops. 
6. Explain the basic criteria controlling the point in the loop at which the inter- 

rogating signal is injected in interrogative methods of loop stabilization mea- 
surements. Give an example for a switchmode supply. 

7. In interrogative methods of loop stability measurement, what defines the am- 
plitude of the injection signal, and how would the operator know whether a 
suitable signal is being used? 

8. Why is it usually considered essential to use a tracking oscillator and detector 
for loop stability measurement in switchmode power supplies? 

I 
9. Why is transient load testing considered useful for interrogating performance 

of a closed-loop power supply system? 
10. Give a possible cause of stubborn instability in a control loop which will not 

respond to the normal loop compensation techniques (an effect particularly 
prevalent in boost and continuous-mode flyback converters). ! 
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THE RIGHT-HALF-PLANE ZERO 

9.1 INTRODUCTION 

For many years power supply engineers have been aware of the difficulty of ob- 
taining a good stability margin and high-frequency transient performance from 
the continuous-inductor-mode (incomplete energy transfer) flyback and boost 
converters. For stable operation of such converters, it is generally necessary to 
roll off the gain of the control circuits at a much lower frequency than would be 
the case with the buck regulator topologies. 

It has been demonstrated mathemati~ally'~ that this problem is the result of a 
negative zero in the small-signal duty cycle control to output voltage transfer 
function. The negative sign locates this zero in the right half of the complex fre- 
quency plane. Although a rigorous mathematical analysis is essential for a full 
understanding of the problem, for many, the mathematical approach alone will 
not provide a good grasp of the dynamics of the effect, and the following expla- 
nation by Lloyd H. Dixon Jr. will be found most helpful. 

9.2 EXPLANATION OF THE DYNAMICS OF THE 
RIGHT-HALF-PLANE ZERO 

-4 Bode plot of the right-half-plane zero has the characteristic of a rising 20 
3BIdecade gain with a 90" phase lag instead of the more usual phase lead. It is 
:onsidered impossible to compensate this effect by normal loop compensation 
methods, and the designer is obliged to roll off the gain at a lower frequency, 
Sving poor transient response. 

In simple terms, the right-half-plane zero is best explained by considering the tran- 
sient action of a continuous-mode flyback converter. In this type of circuit, the output 
zurrent from the transformer secondary is not continuous; it flows only during the 
4yback period, when the primary power switching device is "off." 

When a transient load is applied to the output, the fust action of the control 
zircuit will be to increase the "on" period of the power switch (so as to increase 
:he input current in the primary inductance in the longer term). However, the 
large primary inductance will prevent any rapid increase in primary current, and 
several cycles will be required to establish the final value. 

However, with a fixed-frequency converter, the fmt, and immediate, effect of 
mreasing the "on" period is to reduce the flyback period. Since the primary 
zurrent, and hence the flyback current, will not have changed much in the first 
few cycles, the mean output current will now immediately decrease (rather than 
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increasing, as was required). This reverses the normal control action during the 
transient, giving an additional 180" of phase shift, and this is the cause of the 
right-half-plane zero. 

It would seem that the only cure for this effect is to change the pulse width 
slowly over a large number of cycles so that the inductor current can follow the 
change. Under these conditions, the dynamic output reversal will not occur; 
however, the transient response will be rather poor. 

The following discussion by Lloyd H. Dixon, Jr., provides a more complete 
explanation. (Adapted from the "Unitrode Power Supply Design Seminar Man- 
ual," Reference 15. Reprinted with permission of Unitrode Corporation.) 

9.3 THE RIGHT-HALF-PLANE 
Z E R G A  SIMPLIFIED EXPLANATION 

In small-signal loop analysis, poles and zeros are normally located in the left half 
of the complex s-plane. The Bode plot of a conventional or left-half-plane zero 
has the gain magnitude rising at 20 dBIdecade above the zero frequency with an 
associated phase lead of 90". This is the exact opposite of a conventional pole, 
whose gain magnitude decreases with frequency and whose phase lags by 90". 
Zeros are often introduced in loop compensation networks to cancel an existing 
pole at the same frequency; likewise, poles are Introduced to cancel existing ze- 
ros in order to maintain total phase lag around the loop less than 180" with ade- 
quate phase margin. 

The right-half-plane (RHP) zero has the same 20 dB1decade rising gain magni- 
tude as a conventional zero. but with 90" ~hase  lag instead of lead. This charac- - - - - - - . . 
teristic is difficult if not impbssible to combensate.-c he designer is usually forced 
to roll off the loop gain at a relatively low frequency. The crossoverfrequency 
may be a decade or more below what it otherwise could be, resulting in severe 
impairment of dynamic response. 

The RHP zero never occurs in circuits of the buck family. It is encountered 
only in flyback, boost, and Cuk circuits, and then only when these circuits are 
operated in the continuous-inductor-current mode. 

Figure 3.9.1 shows the basic flyback circuit operating in the continuous mode 

(a) 

FIG. 3.9.1 (a) and (b) 
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The equations for the flyback circuit are developed starting with the voltage VL 
across the inductor, averaged over the switching period: 

with its current waveforms. In flyback as well as boost circuits, the diode is the 
output element. All current to the output filter capacitor and load must flow 
through the diode, so the steady-state DC load current must equal the average 
diode current. As shown in Fig 3.9. Ib, the inductor current equals the peak diode 
current, and it flows through the diode only during the "off' or free-wheeling 
portion of each cycle. The average diode current (and load current) therefore 
equals the average inductor ollrrent I, times (1 - D), where D is the duty ratio 
(often called duty cycle). 

If D is modulated by a small ac signal a whose frequency is much smaller than 
the switching frequency, this will cause small changes in D from on4 switching 
cycle to the next. Figure 3.9.2 shows the effects of a small increase in duty ratio 

(during the positive half cycle of the applied 
signal). 

Modulating the duty ratio D by a small AC signal a whose frequency is much 
smaller than the switching frequency generates an ac inductor voltage 3,: 

Assuming V, is constant, 9, is a function of and of V,, the ac voltage across the 
output Nter capacitor. At frequencies above filter resonance, 0, becomes much 
smaller than V,, and the second term may be omitted. 

The first effect is that the temporarily 
larger duty ratio causes the pea$ inductor 
current to increase each switching cycle, 
with an accompanying increase in the aver- 
age inductor current. If the signal frequency 
is quite low, the positive deviation in duty ra- 
tio will be present for many switching cycles. 

* 
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_ _ - - -  This results in a large cumulative increase in --- - inductor current, whose phase lags a by 90". 
This change in inductor current flows 

D 
through the diode during the "off' time, 
causing a proportional change in output cur- 

FIG. 3.9.2 rent, in phase with the inductor current. 
The second effect is more startling: The 

temporary increase in duty ratio during the positive half cycle of the signal causes 
the diode conduction time to correspondingly decrease. This means that if the 
inductor current stays relatively constant, the average diode current (which 
drives the output) actually decreases when the duty ratio increases. This can be 
clearly seen in Fig. 3.9.2. In other words, the output current is 180' out of phase 
with a. This is the circuit effect which is mathematically the right-half-plane 
zero. It dominates when the signal frequency is relatively high so that the induc- 
tor current cannot change significantly. 

0 
Duty Ratio Control Equations 

The ac inductor current iL varies inversely with frequency and lags OL by 90". 
Substituting for OL in Eq. (9.2) gives iL in terms of a: 

I1 - 
t 
9 

lo 

- CL vi + v,, 
I L = - =  - J  J ~ L  OL 

d 

I 
I 
I 
I 
I 
I 

Refemng to Fig. 3.9.1, the inductor provides current to the output through the 
diode only during the "off' portion of each cycle: 

Differentiating Eq. (9.4), the ac output current r:, has two component$ (see 
Fig. 3.9.1>-one component in phase with it and the other 180" out of phase 
with d: 

Substituting for iL in Eq. (9.3) gives io in terms of the control variable a. In a 
continuous-mode flyback circuit, (1 - D) = V&Vi + V,): 

The first term is the inductor pole, which dominates at low frequency. Its 
magnitude decreases with frequency, and the phase lag is 90". At a certain fre- 
quency the magnitudes of the two terms are equal. Above this frequency, the 
second term dominates. Its magnitude is constant, and the phase lag is 180". 
This is the RHP zero, occurring at frequency w, where the maaitudes are 
equal. 

Figure 3.9.3 is a Bode plot of this equation (arbitrary scale values). Above 
f,, the rising gain characteristic of the RHP zero cancels the falling gain of the 
inductor pole, but the 90" lag of the RHP zero adds to the inductor pole lag, 
for a total lag of 180". The Bode plot of the entire power circuit would also 
include the output filter capacitor pole. which combines with the inductor 
pole, resulting in a second-order resonant characteristic at a frequency well 
below the RHP zero. The ESR of the filter capacitor also results in an addi- 
tional conventional zero. 

The RHP zero frequency is calculated by equating the magnitudes of the two 
terms in Eq. (9.6) and solving for o,: 

Substitute Eq. (9.4) for IL and VJR, for I,. In a flyback circuit, 
VjlVo = (1 - D)lD; (1 - D) = Vil(V; + V,): 
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Current-Mode Control Equations 

Equations (9.1). (9.2), (9.4), and (9.5) pertain to the flyback continuous-mode 
power circuit and are valid for any control method, including current-mode con- 
trol. Equation (9.3) is valid for current-mode control, but it applies to the inner, 
current control loop. Solve Eq. (9.3) for d in terms of iL and substitute for d in 
Eq. (9.5): 

Equations (9.6) and (9.9) are the same, except that in Eq. (9.6) the.contro1 vari- 
able is.d for duty ratio control, whereas in Eq. (9.9) the control variable is &, 
established by the inner loop and consistent with current-mode control. 

Unlike in Eq. (9.6) for duty ratio control, the first term in Eq. (9.9) is constant 
with frequency and has no phase shift. This term dominates at low frequency. It 
represents the small-signal inductor current, which is maintained constant by the 
inner current control loop, thus eliminating the inductor pole. The second term 
increases with frequency, yet the phase lags by 90•‹, characteristic of the RHP 
zero. It dominates at frequencies above wz where the magnitudes of the two 
terms are equal. The RHP zero frequency o, may be calculated by equating the 
two terms of Eq. (9.9). The result is the same as Eq. (9.7) for duty ratio control. 

Figure 3.9.4 is the Bode plot of Eq. (9.9). The output filter capacitor will of 
course add a single pole and an ESR zero. Because the inductor pole is elirni- 
nated by the inner loop, the outer voltage cofitrol loop does not have a two-pole 

FIG. 3.9.4 

resonant (second-order) characteristic. However, the RHP zero is clearly still 
present with current-mode control. 

a 
9.4 PROBLEMS 

I 

1. Explain the cause of the right-half-plane zero. 
2. Which power supply topologies display a right-half-plane zero in their duty ra- 

tio to output transfer functions? 
3. In simple terms, explain the dynamics of the right-half-plane zero as applied to 

a fixed-frequency duty-ratio-controlled boost converter. 
4. What methods are normally used to prevent instability in systems which have 

a right-half-plane zero in the transfer function? 
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CURRENT-MODE CONTROL 

Although current-mode control had been in use in various forms for many years 
(the original invention being attributed to Thomas Froeschle of Bose Corp. in 
1967), it was not generally recognized as a fundamentally different control mode 
until 1977, when A. Weinburg and D. O'Sullivan published a paper in which the 
fundamental differences were highlighted. Since then, many aspects of this con- 
trol technique have been more fully investigated, and it is becoming the control 
mode of choice in many new designs. 
. Previously, in constant-frequency switching regulators 'or switching-mode 

power converters, output regulation would normally be provided by duty ratio 
control (that is, by adjusting the ratio of the "on" period to the "off' period for 
the power switching devices, in response to input or output voltage changes). In 
this respect, conventional duty ratio control and current-mode control are simi- 
lar; both control methods adjust the duty cycle to achieve output regulation. 
However, whereas duty ratio control adjusts the ratio only in response to output 
voltage changes, current-mode control initially adjusts the ratio in response to the 
main (power) inductor current changes. 

This apparently simple change in the initial control parameter has very far- 
reaching effects on the behavior of the overall closed-loop system. 

10.2 THE PRIIVCIPLES OF CURRENT-MODE 
CONTROL 

To more easily explain the operating principle of current-mode control in its sim- 
plest terms, a complete energy transfer mode (discontinuous-mode), open-loop 
flyback converter will be considered. 

A further advantage of choosing the discontinuous-mode flyback converter for 
this example is that it does not have a right-half-plane zero and will not display 
the subharmonic loop instability problems inherent in the large duty ratio 
continuous-inductor-current topologies. (See Sec. 10.7.) 

- - - - - . I - .  - - 
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  BIAS^ 
FIG. 3.10.1 Open-loop flyback converter, showing the principles of current-mode control. 

Figure 3.10.1 shows the major elements of a simple open-loop flyback con- 
verter, which operates as follows. 

Transformer (inductor) P1, S1, transistor Q1, and components C1 and Dl form 
the power sections, the transistor being driven by a constant-frequency square- 
wave drive via resistor R1. 

When Q1 is turned on, the transformer primary current will increase linearly 
from zero as shown in Fig. 3.10.2. Assuming that I, is negligible compared with 
I,, a voltage analogue of the primary current will be developed across the emitter 
resistor R1. 

When the current has increased to a value at which the voltagCCacross RI 
(as applied to comparator Al) exceeds the control voltage V,, the output of A1 
will go high, turning on SCRl and removing the drive to Q1, terminating the 
"on" pulse. (SCRI will be reset during the following "off' period of the 
drive.) 

Hence, the control loop is open as far as output voltage control is concerned, 
but closed to maintain a fixed peak current in P1 as far as current-mode control is 
concerned. The fixed value of voltage V, defines the peak current I,,, and the 
first advantage of current-mode control becomes apparent. 

Because I,, is defined, the input energy to the flyback transformer is also de- 
fined. (This energy = 4/2 . L I:, as functionally P1 is just an inductor during 
this phase.) Since this is a tfxed-frequency complete energy transfer converter, 
the output power is also defined. Hence, provided that the load resistance re- 
mains fixed, the output voltage and current will also remain constant, without,the 
need to close ,the loop for voltage control. 

Thus the open-loop current-mode control holds the output constant, even if 
the supply voltage changes, because Icp still remains constant. This is more 
clearly demonstrated in Fig. 3.10.3a and b, where it can be seen that an increase 
in V, results in an increase in the slope of I, (which is the same as I,), with a 
,corresponding reduction in pulse width. However, I,,,&, remains constant for 
each cycle, and since the frequency is constant, the output power will also re- 
main constant. 
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FIG. 3.10.2 Voltage and current waveforms of a discontinuous- 
mode flyback converter. 

Because the primary current-mode control action operates on a pulse-by-pulse 
basis, a second advantage now becomes apparent. If the maximum value of the 
control voltage is limited (V, cannot exceed V, in this example), then the peak 
primary current (and hence, for this type of converter, the maximum throughput 
power) is also limited. Thus the converter has an inherent, fast-acting, pulse-by- 
pulse overload protection. 

It has been shown that primary current-mode control, as applied to the dis- 
continuous flyback converter, intrinsically provides a very fast acting, constant 
power control, which initially maintains the output voltage constant; it has good 
input ripple rejection without closed-loop voltage control. Further, it is able to 
respond to current programming (changes in V,) very rapidly, and has the ability 
to switch the transferred power pulse between zero and maximum in a single cy- 
cle of operation. By closing the voltage corn01 loop to adjust V,, rapid voltage 
control can be applied, as discussed in the following section. 
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FIG. 3.10.3 Voltage and current waveforms of a discontinuous flyback converter when 
current-mode control is applied. showing pulse width and peak current with (a) low and 
(b)  high input voltages. 

10.3 CONVERTING CURRENT-MODE CONTROL 
TO VOLTAGE CONTROL 

In current-mode-controlled supplies, the output voltage can be controlled by the 
addition of a second outer voltage control loop which adjusts the current pro- 
gramming voltage Vc. This is provided (as shown in Fig. 3.10.4) by amplifier A2. 
This amplifier compares the output voltage with a reference, and adjusts the cur- 
rent programming voltage Vc for the inner current control loop so as to maintain 
the output voltage constant. This outer voltage control loop is relatively slow 
compared with the inner current control loop. Hence the response to load varia- 
tions (which depends on the voltage control loop) will not be as fast & the inher- 
ent input voltage transient and ripple rejection performance (which depend on the 
'faster inner current control loop). 
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FIG. 3.10.4 Discontinuous flyback converter with closed-voltage-loop current-mode 
control, showing a method of input power limiting by clamp Zener diode (ZD1). 
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An additional advantage of the current-controlled converter is also shown in 
Fig. 3.10.4. The clamp Zener diode ZD1 limits the upper limit of the current pro- 
gramming voltage and thus provides pulse-by-pulse primary power limiting. 

10.4 PERFORMANCE OF THE COMPLETE 
ENERGY TRANSFER CURRENT-MODE- 
CONTROLLED FL YBACK CONVERTER P 

In the complete energy transfer flyback converter. the voltage control amplifier 
can have a relatively fast response because the dght-half-plane zero (Chap. 9) is 
absent from the transfer characteristic of such a system. This, together with the 
elimination of the inductor from the small-signal model as a result of current- 
mode control, permits a good high-frequency roll-off in the loop compensation 
network R5, C2 with relatively small values of capacitance C2. This will give 
good load and line transient performance. Although the discontinuous topology 
described above has been useful to demonstrate the current-mode control action, 
this topology does not gain as much from the technique as does the continuous- 
mode forward or buck regulator. In fact, the same performance may be obtained 
from the discontinuous-mode flyback converter simply by using duty ratio con- 
trol with input voltage feedforward to the ramp comparator. 

NO&: In the duty-ratio-controlled case, the feedforward will provide immediate 
compensation for input voltage changes, outside of the slower voltage control 
loop. This gives advantages similar to those of the current-mode control tech- 
nique. Several switchmode control ICs provide for this type of compensation; the 
Unitrode UC 3840 is a typical example. * 

70.5 THE ADVANTAGES OF CURRENT-MODE 
CONTROL IN CONTINUOUS-INDUCTOR- 
CURRENT CONVERTER TOPOLOGIES 

The incomplete energy transfer flyback converter (continuous-inductor-current 
mode), forward convener, buck switching regulator, and push-pull, half-bridge, 
and full-bridge converter topologies are all normally operated with continuous in- 
dwtor current. 

In such topologies, the DC output current is the time average of the inductor 
current. Also, to obtain the maximum range of control, the duty ratio will often 
exceed 50% (the "on" pulse exceeds the "off' pulse). These two factors intro- 
duce effects which must be considered when current-mode control is to be used 
for these continuous inductor conduction topologies. 

10.5.1 Example of Current-Mode Control Applied to  a Fornard 
(Buckderived) Converter 

Figure 3.10.5 shows a "forward" (buck-derived) converter with primary curretlt- 
mode control. This circuit operates as follows. 

- - - -  
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FIG. 3.10.5 Forward converter (buck-derived], with closed-voltage-loop 
current-mode control. 

When Q1 tuns on, the starts of all windings on TI go positive, and diode Dl 
will conduct. The current flowing in Dl and L1 is transformed to the primary of 
TI to flow as I, in the collector of Q1.  Assuming that the drive current is negli- 
gible compared to the collector current, a voltage analogue of the transformed 
output inductor current will be developed across the emitter resistor R1. (The pri- 
mary and secondary waveforms are shown in Fig. 3.10.6.) 

When the current in R1 has increased to a value such that the voRage across 
R1 exceeds the control voltage V,, the drive to Q1 will be turned off. Hence the 
peak current flowing in L1 will be controlled. However. the effective DC output 
load current will be the average of the inductor current, and the average-to-peak 
ratio changes with input voltage (the ripple current changes). The error intro- 
duced by the difference between the peak and average currents causes two major 
problems, discussed in the next section. 

10.5.2 Subharmonic Instability and Input Ripple Rejection in 
Continuous-Inductor-Current Topologies with Current-Mode Control 

When current-mode control is used in a forward converter (or other topologies in 
which the inductor current is continuous). if the input voltage is increased while 
the current programming voltage V, is maintained constant, the peak inductor 
current will be maintained constant. However, average (DC) output current will 
decrease because the peak-to-peak ripple current is larger. (This is shown in Fig. 
3.10.6, where I, ,,,, #2 is less than #1 and #2 is less than I,,,,, # I  .I 

Hence, without compensation, the ~ntnnsic open-loop input ripple rejection of 
the forward current-mode-controlled converter will not be very good. Further, a 
more subtle and much more problematical instability effect will occur if the duty 
cycle exceeds 50%. 

For stable steady-state operation, the current in L1 must start and finish at the 
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FIG. 3.10.6 Voltage and current waveforms for continuous-inductor-went, current- 
mode-controlled forward converters. 

same amplitude over a cycle of operation. Figure 3.10.7~ shows how, when the 
duty cycle exceeds 50%, a small perturbation introduced to the current waveform 
will grow to become larger (but reversed in direction) at the end of the cycle: 
hence the original small perturbation will continue to grow. This results in 
subharmonic instability. Fortunately both of the above problems can be entirely 
eliminated by the correct amount of slope compensation. 

10.8 SLOPE COMPENSATION 

In continuous-inductor-current, current-mode-controlled converters, subharmonic 
instability and poor input ripple rejection can be simultaneously eliminated by intro- 
ducing "slope compensation" .to the control voltage V, (or the ramp comparator 
input). 

If, instead of V, being maintained consta; during a cycle, it is made to ramp 
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FIG. 3.10.7 Current. waveforms for continuous-inductorcumnt buckderived converters. 
showing (a) subhannonic instability at duty ratios exceeding 50%. (6). (c) Also shown is the 
corrective effect of slope compensation in  currcnt-mode control. 

downward with a slope which is exactly half of the output inductor current slope 
(or, more correctly, half of the analogue voltage developed across R1 by the 
transformed inductor current), then the average @C) output current will no 
longer change as the pulse width is changed. (The compensation makes the peak 
current change with pulse width so as to maintain the average current constant.) 
This will restore good open-loop input ripple rejection because V, no longer re- 
quires adjustment by the control circuit to compensate for the former peak-to- 
average error. Further, at duty cycles exceeding 50%, a perturbation introduced 
into the current waveform will now decrease over a cycle to fade away and give 
stable operation. 
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mis  effect is more clearly shown in Fig. 3.10.7b. Here, two different duty ra- 
tios Dl and D2 are used to demonstrate that the average primary current during 
a conduction period remains constant for the two different pulse widths (provided 
that the average value of current programming voltage V, also remains constant 
and that 50% slope compensation is used). 

N&: The dashed line is the trhsferred secondary decay current in L1 as re- 
ferred to the primary. This decay slope remains constant for different duty cycles 
provided that the output voltage is constant (dI/dr = VJL). Therefore e slope 
compensation can be exactly correct only for a defined and fixed output 1 oltage. 
However, the slope of the increasing.cument, when Q1 is "on," will change even 
if the output voltage is constant, because the supply voltage V,, can change. This 
will not affect the slope compensation. 

10.7 ADVANTAGES OF CURaNT-MODE 
CONTROL IN CONTINUOUS-INDUCTOR- 
CURRENTMODE BUCK REGULATORS 

It has been shown above that when current-mode control with 50% slope com- 
pensation is applied to the continuous-inductor-current buck-derived converter, 
it will provide current limiting, good line regulation, and good input ripple rejec- 
tion. However, a more important advantage is the effective elimination of the fil- 
ter inductor from the small-signal voltage control loop. 

10.7.1 Voltage Control Loop Compensation 

When current-mode control is used, in effect, the fast-acting inner current control 
loop turns the converter into a fast-response, voltage-programmed, constant- 
current source. Since the filter inductor L1 is effectively in series with the 
constant-current source and inside the current control loop, it is effectively 
"taken out" and is eliminated from the small-signal voltage transfer function. As 
a result, the voltage control loop has only the single pole of the output filter ca- 
~acitor and load resistance to compensate. Figure 3.10.80 shows the Bode plot of 
such a system. 

Because the 90" phase lag of a single pole is inherently stable, it is now very 
easy to get high loop gain and excellent small-signal dynamic performance, using 
only a single small capacitor to "take out" the output capacitor's ESR zero. This 
simple compensation network is shown in Fig. 3.10.86. 

10.7.2 Small-Signal Dynamic Performance 

When properly compensated, the small-signal dynamic performance of the buck 
regulator with conventional duty ratio control may be nearly as good as that of 
the same regulator with current-mode duty cycle control. 

For high-frequency converters, small-signal response times of the order of 100 
ps or SO can be achieved with either contrgl method. However, with conven- 
tional duty ratio control, the output LC power filter has a two-pole second-order 
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FIG. 3.10.8 (a) Transfer function of a cumnt-mode-controlled converter, showing the single 
pole response. (b) Simple single-pole compensation network used in the current-mode control 
circuit. 

characteristic, as shown in Fig. 3.10.9~. There is an abrupt 180" phase 1% at filter 
resonance, which will cause ringing and instability if not effectively compen- 
sated. Also, with duty ratio control, a larger gain-bandwidth product is required 
from the error amplifier, together with large compensation capacitors. The com- 
pensation network will have time constants of the order of milliseconds, and 
these long time constants become a problem when large-signal conditions are 
considered. The compensation network for the duty-ratio-controlled case is 
shown in Fig. 3.10.96. 

10.7.3 Largesignal Dynamic Performance 

Unlike the small-signal behavior, when large-signal dynamic conditions are con- 
sidered, there is a dramatic difference in the performance of the duty ratio and 
current-mode control circuits. 

The large Nter inductance used for effective filtering and wide dynamic cur- 
rent range in continuous-mode circuits limits the output current slew rate so that 
rapid changes in load cannot be.accommodated. For large changes, this limit ap- 
plies regardless of the control method used. As a result, when large dynamic load 
changes are made, the output voltage must change significantly, driving the error 
amplifier beyond its linear range (to the end stops). This temporarily opens the 
control loop and charges the compensation capacitors C1, C2, and C3 to voltages 
which are totally unrelated to normal operation. 
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FIG. 3.10.9 (a) Transfer function of the same converter using duty ratio control, showing 
the more complex two-pole response. (6) The compensation network required for the two- 
pole duty-ratio-controlled circuit. 

When the inductor current reaches the new value of load current, the output 
voltage will be restored, and the control amplifier will start to regulate again. 
However, the output voltage will now be at a new and incorrect value because of 
the offset voltage across the compensation capacitors. With conventional duty 
ratio control, the time required to restore the correct voltage on the relatively 
large compensation capacitors to bring the output voltage back to normal can be 
several milliseconds. Hence, the compensation capacitors necessary for good 
small-signal performance with duty ratio control will cause poor large-signal per- 
formance. 

In contrast, current-mode control achieves excellent small- and large-signal 
performance because compensation capacitors are not required (other than one 
small capacitor required to cancel the output capacitor's ESR zero). Further, the 
control circuit recovers accurate regulation much more rapidly after a large load 
transient, because the single small capacitor is less than 10% of the value re- 
quired for duty ratio control. 

The simplicity of the single-capacitor compensation circuit required for 
current-mode control is evident from a comparison of Fig. 3.10.8b with the more 
complex circuit required for duty ratio control, Fig. 3.10.9b. (At very low tem- 
peratures, both compensation networks may require additional high-frequency 
compensation to offset the effects of increased output capacitor ESR.) 

10.7.4 Stability Limitations with Conditionally Stable Systems 

During large-signal transient conditions (conditions which drive the control am- 
plifier out of linear operation), the time-averaged loop gain is reduced because the 
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amplifier is not working for part of the time. As a result, the crossover frequency 
is lowered. This may cause serious instability problems if the loop is under- 
compensated and only conditionally stable. 

If the loop is only conditionally stable (phase shift exceeding 180' at some fre- 
quency below crossover), the reduction in crossover frequency for large tran- 
sients may initiate large-signal oscillation which will be maintained. For this rea- 
son, conditionally stable loops should be avoided in switching power supplies. 

Current-mode control, with its reduced phase shift, is more easily made un- 
conditionally stable. 

10.7.5 Advantages of Current-Mode Control in Parallel System Operation 

With current-mode control, it is relatively easy to parallel several supplies. (This 
may be required for high-reliability parallel-redundant power supply systems.) 

If all the supplies to be paralleled have identical current sense resistors and 
identical current control loops, a single control voltage (common to all supplies) 
will cause them to deliver identical output currents. If a single reference and error 
amplifier is used to provide the control voltage V, to all units, then the outputs 
may be paralleled. to a common load and will share this load equally. 

10.8 DISADVANTAGES INTRINSIC TO 
CURRENT-MODE CONTROL 

Very few disadvantages apply to current-mode control in discontinuous-mode ap- 
plications. However, current-mode control also has little to offer in this operating 
mode. For continuous-mode operation, there are few disadvantages t M  are in- 
trinsic to current-mode control as such, but some of the longstanding problems 

. common to continuous-conduction boost-derived converters will still exist in 
current-mode-controlled versions. These are more fully described below. 

10.8.1 Poor Noise Immunity 

In continuous-inductor-current-mode circuits, current-mode control suffers from 
poor noise immunity because the slope of the voltage analogue of the current 
ramp is quite small and never far away from the control voltage V,. Hence small 
noise voltages can cause spurious operation of the ramp comparator. 

As shown in Fig. 3.10.6, the inductor ramp sits on top of a large-amplitude 
square wave (the reflected load current), and the slope is quite shallow, espe- 
cially when the load is large and the input voltage is low. Under these conditions, 
a small noise spike can cause premature termination of the conduction period. 

Great care must be taken in the design of the pcb layout to reduce the noise 
level injected into the ramp comparator. Differential comparators should be used, 
and inputs should be taken directly to the current sense resistor terminations. A 
small RC filter will normally be required to further eliminate noise and remove 
the inevitable "spike" on the leading edge of the current pulse. (These spikes will 
be caused by snubber components, diode reverse recovery currents, and distrib- 
uted capacitance. All these effects should be reduced to the minimum for good 
performance.) 
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Note: If these spikes are to be removed by a low-pass RC fdter, the time con- 
stant of the filter should be as small as possible to prevent loss of control at light 
loads when the pulse is very narrow. The components should be mounted close 
to the comparator inputs. Very often common-mode noise problems are best 
eliminated by using a small current transformer to feed the ramp comparator, in 
place of the current sensing resistor. 

Hence, to obtain the maximum ramp slope for best noise immunity and im- 
proved transient response, the filter inductor should be as small as is consistent 
with maintaining the continuous mode at minimum bad current. To obtain lower 
output ripple voltages, it is better to use larger low-ESR output capacitors, rather 
than large inductance values. 

10.8.2 Transfer Functibn Irregularities Caused by Current-Mode Control 
in Multiple-Output Applications 

Figure 3.10.5 shows a current-modetontrolled circuit of .the buck family with a 
single output. It is clear in this example that the current in the output filter in- 
ductor is directly controlled by the primary current comparator. 

When multiple outputs are required, it is normal practice with duty ratio con- 
trol to provide additional secondary windings on the transformer, with rectifiers 
and LC output filters to provide the extra outputs. . 

However, when current-mode control is used, the transformer tends to look 
like a constant-current source driving all the outputs in parallel. This high- 
impedance drive is not a problem at DC or low frequency, where all the output 
voltages will be defined by the duty cycle and transformer turns in the same way 
as in duty-ratio-controlled converters. However, at frequencies above the lowest 
filter resonance, the story is quite different, and stability problems can occur. 

Normally ody one output is sensed and fed back to become part of the voltage 
control loop. The input of the LCfdter of this controlled output is driven from the 
high-impedance primary current source. However, the LC filters of the other out- 
puts are also effectively attached in parallel to this same driving point (the trans- 
former secondaries). At the series resonant frequency of each filter, the driving 
point is shunted by the low impedance of the particular resonant output. Hence 
the source is no longer a constant-current source at this resonant frequency. 

Under this condition, the inductor in the closed-loop voltagecontrolled output 
is no longer eliminated from the small-signal model of the outer voltage control 
loop, and additional phase shift is introduced, which may lead to instability. This 
~roblem is particularly severe if the resonant shunt filter is only lightly loaded, 
making its Q high. - 

The ideal solution is to couple the filter inductors by winding them on a com- 
mon core. The output filters are now no longer independent and do not have sep- 
arate resonances. This integrated output inductor (more correctly choke, as it has 
a dc component) also dramatically improves the dynamic cross regulation. 
Hence, integrated output chokes are preferred for multiple-output forward con- 
verters, pikticularly when current-mode control is used. 

10.8.3 The Right-Half-Plane Zero in Current-Mode-Control Converters 

In the boost-derived family of continuous-ioductorturrent-mode regulators (in- 
complete energy transfer mode), the DC output cuirent is a function of both the 
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FIG. 3.10.10 Primary and secondary current waveforms of a boost converter. showing that the 
immediate effect of increasing the "on" pulse width from Dl to D2 is a reduction in the secondary 
conduction period, and hence the transferred energy (the cause of the right-half-plane zero). 

average inductor current and the duration of the "off' (secondary conduction) 
period. (This is due to the discontinuous nature of the output current, which 
flows in the output rectifier diodes only when the power switches are "off," as 
shown in Fig. 3.10.10.) 

However, for any continuous-mode regulator. the duty ratio, and hence the 
"off' period, is a direct function of Vb. Hence, if the input vpltage changes, the 
average inductor current must also be changed to maintain the output current 
constant. Therefore, unlike in the buck regulator, the open-loop line regulation of 
boost and flyback continuous-mode regulators using current-mode control is very 
poor, even if slope compensation is applied. 

When the input voltage increases, the duty ratio will decrease to maintain a 
constant output voltage in the longer term. Unfortunately, the inducrbr current 
cannot change rapidly. and the immediate effect of an increase in input voltage is 
to reduce the duty ratio, which results in an increase in the "off' period and the 
output diode conduction period. Since the inductor current will not have changed 
very much in this period, the immediate effect is to increase (rather than de- 
crease) the output voltage. This dynamic reversal in the required effect will con- 
tinue until the inductor has time to adjust to a lower current. 

This reversal in the dynamic response is the cause of the right-half-plane zero 
and is intrinsic to the boost-derived topologies when operating in continuous- 
inductor-current mode. Unfortunately, current-mode control (even with slope 
compensation) does not eliminate the right-half-plane zero in the boost and 
flyback continuous-mode converter topologies. (See Chap. 9.) 

10.9 FLUX BALANCING IN PUSH-PULL 
TOPOLOGlES WHEN USING CURRENT-MODE 
CONTROL 

In any transformer-coupled push-pull circuit using voltage control, "staircase 
saturation" of the main switching transformer is a well-known and often severe 
problem. (See Chap. 6.) 
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Currentmode control intrinsically solves this unbalanced flux density problem 
by sensing and controlling the peak primary currents in the switching devices. 
The primary currents are made up of the inductor Ioad current, transformed to the 
primary, plus the transformer magnetizing current. Any tendency for the trans- 
former to drift away from a balanced flux condition will result in a change in the 
magnetization current; hence current-mode control will maintain the peak current 
constant, eliminating any tendendy to staircase to saturation. However, there will be 
a corresponding change in pulse width in one side compared with the other, which 
will introduce a DC compensation current in the trailsformer winding. 

Hence, when current-mode control is used with push-pull converter!, an un- 
balanced pulse width differential is created to correct any asymmetry in the di- 
odes or switching devices. This maintains flux density balance in the transformer, 
but results in an unbalanced ampere-second condition. Hence, there will be an 
effective DC current in the primary winding. This can cause problems if there is 
a DC blocking capacitor in series with the transformer winding, as shown below. 

,vole: A DC blocking capacitor is often fitted in duty-ratio-controlled push-pull 
converters to prevent transformer saturation. The blocking capacitor is in fact in- 
trinsic to the topology of the half bridge. 

10.10 ASYMMETRY CAUSED BY CHARGE 
IMBALANCE IN CURRENT-MODE-CONTROLLED 
HALF-BRIDGE CONVERTERS AND OTHER. 
TOPOLOGIES USlNG DC BLOCKING 
CAPACITORS 

As mentioned above, when current-mode control is applied to any push-pull cir- 
cuit, the peak current will be identical for each side. In order to correct any volt- 
second asymmetry that results from diode or switching device imbalance, a small 
differential offset in pulse width will be created. However, any difference in pulse 
width now results in a small difference in the ampere-seconds, or charge, drawn 
alternately through the primary switching devices. 

In half-bridge circuits (or any push-pull application in which DC blocking ca- 
pacitors are fitted in series with the transformer winding), the unbalanced charge 
in each half cycle will cause a voltage to build up across any series capacitors. 
Unfortunately, the direction of the voltage buildup is such that it tends to rein- 
force the original volt-second asymmetry, and a runaway situation quickly devel- 
ops. The series capacitors will charge toward one of the supply voltages, and al- 
ternate half cycles will have unequal voltage amplitudes. Hence there must not be 
a DC blocking capacitor in series with the transformer winding if current-mode 
control is to be used. 

10.10.1 DC Restoration Techniques 

In the half-bridge circuit, the capacitors are intrinsic to the topology, and 'steps 
must be taken to provide a DC path to the primary winding by some other means. 
A suitable method is shown in Fig. 3.10.1 la, yhere a separate winding P1 on the 
main switching transformer with two catching diodes Dl and D2 restores the cen- 
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(b) 
FIG. 3.10.11 (0) A DC charge restoration circuit using an ancillary 
winding on the main switching transformer. DC restoration is required 
for current-mode-controlled half-bridge converters. (6) A DC charge 
restoration circuit using a center-tapped winding on the &Hz auxil- 
iary transformer to restore the C1. C2 center point voltage. 

ter point voltage on C1 and C2, compensating for any unequal ampere-seconds in 
the switching devices. The wire gauge in this winding and the diodes can be quite 
small, as they carry only small restoration currents. The number of turns on the 
separate winding should be the same as the primary turns. If they are bifi1ar- 
wound, they have the additional advantage of providing a leakage inductance en- 
ergy recovery action. 

A different method of providing DC restoration of the center point voltage is 
shown in Fig. 3.10.1 16. In this circuit a small 60-Hz auxiliary transformer is used 
to provide the auxiliary supply to the control circuits. The dual-voltage primary 
winding on this auxiliary transformer also provides the DC restoration of C1 and 
C2 when they are connected in series for 230-V operation. @C restoration is pro- 
vided by the supply when they are linked for 115-V voltage doubler operation.) 
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TABLE 3.10.1 Summary of PeAonnancc for Current-Mode Control Topologies 
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push-pull circuits 

Current sharing for 
paralleled sup- 
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10.1 1 SUMMARY 

Yes 

I 

NO 

Provided that the correct amount of slope compensation is used, current-mode 
control is superior in many ways to the conventional voltage programmed duty 
ratio control. 

In all topologies it provides inherent fast-acting pulse-by-pulse current or 
power limiting, a major contribution to reliable performance. Further, changing 
the low-impedance source of duty ratio control to the high-impedance constant- 
current source of current-mode control eliminates the inductor from the small- 
signal model, allowing the outer voltage control loop to be fast and stable. This, 
together with the provision of slope compensation, provides good immunity to 
input voltage variations and good open-loop load transient response. 

It is important to recognize when and what type of compensation is required 
for each type of topology. Table 3.10.1 gives a summary of the noncompensated 
performance of the q j o r  topologies. In most cases where a poor performance is 
indicated, the application of the correct compensation will very much improve 
the performance. For example, the poor open-loop load regulation indicated for 
the forward converter~would be greatly improved by closing the voltage control 
loop and using slope compensation. In the case of the continuous-mode tlyback 
converter, input voltage feedforward compensation would also be required. 
However, this converter has a right-half-plane zero, which limits the transient 
performance, as the loop gain must roll off at a low frequency, irrespective of the 
type of control mode used. 

The design of multiplesutput supplies using current-mode control is compli- 
cated by the need for integrated output inductors to eliminate loop irregularities 
(see Sec. 10.8.2). However, the design time is well justified, as there is a bonus in 
improved cross regulation. 

!B 

Medium 

No 

Yes 
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Yes 

No 

Some parts of this section are adapted from "Current-Mode Control of Switching 
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Yes 

10.12 PROBLEMS 

Yes 
1. What are the basic elements of a current-mode control system? 
2. How is current-mode control used to control the output voltage? 
3. Give three major advantages of current-mode control. 
4. What is the purpose of s lop compensation in current-mode control? 
5. What percentage of slope compensation will guarantee stability under any 

conditions? 
6. Why is current-mode control more suitable for parallel operation? 
7. Why is a DC current path required in the primary circuit of a current-mode- 

controlled half-bridge converter? 

Yes 

Yes Yes Yes 
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8. Why is current-mode control not recommerlded for multiple-output applica- 
tions when separate output filter inductors are used? 

9. Describe a method of eliminating loop gain irregularities in a multiple-output 
current-modecontrolled supply. 

PO. Does current-mode control eliminate the right-half-plane zero problem? 
. . 

. . 
. . i. . ': 

CHAPTER 11 
OPTOCOUPLERS 

11.1 INTRODUCTION 

In switchmode power supplies, optocouplers-or, more precisely, "opto- 
electronic coupling and isolating elements1'--are often used to convey infoma- 
tion from the secondary output circuits back to the input primary control circuits 
without compromising the galvanic isolation between the two. 

However, optocouplers have a number of parameter variations and limita- 
tions, which must be considered at the design stage if problems are to be avoided. 
Of particular interest are variations in transfer ratio with device type, operating 
temperature, stability problems caused by the nonlinear current transfer ratio, 
and the considerable variations between devices of the same family. Further, a 
particulbr optocoupler may change its parameters considerably throughout its 
working life (aging). Finally, the interelectrode capacitance, although small, can 
cause noise problems because of the high gain in the optotransistor. 

As a result of these limitations, the optical coupler should not be used in an 
open-loop mode, where such changes would have a direct effect on ihe perfor- 
mance. (It was probably the use of these devices in an open-loop mode that gave 
optocouplers a bad name in early applications.) Optocouplers are now more often 
used inside a closed control loop with considerable negative feedback; hence the 
variations in device parameters will not significantly alter the transfer function of 
the loop. 

In many direct-off-line switchmode power supplies, a control loop with nega- 
tive feedback from the DC output back to the primary pulse-width modulator is 
provided to maintain the output voltage constant. It is usually necessary to close 
the control loop to the output, while at the same time providing galvanic isolation 
between the primary and secondary circuits to meet safety and application needs. 

Optocouplers will very conveniently provide this isolated information link, al- 
though only a few types meet all the safety agency requirements. 

To ensure that full control will be maintained for all conditions, it is essential 
that the drive circuitry to the optocoupler diode have sufficient drive current mar- 
gin to take up the many variations that will occur between different devices and 
the reduction in transfer ratio that can occur with age. 
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11.2 UPTOCOUPLER INTERFACE CIRCUIT 

Figure 3.11.1 shows a typical optical coupler drive circuit. In this example a 5-V 
secondary output, on the right-hand side, is to be controlled by a pulse-width 
modulator in the primary circuit (on the left). 

SUPPLY 

QiJ R l D  ' A '  

FIG. 3.11.1 Optically coupled voltage control loop, using a voltage comparator amplifier 
At and voltage reference on the secondary, optically coupled to the primary pulse-width 
modulator A2. 

The amplifier A1 compares the reference voltage on ZD1 (node A) with the 
output voltage via the divider network R7, R8. The conduction state of 4 2  is thus 
controlled to define the current in the optodiode Dl and via optical coupling the 
collector current in optotransistor Q1. Q1 then defines the pulse width and output 
voltage, compensating for any tendency for the output voltage to change. 

To prevent any loss of control as the optocoupler ages and gain (twsfer ratio) 
falls, it is essential to provide an adequate drive current margin in I. 2. 

Consider the Motorola MOC1006 optocoupler/isolator. (The ty: tcal transfer 
characteristics are shown in Fig. 3.11.2.) This device has a specified minimum 
current transfer ratio of 10%. and a maximum diode current rating of 80 mA con- 
tinuous. 

The LM 358 amplifier A1 is rated for a maximum output current of only 10 
mA. Consequently, to get the maximum range of control for the optocoupler (0 to 
80 mA), a buffer transistor Q1 is connected to the output of Al. A limiting resis- 
tor R1 ensures that the maximum current rating of OC1 cannot be exceeded dur- 
ing current limit or transient conditions. 

To eliminate the effects of variations and nonlinearity in the forward voltage 
drop of the optodiode Dl, negative feedback to amplifier A1 is taken across re- 
sistor R5. 

In this example, the chosen operating current for the optodiode is 5 mA. The 
large current accommodation range provided by 4 2  should be adequate to take 
up any variations in devices or reduction in.transfer ratio resulting from aging of 
the optocoupler. Even so, optocouplers with well-defined transfer ratios should 
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FIG. 3.11.2 Typical cumnt transfer function of an optical cou- 
pler (collector cument, as a function of diode current, in 
common-cmitter mode), showing how the transfer ratio is 
temperature4ependent. 

be used, as unspecified devices can have extremely wide tolerances. Large 
changes in the open-loop gain make it difficult to define the transfer function of 

. the overall control loop. 
The total system control loop is closed by the remaining powefand control 

I 
I circuitry. Consequently, the optocoupler is inside the feedback loop, and the ef- 
I fect of variations in the transfer ratio is reduced by the negative feedback such 

that the closed-loop gain remains nearly constant. 

,vote: The voltage gain for a series voltage negative feedback amplifier is 

where A = loop gain without feedback 
A' = gain with feedback 
p = feedback factor 

This tends to -!4 when A z A'. 
Hence, large variations in the optocoupler tolerances and aging will not cause 

significant degradation of the overall perfonance provided that the open-loop 
gain is large and the optocoupler changes are within the range of the control cir- 
cuit. 

Figure 3.11.3 shows an alternative optocoupler drive circuit using the TL 43 1 
shunt regulator IC. This regulator contains the reference voltage and can deliver 
up to 100 mA of drive into the optodiode Dl, eliminating the need for the buffer 

i transistor. In this circuit the TL 431 operates as a transconductance amplifier, the 
current in the optodiode Dl being proportional to the input voltage as a result of 

i 
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FIG. 3.11.3 An example of  an optically coupled pulse-width modulator, using the TL 
431 shunt regulator IC. as the control element. 

the divider network R7, R8. The transient performance is good, because changes 
in voltage on the 5-V line get rapidly translated to current changes in Dl, as a 
result of the low-impedance path to the input of the TL 431 provided through R4 
and Dl.  Hence, R4 should have a low resistance, and C2 should be small. (R4 
also defines the maximum current in Dl and is selected to give a safe limit.) 

11.3 STABlL I N  AND NOISE SENSITIVITY 

Consider Fig. 3.1 1.1 once again. Negative feedback via R5, R6, and C2 reduces 
the high-frequency gain of Al ,  and this, together with the additional roll-off pro- 
vided by C1 and R2 provides the gain and phase margins required to maintain 
overall loop stability. (See Chap. 8). It should be noted that the local feedback 
around A1 is proportional to the current in R5 and hence to the optocoupler diode 
current, making the A1-Q2 combination a transconductance amplifier. Further, in 
this type of control circuit, the output voltage divider network R7, R8 is applied 
to the noninverting amplifier input. This has a considerable effect on the loop per- 
formance because the gain of the A1-Q2 combination cannot be less than uniq, 
even with 100% negative feedback. 

As a result, to maintain stability, the loop gain of the remainder of the control 
and power circuits must be less than unity at the crossover frequency. However, 
if full range control is to be maintained, the DC voltage gain of the remaining cir- 
cuit must be greater than unity, and additional roll-off will be required elsewhere 
in the loop. (In this example it is provided by C1 and R2 on the base of Q1.) 

The local negative voltage feedback provided by the base collector compo- 
nents C1 and R2 reduces the variations in optocoupler ac gain. The DC gain is 
normalized by R3, to give more consistent results with different optocouplers. 

Although the interelectrode capacitance Ck in the optocoupler is very small, it 
is a common cause of output noise in optocoupled units. There can be consider- 
able noise and ripple voltages between the primary and secondary output cir- 
cuits. Hence, the optocoupler interelectrode capacitance C,, although small, can 
be a major problem. The optotransistor Q1 has a very high gain; hence very small 
currents injected into the base of Q1 via the in;terelectrode capacitance will cause 
noise modulation of the Q1 collector current and hence the output voltage. This 
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FIG. 3.11.4 Optically coupled pulse-width modulator, with the control amplifier config- 
ured for loop gains of less than unity. 

effect will be reduced by fitting a base-emitter capacitor on Q1, or by the 
"Miller" feedback provided by C1 and R2. 

The value of R1 in the collector of Ql, together with the amplitude of the ramp 
comparator ramp voltage, controls the gain of the ramp comparator circuit. The 
value of R1 is often a compromise selection. It should be high enough to reduce 
the range of collector current required in Q1 to maintain control, but not so high 
that excessive loop gain leads to instability. Further, a large value of R1 will also 
increase the noise sensitivity. 

Figure 3.1 1.4 shows a drive circuit configuration in which the gain of the am- 
plifier A1 can be less than unity. In this circuit, the voltage feedback 's applied to 

d! the inverting input of Al. Phase reversal is provided by connecting e optodiode 
in the top end of Q2, which is now a PNP transistor. In this arrangement it is 
essential to stabilize the supply to Dl and 4 2  to remove the common-mode input 
voltage variations (otherwise the minimum gain will again be unity). The TL 431 
is suitable for this application. It provides a shunt regulator action to node C, 
maintaining this at 4 V while still providing a 2.5-V reference to amplifier Al. 
This circuit will also benefit from a capacitor C1 on the optotransistor base, to 
reduce noise sensitivity. 

11.4 PROBLEMS 

1. Why are optocouplers often used .in switchmode power supply control sys- 
tems? 

2. What are the major disadvantages of optocouplers? 
3. What precautions should be taken in. the design of the drive circuit when 

optocouplers are to be used? 
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CHAPTER 12 

FOR ELECTROLYTIC 
CAPACITORS 

IN SWITCHMODE POWER 
SUPPLIES 

12. t INTRODUCTION 

It is generally well known that for reliable performance and long lie, electrolytic 
capacitors must be selected with generous voltage and temperature margins. Less 
well known is the need for adequate ripple current ratings. To better understand 
this requirement, the basic construction of an electrolytic capacitor should be 
considered. 

In a typical electrolytic capacitor, two strips of aluminum foil will be spirally 
wound between Iayen of absorbent material saturated with an electrolyte. The 
capacitance is formed at the interface of the aluminum and the conducting elec- 
trolyte by means of a very thin film of insulating dielectric which is formed and 
maintained by the polarizing voltage in the presence of the fluid electrolyte. If the 
electrolyte begins to dry out, the resistance of the absorbent separator increases, 
the dielectric begins to break down, and the capacitor will rapidly degrade. 

To prevent the loss of electrolyte, the capacitor will have hermetically sealed 
end caps, lead-out wires, and connections. The integrity of these seals is put un- 
der great strain at high temperatures, when the electrolyte tends to vaporize and 
pressurize the case. Further, the losses in the capacitor increase at high temper- 
atures, leading to a runaway effect. Therefore, the temperature of the capacitor 
becomes a major concern for longer-term reliability. Three major factors combine 
to define the internal temperature of the capacitor. These are 

1. Ambient operating temperature 
2. Thermal design and environment (air flow) 
3. Internal dissipation 

The ambient temperature is a matter of application and specification, generally 
outside the designer's control. 

The thermal design is a major factor which is more often under the control of 
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the designer. The location of the higher-temperature components, layout, heat 
sink design, size, and methods of cooling (forced air or convected cooling) often 
have a much greater effect on the temperature rise of the electrolytic than the 
internal dissipation. The designer must keep the need for minimum thermal stress 
in the electrolytic capacitors in mind at all times if good MTBF figures are to be 
maintained. 

The internal dissipation within the electrolytic capacitor is generally quite low 
and will be controlled by the voltage stress, temperature, and, in particular, the 
ripple current. 

To assist the designer, the manufacturer specifies, as a general guide, a max- 
imum rms ripple current rating, usually at a frequency of 120 Hz and in a free air 
temperature of 85•‹C or 105•‹C. A typical example is shown in Table 3.12.1. 

TABLE 3.121 Typical Electrolytic Capacitor Ripple Cumnt Ratings 

Capaci- I RV 

The manufacturer establishes these ripple current ratings by operating the ca- 
pacitors with a DC polarizing voltage and sine-wave ripple current stress at the 
test frequency (usually 120 Hz). The figures quoted are therefore based on a low- 
harmonic-content (sine-wave) rms ripple current that will cause a defined maxi- 
mum internal dissipation and temperature rise within the capacitor. The permit- 
ted temperature rise depends upon the design of the capacitor and usually will be 
of the order of 8•‹C maximum. The actual permitted temperature rise due to in- 
ternal dissipation is not usually quoted but can be obtained from the manufac- 
turer. It is important not to exceed the internal dissipation limit irrespective of 
the operating temperature, as there can be a thermal runaway as a result of an 
increase in internal loss at high ripple currents. 

As the internal losses are lower at lower temperatures, higher ripple currents 
are permitted, This results in a temperature-dependent correction factor for the 
ripple current. A typical example is shown in Fig. 3.12.1. 

The internal dissipation of the electrolytic capacitors also tends to fall at 
higher frequencies, and a funher increase in ripple current is permitted for high- 
frequency operation. A typical frequency correction factor is shown in Fig. 
3.12.2. 
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FIG. 3.12.1 Typical ripple current multiplying factor for electrolytic capacitors as a function 
of ambient temperature. 

MULTIPLYING 
FACTOR 

I I I I I 
60 120 1K 10K 

FREQUENCY Hz 
FIG. 3.12.2 Typical ripple current multiplying factors, as a function of frequency, 
with voltage rating as a parameter, for electrolytic capacitors. 

Figures 3.12.1 and 3.12.2 show typical correction factors which can be applied 
to one range of commercial-grade capacitors based upon a permitted internal 
temperature rise (above ambient) of 8•‹C. The ripple ratings assume rms sine- 
wave conditions. 

12.2 ESTABLISHING CAPPlCITOR RMS RIPPLE 
CURRENT RATINGS FROM PUBUSHED DATA 

This may appear simple. For example, assume a requirement for a 2200-pF 25-V 
capacitor to operate in a switchmode appliciition at an ambient .of 40•‹C and a fre- 
quency of 10 kHz. 

Li 

From Table 3.12.1, the basic ripple current rating is 1780 mA at 85•‹C. 
From Fig. 3.12.1, at 40•‹C the ripple multiplying factor is x 2. 
From Fig. 3.12.2, an additional multiplying factor of x 1.1 applies at 10 kHz 

for 25-V capacitors. 

Hence the total rms ripple current rating would appear to be 

This would indeed be the ripple rating for 10-kHz sine-wave operation (re- 
member, the ripple current indicated by data is an rms value assuming sine-wave 
operation). However, in switchmode applications the waveform is far from being 
a sine wave, and although the calculations give a good starting point, the ripple 
will be far from sinusoidal and, because of the harmonic components, the rms 
value will be higher. This must be considered in the selection of filter capacitors 
for switchmode applications, as discussed in the next section. 

12.3 ESTABLISHING THE EFFECTIVE RMS 
RIPPLE CURRENT IN SWITCHMODE 
OUTPUT-FILTER CAPACITOR APPLICATIONS 

An approximate rms ripple current can be calculated by assuming ideal second- 
ary current waveforms. Typical examples of output waveforms with their con- 
version factors are shown in Fig. 3.4.10. However, because of the considerable 
deviation of the actual waveforms from the ideal shapes, the resultSare not very 
accurate, particularly for flyback converters at low voltages and high currents. In 
most cases the real rms ripple will be lower than the calculated value because of 
the tendency for peak current limiting in the real case. This can become impor- 
tant in high-power systems. 

Often, the effects of the layout, leakage inductance, output capacitor ESR, 
and circuit losses are unknown. As a result, it may be more expedient to measure 
the ripple current in the prototype unit and establish, or (if it has previously been 
calculated) confum the final rms values. 

NO&: In general ripple currents are best measured using current transformers 
and true rms current meters. (See Chaps. 14 and I5 for suitable current trans- 
former designs.) Be sure to use a current transformer designed for unidirectional 
current pulses if there is a rectifier in the line, or ac current transformers for ca- 
pacitor ripple currents. 

The current transformer should be connected to a true rms milliammeter. (RF 
thermocouple instruments are ideal for this application.) If an ms voltmeter is to 
be used, then the current transformer must be terminated in the correct burden 
resistor, and the rms voltmeter must have a good crest factor rating and must 
respond to the DC component for unidirectional measurements. (Take care. 
Many of the modem digital, so-called true rms instruments do not respond to a 
DC component.) However for capacitor ripple current measurements, the current 
is always ac under steady-state conditions. 
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72.4 RECOMMENDED TEST PROCEDURES 72.5 PROBLEMS 

Irrespective of the method used to establish the ripple rating and hence capacitor 
size, it is recommended that the temperature be measured in the final application 
because the final temperature rise is a function of the internal dissipation resulting 
from the ripple current, the prokimity effects of surrounding components, and the 
thermal design. Radiated and convected heat from nearby components will oAen 
cause a greater temperature rise in the capacitor than the internal dissipa on. 

The maximum temperature rise permitted in the capacitor, as a resul 1 of ripple 
current and peak working temperature, varies with different capacitor types and 
manufacturers. In the examples used here, the maximum rise allowed for ripple 
current is only 8•‹C in free air. (It is this limit that the manufacturer uses to qualify 
the ripple current rating.) The rating applies to an ambient free air temperature of 
8S•‹C, giving a case temperature of 93•‹C. This sets the absolute limit of operation 
irrespective of the cause of the temperature rise. The life of the capacitor at this 
temperature is not good, and lower operating temperatures are recommended. 

Very often, the effective rms current will not be known, and although this can 
be calculated or measured at the operating frequency, it does not always help 
much in establishing the final temperature rise of the capacitor. The harmonic 
content is often very high with switchmode applications, and the capacitor losses 
vary with the frequency and amplitude of each harmonic (the ESR changes in a 
nonlinear way with frequency); hence the loss component is frequency- 
dependent, usually in an unknown way. Hence, the final test procedure described 
in the following section is recommended. 

1. Why are ripple current ratings so important in the selection of electrolytic ca- 
pacitors? 

2. What effect does frequency have on the ripple rating of the electrolytic capac- 
itor? 

3. What effect does ambient temperature have on the ripple rating of electrolytic 
capacitors? 

4. At what temperature is the ripple.rating normally specified? 
5. Why is it important to measure the temperature rise of the capacitor in the 

final application? 

12.4.1 Confirm the Selection, by Measuring the Temperature Rise in the 
Final Application 

1. Measure the temperature rise of the capacitor under normal operating condi- 
tions away from the influence of other heating effects. (If necessary, connect 
the capacitor to a short length of twisted cable away from the heating effects 
of other components, or insert a thermal barrier between the hot components 
and the capacitor.) Measure the temperature rise of the capacitor resulting 
from the ripple current alone, and compare this temperature rise with the man- 
ufacturer's limiting values. (This figure is not always given on the data sheets 
but can be obtained from the manufacturer. The maximum temperature rise 
allowed for internal dissipation is typically between 5 and 10•‹C.) 

2. If the temperature rise resulting from ripple current is acceptable, mount the 
capacitor in its normal position and subject the power supply to its highest 
temperature stress and load conditions. Measure the surface temperature of 
the capacitor and ensure that it is within the manufacturer's maximum tem- 
perature limit. Several samples should be tested. 

The most important parameter for long-term fcIiabiPty of eIectro1ytic capacitors is 
undoubtedly the temperatwe rise of the capacitors in the working environment. Elec- 
trolytic capaciton quickly become more lossy at high temperatures, increasing the in- 
ternal dissipation and leading to thermal runaway. There is no substitute for measuring 
the performance and temperature rise in the finished product. 
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CHAPTER 13 
NONINDUCTIVE 

CURRENT SHUNTS 

Normal current transformers are not particularly suitable for measuring ac cur- 
rents at very low frequencies, or even high-frequency ripple currents where there 
is a large DC component. (Special DC current probes can be used at low frequen- 
cies; see Chap. 14.) 

The reason is that in order to achieve a good response at low frequencies, the 
inductance of the secondary winding should be very high. This requires cores 
with high permeability and a large number of secondary turns. (If the inductance 
is too low, there will be a large magnetizing current in the primary, and this will 
be subtracted from the measured secondary current, giving considerable error.) 

However, in applications in which there is a large DC component, a high- 
permeability core will easily saturate, even in high-frequency current transform- 
ers; also, the DC component will not be transformed to the secondary and is lost 
to the output measurement. Consequently, for applications with high DC current 
components, resistive current shunts are normally preferred, although special DC 
current transformers can be used if necessary. (See Sec. 14.9.) 

13.2 CURRENT SHUNTS 

A current shunt is a four-terminal low-value resistive element which is inserted in 
series with the line in which the current is to be measured. A voltage analogue of 
the current is developed across the resistance. Hence, for minimum insertion loss 
or interference with the action of the circuit, this shunt should have a very low 
resistance and ideally zero self-inductance. However, all conductors, even a 
straight wire, will display some inductive effect, and this must be considered 
when measuring currents in high-frequency circuits, as the following example will 
show. 
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13.3 RESISTANCUINDUCTANCE RATIO OFA 
SIMPLE SHUNT 

Consider a current shunt made from a. straight piece of #22 AWG manganin re- 
sistance wire, 1 in long. The resistance of the wire will be 37 m a  at 20•‹C. Hence, 
this shunt would be expected to develop a voltage of 370 mV from end to end in 
a 10-A circuit. 

However, at high frequen-y, it is the total impedance of the shunt that con- 
trols the developed voltage, and this includes some inductance effects even in the 
simple straight wire. 

The following formula gives the approximate inductance of a straight wire 
where the length is much greater than the diameter: 

.where I, = wire length. m 
r = radius of wire, m 

Hence the inductance of the bin #22 AWG wire is 19.7 nH. The reactance at, 
say, 60 kHz will be 7 ma. 

Hence, the ratio of inductance to resistance in this example becomes signifi- 
cant even for the fundamental frequency component at typical switchmode fre- 
quencies.. Since many waveforms have square transitions, the harmonics extend 
to much higher frequencies, and in low-resistance, high-current shunts a signifi- 
cant error will occur. The transients will be distorted, as the voltage generated 
across the shunt will have a significant L - dildt component superimposed on the 
required resistive component. 

13.4 MEASUREMENT ERROR 

Consider a typical flyback power supply delivering an output of 5 V at 10 A. The 
rectified diode current is to be investigated. 

If a 50% mark space ratio is used, the flyback current will be approximately 4 
times the DC output, in this case 40 A. The output will increase to this value very 
rapidly, limited only by the leakage inductance. The period will be typically less 
than 1 ~ s .  

Figure 3.13.1~ shows the typical secondary current waveform without distor- 
tion. If a straight resistance wire (as described above) is used in a shunt to mea- 
sure this current, the waveform shown in Fig. 3.13.lb will be obtained. In this 
example the reactance error is so large that the information is of little value. 

13.5 CONSTRUCTION OF LOW-INDUCTANCE 
CURRENT SHUNTS 

The inductive component of the resistive element can be considerably reduced by 
one of the following methods. 
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FIG. 3.13.1 Applied cumnt waveform and measurement distortioil 
caused by inductance in a resistive cu-t measurement shunt when 
operated at high frequency. (a) Applied current waveform; (b) 'dis- 
torted voltage waveform. 

Double Helix Construction 

Figure 3.13.2~ shows a suitable method for lowarrent shunts--up to, say, 10 A. 
The resistive element, which should be low-temperature-caefficient insulated re- 
sistance wire, is twisted into a tight double helix, so that the magnetic fields will 
cancel. For convenience, this helix may be further spiralized. 

Sandwich Sheet Resistance Construction 

For higher-current applications, a flat sheet of resistance metal is folded as shown 
in Fig. 3.13.2b. An insulator is fitted between the two sides. For long lengths the 
"sandwich" may be spiralized to form a double spiraf. 

Both these arrangements will give much better results at high frequencies than 
the more commonly used straight current shunts. 

FIG. 3.13.2 Two fabrication qethods used for high- 
frequency. low-inductance current shunts. (a) Double helix; 
(b) folded strip. 

---- - ---- --- 'i T- - 
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13.6 PROBLEMS 

1. Why is the inductance of a current shunt often very important in switchmode 
applications? 

2. Describe two methods of reducing the inductance of a resistive current shunt. 



CHAPTER 14 - 

T TRANSFORMERS 

14.1 INTRODUCTION 

When the switchmode power supply designer thinks in terms of current trans- 
formers, it is more often in the context of the less precise power supply protec- 
tion and control applications, rather than the highly accurate instrument-type ap- 
plications. 

In most switchmode power supplies, the current transformers will be indicat- 
ing trends, changes, or peak values, rather than absolute quantities. Conse- 
auentlv. a high degree of accuracy is not essential, and very simple design and x - -  . , 
winding techniquei can be used. 

The advantages of current transformers for control and limiting applications 
should not be overlooked. They give good signal-to-noise ratio, provide isolation 
between the control circuit and the line being monitored, provide good common- 
mode rejection, and do not introduce excessive power loss in high-current appli- 
cations. 

As previously shown, current shunts are not very satisfactory for high- 
frequency current limit applications, because the resistance of the shunt must be 
very low to reduce the insertion loss, giving a poor signal-to-noise ratio. Further, 
the resistance-to-inductance ratio is very poor, and the voltage analogue signal 
generated across the shunt is dependent on the rate of change of the current 
pulse, rather than its amplitude. Consequently, the information available for 
current-limiting purposes from resistive current shunts is often distorted and will 
change with the conditions of operation. Also, isolation is not provided, and the 
power loss is much greater. (However, even with these limitations, current 
shunts are sometimes used in current-limiting applications.) 

Current transformers are particularly useful when independent output current 
limiting is required in multiple-output power supplies. It is also useful in those 
applications in which galvanic isolation is required between the measured quan- 
tity and the control circuit, for example, between the primary and secondary cir- 
cuits. 

14.2 TYPES OF CURRENT TRANSFORMERS 

Depending on the application, to obtain the'best performance, one of four basic 
types of current transformer will normally be used. Two types are in common use 
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and will be considered first, the third type is used where current pulses are very 
short, and the last is a special DC current transformer for high-current applica- 
tions. The four types are described below. 

Type 1, Unidirectional Current Transformers 

This first type measures unidirectional current pulses, such as output rectifier di- 
ode currents, switching regulator currents, and the currents that would flow in 
the primary or secondary of a forward converter transformer. 

Type 2, AC Current Transformers 

In the second type, the transformer is used to indicate ac currents where the mea- 
sured current flows equally in both directions and there is no net DC component. 
A typical application would be to measure the current in series with the primary 
winding of a half-bridge push-pull converter. 

Type 3, Flyback-Type Current Transformers 

This type of current transformer is used in the flyback mode, and is particularly 
useful for applications in which the current pulse can be very narrow. 

Type 4, DC Current Transformers 
* This very useful, less well known DC current transformer can be used to measure 

current in high-current DC output lines, with very low loss. 

14.3 CORE SIZE AND MAGNETIZING CURRENT 
(ALL TYPES) 

Selecting the core size is probably the most difficult part of the design exercise. A 
compromise must be struck between the ideal performance and practical consid- 
erations of size, cost, and number of turns. 

In general, for current transformers, the larger the inductance, the smaller the 
magnetizing current and the more accurate the measurement. The magnetizing 
current component increases during the pulse duration and will be subtracted 
from the quantity to be measured. Consequently, at the end of the conduction 
pulse, the magnetizing current should be small compared with the measured 
quantity. For current limit applications, a magnetizing current of 10% is a typical 
design limit. This magnetization effect is most easily shown in the unidirectional 
current transformer. 

Figure 3.14. la shows a typical unidirectional current transformer and second- 
ary circuit. This would be used for current limiting in, say, a forward converter. 
The primary has a single turn on a toroidal core. (This primary turn is often a 
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FIG. 3.14.1 (a) Current transformer and secondary circuit used for unidirectional cur- 
rent pulse measurement. (b) Applied unidirectional primary current waveform. and (c) 
developed secondary current waveforms on R2, showing the effect of current trans- 
former magnetization current. 

connecting lead or output bus which is simply passed through the center of the 
toroid.) The primary turn is thus in series with the line to be monitored. 

The secondary has a large number of turns, which are terminated in a ballast 
resistor R2 via a diode Dl. The intention is that a true voltage analogue of the 
primary forward current pulse be developed across R2. (Dl blocks the reverse 
recovery voltage.) However, it will be seen from Fig. 3.14.16 and c that the sec- 
ondary waveform is distorted as a result of the magnetizing current component. 

Figure 3.14.1b shows the applied unidirectional (all positive) primary current 
pulse. Figure 3.14.1~ shows the corresponding secondary voltage pulse devel- 
oped across R2. The effect of two values of secondary magnetizing current, a 
small value I,,,,,, and a large value I,,,,@, shows how the magnetizing current is 
effectively subtracted from the ideal transformed current analogue I,,,,,. It will 
be clear from this diagram that if the peak value of the current at the end of the 
conduction pulse, I,', is to be useful for current-limiting purposes, then the sec- 
ondary inductance of the current transformer must be high enough to ensure that 
at least a positive slope remains on the net secondary waveform. This means that 
a large secondary inductance is needed, and so a large number of secondary 
turns, a large core, and high-permeability core material are required. In general, 
the largest-permeability core material will be used, leaving a trade-off between 
turns and core size. 

NOU: Losses in amplitude resulting from winding resistance, diode loss, and 
magnetizing current amplitude can be corrected to some extent by adjusting R2, 
provided that the slope remains positive. 

A second major factor that influences the current transformer magnetizing 
current will be the magnitude of the secondary voltage. This voltage is the sum of 
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the selected signal voltage Vo (say 200 mV in this exampIe) and the Dl rectifier 
diode forward voltage drop (say 0.6 V). The secondary voltage should be as small 
as possible (consistent with a good signal-to-noise ratio), since large values of Vo 
will result in large magnetizing currents. To this end, small schottky diodes 
should be considered for Dl. 

If a very small toroid is chosen for the current transformer, then to get the 
required inductance, a large number of secondary turns will be required. If the 
number of secondary turns is too large (say in excess of 200). then there will be 
significant interwinding capacitance, and the high-frequency response (response 
to narrow current pulses) will be degraded. 

Hence, the core size is a compromise between cost and performance. A good 
compromise is to select a core that will require approximately 100 turns on the 
secondary (in a single layer) and will give the required minimum inductance. 

14.4 CURRENT TRANSFORMER DESIGN 
PROCEDURE 

General Requirements 

A unidirectional current transformer would be used for monitoring the discontin- 
uous current pulses in, say, the output rectifiers of a high-current forward con- 
verter or the primary current of a single-ended forward coaverter. A typical ap- 
plication is shown in Fig. 3.14.2a. where the current transformer T1 is in series 
with the primary of a single-ended forward converter. The design steps are as 
follows: 

Step 1 4 

Calculate (or observe), the peak primary current to be measured and the slope 
dildt on the top of the current waveform. This will be used to calculate the min- 
imum current transformer inductance. 

Step 2 

Select the current transformer secondary voltage at the limiting current value. 
(This should be kept as low as possible, typically < I V including the diode 
drop.) 

Step 3 

Select a high-permeability core material and initial size. 

Note: For unidirectional current pulse applications, the core material should 
have two properties: 

1. High permeability, so that a large inductance will be obtained for the minimum 
number of turns. 
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FIG. 3.14.2 (a) Basic circuit of a single-ended forward converter, showing a uni- 
directional current transformer in the primary of the main power transformer. 
(b) Primary current and secondary voltage waveforms of current transformer, to- 
gether with the current analogue signal voltage developed across R2. This may be 
used for current-mode control and current limiting. 

2. A low remanence B,, so that the core will restore to a low flux level when the, 
current pulse drops to zero. This will ensure that the core .will not saturate 
after a few cycles of operation. 

Unfortunately, these two requirements tend to be mutually exclusive, so a 
compromise choice must be made. A material such as HSB2 (Fig. 2.15.46) would 
be a good compromise. The core should be insulated to reduce capacitance be- 
tween the winding and the core and thereby reduce interwinding capacitance. 

At larger currents, the physical requirements for the prmary wire diameter 
may define the minimum core size. If a large output voltage is required, then 
it is recommended that a larger core be used, allowing a greater number of 
secondary turns. For practical reasons, the primary will be maintained at one 
turn (that is, the primary wire is passed straight through the center hole of the 
toroid). 
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14.5 UNIDIRECTIONAL CURRENT 
TRANSFORMER DESIGN EXAMPLE 

Figure 3.14.26 shows the waveforms that would be expected from a current mon- 
itoring transformer of type I (unidirectional pulse type) in the forward converter 
of Fig. 3.14.2~. 

In this example, when the primary power transistor is "on," the forward cur- 
rent in TI takes the starts of.all windings positive, and secondary diode Dl con- 
ducts. The current in R2 will be a transform of the primary current, and an ana- 
logue voltage of the primary current will be developed across R2. 

When Q1 turns off at the end of the forward current pulse, rapid recovery of the 
current transformer core occurs because Dl blocks and the secondary flyback load re- 
. sistance R1 is high. As a result, the flyback voltage is large, and this gives a rapid core 
restoration between forward pulses. That is, the flux density returns to the residual 
value B, during the "off' period, ready for the next forward pulse. 

Note: This rapid core restoration allows closely spaced forward current pulses 
to be monitored accurately, without saturation of the core. Clearly, the value of 
R1 will be chosen to get the required minimum recovery time, and the voltage 
rating of Dl must be selected to block the reverse flyback voltage across R1. 

Step 1, Calculate the Primary Ampere-Turns 

In this example, the pnmary current is 10 A in a single turn. This gives a primary 
magnetizing force of 10 ampere-turns due to the forward forcing current that 
flows in the primary of the forward converter transformer shown in Fig. 3.14.2. 

Step 2, Define Secondary Turns and Calculate Secondary Currea 

This design will use the preferred winding not exceeding 100 turns of #34 AWG 
in a single layer (to give a small core size and good high-frequency performance). 
Therefore, to provide an equal depolarizing magnetic force of 10 ampere-turns, 
the secondary current will be 100 mA. 

Step 3, Define the Required Secondary Voltage 

The secondary voltage will be 0.8 V, made up of the 0.6-V diode drop and the 
0.2-V current analogue signal developed across R2. Consequently, with 100 turns 
on the secondary and a single current-linked turn on the primary, the voltage 
drop on the primary winding will only be 8 mV. The primary insertion loss is thus 
very small. 

For forward converter applications, the peak value of the primary current at 
the end of an "on" period is the required current-limiting value (this indicates the 
peak current flowing in the output inductor). Hence the secondary current must 
reflect a rising current during the "on" period, and this sets a limit on the mag- 
netizing current. A pulse-by-pulse voltage analogue of the current is given by the 
voltage across R2. Hence, a fast-acting current limit may be introduced at this 
point. ih the control circuit, using the peak analogue voltage information, or the 
current signal may be used in a current-mode control circuit. 
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Step 4, Check Magnetizing Current 

The current to be measured is I0 A, and the cote chosen as the initial selection is 
the TDK #T6-12-3 (Table 2.15.1) in a HSB2 material. This material has a perme- 
ability of 7500 and a low remanence value B, of 40 mT. The next step is to check 
that the magnetization current is acceptably small. 

In this example, a single-1ayer"secondary winding of 100 turns of #34 AWG is 
to be used on the secondary. 

To calculate the magnetization current, the secondary inductance is required. 
If the A, value of the core is known, then the inductance will be given & 

L = N ~ A ~  

In this example the A, value is not known, and so the inductance will be calcu- 
lated from the basic formula: 

where p, = 4n x lo-' 
~r, = permeability of core 
N = number of secondary turns 

AJl, = core factor (ratio of effective core area to effective magnetic path 
length, m) 

For the HSB2 material, the permeability is 7500 and the core factor is 
(1130.2) x and so the inductance can be calculated: 

The slope of the magnetization current, dlldt, can be calculated from 

Therefore 

where 

Hence 

At the end of the 10-ps pulse, I,,, = 0.258 mA. This magnetization current 
transforms to the primary as 25.8 mA, a negligible error in 10 A. 

It has been shown that the secondary current will be a true transform of the 
primary current with a loss of only % mA in 100 mA. Although this indicates that 
a smaller core could be used, it can be difficult to wind the secondary on a core 
much smaller than this. 

The value of the burden resistor R2 requirgd to develop the chosen signal volt- 
age of 0.2 V can be calculated: 

- - -- A 
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where V, = signal voltage 
I, = secondary current 

In this example, I, = (I,,/N) - I,,, or approximately 100 mA, as referred to the 
secondary. Hence 

Flux- Density 

Although the primary current pulses are unidirectional with a large mean DC 
value, the core will not saturate, as the flux density falls to the remanence value 
B, between each current pulse. To pennit this reset action, the voltage on both 
primary and secondary must reverse (fly back) during the "off' period. This re- 
quires that the reverse currents be blocked except for that flowing in R1. Clearly 
diode Dl will block the reverse current in the secondary during the flyback (off) 
period, but to block the primary current the core must be placed in a suitable 
position in the primary circuit. In the example shown in Fig. 3.14.2, reverse cur- 
rent is blocked by Q1, which is "off' for the reset period. 

The reset voltage and time are determined by R1 and the reset time must be 
less than the shortest "off' time. 

Note: Increasing Rl reduces reset time but increases the flyback voltage. 
Each primary pulse can now be considered a single event, and the flux den- 

sity excursion during a pulse can be calculated from the mean applied volt- 
seconds as follows: a 

where B = flux density, T 
V,,, = mean secondary voltage 
Ac = effective core area, mmz 

r = pulse duration, ps 

In this example, 

V,,, = 0.16 + 0.6 = 0.76 V 

(the mean signal voltage plus the diode drop). Hence 

This is a very small flux density swing and is typical of current transformers in 
switchmode supplies. Usually a smaller core cannot be used for practical winding 
reasons. The small flux level also results in a very small core loss. 
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14.6 TYPE 2, CURRENT TRANSFORMERS (FOR 
AL TERNA TlNG CURRENT) PUSH-PULL 
APPLICATIONS) 

Figure 3.14.3 shows the typical,akangement of an ac current transformer in se- 
ries with the primary of a half-bridge converter transformer. In this position, it is 
able to recognize current pulses in both directions by using a bridge rectifier in 
the current transformer secondary. The same current flows for forward and re- 
turn pulses, as the series capacitor C3 ensures that there will not be a @C com- 
ponent, and hence the core will not saturate. The design approach is very similar 
to that used in Sec. 14.4. 

c 1 

CIRCUIT 

FIG. 3.14.3 A full-wave cumnt transformer used in push-pull and half-bridge 
circuits. 

The core material need not have a low remanence for this application, as there 
is a forced reversal of flux each half cycle. 

If there is any possibility of a DC component, then a core with a lower per- 
meability. will be chosen so that it can withstand the expected DC component 
without saturation. Normally one would avoid this problem in the current trans- 
former and the main transformer by either introducing a series DC blocking ca- 
pacitor or using a forced flux balancing system in the main converter. 

14.7 TYPE 3, FL YBACK-TYPE CURRENT 
TRANSFORMERS 

It should be understood that the term "flyback,"' as applied to current transform- 
ers in the following section, refers to the mode of operation of the current trans- 
former, not to its application: In fact, the type of flyback current transformer de- 
scribed here is not very suitable for flyback converters. 

The flyback current transformer is of particular value where the current pulse 
is very narrow. Typical applications woula be current-limiting circuits in fmed- 
frequency forward converter and buck regulators. In these types of converters, 

14. CURRENT TRANSFORMERS 

to prevent excessive output current when the output is short-circuited, the cur- 
rent pulse must be very narrow. 

Figure 3.14.4 shows a typical buck regulator power output stage. There are 
two possible positions for the current transformer. In position Tl(a), the current 
in the series switch Q1 is directly monitored. When the output is short-circuited, 
the pulse width must be reduced to a very narrow pulse to maintain control. 

$.-n 
SUPPLY 

" T I * '  

0 1 1 1 

FIG. 3.14.4 Two possible (optional) positions, A and B, for a current transformer in a 
buck regulator circuit. 

With the current transformer in position Tl(b), the current pulse under short- 
circuit conditions is wide, but the direct control of the peak current in transistor 
Q1 has been lost (Q1 must turn off before the current is commutated to Dl and T1 
can "see" the current). Hence, current limit action will be lost if Q1 locks "on.!' 
Also, in position Tl(b), the current pulse width will be very narrow when the in- 
put voltage is low and the load is high, so that control tends to be lost at high 
loads, where it is most needed. 

In conventional current transformers, the response to narrow p u b s  is often 
very poor, because of the limited frequency response in the current transformer 
and the use of low-pass noise filters in the current limit circuit. This loss of re- 
sponse at narrow pulse conditions can result in an increase in output current (loss 
of current limit control) for short-circuit conditions. This problem can be over- 
come by using a flyback current transformer. 

The flyback type of current transformer is an interesting departure from nor- 
mal current transformer design. It uses the flyback action of the current trans- 
former to provide the required current-limiting information. 

Figure 3.14.5 shows a typical application for the flyback transformer where it 
is applied to position Tl(a) in the buck regulator power circuit. 

14.7.1 Operating Principles (Flyback Current Transformers) 

The transformer is wound on a very low permeability core (e.g., p60 MPP-or iion 
powder), and the windings are phased in such a way that diode D2 will be 
blocked when Q1 is conducting. The core size and permeability are chosen so 
that the core will not saturate with a single primary turn at the maximum current 
limit value. 

A high-voltage diode must be used for Dl, as the voltage across the secondary 
winding will be large during the turn-on edge of Q1 (n x V,,). This high voltage is 
desirable to provide rapid setting of the core. The leakage inductance and distrib- 
uted capacitance will normally prevent excessive secondary voltages being de- 
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FIG. 3.14.5 Flyback-type cumnt tiansformer, fitted in the collector of the buck 
regulator switching transistor. 

veloped, but if required, an additional loading resistance may be added across the 
secondary winding. The secondary voltage should not be clamped to less than 
200 v. 

Because of the very low inductance of T1 and the large voltslturn applied to 
the primary when Q1 turns on, there will be only a small delay on the leading 
edge of the current power pulse during the turn-on ed e. 8 At the end of a conducting period, energy of $4 LIP will have been stored in 
the current transformer. This energy will be transferred by flyback action into 
capacitor CI via DI when Q1 turns off. Hence, at a fixed frequency, the power 
transferred to the output will be 

Therefore Ip a VC 

This power must be dissipated in the loading resistor R1, which makes the output 
voltage on C1 proportional to I, (where Ip is the peak current flowing in the pri- 
mary of the current transformer immediately before Q1 turns off). 

The response of this flyback-current-limiting transformer to narrow pulses is 
very good, as the energy transferred each cycle is proportional to the peak cur- 
rent, not the duration of the pulse. 

Low-permeability (p ,  < 60) iron dust cores or Molypermalloy cores will be 
found suitable for this application. Femte toroids are generally unsuitable, since 
they will not store sufficient energy and would saturate, except for very low cur- 
rent application. However, gapped femte cores may be used. 

14.8 TYPE 4, DC CURRENT TRANSFORMERS 
(DCCTl 

It is not generally well known that it is pgssible to measure DC output currents 
using special DC current transformers. 

The general arrangement of this interesting class of DC current transformers 
and the required polarizing circuits are shown in Fig. 3.14.6. 

+12V i 
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I POWER 
I OUTPUT 
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COMMON 4 
FIG. 3.14.6 A DC cun'cnt transformer and polarizing circuit, fitted in the secondary 
of a forward converter. 

The term "DC transformer" may sound like a contradiction in terms; how- 
ever, it will be shown that it is possible to use transformers for measuring DC if 
suitable polarizing and control circuits are added. 
DC current transformers can be used to control or limit the DC current in the 

outputs of any type of switchmode supply or other DC lines. They are particu- 
larly valuable for high-current applications (100 A or more) or where isolation be- 
tween the output line and the control circuit is required. 

In the example shown in Fig. 3.14.6, the DC transformer T1 is in series with 
L1 in the DC output line of a 100-A buck regulator. 

14.8.1 Operating Principle (DC Current Transformer) 

Assume that the primary winding TI P1 has been conducting the output DC cur- 
rent for a sufficient time for a stable saturation flux density to have been estab- 
lished in the core. Uhis is shown as point PI on the BIH curve in Fig. 3.14.70.) 
The corresponding primary magnetizing force H, is also shown. 

Transistor switch Q1 is now turned on, applying the low-resistance auxiliary 
12-V supply to the secondary winding. Provided that Q1 is maintained "on" for 
a defined period and the voltage across the secondary remains at 12 V, the flux 
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FIG. 3.14.7 (a) Magnetization characteristic (BIH curve) of a DC 
current transformer in the forward (core set) direction. (b) Primary 
(core reset) current waveform. 

density must be incremented by a defined amount AB from B, to, say, B,, and the 
core will be reset from P1 to P2 on the BIH characteristic. 

During this reset period, Q1 is "on," and a constant-voltage low-impedance 
12-V supply is applied to the secondary winding; hence the rate of change of flux 
density dBldt must be constant. To maintain this change, the magnetic field 
strength H must move from H ,  to near zero. However, the DC primary current 
has remained constant during this reset period, and to offset this, there will be a 
rapid increase in the reset current as the flux density falls, so that when B = 0, 
the secondary ampere-turns are equal and opposite to the primary ampere-turns. 
At this point the core has been fully reset. The reset current is shown plotted 
against time in Fig. 3.14.7b. (The reset cyrrene is a.mirror image of the original 
primary magnetizing current.) 

14. CURRENT TRANSFORMERS 

The peak value of the reset current is thus proportional to the DC current in 
the primary. A voltage analogue of the reset current is developed across R1. (D2 
provides voltage and temperature compensation for the forward drop of diode 
Dl.) This signal voltage is peak-rectified by Dl and stored on capacitor C1. Con- 

, stant updating of this current limit signal voltage is provided by interrogating the 
core with a series of pulses at the converter switching frequency, 

Provided that the core has a very square BIH loop and the hysteresis loss is 
small, the absolute value of AB is not critical so long as the core is reset to some 
point on the vertical (high-permeability) part of the loop. The corresponding 
change in H remains nearly the same, and the peak value of the reset current is 
proportional to the DC current. 

It is relatively easy to apply this technique to switchmode systems, as suitable 
square-wave drive signals for Q1 can usually be obtained from the suppiy drive 
circuitry. The drive to Q1 should be well defined, with a constant pulse width. 
The auxiliary voltage should also be reasonably constant. 

The secondary turns and voltage must be selected to ensure that the core will 
always be fully restored during the reset period. The primary will normally be a 
single turn. (Typically the output bus will be passed through the center of the 
toroid to form a single turn.) When Q1 turns off, the core will be set back to its 
original working point P1 under the forcing action of the DC current in the pri- 
mary. To prevent excessive voltages from being generated on the secondary dur- 
ing this set action, a clamp winding S2 is provided. The energy taken from the 
auxiliary supply during the resetting of the core is now returned to the auxiliary 
line during the set action. Hence, the total energy demanded from the auxiliary 
line will be quite small. To ensure that the core is fully set during the "off' period 
of Q1, either the "off' period must exceed the "on" period or the clamp winding 
S2 must have fewer turns than the secondary S1. 

14.8.2 Selection of Core Type and Material .L 

For this application, a square-loop core with high permeability and stable param- 
eters should be chosen. Since the core will be operated over its full hysteresis 
range, it should have low loss and minimum weight and size. Small toroidal fer- 
rite cores will be found ideal for this application. 

In this example, a TDK T6-14-3 toroid in HSB2 material will be considered. 
Many similar materials are available from the various manufacturers of ferrite 
materials. Because a very square loop material was chosen, the reset point P2 is 
not critical, as the change in H over the nonsaturated range of B (contribution 
from magnetizing current) will be small. Hence, the shape of the top of the reset 
current waveform will be nearly square. 

14.8.3 Primary Current Range and Turns 

In high-current applications, the primary will usually be a single turn (the output 
wire or bus being taken straight through the toroid center hole). On lower-current 
applications, it may be necessary to use more primary turns to ensure a good 
working'point for PI; this'should be well into saturation. This also ensures that 
the primary magnetizing current is small compared with the measured value. 

The saturating magnetic field strength His about 2 Oe (159 At/m) for the HSB2 
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material. A working value for H of approximately 5 times this (say 800 Avm) is 
recommended to bring the working point to PI at the full output current limit. 

For the T6-12-3 toroid, the primary current required to give a magnetization H 
of 800 Atfm in a single turn can be calculated: 

where H = magnetic field strength, Atlm 
N = primary turns 
I = primary current, A 
I, = effective length of magnetic path around toroid, m 

In this example, 

H = 800 Atlm 
N = l  turn. 
I, = 0.026 m 

Hence 

Hence, this core would be suitable for a current limit in the 10- to 30-A range (the 
upper limit being set by the primary wire size and the lower by the need for a 
good load current to magnetizing current ratio). 

14.8.4 Secondary Turns 

The secondary turns are best calculated using a volt-seconds (Faraday's law) ap- 
proach for a defined vaIue of dB. The value of &f3 should be chosen such that full 
recovery of the core takes place at the lowest operating temperature and negative 
saturation will not occur at the highest temperature. 

It is important that negative saturation is not entered under any conditions; 
otherwise there will be a large increase in current at the end of the reset pulse, 
giving false information. The saturating value of l? is temperature-dependent for 
the HSB2 material, and a safe value of 200 mT is chosen for AB. The reset period 
and auxiliary voltage must be defined and constant. In this example, 

r = 16 ILS 

V = 12 V (auxiliary voltage) 
A, = 8.6 mm2 

The secondary turns may now be calculated from Faraday's law: 

(t in microseconds and-A, in millimeters) 

- - -  
14. CURRENT TRANSFORMERS 7 - 

. I  
L/' 

The position of the primary in the DC output circuit is important. During the set 
and reset action of the core, voltage transients will be generated in the primary 
winding which will be in series with the DC output. Consequently, a position 
must be chosen at which these transients will be effectively filtered. Further, 
transformer action will take place during the reset of the core, and this could re- 
sult in excessive loading of the drive circuit and a measurement current error. 
unless the transformer primary is in a high ac impedance path. In the buck reg- 
ulator, a suitable position meeting both of these requirements will be in series 
with L1. Alternatively, an extra inductor may be fitted in series with the primary 
of the current transformer. 

F i r e  3.14.8 shows the transfer characteristic of the DCCT. The graph is off- 
set as a result of the forward voltage drop in Dl. An additional diode D2 will . correct this offset and provide temperature compensation if required. 
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FIG. 3.14.8 Transfer characteristic of DC current transformer. Output 
signal voltage is a function of DC converter output (load) current. 

14.9 . USING CURRENT TRANSFORMERS IN 
FL YBACK CONVERTERS 

Current limiting can be more difficult in flyback converters than in the forward 
case. The output current is the mean value of the primary or secondary currents, 
which have very triangular waveforms. Limiting the current to a peak value gives 
constant power limiting and results in a large output current at low output volt- 
ages-i.e., when the output is a short circuit. 

Figure 3.14.9 shows a type 1 current transformer fitted in the secondary of a 
flyback transformer circuit. 

It is the average value of the current flowing in the secondary that is of inter- 
est, and this is obtained by fitting a large capacitor CI across the burden resistor 
R2 in the current sensing circuit. 

The average voltage on C1 will be an analogue of the average output current. 
The delay introduced by this capacitor means that rapid changes of output cur- 
rent will not be recognized immediately. The important overpower protection 
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FIG. 3.14.9 A unidirectional cumnt transformer in the secondary of a flyback 
converter, providing average and peak current signals. 

provided by the pulse-by-pulse current limiting will be lost. However, if an extra 
resistor R3 in series with the burden resistor R2 is introduced, information on 
both the peak and mean currents becomes available to the control circuit. 

The peak primary or secondary current should not be used for output constant 
current limiting in discontinuous flyback converters. The peak current will give 
only constant power limiting, since the output power is proportional to Yz L12 
Constant power limiting gives very large currents on short circuit. 

The type 1 current transformer design for the flyback converter follows the 
example given in Sec. 14.4 in all other respects. 

The circuit and current waveforms for the current transformer in flyback ap- 
plications are shown in Fig. 3.14.9. 

- 
CHAPTER 15 

CURRENT PROBES FOR 
MEASUREMENT PURPOSES 

15.1 INTRODUCTION 

In the development of switchmode power supplies, it is often found necessary to 
measure the current flowing in various components. In fact, measurement may 
be the only way to obtain the required information with the degree of confidence 
necessary for full qualification approval. 

Currents ranging from a few milliampere to many hundreds of amperes DC or 
ac with frequencies from a few hertz to hundreds of kilohertz may be found in 
switchmode supplies. As a further complication, combinations of DC and ac with 
waveforms ranging from square to sine waves, both unidirectional and balanced, 
will be found. It can be very difficult to measure these currents by conventional 
means. 

Chapter 13 has already described some of the problems encou~tered when 
conventional current shunts are used for high-frequency measurement, and meth- 
ods of minimizing the errors introduced by the inductance of the shunt. In prac- 
tice, no single device is ideal for the very wide range of measurements described 
above, although "Hall effect" probes perhaps come close. However, these tend 
to be very expensive. 

The engineer can obtain very good results with inexpensive equipment by 
choosing the correct methods for the range of measurements to be made. Clearly, 
for DC current measurements, a standard four-terminal shunt can be used. Cur- 
rent transformers can be used for ac measurement, but several types of trans- 
formers will be required to cover the wide frequency range found in typical ap- 
plications. When a combination of DC and ac is expected, noninductive current 
shunts or special low-permeability current transformers can be used. If the cur- 
rent pulse chain is unidirectional (for example, diode currents), a different type of 
current transformer will be required. The following section describes the design 
and construction of suitable current transformers for the above applications. 

For true ac currents up to 10 A in the medium- to high-frequency range, the 
Tektronix current probe #P6021 or a similar probe may be used. This probe has 
the advantage that it is fitted with a sliding gate on the current transformer, which 
allows it to be easily slipped onto the wire in which the current is to be measured. 
This probe is also useful for the calibration of any "in-house" manufactured 
special-purpose current probes, as described below. 



15.2 SPECIAL-PURPOSE CURRENT PROBES 

Since the accuracy required for switchmode power supply ac current measure- 
ments is generally not particularly critical (5% would normally be adequate), cur- 
rent transformer probes for os~lloscope display are quite easily fabricated. 

The general principles of current transformer design used here are similar to 
those shown for the current-limiting transformers described in Chap. 14. How- 
ever, in order that these current probes may interface directly with t 

more critical. 
% OscillO- scope input and give true waveform reproduction, the terminating net orks are 

For easy fabrication, and to better maintain the calibration, the current trans- 
formers discussed here will be of toroidal form, and the wire that is to be mea- 
sured must be disconnected and passed through the toroid for measurement pur- 
poses. Although this is somewhat inconvenient, it has the advantage that there is 
no gap in the core (to perhaps vary), so that the measurements and calibration 
accuracy are more stable; also, the probe is more easily fabricated. 

No&: Those of a more ingenious mechanical bent may be able to devise methods 
of clipping current transformer probes onto the wire to be measured. The various 
cores that are now manufactured with built-in permanent magnetic bias have pos- 
sibilities for this application, in that the pole pieces will stick together by mag- 
netic attraction and the built-in magnetic bias makes the core more suitable for 
unidirectional pulse measurement. 

However, the following discussion assumes that nongapped toroidal HCR, 
ferrite, and MPP cores will be used. For low-frequency ac applications (say 20 
Hz to I0 kHz), HCR cores will be used. These cores should have low loss, high 
permeability, and high saturation flux density. For medium frequencies (10 to 100 
kHz), high-permeability tape-wound or ferrite cores will be used. For unidirec- 
tional high-frequency pulse measurement, the residual flux level should be low to 
ensure that the core will restore during the quiescent period, and so ferrite cores 
will be used. (The TDK H5B2 material, or similar, is very suitable.) For high- 
frequency ac measurements, low-loss ferrite cores will be used. For ac measure- 
ments on lines carrying both ac and DC, a lower-permeability material should be 
chosen so that the DC current component can be tolerated without causing core 
saturation. For this application, Permalloy or low-permeability ferrite, such as 
Siemens #N30 or similar, is more suitable. The design and construction of these 
current transformers and probes will now be considered in more detail. 

15.3 THE DESIGN OF CURRENT PROBES FOR 
UNID/RECTIONAL (DISCONTINUOUS) CURRENT 
PULSE MEASUREMENTS 

Very often there will be a diode in series with the line to be measured (for exam- 
ple, the output winding of a flyback converter). The current pulses in such a line 
are unidirectional and will have a mean DC component. If normal ac current 
transformers are used in this application, the core will often saturate, and the 
transformer will give misleading output information. Moreover, even if the trans- 
former does not saturate, the restoration of the core during the quiescent period 
will give misleading results (an apparent reversal of current during the quiescent 
period). 

- - ' - - - - _ _ _  - - -  - 
t IS. CURRENT PROBES FOR MEASUREMENT 

tj 
Note: This effect occurs when the Tektronix current probe #P6021 is used, since 
it is designed for ac conditions only. 

Hence, for unidirectional current pulse measurement. a special current probe 
is required that will respond correctly to the unidirectional pulse and will not sat- 
urate. Figure 3.15.1~ shows a suitable circuit for a unidirectional current probe. 
This probe will faithfully reproduce a unidirectional current pulse, as shown in 
Fig. 3.15. Ib. It operates in the following way. 

Unidirectional pulses I,  will pass through the toroid in the direction shown in 
the diagram. By current transformer action. a secondary current I, of magnitude 
I,JN.T will flow through diode D l  into burden resistor R1. A voltage analogue of 
the primary forward current will be developed across R1. The value of R1 is se- 
lected for the required oscilloscope scaling factor. 

Note: The voltage across the series network Dl, Rl should be small. and the 
turns ratio large, so that the magnetizing current and insertion loss will be small. 
(The voltage across the single primary turn will then be very small.) 

1s ' A '  D l  'B' L l  

'C '  -sop COAX 
SENSITIVITY 
100 mA/mV 

': 4 IoA 
INPUT 

L1 AND C1 SELECTED 
/- FOR MINIMUM 

DISTORTION TYPICALLY 
FERRITE BEAO AND 

Y 4700pP 
ADJUST Rl  FOR 
CALIBRATION 
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/I1" OUTPUT 'C' 
I I 

(b) 
FIG. 3.15.1 (a) Lowsost oscilloscopc current probe for high-frequency unidirectional 
current pulse measurement. (6) Input cumnt waveforms and output voltage analogues of  
osciUoscope current probes: Top, primary input cumnt; A, voltage waveform. secondary; 
B, voltage waveform after rectification: C. voltage waveform after shaping. 
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During the quiescent ("off *) period, rapid restoration of the core takes place 
by flyback action, because diode Dl will block and a large flyback voltage will be 
developed across R3 and D2 (the resistance of R3 being much higher than that of 
RI). The value of R3 is chosen to just prevent the flyback voltage from exceeding 
the voltage rating of Dl. For fast recovery in high-current transformers, a 
voltage-dependent resistor or zener diode has some advantages in this position. 
Diode D2 will assist the recovery process at low currents. The recovery 
waveform is shown in Fig. 3.15.1(6) as waveform A. 

Diode Dl blocks the majority of the reverse recovery voltage fromqhe oscil- 
loscope input, as shown in waveform B of Fig. 3.15.1(6). Padding and matching 
components R2, Cl, and LI will match the low-impedance output from R1 to the 
coaxial input impedance. The padding components will also reduce the spike in- 
troduced by the recovered charge in Dl during the switching edges, so that a true 
voltage analog of the primary forward current pulse is indicated on the CRO, as 
shown in waveform C. 

General Design Requirements 

To keep magnetization current and insertion loss to a minimum, the secondary 
voltage across Dl, RI should be as low as possible. For currents up to 20 A, it is 
recommended that the probe be designed for a scaling factor of 10 mA/mV. For 
higher-current applications, a value of 100 mNmV is more suitable. 

For extended high-frequency performance, the interwinding capacitance of 
the secondary should be low. It is recommended that the secondary turns do not 
exceed 100 and that this winding be in a single, well-spaced layer. The core 
should be insulated to reduce the capacitance between winding and core, since 
this will also act to increase the effective interwinding capacitance. Fast diodes 
should be chosen for Dl and D2, and resistor RI should be a low-inductance 
type. A small ferrite bead is fitted in L1 position, and CI is adjusted to minimize 
edge distortion; these should be selected during the calibration procedure. 

15.4 SELECT CORE SIZE 

The core size is selected to suit the application. Larger currents, longer pulses, 
and higher probe sensitivity will all require a larger core. Proceed as follows: 

1. Assume the number of secondary turns will be 100 turns. (This choice is made 
to keep interwinding capacitance to a low value by allowing a single-layer 
winding.) 

2. Choose the required maximum current range-say, 0 to 100 A. 
3. Choose the required sensitivity-say, 10 mV1A (1 VI100 A). 
4. Choose the maximum range of pulse widths-say, 0 to 30 ps. 
5. Select a working value for the flux density B-say, 10% of B,,, at 20•‹C = 40 

mT. 

Note: A very low flux density is used (10% or less of B,,,) to give low loss and 
low magnetization currents. 

+--.. 
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6. Calculate the maximum secondary voltage required from the transformer as 
follows: 

V, = V,,, + diode D l  voltage drop 
In this example the maximum output voltage at 100 A is 1 V, and the diode 
drop is 0.6 V. Therefore V, = 1.6 V. 

15.5 CALCULATE REQUIRED CORE AREA 

From Faraday's law, 

where A, = effective core area, mm2 
V,  = secondary voltage 

t = pulse duration (max), ps 
B = change in flux density, T 
N = secondary turns 

From Table 2.15.1, the nearest core with an area of 11.8 mm2 is the TDK TI- 
14-3.5, and so this is chosen. 

The maximum flux density was chosen at only 10% of the saturating value. 
This should result in a low magnetization current and also yield a convenient core 
size for the chosen current. (A 100-A primary wire would not pass through a 
much smaller toroid.) 

The actual value of the magnetization current will depend on the permeability 
of the core material and the change in flux density. To maintain the probe accu- 
racy within the 5% tolerance, the magnetization current should be less than 5% of 
the measured current; therefore, it is necessary to check the magnetization cur- 
rent for the selected core. 

The magnetization current may be obtained from the BIH characteristic or cal- 
culated from the primary inductance value. In this example, the core A, factor is 
available, and the inductance approach provides a quick solution. 

15.6 CHECK MAGNETIZA77ON CURRENT 
ERROR 

The chosen core is the TDK T7-14-3.5. A low-loss, high-permeability material is 
required, and H5B2 or a similar material would be suitable. (See Part 2, Chap. 
15.) From the manufacturer's data (Table 2.15. I), the cross-sectional area of the 
toroid is 11.8 mm2, and the core A, factor using HSB2 material is 3.5 pH. The 
primary is only one turn; hence the primary inductance will be 3.5 pH. 

The slope of the magnetization current during the pulse, dIldt, can be calcu- 
lated: 
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where V, = primary voltage drop (1.61100) 
L = primary inductance (3 pH) 

Hence 

B At the end of the 3Qps period, the primary magnetizing current is 160 rnA, a neg- 
ligible error at currents in excess of 10 A. 

Calibration 

Assuming that 100 turns will be used on the transformer secondary, the value of 
R1 may be calculated as follows: 

where Sf = scaling factor 
N, = secondary turns 

Note: The scaling factor depends on the oscilloscope sensitivity required-say, 
10 mAJmV = 0.1 VIA = S'of 0.1 or 100 mAlmV = 0.01 VIA = Sf of 0.01. 

Hence, for current probes up to 20 A, R1 will be 10 Q, and for higher currents, 
R1 will be I a. The final values will be adjusted on calibration. 

For calibration purposes, the probe should be placed in series with the 
Tektronix probe #P6021 or a similar probe in an ac pulse generating circuit. To 
prevent saturation, the pulse current should be kept below 10 A and the period 20 
ps or less. The waveforms from the two probes should be displayed on a double- 
beam scope; small adjustments can be made to Rl  to adjust the measured ampli- 
tude as required. The padding components L1 (which is usually one or two 30-nH 
ferrite beads) and C1 are adjusted for best transient performance. For a final 
check, the two waveforms should be superimposed and the inputs to the oscillo- 
scone amdifiers changed over, to ensure that there are no channel difference er- 
ror; in thk CRO. 

This type of current probe is suitable for measuring currents which are unidi- 
rectional and discontinuous. A nonconducting period of sufficient duration (10%) 
is essential to allow the core to be reset to its remanence value B, before the next -- - - - - .. .. . - 
forward pulse. Otherwise core saturation can occur. 

! 

15.7 CURRENT PROBES IN APPLICAnONS 
WITH DC AND AC CURRENTS 

To observe currents in applications in which the current is unidirectional and 
continuous (always flowing in the fonvard directiontfor example, the ripple 
current in a buck regulator inductor--a low-inductance resistive shunt or Hall ef- 
fect probe should be used. If it is only necessary to view the ac component of 

- - - - - --A .-- - 
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current, then a special current transformer can be used. 
For this application, a different type of current transformer which can tolerate 

the DC current component is required. To prevent core saturation in this appli- 
cation, a low-permeability material such as MPP must be used. Alternatively, an 
air gap could be introduced into the magnetic path. 

The main disadvantage of using a low-permeability core is that a large number 
of turns will be required on the secondary if a reasonable ratio of measured cur- 
rent to magnetization current is to be obtained. A large number of secondary 
turns will have considerable interwinding capacitance, and the high-frequency 
cutoff point will be lower than in the previous example. 

Nore: For this discussion, the cutoff frequency is that frequency at which the 
transfer ratio of the probe has fallen by 5% of the midband figure. 

Hence these DC current tolerant types of current probes are usually designed 
for a specific narrow band of frequencies, and will cover a limited DC polariza- 
tion current component. The design process is similar to that above, except that 
the lower permeability value would be used. Also, the DC saturation current 
must be established as shown in Sec. 3.2.1. 

15.8 HIGH-FREQUENCY AC CURRENT PROBES 

Figure 3.15.20 shows a typical circuit for an ac current probe. The design is very 
similar to that of the unidirectional pulse probe, except that the rectifier diode is 
omitted. The choice of transformer material is somewhat different, since it is bet- 
ter that the probe does not saturate if by chance a small DC current component is 
present in the primary. Consequently, a lower-permeability material is usually 
chosen. In other respects, the design approach is very similar to that used in the 
example in Sec. 15.3, and a single-layer winding of approximately 100 tums will 
be found satisfactory. The lower permeability of the core material results in 
smaller inductance, and consequently the low-frequency cutoff point will be 
somewhat higher than in the previous example. The high-frequency cutoff point 
will be unchanged, and the probe will have a narrower bandwidth, 

Current probes should be used with w e  and some knowledge of the condi- 
tions. If a large continuous DC current component is present, then the current 
transformer may saturate, and output information will be lost. 

15.9 LOW-FREQUENCY AC CURRENT PROBES 

Low-frequency probes are required for line inrush and reservoir capacitor ripple 
current measurements. The frequency here would be in'the range 50 to 120 HZ. 

For this application a much larger iron core would be used, and the secondary 
would have a large number of turns, say 1000 turns or more. The requirement is 
to make the inductance large enough to minimize the magnetization current and 
reduce the measurement error. The larger interwinding capacitance will not be a 
problem because the frequency is so low. 

The probe circuit would be the same as that shown in Fig. 3.15.2. 
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(b) % 
FIG. 3.15.2 (a) High-current ac input current probe circuit. (b) Input current wavefom 
and output voltage wavefom of ac current probe, showing the effect of current trans- 
former magnetization current on low-frequency performance. 

15.18 PRUBL EMS 

1. What is the basic function of the current transformer? 
2. Explain how a current transformer is essentially different from a voltage trans- 

former. 
3. What is the function of a unidirectional current tmfsformer? 
4. Under what conditions can an ac current transformer be used? 
5. What is the basic function of a flyback-type current transformer? 
6. Explain the action of a DC current transformer. 
7. Why are high-permeability core materials normally used for current trans- 

formers? 
8. Why are relatively simple current transformers used in switchmode applica- 

tions? 
9. Where would flyback current transformers normally be used? 

- 
CHAPTER I 6  - -- 

THERMAL MANAGEMENT 
IN SWITCHMODE POWER SUPPLIES 

Note: The imperial system of units is used in this section because most thermal 
information is still presented in this form. Temperatures are in degrees Celsius, 
except for the radiant heat calculations, where the absolute Kelvin temperature 
scale (starting at -273•‹C) is used. Dimensions are in inches (1 in = 25.4 mm). 

16.1 INTRODUCTION 

It is well known that to obtain maximum reliability in any electronic equipment. 
and in particular in switchmode supplies, good management of the cooling re- 
quirements is essential. However, although this need is well known, the thermal 
design still tends to get less attention from both user and designer than the elec- 
trical design. This is unfortunate. since high component temperatures are un- 
doubtedly one of the major causes of premature failure in switchmode systems. 

The prudent engineer will keep the need for effective and efficient cooling 
very much in mind throughout the design process. The layout, size, shape, se- 
lection of components, and mechanical and enclosure design. together with the 
complex thermal interaction of the various parts of the circuit and other nearby 
equipment, are intimately linked to the thermal performance and long-term reli- - 
ability. 

Some of the more basic thermal design decisions must be made before the 
electrical design is started, because the whole design approach may depend on 
the type of cooling to be employed. For example, is the systemto be contact 
cooled (requiring a machined flat thermal interface with thermal shunts)? Or is it 
forced-air cooled (requiring large-surface-area heat exchangers)? Is free air con- 
vection cooling required? What is the temperature range? If it is air cooled, to 
what altitude? The answer to these basic thermal questions, and many that are 
more complex, will clearly control the general mechanical and electrical design of 
the system. 

A brief examination of the effect of temperature on the predicted failure rate 
for semiconductors will indicate the general effect of higher temperatures on 
long-term reliability. 

16.2 THE EFFECT OF HIGH TEMPERATURES ON 
SEMICONDUCTOR LIFE AND POWER SUPPLY 
FAILURE RATES 

Semiconductor failure rates have been very well established by many years of 
testing and are found to be temperature-dependent. Figure 3.16.1 is a reproduc- 
tion of a graph from MIL-HDBK 217 A showing the predicted failure rate for 
silicon NPN transistors as the temperature is increased above 25"C, compared 
with the failure rate expected at 25•‹C. 

Although the graph is a statistical prediction that is specific to silicon NPN 
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I I I I I l l 1  
RELATIVE FAILURE 

"t RATIOS COMPILED 
FROM MIL-HOW 217A 

JUNCTION TEMP..% 

FIG. 3.16.1 Relative failure ratios of NPN sili- 
con semiconductors as a function of temperature. 
(From MIL-HDBK 217A.l 

transistors, it indicates the general vend for most electronic components in that 
the failure rate increases rapidly with increasing temperature. The effect of high 
temperatures is dramatic. 

For example, a transistor operated at a junction temperature of 180•‹C has only 
4/$0 the life of a transistor operated at 25"C, or is twenty times more likely to fail in 
a given time. 

Clearly many diierent types of components are involved in a complete power 
supply system, and all play a part in the overall reliability. A complete power 
supply will have a much higher failure rate than a single transistor because of the 
large number of components involved and because some components (for exam- 
ple, electrolytic capacitors) are more sensitive to high temperatures. In most 
cases, the electrolytic capacitors, or even the wound components, will limit the 
maximum ~ n n i t t e d  operating temperature to values well below the 200•‹C shown 
for the trakistors. 

The intrinsic failure prediction depends on the number of components, stress 
facton, and temperature. However, in general, the failure rate for a typical 
SMPS doubles for each 10 to 15•‹C temperature rise above 25•‹C. Hence a typical 
unit operating at 70•‹C will have a predicted MTBF (mean time between failures) 
of approximately 10% of its MTBF at component temperatures of 25•‹C. 

From the above, it will be clear that good thermal design and low operating 
temperatures are crucial to long-term reliability. Although the absolute maximum 
temperature rating for silicon semiconductors may be near 200"C, much better 
long-term reliability will be obtained if the junctions are operated at much lower 
temperatures. The same general rules apply to other components. 

- -- _I - __1 ,- - 
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76.3 THE INFINITE HEAT SINK HEAT 
EXCHANGERS, THERMAL SHUNTS, AND THEIR 
ELECTRICAL ANALOGUES 

16.3.1 Infinite Heat Sink 

Although the term "heat sink" is often applied to the familiar finned aluminum 
extrusions, this term more correctly applies to the heat sinking medium, often 
free air, to which the heat is to be finally transferred. For all practical purposes, 
it is assumed that this near infinite medium will not change temperature (from its 
ambient value), regardless of how much heat energy is transferred to it. Since the 
medium has nearly infinite thermal capacity, it becomes an infinite "heat sink" 
(it can drain away as much heat energy as we require without changing temper- 
ature). 

The electrical analogue would be ground (its potential remains constant). 

16.3.2 Heat Exchangers 

As the name implies, heat exchangers pass heat from one medium to another- 
for example, from metal to air. The familiar finned metal extrusions are one ex- 
ample of a heat exchanger. Other examples include vehicle "radiators," heat 
pipes, and liquid-cooled "heat sinks." As you can see, the popular terms are of- 
ten misleading. 

In general, the quality of a heat exchanger should be gauged by the efficiency 
of its heat exchange process rather than by its intrinsic thermal resistance. Hence 
fin design, surface area, and finish all play a part in the overall performance. The 
thermal efficiency of the interface is defined in units of thermal resistance. 

The electrical analogue is resistance. e 

16.3.3 Thermal Shunts 

Thermal shunts, or heat conductors, provide a low-thermal-resistance heat trans- 
fer path between the "hot spot" (often the junction in a semiconductor) and the 
heat exchanger. Thermal shunts include all the things between the hot spot and 
the interface of the heat exchanger. This includes the mounting of the semicon- 
ductor, any insulation material, and the body of the heat exchanger. The heat ex- 
changer, of which the finned aluminum extrusion is an example, is part of this 
heat transfer path. However, to be effective, the heat exchanger requires the final 
interface to the "infinite free air heat sink." It is this last requirement that is 
sometimes overlooked, with disastrous results. 

The electrical analogue of the thermal shunt (conductor) is eleclrical conduc- 
tor. (The resistance is in electrical ohms.) 

NO@: A common misconception: It should be clearly understood that making 
the chassis, heat sink, or heat exchanger thicker or larger or of better material 
(such as copper) will not help if the heat transfer to the final infinite (free air) heat 
sink is not improved. 

Larger heat exchangers just take longer to reach their final, but same, temper- 
ature if the heat energy is not carried away. Hence a good air flow (water flow, 
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heat pipe, heat exchanger surface, etc.) is required if the thermal path is to be 
complete. This may be better understood by considering the electrical analogue 
of the thermal circuit. 

B 
16.4 THE THERMAL CIRCUfTAND EQUIVALENT 
ELECTRICAL ANALOGUE 

Figure 3.16.2~ shows a typical cooling problem: a rectifier diode mounted on a 
heat exchanger with an insulator between the case of the diode and the heat ex- 
changer. In this example, the temperature of the junction of the diode. when it is 
mounted on the heat exchanger in a free air cooling environment, is to be calcu- 
lated, 

Figure 3.16.26 shows the thermal circuit, and Fig. 3.16.2~ and d shows its 
electrical analogue. The circuit design engineer will probably prefer to use the 
electrical analogue, but before this can be done the analogue conversions must be 
considered. 

16.4.1 Thermal Units and  Equivalent Electrical Analogue 

Thermal Unit Parameter Units Electrical Analogue Units 

Time t s Time t s 
Temperature difference T, *C Potential difference P, V 

Thermal resistance* R, 'C/W Resistance R R 
Thermal conductivity* K W I T  Electrical Conductivity S 
Heat energy P, J Electric energy P J 

Heat flow Q Jls (W) Current I A 
Heat ca~acity* Ch. JIoC Capacitance C F 

Of item or interface 

16.42 Heat Generator (Analogous t o  Constant-Current Generator) 

Consider Fig. 3.16.26. At the left-hand side, heat is being generated in the junc- 
tion of the diode at a constant rate of 10 Jls (10 W). Under steady-state conditions 
(when thermal equilibrium has been established), the temperature of the junction 
is constant, and the heat flowing away from the junction must equal the heat 
being generated at the junction. The temperature will continue to rise until thjs 
state of equilibrium has been established. Hence, the constant heat generator 1s 
analogous to the constant-current generator shown in Fig. 3.16.2c, an important 

- analogy. - - 

CASE 1 
HEAT 

/ EXCHANGER 

INFINITE 
HEATSINK 
(FREE AIR) 

THERMAL CCT. 

CONSTANT low wc TdS Rc-h 'YS ~ h - a  
HEAT 

I 

G E N m T o R  %'K,w I ?&in 4'- low 
(JUNCTION I- S'K -#- 5'1: -!- &OK -f 
DISSIPATION 70'1: 65'1 60'1 4 2 0  C 

I TO (TOTAL) I 10 JOULESfSEC. I 
I (b) 

OR 10 MATTS) 1 
I I 
I 
8 ELECTRICAL A N A ~ O G  

I = 1OA & 
toA  Rf  rV I R3 ! 

10A 
(CONSTANT 
" 0 Y A  - AM81-T 

CURRENT 5V  A SV JC 40V -; POTENTIAL. 
I 

7 0  VOLTS 65 VOLTS 6 0  VOLTS i 20 "OLTS 
YT 

I I 'I 

OIOOE CASE HEAT 
INSULATOR EXCHANGER 
INTERFACE lNSULATOR Id) 

INTERFACE 

FIG. 3.16.2 (a) Thermal resistance example: stud-mounted DO4 diode on finned heat ex- 
changer. (6) Example of thermal resistance circuit. (c) Example of electrical analogue of 
thermal resistance circuit. (d) Thermal resistance model, showing the effect of thermal ca- 
pacity (specific heat of heat shunts and heat sinks) and local heat loss. 
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16.4.3 Heat Flow Q (Analogous to Current Flow) 

Since the junction is the hottest point in the circuit, the heat will flow from left to 
right to reach the final infinite heat sink, which is the ambient free air at a tem- 
perature of 20•‹C. 

A thermal shunt (heat condyctor) is being used to conduct the heat to the re- 
mote heat exchanger. The conduction rate Q is defined from Fourier's law as 

where Q = heat flow, Jls (W) 
7, = temperature difference between the ends of the shunt, "C 
A = cross-sectional area 
L = length of conductor 

Re = thermal resistance 

Since A and L are mechanical constants, in this example this formulia reduces to 

which is analogous to 

Note: This law applies only to normal solid thermal conductors. The specially 
designed "heat pipes" that depend on a change of state (i.e., latent heat of va- 
porization of the internal coolant) for their heat conduction effect will have a very 
nonlinear thermal resistance, and will not follow this equatio'n. 

In heat pipes, the thermal resistance Re will go very low at the transition tem- 
perature. This must be considered when using this type of thermal shunt. 

For the more commonly used heat sink metals, the variation of thermal resis- 
tance with temperature is negligible at normal semiconductor temperatures. It 
has been neglected in these examples. 

16.4.4 Thermal Resistance Re (Analogous to  Resistance R) 

In the above example, the junction is dissipating 10 Jls (and hence Q = 10 W). 
This heat flow (analogous to a current flow of 10 A) will develop a temperature 
difference 1; between each interface, depending on the thermal resistance Re be- 
tween each interface and the heat flow. 

(The electrical analogue shows a potential difference V between each inter- 
face, depending on the resistance R between each interface and the current flow.) 

When steady-state conditions have been established, the temperatures at the 
various interfaces may be calculated by considering the heat flow and thermal 
resistances in the heat transfer path. 

In this example, it is assumed that the free air, by virtue of its nearly infinite 
bulk and free flow, will remain at a constant ambient temperature of 20•‹C at the 
surface of the finned heat exchanger. Since the temperature at this interface is 
constant. the temperature of the other junctions with respect to this interface can 
be calculated from right to left in Fig. 3.16.26. 

(The electrical analogue of a free air temperature of 20•‹C is a ground potential 
of 20 V, in this example.) 
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There are three thermal resiston to be considered in Fig. 3.16.s. First (and usually 
the most important, because it is the largest), there is the thermal resistan= of the free 
air interface itself, that is, from the finned heat exchanger surface to the smunding 
h e  air. (This is designated Rh, .) 

Second, there is the thermal resistance from the finned heat exchanger surface, 
through the mica insulator, to the case of the diode. (This is designated R,.) 

Finally, there is the thermal resistance from the case of the diode to the inter- 
nal junction. (This is designated R,-,.) 

(The electrical analogue-shows resistors R3, R2, and R1 in the same posi- 
tions.) 

. For convenience, the thermal resistance of each section will be considered 
separately, starting with the heat exchanger interface. 

From the manufacturer's data, the finned heat exchanger has a thermal resis- 
tance R, of 4"ClW in free air. 

The &de is mounted on an insulator to provide electrical isolation. This mica 
insulator also has a defined thermal resistance between the diode case and the 
mounting surface of the heat sink R,, of 0.5"CIW. 

Finally, from the diode mounting surface to the internal junction (where the 
heat is being generated), the resistance R,* is given in the manufacturer's data as 
0.S0CMr for this diode. 

(The electrical analogues are 4 a, 0.5 a, and 0.5 n.) 
Hence, the total thermal resistance Re from junction to free air is the sum of these 

three, or 4 + 0.5 + 0.5 = 5 W  (or 5 a), and this total resistance (Re) is used to cal- 
culate the total temperature difference T between the junction and free air. 

From the previous equation, 

where T = temperature rise (above ambient), "C 
. Q = dissipation in junction, W e 

R, = total thermal resistance, junction to free air, "CMr 

Electrical analogue: 

Since T is the temperature rise above ambient. the junction temperature will be 
70•‹C, and the analogous voltage would be 70 V. 

Clearly the electrical analogue is hardly necessary in this simple example; 
however, it serves to demonstrate the principle and will be found very useful in 
more complex applications. The engineer will make few errors in thermal design 
if this simple model is kept in focus. 

16.5 HE4 T CAPACITY Ch (ANALOGOUS TO 
CAPACITANCE C 

The concept of heat capacity tends to get little attention in thermal design, al- 
though it is significant in magnitude. It is the confusion between thermal capacity 
(specific heat) and true thermal resistance that leads to a common error. It is of- 
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ten assumed that a copper heat exchanger will perform better than, say, an alu- 
minum heat exchanger with the same surface area. This error stems from the fact 
that the copper does not appear to get hot as quickly as the aluminum. In fact, 
what is being observed'here is the effect of the increased thermal capacity of the 
copper. The copper heat exchanger will eventually end up at the same tempera- 
ture. (Although copper is a bt ter  heat conductor, it is the surface area which 
predominates and defines the thermal resistance.) 

This effect will become clear from the more complete model shown in Fig. 
3.16.21. The various thermal capacitors, Chd, Ch,, and C,,,, have bee included, 
together with the previously neglected direct heat losses from the su&e of the 
various bodies, Red and R,,,. 

The heat losses from the surface of the components, Red and Re,, are normally 
neglected, as the direct heat loss is negligible because of the small exposed area 
of the diode and insulator. However, this is not the case with the thermal capac- 
itors Chd, Ch,, and Chs. In the example shown, the electrical analogue capacity 
will effectively be hundreds of farads. (Even at 10 W input it can take several 
minutes for the heat exchanger to reach final thermal stability.) 

From Table 3.16.1, it will be noted that the heat capacity of common heat con- 
ductors can be very large (for example, 57.5 JIoC for a I-in copper cube). Hence, 
for the example shown in Fig. 3.16.2, if 10 in3 of copper were used in the con- 
struction of the heat exchanger (quite realistic), then with a heat input of 10 W (10 
Jls), it would take 57 s for the temperature to increase by only one degree. Thus, 
it would take several minutes to reach the final temperature. The heat sink's ther- 
mal mass (thermal capacitance) will not affect the value of the steady-state tem- 
perature, only the time taken to reach thermal stability. 

However, if the heat input is of a transient nature, with a small duty ratio (al- 

TABLE 3.16.1 Heat Storage Capacity and Thermal Resistance 
of Common Heat Exchanger Metals 

lowing plenty of cooling time), then the larger thermal capacity (or greater spe- 
cific heat) will be effective in reducing the maximum variation in temperature 
during a thermal load transient. Since thermal capacity will not affect the final 
steady-state temperature, it is not considered further in this example. 

Common heat 
sink materials 

Aluminum (6061) 

Copper 1 10 

Steel C1040 

Brass 360 

16.8 CALCULATING JUNCTION TEMPERATURE 

In the previous example, the diode junction temperature was easily established 
because the dissipation was known. However, in practice the dissipation in 

Heat storage 
capacity. Jlin3PC 

40.5 

57.5 

63 

50 
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Thermal resistance 
(block 1" x 13, 

R,.OCIW 

0.23 

0.10 

0.84 

0.34 

switchmode applications can often be very difficult to establish, a~ some factors, 
like diode reverse recovery losses, can be difficult to establish with any real de- 
gree of confidence. Under these conditions, any known thermal resistance in the 
heat conduction path can be used to establish the heat flow (and hence the junc- 
tion dissipation) by measuring the temperature differential across the interface of 
the known thermal resistance. 

Consider again the electrical analogue shown in Fig. 3.16.2~. In the same way 
that the voltage difference between two parts of a circuit is given by I x R, the 
temperature difference is gjven by the product of heat flow in joules per second 
(watts) and thermal resistance. For the example shown in Fig. 3.16.26 and c, the 
heat flow is known, and the temperature difference for each element of the ther- 
mal shunt can be calculated as follows: 

where AT = temperature difference (across element) 
W, = heat flow (power dissipated at the junction) 
R, = thermal resistance (of element) 

The temperatures at the various interfaces may be calculated as follows: 
Temperature of heat sink surface Th: 

where Rh-, = heat exchanger to ambient thermal resistance 
Tam, = ambient air temperature, OC 

Temperature of diode surface T,,: 

where R,-, = thermal resistance from device case to heat exchanger surface 

The junction temperature 7j will be the total temperature difference T across all 
the various series heat shunt elements, plus the ambient temperature; hence 

T j  = [W, X (Rhea + RC-h + Rj-,)I + Tmb = [I0 X (4 + 0.5 + 0.5)] + 20 

= 70•‹C 

It has been shown that if the power dissipated in the junction and the thermal 
resistance to the heat shunts or heat exchanger are known, then the junction and 
interface temperatures can be calculated. Clearly, if the temperature of the heat 
exchanger is measured and the thermal resistance is known, then the heattlow 
and junction dissipation can be calculated. 

16.7 CALCULATING THE HEAT SINK SIZE 

In many practical cases the power dissipated in the junction will be known, and 
the thermal resistance of the heat exchanger will need to be calculated for a de- 



fined junction temperature rise. The design procedure would be as follows. 
Assume that a finned heat exchanger as shown in Fig. 3:16.3 is to be used to 

free-air-cool a TO-3 transistor dissipating 20 W, and that the junction temperature 
is not to exceed 136•‹C when the ambient air temperature is 50•‹C. 

JUNCTION TO 
CASE l.S•‹CMI 
TEMPERATURE 
(NOT TO 
EXCEED 136•‹C 
IN EXAMPLE 

THERMAL 
RESISTANCE 
HEAT-EXCHANGER 
TO AIR I 2.4 '~ /~  

INSULATOR 
(0.4~ cIW) 

FIG. 3.16.3 Thermal resistance example, showing a TO3 transistor 
on a finned heat exchanger. 

From the manufactluer's data, the thermal resistance between junction and 
case of the TO-3 transistor, R,-,, is 1.S0C/W. An insulating mica washer is also to 
be used, and this has a thermal resistance of, say, 0.4'CM. (The thermal wsis- 
tame of the insulator may be established from the basic material propenies in 
Table 3.16.2 or from Table 3.16.3.) 

The maximum temperature permitted at the interface of the insulator and the 
heat sink when the junction temperature is 136•‹C can be calculated as follows: 

The thermal resistance R,-,, from junction to insulator-heat exchanger inter- 
face is 

Rj-, = Rj-= + RE+ = 1.5 + 0.4 = 1.9OCW 

The temperature difference AT between the junction and the heat exchanger in- 
terface is the product of the thermal resistance and heat flow Q: 

AT = Ri-,, X Q = 1.9 x 20 = 38•‹C 

The temperature at the heat exchanger interface T, will be Zj(,,,, less the dif- 
ference AT from junction to heat exchanger: 

TI, = T,, - AT = 136 - 38 = 98OC 

- ---- ---- --J 
. --- 

TABLE 3.165 Thennal Resistance. Maximum Operation Temperatures, and , I 

Dielectric Constant of Common Insulating Materials --' 
I ' 

Common Thermal resistance 
insulating (block 1" x I"), Maximum Dielectric 
materials 'CIW temperature. "C constant. 2S0< 

Mica 62-9 1 550 6 - 5 4  7 

Thermal epoxy I 25-50 I 90 I 6 

Aluminum oxide 

Beryllium oxide* 

Polyimide plastic 

Silicone rubber 

Still air I 1430 I I I 
-- - 

*Warning: Beryllium oxide is highly toxic il fragmented into small particles. 

1.43 

0.15-0.27 

270 

IS1 

TABLE 3.16.3 Typical Thennal Resistance of Case to Mounting Surface of TO-3 and 
TO-220 Transistors When Using Standard Insulator Kits and Materials with Thermal 
Mounting Compound 

1700 

2149 

400 

180 

Standard 
insulator kits 

- 

8.9 

6.5 

3.5 

1.6 

- - 

Aluminium oxide 

- 
Beryllium oxide 

- - 

Polyimi-de plastic 
(Thenofilm) 

Silicone rubber 

- 
Maximum 
working 
tempera- 
ture, "C 

Typical 
thermal 

resistance 
Rr.h . OC/W 

0.4 
1.8 

0.34 
1.53 

0.2 
1 .O 

0.55 
2.3 

1 .O 
4.5 

Device 
type. case 

TO-3 
TO-220 

TO-3 
TO-220 

TO-3 
TO-220 

TO-3 
TO-220 

TO-3 
TO-220 

Insulator 
thickness. 

in 

0.006 
0.006 

0.062 
0.062 

0.062 
0.062 

0.002 
0.002 

0.008 
0.008 



3.212 PART 3 

The maximum permitted temperature difference ATI, from the heat exchanger 
surface to free air at 50•‹C is 

ATh = Th - Tamb = 98 - SO = 48OC 

The thermal resistance of the heat exchanger, Rha, is the temperature difference 
divided by the heat flow: 

Hence a heat exchanger extrusion of 2.4t•‹C/W will be chosen. The man~facture~'~ 
data provide information on the heat exchanger thermal resistance for various ex- 
trusions or heat exchanger designs, and a suitable size can be calculated. 

16.8 METHODS OF OPTIMIZING THERMAL 
CONDUCnVlN PATHS, AND WHERE TO USE 
'THERMAL CONDUCTIVE JOINT COMPOUND" 

In the example shown in Fig. 3.16.3, the largest thermal resistance is from the 
heat sink to free air, R,-,. (This will often be the case with convected cooling.) 
Since the total thermal resistance of the heat shunt from the junction to free air is 
the sum of the various elements, this final large thermal resistance swamps the 
effects of alJ the others. For example, a 50% increase or decrease in the resis- 
tance of the mounting arrangements would affect the temperature at the junction 
by only 25•‹C. Hence, in this example, there would be little advantage to using 
thermal compound to reduce the thermal resistance of the mounting arrange- - 
ments-the effect would be negligible. 

It is interesting to note from the above example that the messy (and expen- 
sive) practice of using thermal mounting compound on small air-cooled heat ex- 
changers is probably not very effective in most cases. 

The designer should locate the interface with maximum thermal resistance and 
reduce this to a value compatible with the other elements in the path. In the 
above example, a large improvement would come from an increase in the heat 
exchanger surface area or an increase in cooling arr flow, but not very much from 
a reduced mounting interface resistance. 

In the second example, Fig. 3.16.4a, a highly dissipating transistor (for exam- 
ple, an active load) is to be mounted on an efficient water-cooled heat exchanger. 
This heat exchanger can be considered an infinite heat sink. (For practical pur- 
poses, it may be assumed that the surface temperature of the heat exchanger will 
not exceed 20•‹C regardless of how much heat is conducted to it.) 

Assume that the transistor dissipation is 100 W. The equivalent thermal resis- 
tance diagram is shown in Fig. 3.16.4b. In this example, the junction-to-case ther- 
mal resistance is O.S•‹C/W, and the case-to-heat-sink thermal resistance (because 
an insulator is used) is higher, l0C/W. (Since the heat exchanger in this example 
is the infinite heat sink, its thermal resistance is zero.) 

With 100 W dissipated, the temperature drop across the insulator will be 
10O0C, giving a case temperature of 120•‹C. The temperature rise within the tran- 
sistor from case to junction will be 50•‹C, giving a junction temperature of 170•‹C. 

In this exf--ole, there would indeed be a considerable reduction in tempera- 

C/ 

16. THERMAL MANAGEMENT - 
WATER a+, o"cTs 

INFINITE 
HEAT SlNK 
(COPPER) 

- 
let 

I I I 
Jc, soot -p-- 10o0c 
I I INFINITE HEAT SINK RJ-c Rc-h I (WATER COOLED) 

20% 

lOOW 

.-.. , . 
c.. .3 

INSULATOR 

Icl 
FIG. 3.16.4 (a) Thermal resistance example. showing a TO-3 
transistor mounted on a water-cooled (near-infinite) heat sink. 
(b) Equivalent thermal resistance circuit model for TO-3 transistor 
on "near infinite" heat sink. (c) TO-111 stud transistor on "near 
infinite" heat sink, with a copper header. 
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ture at the junction if the thermal properties of the mounting amngement were 
improved. (The insulator now has the highest thermal resistance in the series 
chain.) 

Figure 3.16.42 shows a suitable modification to reduce the mounting thermal 
resistance while retaining galvanic isolation. The transistor (now in a TO-59 case) 
is screwed directly into a copp'er block, and the copper block a then insulated 
from the heat sink. Thermal compound would be used on all interfaces to exclude 
any air voids, and the mounting screws should be tightened to the recommended 
torque (see Fig. 3.16.5). el 

d 1 2 3 4 5 6 

SCREW TOROUE (INS-LBS) 

FIG. 3.16.5 Effective thermal resistance of interface between 
TO-3 transistor and heat sink when using a standard mica insula- 
tor, as a function of screw torque, with and without heat sink 
compound. 

1 .S 

2 
0 0 

rn I 
g 1-0 

The area of the unavoidably high thermal resistance insulation interface is now 
5 times greater than it was in the previous example, and the effective thermal 
resistance of the insulator interface is now only O.TC/W. Hence, for the same 
dissipation conditions and insulating material thickness, the junction temperature 
will now be 9WC, a considerable improvement. Alternatively, an insulating ma- 
terial of lower thermal resistance, such as beryllium oxide, may be used (see Ta- 

W 
V) 
4 0 

w 0 

5 
2 
2 -5 
a 
5 
B 
2 

0 

ble 3.16.2). 
This example demomtrates the imporknce of identifying the point of maxi- 

mum thermal resistance. This resistance is the one which should be reduced if 
effective improvement is to be obtained. (In any series circuit, it is the highest 

" 0.003" MICA DRY 

I 0.00f MICA I WITH 
HEAT SINK GREASE 1 

k&ince that predominates.) 

- - - -  ,, -- - - - & ,--- 
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16. THERMAL MANAGEMENT , 

16.9 CONVECTION, RADIATION, OR 
CONDUCTION7 

Of the three major heat exchanger mechanisms, convection and conduction are 
of major interest to the power supply designer. Radiation within the supply is 
generally a nuisance, as heat radiated away by one component is generally ab- 
sorbed by adjacent components. Very often the power supply will be mounted 
inside the user's enclosure, together with the dissipating loads, where it will re- 
ceive as much (or even more) radiant energy as it gives off. Consequently, the 
radiation properties of the power supply are often of little value. 

16.9.1 Convection Cooling 

If a free air flow is available, then convection, or forced air (fan), cooling is by 
far the most cost-effective way of removing unwanted heat. Figure 3.16.6 
shows the dramatic improvement that will be obtained when forced air cooling 
is used. Heat exchangers with good forced air cooling properties will be cho- 
sen, and these usually have a large effective surface area as a result of having 
many cooling fins. 

AIR VELOCITY (LINEAR FT/MlN) 

FIG. 3.16.6 Thermal resistance as a function of air velocity 
for various heat exchanger sizes. 

Convection cooling becomes less effective at high altitude because of the re- 
duction in the air density. Figure 3.16.7 shows this altitude effect. It should be 
noted that there is a 20% reduction in cooling efficiency at 10,000 fi. 

Further, in nonforced convection cooling, the thermal resistance of the heat 
exchanger is not linearly proportional to the size. (Larger surfaces will not be as 
effectively cooled, as the air will be heated as it passes over the surface of the 
exchanger.) Figure 3.16.8 shows how the thermal resistance of a vertical finned 
extrusion varies with the length. Very little improvement is obtained beyond a 
length of 12 in. 
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ALTITUDE IN 1000 FT 

FIG. 3.16.7 Free air cooling efficiency as a function of altitude. 

LENGTH OF EXTRUSION (INCHES) 

FIG. 3.16.8 Ratio of the thermal resistance of a 3-in length of finned heat sink ex- 
trusion to the resistance of longer lengths as a function of heat sink length, with the 
device mounted in the center. 

16.9.2 Conduction Cooling 

Where little air flow is available, conduction cooling is a viable alternative. For 
conduction cooling, the finned heat sinks will be replaced by thermal shunts 
(bridges) between the heat generating components and the chassis. The thermal 
conduction properties of the material chosen for the heat shunts will be impor- 
tant. (See Table 3.16.1.) The chassis, in turn, must have a good thermal contact 
to some external heat exchanger-for example, the case of the equipment. 

For conduction cooling, it should be remembered that aluminum is only half as 
good a thermal conductor as copper, and steel is only 25% as good as aluminum. 

16. THERMAL MANAGEMENT 

Tables 3.16.1, 3.16.2, and 3.16.3 give the thermal properties of commonly 
used heat exchanger and insulating materials. The typical thermal resistance of 
TO-3 and TO-220 packages using standard mounting insulators and procedures is 
also shown. 

16.9.3 Radiation Cooling 

As previously explained, radiation is not usually a very effective method of cool- 
ing in switchmode supplies. Radiant heat is an electromagnetic wave phenome- 
non, and as such travels in straight lines, and good "line of sight" free radiant 
paths are not often provided in switchmode applications. Radiant energy from 
hot spots falling on the case or other components either gets reflected back or 
simply raises the temperature of the other components and the environment. 
However, when a good radiant path can be established, this mode of cooling 
should be considered. 

For a perfect blackbody radiator, the Stefan-Boltzmann law states that the 
rate of energy radiated is proportional to the fourth power of the absolute tem- 
perature differential (in Kelvins) between the hot and cold bodies. The cold body 
in this case is the environment. 

Hence, where a good radiant path can be established, radiation can provide a 
considerable proportion of the total heat loss, particularly for high-temperature 
components where the air flow is restricted. Under these conditions, the radia- 
tion properties (emissivity) of the heat exchanger surface become important. 

From the Stefan-Boltzmann constant, the watt loss per second per square inch 
of radiating surface Q is 

where Q = watt loss per second per square inch 
e = emissivity of surface * 
T = temperature difference, K 

The emissivity of a surface is the ratio of the surface's radiation properties to 
those of a true blackbody radiator. Table 3.16.4 shows the emissivity of some 
commonly used heat exchanger materials. It should be noted that the emissivity 
is dependent on the finish as well as on the type of material. Glossy surfaces will 
not be as good as matt surfaces. Further, since the radiation is in the infrared 

TABLE 3.16.4 Typical Emissivity of Common Metals as a 
Function of Surface Finish and Color 

Material 

True blackbody 
Aluminum 
Aluminum 
Aluminum 
Aluminum 
Copper 
Steel 
Steel 

Surface finish 
and color 

True black 
Polished 
Painted (any color) 
Rough 
Matt anodized (any color) 
Rolled bright 
Plain 
Painted (any color) 

Typical 
emissivity e 

1 .o 
0.04 
0.9 
0.06 
0.8 
0.03 
0.5 
0.8 



3.218 PART 3 

range, the color in the visual range is not important. For example, matt anodized 
aluminum has the same 0 3  emissivity value in any color. 

If oil paints are to be used, the thickness, finish, and thermal properties of the 
paint should be considered. It may not always be poss~ble to realize the full po- 
tential of the emissivity figures if the paint is thick or glossy. 

Figure 3.16.9 shows the heat loss due to radiation alone from both sides of a 
1-in-square plate in a free radiation environment of 293 K (2WC! compared with a 
true blackbody radiator. Notice that there IS a constderable d~fference between 
the bright glossy aluminum and the matt painted surface. cL 

0:2 0:4 0:6 0.9 1.0 1:2 
THERMAL RADIATION WISP INCH 
(BOTH SIDES OF PLATE) 

FIC. 3.16.9 Thermal radiation properties as a function of heat sink tem- 
perature differential, with surface finish as a parameter. 

Poor radiators are also good reflectors, and this can be used to advantage in 
protecting heat-sensitive components from nearby hot components. For example, 
polished aluminum foil can be placed between a hot resistor and an electrolytic 
capacitor to reduce the radiant heating of the capacitor. Since the reverse is also 
true, good radiant heat dissipaters are good heat absorbers, and power supplies 
designed for radiant cooling should be kept out of direct sunlight. 

16.10 HEAT EXCHANGER EFFICIENCY 

The heat exchanger designs available to the power supply designer are legion. 
Manufactwen claim various advantages for their designs, and there is a tendency 
to assume that a heavy sink with many fins or fmgers must be more efficient. 

When free air convected cooling is to be used, the difference between heat 
exchangers that occupy the same effective overall volume is in fact quite small, 
probably less than 1040 in most cases. The reason for this is that the radiation 
from one fin or finger is picked up by the facing fin or finger, so that the effective 

- - - - - - -  A -: 
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i 2 i b 10 ia do i o  160 2bo 360 
HEAT EXCHANGER CUBIC INCHES 

FIG. 3.16.10 Thermal resistance of tinned heat exchangers as a function of enclosed 
heat exchanger volume, with air flow as a parameter. 

radiation surface is given by the surface of the silhouette. Hence, the surface of a 
box of a volume that will just contain the heat sink will have similar heat ex- 
changer and radiation properties in free air. For natural convectiontooling, the 
air flow ovei the fins is such that the increased surface area is not very effectively 
utilized. 

Figure 3.16.10 shows a loghog graph of the thermal resistance of various com- 
mercial heat exchangers plotted against the effective volume (developed from the 
published values) for a temperature rise of 50•‹C. Very few of the conventional 
heat exchanger designs deviate far from this result for natural convection cooling. 
(Some of the more expensive "pin fin" exchangers claim up to 30% improve- 
ment.) However, when forced-air cooling is used, the effect of the fins or fingers 
can be dramatic. Graph D in Figure 3.16.6 shows the improvement that can be 
obtained when a finned heat exchanger is used in a forced-air condition-the 
thermal resistance falls from more than 6OCIW to less than l.S•‹C/W with an air 
flow of 1000 ftlmin. 

16.17 THE EFFECT OF INPUT POWER ON 
THERMAL RESISTANCE 

The effective thermal resistance from a heat exchanger to the ambient air is not 
constant, but will fall as the input power and hence the theimal differential in- 
creases. This is due to both the increase in radiated heat as the temperature rises 
(Stefan-Boltzmann law) and the increase in convection turbulence at the higher 



3.220 PART 3 

i ib 2 0  3 0  4'0 5'0 Bo i o  i o  90 160 

HEAT SINK TEMP. RISE ABOVE AMBIENT (Tw) 

FIG. 3.16.11 Thermal resistance correction factor as a function of heat exchanger tem- 
perature differential (heat exchanger to free air). 

temperatures. The quoted thermal resistance should be adjusted in accordance 
with the graph shown in Fig. 3.16.11 to get the effective thermal resistance at the 
working temperature. 

16.12 THERMAL RESISTANCE AND HEAT 
EXCHANGER AREA 

The thermal resistance does not fall in direct proportion to the surface area, as 
one might expect. This is due to the need to conduct the heat to the remote re- 
gions of the heat exchanger, which gives a temperature differential. Also, the air 
will be progressively heated as it passes over the surface of the heat exchanger. 
The graph shown in Fig. 3.16.12 gives a general indication for flat square metal 
plates with the heat input in the center and various surface finishes. As might be 
expected, the thermal resistance also changes with the attitude of the plate, and 
for this reason a fmned extrusion shorrld be used in the vertical plane for maxi- 
mum efficiency in free air convected cooling conditions. However, the difference 

16. THERMAL MANAGEMENT 

FIG. 3.16.12 Thermal resistance as a function of surface area (both sides of a 
%-in-thick flat metal plate), with a dissipation of 2 0  W, ip convection-cooled condi- 
tions. with surface finish and mounting plane (vertical or horizontal) as parameters. 

in thermal resistance between horizontal and vertical fins is apprcgimately lo%, 
not as large a difference as might be expected. 

16.13 FORCED-AIR COOLING 

In forced-air cooling, a fan or duct forces the air to flow through the supply en- 
closure at a much increased rate. There are many advantages to this method of 
cooling. Apart from the obvious improvement provided by the more rapid ex- 
change of air, the flow direction can be used to advantage by placing the hot com- 
ponents in the exhaust port so that heat is carried away from the rest of the unit. 
Further, the air flow can be directed to prevent any static air buildup, an effect 
that is difficult to avoid in a free-flow convection-cooled supply. 

Power supplies with outputs of 500 W or more will normally have some form 
of forced-air cooling. 

The amount of air required for cooling depends on the air density, the power 
to be dissipated, and the permitted temperature rise. At sea level the following 
equation applies: 

1.76 X Wloss 
Air flow (cfm) = 

AT 
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where cfm = cubic feet per minute 
WIoss = internal loss, W 

AT = permitted internal temperature rise, O C  

The fan must overcome the back pressure that results from the restriction to the 
flow within the supply enclosure. The back pressure depends on the size and 
packing density and will normally be of the order of 0.1 to 0.3 in of water per 100 
cfm. This parameter is best measured in the finished unit, and a fan is selected to 
give the required air flow at the measured back pressure. Most fan m~ufacturers 
provide pressure/flow information. 

In the final analysis, the mechanical and thermal design of the supply and en- 
closure must be capable of removing the waste heat from both the supply and any 
loads within the enclosure, under all operating conditions. The user must also 
consider the thermal requirements; otherwise the efforts of the power supply de- 
signer will be to no avail. When in doubt, the user must measure the temperatures 
of critical components once thermal equilibrium has been established in the 
working environment. Effective methods of cooling must be used if long-term re- 
liability is to be achieved. 

76.14 PROBLEMS 

1. Why is thermal management so important in switchmode power supply de- 
sign? 

2. How is the MTBF related to operating and component temperatures? 
3. When using an electrical model for thermal design, what would be the elec- 

trical analogue of a heat-generating transistor junction? 
4. What is the electrical analogue of thermal resistance? 
5. What is the electrical analogue of specific heat? 
6. What is the electrical analogue of temperature differential? 
7. What is the essential difference between convection cooling and radiation 

cooling? 
8. Why is the common practice of using thermal compound on small printed cir- 

cuit board mounted heat sinks generally of little value? 
9. Is the thermal resistance a fixed parameter? 

10. Is the thermal resistance of a heat exchanger directly $oportional to its size? 
11. Does the color of the heat exchanger affect its thermal properties? 
12. In free air conditions, does the orientation of a finned heat exchanger have 

much bearing on its performance? 
13. What is the effect of increasing altitude on heat exchanger performance? 
14. Under convected-cooling conditions, is a heat exchanger with many closely 

spaced fins better than a heat exchanger of equivalent size with fewer fins? 
15. Why is a small amount of forced air cooling so valuable for improving the life 

of switchmode power supplies? 

- 
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GLOSSARY OF POWER \J ' 

SUPPLY TERMS 

Power supplies, and switchmode power supplies in particular, are the product of 
a relatively new and rapidly developing engineering discipline. As such, many of 
the specialized terms used to describe them are still developing, and have yet to 
become generally recognized and fully defined. 

The following list, although by no means comprehensive, gives some of the 
more generally recognized terms, together with the author's definition, based on 
generally accepted industry usage at the time of printing. In some cases, the gen- 
eral meaning of a term may differ from its specific definition as applied to power 
supplies. In such cases, the "general meaning" (GM) is given first, followed by 
the "power supply specific definition" (PSS). 

International standards and definitions for power supplies are yet to come, 
and may in due course change some of the examples given here. 

Ambient Tmpcmhue. GM: Environmental temperature 
PSS: For convection-cooled supplies. the temperature of the air directly below the supply 
in a free flow position. For fan-cooled supplies, the air temperature at thg fan inlet. For 
conduction-cooled units, the temperature of the heat exchanger interface. 

Amplifier, Mflcrentid. An amplifier with two signal ports whose output voltage amplitude 
and polarity are proportional to the voltage difference and polarity between the voltages 
applied to the inverting and noninverting input ports. 

AmpUnu, Tramconductance. An amplifier with two signal ports whose output currcnt is 
proportional to the difference between the voltages applied to the input ports. 

b d l l p r ; y  Funetiom. All functions provided in a power supply which are not directly con- 
nected with the generation of stabilized outputs. In MTBF calculations, ancillary func- 
tions are sometimes disregarded in the calculation if a failure of an ancillary function is 
not to be considered a critical failure. 

Alrtomatic Crassover. PSS: This term is normally reserved for laboratory-grade variable 
power supplies which have both a constant-voltage and a constant-current characteristic. 
Such supplies have the ability for "automatic crossover" between the two operating 
modes in response to load variations or adjustment of the supply controls. The mode of 
operation is normally indicated by a front panel indicator light. 

Auxiliary Outputs. All outputs of a multiple supply other than the main output. Allxiliaty. 
outputs usually have a lower power rating and limited performance. 

Bandwidth. GM: This describes a system's frequency response, normally the difference in 
frequency between the upper and lower "half power" or 3-dB-down frequencies. 
PSS: When applied to power supplies, this nonnally nfem to the frequency band over 
which output ripple and noise components are to be measured or specified. 
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BiphaseRectifier. A circuit which rectifies both half cycles of an ac input, utilizinga trans- 
former with a center-tapped winding. 

Bleeder Resistor. A resistor whose main purpose is to provide loading. It may be provided 
to discharge capacitors for safety reasons. or to preload output lines in switchmode 
power supplies, to prevent an excessive voltage rise when the external load is removed. 
Also called "dummy load" or "preloading resistor." 

Bridge. GM: A circuit configuration, normally used for precision measurement, in which 
two potential dividers (resisthe andlor reactive) are brought to balance to compare an 
unknown reactance with a precisely known value. 
PSS: In power supplies. a bridge-type.circuit configuration normally refen to the method 
of connecting switching devices, in bridge or half-bridge arrangements, foqonverter ap. 
plications. Also, a method of connecting diodes to provide full-wave rectification from 
singlephase inputs. 

Brownout. GM: A drop in suppty voltage to a value below the minimum normally speci- 
fied by the supply authority, but above zero. 

Brownout Detection. PSS: Used with reference to the power failure warning circuit. It de- 
scribes a warning circuit capable of recognizing the critical supply voltage at which an 
"impending failure" warning must be given, to ensure a specified "hold-up time" at full 
load. The critical voltage will normally be in the "brownout zone." 

Brownout Zone. PSS: Normally defined as a voltage between the lowest value specified 
for full operation and the lowest value at which the power supply will continue to oper- 
ate. The power supply is not normally expected to meet full specifications in the brown- 
out zone. 

Bus. GM: With reference to IEEE. - 488, this refers to the interconnecting control lines. 
PSS: For a power supply, it is any interconnection used to control or communicate with 
a power supply or between supplies-for example, between P terminals used for forced 
current sharing, or in master-slave applications; also, remote programming and shut- 
down. 

Busbar. GM: A heavy copper bar, used for interconnections of high current capability. 
Very often, a busbar will not be insulated and provides multiple load connections. 

Carryover. PSS: Describes the ability of a switchmode power supply to continue to pro- 
vide regulated outputs during a short input failure as a result of the energy stored in the 
supply (normally in the input capacitors). Also see "holdup time." 

Centering. PSS: A term normally reserved for multiple-output supplies. It describes the 
unavoidable deviation from nominal output voltage of auxiliary and semiregulated out- 
puts as a result of design or manufacturing limitations. (Usually an effect caused by the 
need for the number of transformer turns to be a complete integer. 
Also, the action of adjustment of an output voltage to bring it to the center of a specified 
range. 

Choke. An inductor specifically designed to carry a large DC current component. (To pre- 
vent saturation, chokes will often have gapped cores or cores of especially low perme- 
ability material.) 

Choke, Nonlinear. A choke specifically designed to have a very nonlinear characteristic. 
A nonlinear choke will normally have high inductance when the DC current is low, and a 
reasonably constant, but low. inductance when the DC current is in the middle to upper 
end of the current range. (This nonlinearity is often induced by stepped air gaps in the 
core, or by using compound cores of different permeability materials.) 
Often used to extend the lower end of the range of continuous operation in wide-range 
switchmode regulators. 

Choke, Polarized. A choke whose core has been magnetically prebiased toward one end of 
the BIH characteristic. (Because a larger flux excursion is now available in the reverse 
direction. a choke of this nature can withstand a larger DC current component.) Magnet- 
ically "hard" (rare earth) magnets, positioned in the core gap. are normally used for the 
magnetic prebiasing. 

Chokes, RFI. Chokes which are specifically designed to have a high self-resonant fre- 
quency, so as to provide maximum impedance at RF frequencies Various space winding 
or wave winding techniques are used to m@imize interwinding capacitance. 

Choke, Swinging. A choke whose inductance is designed to increase significantly as the 
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DC current is reduced toward zero. The swinging choke has a more linear characteristic 
than the "nonlinear choke," the change in permeability being a function of the properties 
of the bulk core material. 

Common-Mode Ripple and Noise. The components of ripple and noise voltages or cur- 
rents, which exist between input or output lines and a defined ground plane 

Compliance Current. PSS: A little-used term that describes the range of current (and 
hence resistance) over which a constant- (stabilized) voltage power supply will maintain 
a constant voltage. More common terms are "maximum current" or "current limit 
value." These terms assume a compliance current range from zero or 10% to the limit 
value. 

Compliance Voltage. PSS: A term, normally reserved for constant-current supplies, de- 
scribing the range of load developed voltages (and hence load resistance) over which the 
power supply is capable of maintaining constant current. 

Complimentary Tracking. The interconnection of two supplies in such a way that the out- 
put voltage amplitude of one supply will follow (track) the output voltage of the other, but 
will be of opposite polarity. 

Conditional Stability. PSS: An undesirable condition of quasi-stability in which the phase 
shift exceeds 180" at frequencies below crossover. (In conditionally stable power s u p  
plies, large-signal instability may occur when loads. temperatures, or other parameters 
are changed.) 

Conducted-Mode EMI. That part of the unwanted interference energy that is conducted 
along the supply or output leads. Conducted-mode EM1 is limited by national and inter- 
national standards. 

Constant-Current Limit. PSS: A method of overload protection in which the output cur- 
rent remains constant regardless of the load resistance in the protected overload range. 

Constant-Current Supply. GM: Any high-impedance current source whose current is es- 
sentially constant regardless of the load resistance. 
PSS: Describes a type of power supply in which the major controlled parameter is the 
output current. Such supplies will maintain the output current constant for a range of load 
resistance, normally from zero to some maximum value defined by the compliance volt- 
age. 

Constant-Voltage Supply. PSS: A power source in which the main controlled parameter is 
the output voltage. 

Control ICs. PSS: Dedicated integrated circuits used for the control of.power supplies, 
both switchmode and linear. 

Convection Cooling. PSS: A method of air cooling the power supply which is dependent 
on the development of convection currents in a free air environment. 

Converter. PSS: A general term for any switchmode power supply which converts a DC 
voltage at the input to a DC voltage at the output while providing galvanic (often trans- 
former) isolation. Where regulation is not provided, the term "DC transformer" is more 
correctly used. Where inp~t-to-output galvanic isolation is not provided. the term 
"switchmode regulator" is normally used. 

Cross-Connected Load. PSS: A load which is connected between a positive and a negative 
output terminal in a bipolar (series) power supply connection, without reference to the 
common line. Cross-connected loads can cause lockout when foldback or reentrant cur- 
rent protection is used. 

Crassover. PSS: The ability of a power supply to change its mode of operation between 
constant current and constant voltage in response to a load change or control adjustment. 

Cross Regulation. PSS: The regulation effects measured on one output as a result of 
changes on other outputs. (Very often. in multiplesutput supplies, the main output is 
fully regulated, and cross regulation would refer to the output voltage variations on the 
auxiliary outputs as a result of load changes on the main output.) 

Crowbar Protection . PSS: A method of overvoltage protection in which the offending out- 
put is short-circuited in the event of an overvoltage stress. (The short-circuiting device 
will normally be an SCR.) 

Current Foldback. PSS: A method of overload vrotection. sometimes referred to as "re- - - - - -  ~ 

entrant protection," in which the output current is reduced in the overload region as the 
load resistance moves toward zero. This method of protection can give lockout problems 



and is normally restricted to linear supplies. where it is required to prevent excessive 
dissipation in the regulator element. 

Cumst-Mode Control. PSS: A switchmade power supply control technique in which a 
fast-acting control loop defines the maximum current in the switching element on a pulse- 
by-pulse basis. 
In constant-voltage supplies, tbe fast current control loop is then adjusted by a slower 
vottaae control loop to providi a constant output voltage. The two control loops thus 
f&a voltage-controlled current source. 
This method of control effectively eliminates the output filter inductor from the small- 
signal model, automatically improving the stability margin and small-signal Qynamic per- 
formance. It also has the advantage of providing fast current limiting. 

Cyding. PSS: A recovery mode during which a power supply will repeatedly attempt to 
restart after or during a stress condition (e.g.. a short circuit, overload, overvoltage, etc.). 

DC Current Transformer. A type of current transformer in which a DC primary current 
controls the pulsating output current. (Very useful for isolated low-loss current limiting in 
high-current supplies. See Sec. 14.8 in Part 3. 

DC Tramformer. A square-wave DC-to-DC converter which provides DC transformation 
and d v a n i c  isolation without regulation. DC transformers often use simple self- 
&cilGting push-pull topologies. 

Derating. The reduction in some specified operating p m e t e r  as a result of some change 
in another parameter. For example, a reduction in a supply power rating as a result of an 
increase in ambient temperature. 

Difierentid-Mode Ripple and Nok.  That part of the input or output ripple and noise volt- 
age which exists between two supply or output lines with respect to each other. In 
multiple-output units, the ripple and noise voltage between output lines and a common 
return line. 

Mr&-Off-Line Switcher. PSS: A switchmode power supply which provides isolated DC 
outputs from ac line inputs without using line frequency transformers. 

Drift. A time-related variation in a defined parameter, normally caused by self-heating or 
aging effects. 

DmpOut Voltage. PSS: The input voltage below which the output can no longer be fully 
mhntained. 
h~ Cyeh Control. PSS: A method of control in fixed-frequency switchmode supplies in 

which the "on" period of the power switch is adjusted to control the output. 
04 mtio Control. PSS: A method of control in switchmade power supplies in which the 

ratio of the "on" period to the "off' period of the power switch is controlled to maintain 
a constant output. (Note: This differs from "duty cycle" control in that the total period 
need not be constant, giving a variable-frequency performance.) 

Dynamic Load. GM: A load that is varying, an active load. 
PSS: An electronic load which can be rapidly changed to test transient response. May 
also refer to an adjustable constant-current electronic load used for test purposes. 

EfRciency. Ratio of output power to input power as a percentage. (Note: True power must 
be used. with due allowance for power factor. With capacitive input iilten, often used for 
"off-line" SMPS, the power factor will be approximately 0.63.) 

EMI. Electromagnetic Interference. Also referred to as RFI (radio-frequency interfer- 
ence). EM1 levels. both radiated and conducted, are controlled by national and interna- 
tional standards. 

BR. Effective series resistance, a term normally applied to electrolytic capacitors. In the 
classical capacitor model, the effective resistance is normally shown as a pure resistance 
in series with an ideal capacitor. However, this model can be somewhat mrsleadiig, as 
ESR is, in itself, a frequencydependent parameter. 

FIUP&~ (Eledmstatic) Shield. An electrostatic shield, usually copper, placed between a 
source of high-voltage n o m  and a low-noise area. Typical examples would be electro- 
static screens in transformen and the screens between switching elements and heat 
sinks. 

FCC. Federal Communications CommLsipn. A U.S. Rderd  reslatory body which, 
among other things, defines maximum permitted EM1 conduction and radiation levels in 

Filter. PSS: Normally refers to power level low-pass illten, intended to give nearly con- 
tinuous DC output currents. Power filters differ from signal filters in that input and output 
impedances are not matched and are often variable. Because of the need for energy stor- 
age, pbwer fkers are large. 

Flyback. The property of an inductor that enables it to reverse its terminal voltage when 
the conducted current is interrupted. The t e n  is often applied to transformers and di- 
odes which utilize this flyback voltage property. 

Flyback Converter. PSS: A switching power supply in which the energy is transfei~ed 
from the input to the output during the "off' state of the primary switching device. using 
the flyback property of the transformer. 

Foldback Current Limiting. PSS: See "current foldback." 
Forward Converter. PSS: A switching power supply in which the energy is t n r n s f e d  

from the input to the output during the "on" state of the primary switching device. (Gen- 
erally any converter in the buck family.) 

Full-Wave Rceliaer. A circuit that rectifies both half cycles of an ac input. 
Gain, Closed-Loop, PSS: The response of a power supply control loop to a voltage in- 

serted in series with the control amplifier input after negative feedback is applied. 
Gh, Open-Loop. PSS: The ratio of output change to input change (normally voltage) of 

the control loop before feedback is applied. O h n  a calculated value only because of the 
difticulty of making open-loop measurements. 

Gain Mar&. The amount (in decibels) by which the closed-loop gain is less than unity 
when the total phase shift is 360'. - - 

tiaivanic Isolation. PSS: A term coined by power supply engineers to indicate that there is 
no direct DC link between two points (e.g.. input and output) except by intended con- 
verter action; the points are "passively isolated." 

Gmund h p .  PSS: Normally refers to noise-generating cumnt loops set up as a result of 
grounding the common output of the power supply at more than one place. (In 
switchmode power supplies, ground loops are nonnally minimized by grounding the com- 
mon output of the supply at the output terminals. If the system demands other ground 
points. loop cumnts can be minimized by a common-mode inductor in the output leads.) 

Heat Sink. PSS: A term generally used to describe a thermal shunt. normally metal. used 
to aid in the transfer of heat from a hot spot (often a semiconductor) to an "infinite heat 
sink" (often free air). 

Heat Sink (Iniinl:te). GM: A medium of such large thermal mass that it 6% absorb (sink) 
heat indefinitely with negligible change in temperature (e.g., free air). 

Hiecup Mode. Normally applies to a mode of protection in which the supply repeatedly 
attempts to restart during an overload or short circuit condition. (See also "cycling.") 

Holdup Time. PSS: The time period during which the output voltages of a power supply 
will be maintained within their regulation limits after removal of the input supply. (See 
"canyover.") 

brush current : PSS: The peak input current that flows into the power supply when it is 
first switched on. 

Inverter. A device which provides an ac output from a DC supply. 
Leakage Current. Current which flows between two points that are normdly considered 

isolated. (For medical power supply applications, the ground return leakage current must 
be very low for safety reasons. For this application, the current returning to ground 
through any input filter component is considered part of the leakage current.) 

Line Regulation. PSS: The change in the controlled output parameter as a result of an in- 
put line voltage change. Normally expressed as a percentage change of output for a full- 
range input voltage change. 

Liaear Regulator. PSS: A dissipative series or shunt regulator technique which gives con- 
tinuous control of the regulated parameter. More commonly, these will be series transis- 
tor voltage regulators. 

LISN. (Line impedance stabilizing network.) A line filter and impedance network of spec- 
ified wideband design, used to divert system noise into the measurement equipment. 
Required for conducted-mode RFI measurements. 

Lwd Effect. (See "load regulation.") 
Lond Regulation. The change in the controlled output parameter as a result of a defined 
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load change on the measured output. Usually given as a percentage change in output for 
the defined load change 

Lockout. PSS: A condition in which the power supply fails to establish its correct working 
condition on initial start-up or after a transient load. (This is often caused by incompat- 
ibility between the load-line characteristic and the shutdown protection characteristic of 
the power supply.) 

Magnetic Amplifier. A wound hagnetic device in which a conlrol signa: applied to one 
winding controls the flow of current in a second winding, with amplification provided by 
the turns ratio, the design of the magnetic path, and the magnetic properties of the core. 

Mslin Output. PSS: In multiplesutput supplies, the principal output, often the highest- 
current or highest-power output. The control loop is normally closed 1% the "main 
output," and ihercfbre it will have the best overall performance. 

Margining. A defined change in output voltage around the nominal value used to check 
the performance of the load circuit. Often used to describe the provision of such means in 
the power supply. 

Master. PSS: The controlling power supply in a parallel "master-slave" configuration. 
Master-Slave Operation. A method of interconnecting two or more units in such a way . 

that a defined "master*' unit controls the behavior of the remaining "slave" units. Nor- 
mally power supplies must be specially designed for this mode of operation if required. 

Modulator. PSS: An electronic control device which varies one parameter in response to 
the changes of another, used as part of the control loop to vary the output of a power 
suadv. A tv~ical example would be a pulse-width modulator or current-mode control 
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modulator &'a switchmode supply. 
m F .  Mean time between failures. Ideally. a statistical prediction of likely failure, given 

real-time life measurements. More often, a prediction based upon a statistical stress anal- 
vsis. using a recognized standard. For power supplies the procedures and figures speci- 
ked'in M~L-HDBK 217E will often be used. 

Nominal Value. The ideal, intended, or center value of the defined parameter. 
Open-Frame Udt. PSS: A power supply which is not totally enclosed; normally a compo- 

-nent part of the main enclosed system. 
Output Impedance. PSS: The magnitude of the complex resistive and reactive components 

seen by looking into the power supply output terminals at frequencies other than DC. 
Nnrmallv measured by dividing the rms output voltage change by the forced rms load - . - - -- - - -, . . - - 
current change over the required range of frequency. 
Note: At high frequency. the output impedance tends to the ESR of the output capaci- 
tors. At low frequency, the output impedance is a function of the control loop, and tends 
to the output resistance of the supply at DC. 

Overshoot. A transient excursion of the controlled parameter outside the regulation limits, 
as a result of initial turn-on or tumsff, or a sudden load variation. 

Overvoltage Protection Circuit (OVP). PSS: An independent circuit which will prevent ex- 
cursion of the output voltage beyond a defined limit in the event of a control circuit fail- 
ure. 
Note: A design criterion for effective overvoltage protection requires that a single com- 
ponent failure must not result in an unprotected overvoltage condition. 
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Some overvoltage protection circuits (for example, crowbar protection) will provide a 
measure of overvoltage protection for externally induced overvoltage stress conditions. 

Parallel Forced Current Sharing. A method of parallel operation in which power supplies 
communicate so as to share the load current equally without a designated master. Often 
used in conjunction with parallel redundant operation. 

P a d e l  Operation. The connection of two or more supplies in parallel. to increase the cur- 
rent capability. 

P d e l  &faster-Slave. The opeAtibn of two or more supplies in parallel, using a control 
bus, in such a way that a single designated master controls all output currents. Master- 
slave operation has the advantage that slave power supplies share the load equally. 

Pardel Redundant Operation. A method of parallel opention. using output isolating di: 
odes, in which the failure of a single supply will not result in a loss of power. 
The total current capability of the paralkl system must exceed the load requirements to 
a point where the failure of a single unit will not result in a system overload. Hence, the 

remaining supplies must have sufficient current margin to take up the extra load among 
them without a reduction in output voltage. Hence. under normal conditions, one or 
more of the supplies may be considered "redundant" in terms of the normal current re- 
auirements 
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PARD. PSS: (Periodic and random deviation.) The tolal wideband ripple and noise corn- 
ponents at the output of a switchmode power supply. Usually expressed as a peak-to- 
peak noise voltage for a bandwidth from DC to 30 MHz. 

Phase Margin. The difference between the closed-loop phase shift at unity gain crossover 
and a total loop phase shift of 360'. 

Piggyback Regulator. A series arrangement of voltage reduction devices or regulaton 
such that the voltage stress is shared. (One supply carries the other on its back, so to 
soeak.) 

~osbe~ujkor .  PSS: A regulator positioned in the output side of a DC-to-DC converter. 
Postregulators are often applied to multiplesutput supplies to provide additional regula- 
tion on auxiliary outputs. Postregulators may be linear or switching. and in high-power 
applications, magnetic amplifier or saturable reactor techniques are commonly used. 

Power Factor. GM: The ratio of real power to apparent power in ac supply applications. 
PSS: In direct-off-line power supplies with capacitive input filters, current flows only at 
the peak of the applied sine wave. The product of rms input voltage and rms current gives 
the input VA (apparent power, not true power). The power factor of a capacitive input 
tilter is typically 0.63 for single-phase and 0.9 for three-phase supplies; hence real power 
is approximately VA x 0.63 or VA x 0.9. 

- ~. 
(To measure t ~ e  input power accurately, a wattmeter is required. This may be a dyna- 
mometer or digital type, but it should have a bandwidth exceeding I kHz for reasonably 
accurate results.) 

Power Failure Detection Circuit. PSS: A circuit which detects the onset of brownout, or 
input power failure. and provides a warning signal. 

Power Failure Signal. A signal (often TTL compatible) provided by a power failure detec- 
tion circuit. In switchmode supplies. the power failure signal should occur before the end 
of the holdup time, to give sufficient warning for housekeeping in the external load before 
the supply voltage falls below its regulation limits. 

Power Supply. GM: A power source. Normally applied to the prime source, e.g., line sup- 
ply, battery, or generator. 
PSS: More often, a unit -which conditions a source of unregulated p w e r  to provide a 
regulated output. Not necessarily a prime source of power. 

Weregulator. PSS: A regulator that precedes the converter or DC transformer to provide 
input regulation. Very often the preregulator is controlled by feedback from one of the 
output lines, to.provide overall regulation. This technique is very useful for multiple- 
output units. 

Programming. The control of output parameten by remote external means (e.g., resis- 
tance, voltage, or digital sinnals). 

Recovery Time. The :me taken for the controlled output parameter to recover to a value 
within the regulation limits after a step change in load. 

Reentrant Current Protection. See "current foldback." 
Remote Programming. See "programming." 
Remote Sensing. PSS: A provision for sensing the voltage at the load, rather than at the 

power supply output terminals. This method of connection provides compensation for 
voltage drops in the supply lines, so as to maintain the voltage at the load constant. 

Resolution. The smallest increment of change that can be made in the controlled parameter. 
Response Time. PSS: The time taken for the controlled output parameter to change from 

10% to W o  of its programmed change in response to a step change in the programming 
signal. 

Reverse Protection. PSS: Protection of the power supply output components and regula- 
tors by shunt- and series-connected diodes. Used to prevent voltage reversal across the 
output terminals or internal regulators. Also required for series or bipolar operation of 
constant-voltage supplies with cross-connected loads. 

Saturable Reactor. PSS: An inductor designed and controlled in such a way that it will 
1 
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saturate after a defined volt-second stress. Saturable reactors are used as magnetic duty 
ratio controllers in converter outputs. 

Sell-Recovery. The ability to automatically recover to nopal  operation after removal of a 
stress condition. 

Sequencing. The control of a multiplesutput unit in such a way that output volrages are 
established or turned off in a defined order or sequence. 

Series Regulator. PSS: A regulator in which the active element is in series with the supply 
output. A term often applied to linear regulators. 

Short-CLrcuit Protection. PSS: A method of overload protection which will prevent failure 
of the supply if a short circuit is applied to the output. Some flyback switchmode units 
am designed so that they will withstand a short circuit, but may not survfie long-term 
intermediate overload conditions. 

Shunt Regulator. A method of control in which the power controller is in parallel with the 
output terminals. Shunt regulators have the advantage of absorbing minimum power 
when the output is fully loaded. A shunt-regulated output can source or sink current and 
is usehrl for servomotor control during ovemn conditions. 

Slew Rate. PSS: The maximum rate of change of the control circuit and power modulator 
in response to an overdrive condition. 

SMPS. PSS: Acronym for "switchmode power supply." 
Snubber. PSS: (I) A network used to reduce the stress on a switching component. (2) A 

network used to reduce the rate of change of voltage on diodes or switching devices to 
minimize RF components and dvldt stress. 

Soit Start. PSS: A method of controlling the initial rate of increase in duty ratio in a 
switchmode power supply during the turn-on transient. (Used to reduce the stress on in- 
ternal comprlnents and to prevent transformer saturation.) 

source Effect. See "line regulation." 
SqueggLag. PSS: In switchmode power supplies, squegging refers to a nondamaging, 

bounded instability mode, characterized by a short period of switching action followed by 
a short quiet period. Squegging normally occurs under light loading conditions, where the 
pulse width approaches the storage time of the switching device, so that further progres- 
sive control is not possible. 

S w i W g  Regobtor. PSS: A switchmode DC-to-DC regulator in which input and output 
share a common line. 

T h e 4  Protection. PSS: A method of preventing failure of the power supply as a result 
of an overtemperature condition. (The power supply may be shut down should a critical 
component exceed a defined temperature.) 

UPS. PSS: (Unintemptible power supply.) A power supply that will continue to provide 
regulated outputs without interruption in the event of failure of the primary supply. 
(UPSs use more than one energy source; the backup may be DC from a battery or ac 
from generators or inverters. In most applications, standby operation is provided only for 
a limited period.) 

Voltage Stabilizer. PSS: A device used to maintain a constant voltage, for example, a 
zener diode. Voltage stabilizers are not themselves a source of energy. 

'-J 

REFERENCES 

1. McLyman, Colonel Wm. T.. Transformer and Inductor Design Handbook, Marcel 
Dckker, New York, 1978. ISBN 0-8247-6801-9. 

2. McLyman. Colonel Wm. T., Magnetic Core Selection for Transformers and Inductors. 
Marcel Dekker. New York, 1982. ISBN 0-8247-1873-9 

3. Kraus, John D., Ph.D.. Electromagnetics, McGraw-Hill. New York. 1953. 
4. Boll. Richard. Sufi Magnetic Materials, Heydon & Sons, London. 1979, ISBN O- 

85501-263-3. & ISBN 3-8009-1272-4. 
5. Smith, Steve, Magnetic Components, Van Nostrand Reinhold. New York. 1985. ISBN 

0-442-20397-7. 
6. Grossner, Nathan R.. Transformers for Electronic Circuits. McGraw-Hill, New York, 

1983. ISBN 0-07-0249'79-2. 
7. Lee, R., Electronic Transformers and Circuits, Wiley, New York, 1955. 
8. Snelling. E. C., Sofi Ferrites-Properties and Applications. I l i e .  London, 1969. 
9. Middlebrook, R. D., and Cuk. Slobodan, Advances in Switch Power Conversion. Vols. 

I and 11, Teslaco, Calif., 1983. 
10. Cuk, Slobodan, and Middlebrook. R. D.. Advances in Switchmode P&er Conversion. 

Vol. 111, Teslaco, Calif., 1983. 
11. Landee. Davis, and Albrecht. Electronic Designer's Handbook, McGraw-Hill. New 

York. 1957. . 
12. The Royal Signals. Handbook of Line Communications. Her Majesty's Stationery Of- 

fice, 1947. 
13. Langford-Smith. F.. Radio Designer's Handbook. Iliffe & Son, London, 1953. 
14. Pressman. Abraham I., Switching and Linear Power Supply, Power Converter Design, 

Haydon, 1977. ISBN 0-8104-5847-0. 
IS. Dixon. Lloyd H., and Potel Raoji, Uninode Switching Regulated Power Supply Design 

Seminar Manual, 1985. 
16. Severns, Rudolph P.-, and Bloom, Gordon E., Modern DC-to-DC Switchmode Power 

Convener Circuits, Van Nostrand Reinhold, New York, 1985. ISBN 0-442-21396-4 
17. Hnatek, Eugene R.. Design of Solid-state Power Supplies. 2d Ed., Van Nostrand 

Reinhold, New York. 1981. ISBN 0-442-23429-5. 
18. Shepard, Jeffrey D., Power Supplies. Restin Publishing Company, 1984. ISBN 0-8359- 

5568-0. 
19. Chryssis. George, High Frequency Switching Power Supplies, McGkw- ill. New 

York, 1984. ISBN 0-07-010949-4. 
20. KitSurm, K., Swirchmode Power Conversion, Marcel Dekkei, New York, 1984. ISBN. 

0-8247-7234-2. 



3.232 REFERENCES REFERENCES 

21. Oxner, Edwin S., Power FETs and Their Applications, Prentice-Hall, Englewood 
Cliffs, N.J., 1982. 

22. Bode, H., Network Analysis and Feedback Amplifier Design. Van Nostrand, 
Princeton, N.J., 1945. 

13. Geyger, W., Nonlinear-Magnetic:Control Devices, Wiley, New York, 1964. 
14. Tarter, Ralph E., Principles of Solid-State Power Conversion, Howard W. Sams, 

Indianapolis, 1985. 
3. Hanna, C. R., "Design of Reactances and Transformers Which Carry Direct Cqrrent," 

Trans. AIEE, 1927. 
96. Schade, 0. H.. Proc. IRE, July 1943. 
27. Venable, D, H., and Foster, S. R., "Practical Techniques for Analyzing, Measuring 

and Stabilizing Feedback Control Loops in Switching Regulators and Converters," 
Powercon, 7, 1982. 

28. Mddlebrook. R. D., "Input Filter Considerations in Design and Application of Switch- 
ing Regulators," IEEE Industrial Applications Society Annual Meeting Record, 
October 1976. 

29. Middlebrook. R. D., "Design Techniques for Preventing Input Filter Oscillations in 
Switched-Mode Regulators," Proc. Powercon, 5. May 1978. 

30. Cuk, Slobodan, "Analysis of Integrated Magnetics to Eliminate Current Ripple in 
Switching Converters," PC1 Conference Proceedings, April 1983. 

31. Dowell, P. L., "Effects of Eddy Cumnts in Transformer Windings," Proc. IEE, 113(8), 1%. 
32. Smith, C. H.. and Rosen, M., "Amorphous Metal Reactor Cores for Switching Appli- 

cations." Proceedings, Internarional PCI Conference, Munich, September 1981. 
33. Jansson, L., "A Survey of Converter Circuits for Switched-Mode Power Supplies," 

Mullard Technical Communications, Vol. 12, NO. 119, July 1973. 
34. "Switchers pursue Linears Below 100 W," Electronic Products, September 1981. 
35. Snigier, Paul., "Those Sneaky Switches," Electronic Products, Match 1980, and 

"Power Supply Selection Criteria," Digital Design, August 1981. 
36. Boschert. Robert J.. "Reducing Infant Mortality in Switches." Electronic Products, 

April 1981. 
37. Shepard, Jeffrey D., "Switching Power Supplies: the FCC, VDE, and You," Elec- 

tronic Products, March 1980. 
38. Royer, G. H,. "A Switching Ttiinsistor DC t!,AC Convener Having an Output Fre- 

quency Proportional to the DC Input Voltage, AIEE, July 1955. 
39. Jensen, J., "An Improved Square Wave Oscillator Circuit," IERE T r w .  on Circuit 

Theov, September 1957. 
40. IEEE Std. 587-1980, "IEEE Guide for Surge Voltages in Low-Voltage AC Power 

Circuits," ANSYlEEE C62-41-1980. 
41. "Transfomer Con Selection for SMPS." Mullard Technical Publication M8I-0032, 1981. 
42. "Radio Frequency Interference Suppression in Switched-Mode Power Supplies," 

Mullard Technical Note 30. 1975. 
43. Owen, Greg, "Thermal Management Techniques Keep Semiconductors Cool," Elec- 

tronics, Sept. 25, 1980. 
44. Pearson, W. R., "Designing Optimum Snubber Circuits for the Transistor Bridge Con- 

figuration." Proc. Powercon, 9, 1982. 
45. Sevems, R.. "A New Improved and Simplified Proportional Base Drive Circuit," 

Intersil. 
46. Redl, Richard, and Sokal, Nathan 0.. "optirking Dynamic Behaviour with Input and 

Output Feed-forward and Current-mode Control," Proc Powereon. 7,1980. 
47. Middlebrook, R.D.. Hsu. Shi-Ping, Brown. Art, and Rensink. Lowman, "Modelling 

and Analysis of Switching DC-DC Converters in Constant-Frequency Current- 
Rogrammed Mode," IEEE Power Electronics Specialists Conference, 1979. 

48. Bloom, Gordon (Ed), and Severns, Rudy, "Magnetic Integration Methods for Trans- 
formers," in Isolated Buck and Boost DC-DC Converters. 1982. 

49. Hetterscheid. W.. "Base Circuit Design for High-Voltage Switching Transistors in 
Power Converters," Mullard Technical Note 6, 1974. 

50. Gates, T. W.. and Ballard. M. F., "Safe Operating Area for Power Transistors," 
Mullard Technical Communications, Vol. 13. No. 122. Aoril 1974. . .  - -  

51. Dean-Venable, H., "The K Factor: A New Mathematical Tool for Stability Analysis 
and Synthesis." Proc. Powercon, 10, March 1983. 

52. Dean-Venable, H., and Foster, Stephen R.. "Practical Techniques for Analyzing. Mea- 
suring, and stabilizing Feedback Control Loops in Switching Regulators and Convert- 
ers." Proc. Powercon. 7. 1980. 

53. Tuttle, Wayne H., "The Relationship of Output Impedance to Feedback Loop Param- 
eters," PCIM, November 1986. 

54. Dean-Venable, H., "Stability Analysis Made Simple," Venable Industries, Torrance, 
Calif.. 1982. 

55. Tuttle, Wayne H.. "Relating Converter Transient Response to Feedback Loop 
Design," Proc. Powercon. 11, 1984. 

56. Dean-Venable, H.. "Optimum Feedback Amplifier Design Control Systems," Proc. 
IECEC. August 1986. 

57. Tuttle, Wayne H., "Why Conditionally Stable Systems Do Not Oscillate." Proc. PCI, 
October 1985. 

58. Jongsma, J.. and Bracke. L. P. M., "Improved Method of Power-Coke Design," Elec- 
tronic Components and Applications, vol, 4, no. 2, 1982. 

59. Bracke, L. P. M., and Geerlings. F. C., "Switched-Mode Power Supply Magnetic 
Component Requirements," Philips Electronic Components and Materials, 1982. 

60. Carsten. Bruce, "High Frequency Conductor Losses in Switchmode&agnetics," 
PCIM, November 1986. 

61. Clarke, J. C., "The Design of Small Current Transformers." Electrical Review, 
January 1985. 

62. Houldsworth. J. A., "Purpose-Designed Ferrite Toroids for Isolated Current Measure- 
ments in Power Electronic Equipment." Mullard Technical Publication M81-0026. 
1981. 

63. Cox, Jim, "Powdered Iron Cores and a New Graphical Aid to Choke Design." 
Powerconversion International, February 1980. 

64. Cox, Jim, "Characteristics and Selection of kon Powder Cores for Indtlction in 
Switchmode Converters," Proc. Powercon, 8, 1981. 

65. Cattennole, Patrick A., "Optimizing Flyback Transformer Design." Proc. Powercon, 
1979, PC 79-1-3. 

66. Geerlings, F. C., and Bracke, L. P. M., "High-Frequency Ferrite Power Transformer 
and Choke Design, Part I," Electronic Components and Applications, vol. 4, no. 2,. 
1982. 

67. Jansson, L. E.. "Power-handling Capability of Femte Transformers and Chokes for 
Switched-Mode Power Supplies," Mullard Technical Note 31, 1976. ' 

68. Hirschmann, W., Macek, 0.. and Soylemez, A. I.. "Switching Power Supplies 1 (Gen- 
eral, Basic Circuits)," Siemens Application Note. 

69. Ackennann. W., and Hirschmann, W., "Switching Power Supplies 2, (Components 
and Their Selection and Application Criteria)." Siemens Application Note. 

70. Schaller. R., "Switching Power Supplies 3, (Radio Interference Suppression)," 
Siemens Application Note. 



3.234 REFERENCES 

71. Macek, 0.. "Switching Power Supplies 4, (Basic Dimensioning)," Siemens Application 
Note. 

72. Bulletin SFB, Buss Small Dimension Fuses, Bussmann Division, McGraw-Edison Co,, 
Missouri. 

73. Catalog #20, Littlefuse circuit Protection Components, Littlefuse Tracor, Des Plaines, 
Ill. 

74. Bulletin-B200, Brush HRC Current Limiting Fuses, Hawker Siddeley Ele tric Motors, 
Canada. 4 

75. Bulletins PC-IWE and PC109C, MPP and Iron Powder Cores, The Arnold Engine&ng 
Co.. Marengo, Illinois. 

76. Publication TP25-575, HCR Alloy, Telcon Metals Ltd., Sussex, England. 
77. Catalog 4. Iron Powder Toridal Cores for EM1 and Power Filters, Micrometals, 

Anaheim, Calif. 
78. Bulletin 59-107, Soft Fenites, Stackpole, St. Marys, Pa. 
79. SOAR-The Basis for Reliable Power circuit Design, Philips Product Information #68. 
80. Bennett, Wilfred P., and Kurnbatovic, Robert A., "Power and Energy Limitations of 

Bipolar Transistors Imposed by Thermal-Mode and Current-Mode Second-Breakdown 
Mechanisms," IEEE Transactions on Electron Devices, vol. ED28, no. 10, October 
1981. 

81. Roark, D. "Base Drive Considerations in High Power Switching Transistors," TRW 
Applications Note #120, 1975. 

82. Gates, T. W., and Ballard. M. F., "Safe Operating Area for Power Transistors," 
Mullard Technical Communications, vol. 13, no. 122, April 1974. 

83. Williams, p. E., "Mathematical Theory of Rectifier Circuits .with Capacitor-Input 
Filters," Power Conversion International, October 1982. 

84. "Guid!: for Surge Voltages in Low-Voltage AC Power Circuits," IEC Publication 664, 
1980. 

INDEX 

Agency approvals (see Standards) 
Air cooling: 

forced. 3.221 to 3.222 
(See also Thermal management) 

Air flow. free, illustrated, 3.215 
Air gap, 2.89,2.93,2.119 to 2.120,3.20,3.36 

in flyback transformers, 2.16 to 2.18. 
2.26 to 2.30 

illustrated, 2.17 
in iron powder cores, 3.31 

American Wire Gauge (AWG), table, 3.23 
Antisaturation: 

for bipolar transistors, 1.9, 1.121 to 1.125 
drive techniques, 1.9 

(See ako Baker clamp) . . 
of'~r&sistors, 1.9 

Area product, 3.6,3.17,3.32 to 3.35, 3.54 
to 3.59,3.69 

transformer, derivation of, 3.94 to 3.98 
Arresters, surge, gas-filled. 1.24 to 1.25 

illustrated. 1.25 
Auxiliaxy suppliesi 

converters, 1.175 to 1.178 
transformers (50160 Hz). 1.174 to 1.175 

Baker clamp, 1.123,1.132 to 1.133 
(See also Base drive) 

Base drive: 
antisaturation techniques for bipolar 

transistors, 1.9, 1.121 to 1.125 
ideal, 1.141 to 1.143 
optimum, 1.123 to 1.125 
proportional, 1.9, 1.126 to 1.131 
requirements for, 1.121 to 1.125 

Bifilar windings. 2.67. 3.80 to 3.84 
Bode Xi27 to 3;132 

(See also Control-loop stability in SMPS) 
~ d i s t  regulators, 2.163 to 2.166 

illustrated. 2.162 
Bridge conv&er, 2.103 to 2.107 

illustrated, 2.104 
Buck regulator. 2.143 to 2.144.2.163 to 

2.165 
illustrated, 2.161 

Capacitor(s): 
input filters, 1.6, 1.54 to 1.72 

DC output voltage and regulation. 1.63 
illustrated, 1.64, 1.65 

dual-voltage, 1.55 to 1.56 
illustrated, 1.55 

ESR (effective series resistance). 1.56 
to 1.57 

in flyback converters, 2.40 to 2.41 
fuse selection. 1.49 to 1.53, 1.70 
inrush-limiting resistance, 1.61 
peak current, 1.59 

illustrated, 1.60 
power factor, 1.58, 1.70 to 1.71 
reservoir capacitor size. 1.66 to 1.70 

holdup time, 1.68 
ripple voltage, 1.67 
voltage rating, 1.68P 

ripple current, 1.59,1.63, 1.66,3.166 
to 3.171 

in flyback converters. 2.39 to 2.43 
illustrated, 1.60 
table, 3.167 

ripple waveforms. 1.57 to 1.59 
illustrated, 1.58 

m s  current in line filter capacitors, 
1.62 to 1.63 

illustrated, 1.60 
(See ako  Filters) 

output, in flyback converters, 2.39 to 
2.40, 2.42 to 2.43 

Centering, 1.170 to 1.173 
saturable reactor type of, 1.171 to 1.173 

Charge dumping, 1.11.1.101 to 1.106 
Chokeis), 3.3 to 3.63 

E-core type of, 3.32 to 3.40 
energy storage, 3.30 to 3.31 

in forward converters, 2.65 to 2.66 
high-frequency, 1.152 to 1.153 
iron-powder type, 3.29 to 3.53 
rod-core type of, 3.25 to 3.28 
swinging. 3.42 to 3.52 
toroidal type of. 3.41 to 3.53 

Common-mode noise. 1.4, 1.10 



- - ,- . i t .  ' - 
- . Compensation, loop. 3.122 to 3.135 
- .- Compliance voltage, 2.193 to 2.194 

Compound regulating systems, 2.141 to 2.146 
Conditional stability, 3.152 to 3.153 
- (See also Control loop stability in SMPS) 

a .Conducted-mode noise. 1.33 

INDEX 

- illustrated, 1.32 
Constant-current load, 1.57 
Constant-current reset of saturable 

reactors, 2.185 to 2.187 
Constant-current supplies, 2.191 to 

2.194 
Constant-power load, 1.57 
Control and drive circuits, 2.99 to 2.100 

for saturable reactor, 2.181 to 2.183 
Control-loop stability in SMPS (switchmode 

power supply), 3.122 to 3.141 
bode plots, 3.127 to 3.132 
methods for, 3.123 to 3.127 
right-half-plane zero, 3.136 to 3.141 

Converters: 
bridge, 2.103 to 2.107 

illustrated, 2.104 
flyback (see Flyback converters) 
forward (see Forward converters) 
half-bridge (see Half-bridge conveners) 
push-pull (see Push-pull conveners) 
self-oscillating: 

classes of operation. 2.49 
flyback, 2.49 to 2.57 
frequency variation. 2.50 
principles of, 2.50 to 2.57 

illustrated, 2.51,2.52 
single transformer. 2.116 to 2.125 

illustrated. 2.117. 2.122 
two transformer. 2.132 to 2.136 

square-wave, 2.137 to 2.140 
(See also DC to DC transformer 

concept) 
switchmode variable supplies, 2.204 to . . 

2.226 
transformer design, 2.220 to 2.226 

Copper loss, 3.22 to 3.24, 3.37 
(See aLro Skin effect) 

Core loss, 3.38, 3.50 to 3.51 
illustrated, 3.38 

Core materials, 2.124 to 2.126,2.135 
square-loop. 2.182 
(See also Transformers, size) 

Core size, 2.127 to 2.131.2.135 
Creepage distance (insulation), 3.83 
Cross conduction, 1.10,1.144 to 1.148 

cross-coupled loads, 1.8 
illustrated, 1.145 
(See also Lockout) 

inhibit, 1.146 to 1.147 
prevention of, 2.94 

Crowbar-type overvoltage protection (see 
Protection, overvoltage, crowbar) 

~ " n e n t :  
densiry in copper (see Skin effect) 
effective input, 1.59. 1.62 

: inrush lizniting (see Inrush current 
limiting) 

limit!ng of saturable reactors, 2.183 to 
2,184 

, , - (See ako Protection) . 

output, 1.8 to 1.9 
ripple in capacitors, 1.59, 1.63 
rips input, 1.62 4 
sharing (parallel operation). 1.13. 1.181 

to 1.183 
-Current-mode control, 3.142 to 3.160 

DC restoration techniques. 3.156 to 3.159 
in flyback converters, 2.58 to 2.62 

illustrated, 2.60 
principles of, 3.142 to 3.145 
slope compensation, 3.148 to 3.150 
voltaee control loop. 2.59 to 2.61 

~ukenrtransformers; 3.176 to 3.192 
DC, 3.186 to 3.192 
flyback-type, 2.6.3.184 to 3.186 
high-frequency. 3.199 
for measurement, 3.193 to 3.200 
unidirectional, 3.194 to 3.198 

DC to DC transformer concept, 2.137 to 
2.140 

illustrated, 2.138, 2.139 
restoration in current-mode control, 

3.156 to 3.158 
Difference method (see Bode plot) 
Differential-mode noise, electrical, 1.4 
Direct-off-line SMPS (switchmode power 

supply), 1.54 
Drive and control circuits. 2.99 to 2.100 

for saturable reactor. 2.181 to 2.183 
Dual-input voltage: 

capacitor-input filter, 1.55 
operation of, 1.11 

Effective layers, 3.82 
Efficiency: 

measurement of, 1.70 
measurement error, 1.70 to 1.71 

illustrated, 1.71 
optimum, 3.65 to 3.67 
in transformers, 2.109 to 2.110,3.67 to 

3.69 
Electromagnetic compatibility (EMC), 1.4 
Electromagnetic interference m, 1.31,1.33 
Electromagnetic radiation in transformen, 

1.46 
EMC (electromagnetic compatibility), 1.4 
EM1 (electromagnetic interference). 1.31. 

1.33 
Emissivity (see Thermal management) 

ESR (etfective series resiitance) in 
capacitors, 1.50 tp 1.57 

Faraday screens, 1.5,1.43 to 1.48 
on output components, 1.46 to 1.47 

illustrated, 1.47, 1.48 
positions of, 1.36 to 1.38, 1.44 

illustrated. 1.37, 1.38, 1.44 
on switching devices, 1.43 to 1.44 

illustrated, 1.44 
on transformers, 1.45 

illustrated, 1.44, 1.48 
on transistors, illustrated, 1.44 

Filters: 

/--. 
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Forward converters (Cont.): 
half-bridge, 2.80 to 2.83 

illusirated; 2.81 
illustrated. 2.64 
multiple output? 2.66 

Fuse(s): . .- . - 
current rating, 1.49. 
f2t (let-through current) ratings, 1.49 to 

1.50 
illustrated, 1.50 

parameters, 1.49 
for SCR crowbar, 1.52 
selection of, 1.5, 1.49 to 1.52, 1.70 
for semiconductors. 1.51 . 
Slow-blow. 1.51 

capacitor-input [see Capacitor(s), input standard-blow, 1.51 
filters] for transformers, 1.52 to 1.53 

chokes, 1.152 to 1.153 types of, 1.51 
illustrated, 1.153 very fast acting, 1.51 

common-mode, 1.10, 1.156 voltage rating. 1.49 
illustrated. 1.156 

design example. 1.157 to 1.160 
dual-voltage type, illustrated, 1.55 Gas-filled surge arresters, 1.24 to 1.26 
inductors, 1.40 sparkover voltage, illustrated, 1.26 
line input, 1.4. 1.39 waveforms, illustrated, 1.25 
output. 1.10, 1.149 to 1.160 (See also Protection) 

parasitic effects. 1.149 to 1.151 Ground leakage current test circuit, 1.34 

illustrated. 1.150 Ground leakage currents, illustrated, -. 
power line, 1.35 
resonant-type. 1.154 to 1.155 

1.54 

Ground return voltage bump, 1.29 

two-stage; i.151 to 1.152 
Flux doubling, 2.100 to 2.101,2.107,2.152, Half-bridge converters: 

3.121 flyback, 2.44 to 2.48 
~l~ba~kconver ters ,  2.3 to 2.15 

core saturation, 2.30 
core size, illustrated, 2.21 
design example. 2.16 to 2.19 
direct-off-line, illustrated. 2.4 
energy storage phase, 2.6.to 2.7 
energy transfer mode, 2.7 to 2.8 

illustrated, 2.8 
incomplete energy storage, 2.10 
minimum primary turns, 2.23 to 2.25 
operating modes, 2.5 to 2.6. 2.9, 2.10 
performance of, 2.3 to 2.5 
power components, 2.37 to 2.43 
power rating. 2.11 to 2.12 

principles of, 2.6 to 2.9 
static magnetization characteristics of 

ferrite. 2.21 
transfer function anomaly, 2.11 
transformers for, 2.20 to 2.31 
in variable supplies, 2.206 to 2.208 

Foldback output current limiting, 1.113 to 
1.120 

Forced-air cooling. 3.221 to 3.222 
Forced current sharing, 1.13, 1.181 to 1.183 
Forward conveners, 2.63 to 2.69 

energy recovery winding, 2.67 

illustrated. 2.46 to 2.47 
transformer design, 2.47 

forward, 2.80 to 2-88 
illustrated, 2.81 

Half turns (see Transformers, half turns) 
Heat exchanger, 3.203.3.218 to 3.222 

(See also Thermal management) 
Heat sink. infinite, 3.203 
Holdup time: 

of power supply. 1.12 
of reservoir capacitor. 1.68 to 1.70 

Housekeeping functions in computer 
systems, 1.11 

Inductors: 
common-mode, line filter, 1.40 to 1.41, 

3.4 to 3.11 
illustrated, 3.5 

series mode. line filter, 1.41 'to 1.42, 3.10 
to 3.11 

illustrated, 3.12 
for switching regulators, 2.170 to 2.172 
[See ako Choke(s)] 

Inhibit: 
external, of power supply. 1.13 
low-voltage, 1.15 



.i current limiting, 1.6 
v e  limiting, 1.74 to 1.75 
.!ustrated, 1.75 
-.rrol of, 1.73 
.:ting resistance, 1.61, 1.73 
.:lusrrated, 1.74 
NTC thermistor, 1.74 

.Aity, 3.122 to 3.141 
Lses of, 3.122 to 3.123,3.133 to 3.134 
.ilustrated, 3.133,3.135 
.:e also Control loop stability in SMPS) 
-ference, electrical: 
nmon-mode, 1.4, 1.10 
nducted-mode, 1.33 
Xustrated, 1.32 -- ::erential-mode, 1.4 
-fC (electromagnetic compatibility), 

1.4 
41 (electromagnetic interference), 

1:31, 1.33 - 
x n d  return currents, limits of, 1.33, 

1.34 
:able, 1.34 

.-,asurement of, 1.34 
3wer line, 1.35 * 
-0pagation modes, 1.33 
-diation of, 1.46 
.FI (radio-frequency interference), 1.4 
~ppression of, 1.35 to 1.38 
illustrated, 1.36 to 1.38 

:tion temperature (see Thermal 
management) 

xiting (see Protection, current limit) 
.P filter and transient suppressor 

combinations, 1.26 to 1.28 
te input: 
-ommon-mode inductors, 1.41 
X e r  design, 1.39 to 1.41 
.&es-mode inductors, 1.41 to 1.42 
See also Filters; Protection) 

:e rectification, 1.6, 1.54 to 1.71 
:N (line impedence stabilization 

network), 1.38 to 1.39 
:11&trated,'l.39 
.:ad line: 
=onstant-current, 1.57 
onsst ant-power, 1.57 
.:ad line shaping, 1.134 to 1.138 
xation category: 
IEEE 587, 1.17-to 1.18 

illustrated, 1.18 
. stress- level, 148 

table, 1.19 : 
(fee alr;o.Protection) 

Z&OU~, .1.9 
Qin.&os$<onbected loads, 1.118 to 1.120 
,~@.F~~3+2-'.;, & ..q . .... >, 

. . : ..-. ..'. . 

Lockout (Cont. ): 
in foldback (reentrant) limited supplies, 

1.116 
with nonlinear loads, 1.117 

Loop compensation, 3.122 to 3.135 
Loop gain irregularities, 3.154 to 3.155 
Low-voltage inhibit, 1.15 

Magnetic amplifier (see Saturable reactor 
power regulator) 4 

Magnetic equations, 3.54 to 3.59 
Magnetizing current, 3.177 

(See also Transformers) 
Multif lliment windings, 3.87 to 3.88 

Optimum copper strip thickness, 
illustrated, 3.79 

Ootimum core size. transformer, 3.67 to -. 
3.75 

Optimum efficiency in transformer, 2.109 
to 2.110 

illustrated, 2.110 
Optimum induction, 2.71 to 2.72.2.95 to 

2.97, 2.109, 2.156 
illustrated, 2.97 

Optimum wire size, 3.77 to 3.80, 3.104 to 
3.106 

Optocouplers, 3.161 to 3.165 
Output current limitipg, 1.8 to 1.9,2.183 to 

2.184 
Output filters, 1.10, 1.149 to 1.160 
Overload protection (see Protection, 

overload) 
causes of, 1.85 

illustrated, 1.86 
of circuit, illustrated, 1.87 
prevention of, 1.86 to 1.87 
during turn-on, 1.85 to 1.88 
waveform, illustrated, 1.87, 1.88 

OVP (overvoltage protection) (see 
Protection, overvoltage) 

P-terminal link, parallel operation using, 
1.15 

Packing factor, 3.60 to 3.62 
~ara l le i  operation: 

constant-current type of, 1.180 to 1.181 
forced-current-sharing type of. 1.13, --- - - - - -  

1.181 to 1.183 
master-slave type of, 1.179 to 1.180 
parallel-redundant type of, 1.183 
usine current-mode control, 3.153 

P-terminal link, 1.15 
Parasitic capacitance, 1.35 to 1.38 
Parasitic cukents, 1.36 
Permeability: 

in iron powder cores, 3.30 to 3.31 
postsaturation, 2.186 

Postregulation, 2.144 to 2.146 
illustrated, 2.145 

Power: 
failure warning circuits, 1.161 to 

1.169 
in flyback converters, 1.166 
signals for, 1.11 

good signals, 1.11 
holdup time, 1.12 
input, 1.62 
limit, 1.107. 1.110 
surge limiting (see Protection, powerline 

surge) 
Power factor. 1.59. 1.70 
Powerline filters, 1.35 
Preregulation, 2.196 
Propagation modes, EM1 and RR, 1.33 

(See also Interference) 
Proportional drive circuits. 1.9. 1.126 to 

1.131 
Protection: 

current limit, 1.107 to 1.112 
foldback (reentrant), 1.113,1.120 
inrush, 1.6,1.61 

devices for, transient: 
combinations of, 1.26 
diodes, 1.23 

illustrated, 1.24 
filters: 

category A, 1.27 to 1.28 
illustrated, 1.27 

category B, 1.29 
illustrated, 1.28 

full protection, 1.29 
gas-filled surge arresters, 1.24 to 1.25 

illustrated, 1.25 
metal oxide varistors (MOVs), 1.23 

illustrated, 1.23 
ground return bump, 1.29 
of input voltage, 1.4 
location categories, 1.18 to 1.19 

illustrated, 1.19 
overload, 1.107 to 1.112 

constant current, illustrated. 1.111 
foldback (reentrant), 1.110 
power limiting, 1.8,1.102 to 1.108 

overvoltage, 1.89 to 1.100 
crowbar: 

characteristics of, 1.93 
in circuits, illustrated, 1.90, 1.93 
fuse selection, 1.97 
limitations of, 1.92 to 1.93 
with linear regulat~r, illustrated, 

1.90 
performance of, 1.91 to 1.92 
SCR, 1.8, 1.89 

output, 1.7, 1.89 to 1.100 
shunt clamping circuits, 1.94, 1.96 

illustrated, 1.96 

Protection. overvoltage, shunt cl=&&g 
(Cont. ): 

with SCR backup, 1.95 to 1.97 
by voltage limiting, 1.98 

illustrated, 1.99 
zener diode. 1.33 

in switchmode supplies, 1.98 to 1.99 
during turnon action, 1.85 

power limit, 1.107. 1.110 
powerline surge, 1.17 to 1.30 

current, 1.19 
likely rate of occurrence, 1.20 

illustrated. 1.20 
voltage, 1.19 
voltage and current table, 1.19 
waveforms, 1.21 to 1.22 

illustrated, 1.21 
undervoltage, 1.101 to 1.106 

basic principles of, 1.103 to 1.104 
illustrated, 1.104 

method of use, illustrated, 1.103 
operating principles of, 1.105 to 1.106 
of output, 1.8 
performance parameters, 1.101 to 

1.103 
illustrated, 1.102 

practical circuit, 1.105 to 1.106 
transient behavior of, 1.106 

Push-pull converters, 2.147 to 2.159 
illustrated, 2.148 
operating principles of, 2.147 to 2.151 
transformer design, 2.g3 to 2.159 

Rectification, l i e ,  1.6, 1.54 to 1.71 
Rectifier waveforms, 1.57 to 1.58 
Rectifiers, flyback: 

primary, 2.37 
secondary, 2.38 to 2.39 

Reentrant current limiting (see Protection, 
cunen t limiting) 

Regulation of capacitive input filter, 1.63 
illustrated, 1.64, 1.65 

Regulators (see Switching regulators) 
Remote voltage sensing, 1.14 
Resistance: 

effective series. 1.56 
inrush-limiting. 1.61 
thermal, 3.206,3.212 to 3.217,3.219 to 

3.221 
tables, 3.211 

voltagedependent, 1.23 
Resistance factor, 1.61, 3.61 to 3.62 
RFI (radio-frequency interference), 1.4 
Right-half-plane zero; 3.136 to 3.141 
Ripple: .'. . . . . 

current-rating cap@ors . . .. [see Capaci- 
'torsi; . :., ; I . .. 

regulators (&e.e.Switching regulators, 

rjPPJe-t~pe) 
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Ripple rejection in flyback converters, 2.61 Staircase saturation, 2.113.2.151. 3.115 to 
Rms (root-mean-square) values, illustrated, 3.120 

3.85 Standards: " 
FCC class A, 1.4 
FCC class B, 1.4 

Safe o~erating area, 1.10.1.134 to 1.138 
safety: - 

ground rctum currents. 1.33 to 1.34 
'. 

' , table, 1.34 
input requirements for. 1.15 to 1.16 

Saferv screens in transformers. 1.45.3.89 
illukrated, 3.83 

Saturable reactor power regulator. 2.174 to 
2.190 

applications for. 2.177 to 2.179 
centering, 1.171 to 1.173 
control of, 2.181 to 2.183 
operating principles of, 2.174 to 2.177 
quality factors, 2.179 to 2.180 

Saturation: 
staircase-type. 2.113.2.151.3.115 to 

3.120 
transformer, 2.30, 2.78 
transistor (see Antisaturation) 

Screens: 
Faraday (see Faraday screens) 
RFI. 3.89 
Safety. 1.45. 3.89 

illustrated, 3.83 
. ~ e c o n d ~ @  breakdown, 1.121 
Self-oscillating converters (see C~nverterS, 

self-oscillating) ' 

Shunts. nonindnctive, 3.172 to 3.175 
illustrated, 3.174 

Skin effect: - 
current density, 3.106 to 3.107 

FCC and WE, 1.31 to 1.32 
IEEE Standard 587-1980, 1.4, 1.17 

Start-up circuits: 
active (transistor), 1.77 to 1.78 

illustrated. 1.77 
dissipative (passive). 1.76 to 1.77 

illustrated. 1.77 
ppulse (diac), 1.77 to 1.78 

illustrated, 1.78 
low-voltage inhibit, 1.82 

illustrated, 1.83 
soft start. 1.7.1.80 to 1.81 

illustrated, 1.81 
Start-up methods. 1.6 
Start-up voltage overshoot prevention, 1.7 
Subharmonic instability. 2.94.3.147 to 

3.150 
Subharmonic ripple, 2.94 
Surge protection (see Protection, 

powerline surge) 
Switching regulators, 2.160 to 2.173 

boost, 2.165 to 2.166 
illustrated, 2.162 

buck (see Buck regulator) 
Chk, 2.166 to 2.170 
inverting, 2.162 to 2.163,2.166 to 2.168 
ripple-rype, 2.172 to 2.173 

illustrated, 2.173 
Switchmg stress (see Snubber networks) 
Synchronization, 1.12 

of flyback converters, 2.5 
factor (K,), 3.71 

effective layers, 3.106 
optimum strip thickness. 3.103 to 3.104 Temperature rise: 
optimum wire size, 3.77 to 3.80,3.104 to chokes, 3.24 to 3.25, 3.46 to 3.52 - .", transformers. 3.84 to 3.87 

>.IUD 

penetration depth, 3.100 to 3.101 
proximity effects, 3.102 

slooe comoensation, 3.148 to 3.150 ---r- - 
Snubber d;ode, 1.140 
Snubber networks, 1.9, 1.134 to 1.140, 

2.95.2.106 to 2.107, 2.151 
techniques in flyback converters, 2.34 to 

2.36 
components fcr FET, 2.48 
illustrated, 2.34, 2.35 
voltage clamp, 2.32 

illustrated, 2.33 
Soft start, 1.80 to 1.83, 2.95 

illustrated, 1.81 
Soarkover voltage, illustrated. 1.25 to 1.26 
Squegging, 2.56- 
Stability (see Bode plots; Control-loop 

stability in SMPS) 

.-- - 

(See aka Thkrma~ management) 
Thermal management, 3.201 to 3.222 

convection cooling, 3.215 
heat capacity, 3.207 to 3.208 
and power supply failure rates, 3.201 to 

3.202 
illustrated. 3.202 

radiation cooling, 3.217 to 3.218 
thermal circuit, 3.204 to 3.208 
thermal conductivity, 3.212 to 3.214, 

3.216 
thermal resistance, 3.206, 3.212 to 3.217, 

3.219 to 3.221 
tables, 3.211 
thermal units, 3.204 

Thermistors: 
NTC inrush limiting. 1.74 
PTC in start circuits, 1.78 

Transformers: 
bridge, 2.107 to 2.115 
fmishine. 3.90 toJ.93 

. - forflyb;ck ooiyerteis? 2.16 to 2.19. 
-.:. ';-...:,<.2.220 (0 2p3, ', ' '; , ' 

fdfonrard-converten; 2.70 to 2.83 
. . ..general pr i r ic iplesof ;~64. t0~3 
. . -- Llf-bridge, 2.86io 2.89;.2.95 to 2.102 
.':.:.half turns, 2.75to 2:76,:3.76,3.89 

- - . illustrate&'3:91 ' '  

push-pu11,2.152 to 2.159 
self-oscillating, 2.118 to 2.120.2.!?6 to 

- . 2.131.. " . . . .. 
illustrated. 2.133 

size. 2.84 to2.85.2.108.3.65.3.67 to3.71 
illustrated, 2.85. 2.108, 3.66.3.68 

winding topology;'3.80 to 3.84 
Transient protection (see Protection, 

- . devices for, transient) 
Transient suppressor diodes. 1.23 to 1.24 
Transient iesting, 3.125 to 3.127 
Transistod: .:.. 

antisaturation of, 1.9 
in flyback converters, f.37 

Variable power sup&es. 2.195 10 2.226 
: lihtar, 2 .l9$% 2.203 - 

switchmode, %do4 to 22.6 
. transformer design. 2.220 to 2.226 

VaK.kton, metal-oxide (MOVs), illustrated 
1.23 

;?+~i'age; 
'"' .cpntrol flash.over. loop. 1.19 3.li2tb 3.135 

outpiit of capacitor input filter. 1.63 to 
. 1.66 

overshoot (at turn on). 1.85 to 1.88 

Window utilization factor. 3.70 to 3.71 
Wire: 

current density of, 3.76 to 3.80 
gauge of, table, 3.23 
(See ako Optimum wire size) 
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